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With the blooming of wireless technologies for communi-
cations, the fifth-generation (5G) mobile communications
have become one of the hottest topics in recent years. For
any wireless devices and systems, antennas, filters, amplifiers,
mixers, and so on are crucial components for the RF front-
end. Thus the demand for different kinds of advanced and
high-performance antennas and circuits is increasing expo-
nentially. However, most conventional designs have difficulty
to satisfy those stringent requirements of the 5G mobile
communications on bandwidth, radiation pattern, size, and
cost. High-performance antennas and circuits for 5G mobile
applications are therefore very attractive for researchers from
both academic and industrial areas. This special issue solicits
high-quality contributions regarding the design ofmicrowave
and millimeter-wave antennas and circuits for the upcoming
communication systems.

In this special issue, we have 5 papers investigating
antennas for 5G mobile communications. Specifically, in
“Reconfigurable Magneto-Electric Dipole Antennas for Base
Stations in Modern Wireless Communication Systems”, the
authors reviewed several reconfigurable directional anten-
nas for base station applications. The results showed that
magneto-electric dipole antennas provide wide bands, high
gains, and well-controlled radiation patterns and are suitable
to be employed in reconfigurable base station antennas.

In “Magnetoelectric Dipole Antenna with Dual Polariza-
tion and High Isolation”, the authors aimed at modeling and
analyzing a novel dual-polarized antenna element which was
suitable to be applied in the further 5G mobile base stations.

The work in the paper titled “Single-Layer, Dual-Port,
Dual-Band, and Orthogonal-Circularly Polarized Microstrip
Antenna Array with Low Frequency Ratio” proposed a
method to realize an orthogonal-circularly polarized antenna
array with dual bands.

The paper with the title of “A Low VSWR and High
Efficiency Waveguide Feed Antenna Array” introduced a
high-efficiency slot antenna array by using waveguide feed.
The radiation efficiency could achieve as high as larger than
80%.

The paper “Low Profile Flexible UHF RFID Tag Design
for Wristbands Applications” presented a low profile RFID
tag antenna for healthcare applications.The proposed slotted
design can easily allow the tag’s input impedance to be
tuned to the complex impedance of typical UHF RFID
chips.

In this special issue, we have 4 papers investigating passive
and active radio-frequency (RF) circuits for 5G communi-
cations. Specifically, in “A Reactance Compensated Three-
Device Doherty Power Amplifier for Bandwidth and Back-
OffRange Extension”, the authors proposed a newbroadband
Doherty power amplifier topology with extended back-off
range. Underlying bandwidth extension mechanism of the
proposed configuration was comprehensively analyzed.

In the paper titled “A Doherty Power Amplifier with
Large Back-Off Power Range Using Integrated Enhancing
Reactance”, a symmetric Doherty power amplifier based on
integrated enhancing reactance (IER) was proposed for large
back-off applications.
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The work in “A Compact Differential-Mode Wide Stop-
band Bandpass Filter with Good and Wideband Common-
Mode Suppression” aimed at presenting a new coupling
topology to realize a differential-mode bandpass filter by
integrating a pair of half-wavelengthmicrostrip transmission
lines and two multimode resonators.

In the paper with the title of “A Wide Stopband Balun
Bandpass Filter with Its Application to Balanced Quasi-Yagi
Antenna”, the authors utilize the out-of-phase open-ended
microstrip line and the resonant characteristics of the triple-
mode resonators to realize a new microstrip balun bandpass
filter with a wide stopband.

In this special issue, 2 papers aim at RF systems for
5G mobile communications. In “Uplink Multiuser MIMO-
OFDMSystem in the Presence of Phase Noises, Power Imbal-
ance, and Correlation”, the effects of phase noises (PNs),
power imbalances, and correlations on multiuser orthogo-
nal frequency division multiplexing (OFDM) multiple-input
multiple-output (MIMO) systems were studied. And the
analytical results were verified by simulations.

The paper “CORDIC-Based Multi-Gb/s Digital Out-
phasing Modulator for Highly Efficient Millimeter-Wave
Transmitters” described a high-speed CORDIC-based digital
outphasing modulator. The complete outphasing modulator
was fully custom designed in 40 nm CMOS, which could
be integrated in a millimeter-wave outphasing transmitter to
enhance the system average efficiency. Tested with 10.56Gb/s
64-QAM, the presented work achieved an EVM of 3.2% and
fulfilled the IEEE 802.11ad spectral mask requirements.

Twoother papers of this special issue investigate over-the-
air (OTA) test of MIMO technology and frequency selective
surfaces for 5G applications, respectively. Specifically, the
paper “Impact of Probe Configurations on Maximum of Test
Volume Size in 3DMIMOOTA Testing” presented a method
to determine the maximum of test volume size (MTVS) and
investigated the impact of probe configurations on MTVS in
order to obtain larger MTVS in the OTA testing.

In the paper “Design of a Novel Miniaturized Frequency
Selective Surface Based on 2.5-Dimensional Jerusalem Cross
for 5G Applications”, a compact frequency selective surface
(FSS) for the application to 5G antenna radomes was pro-
posed based on 2.5-dimensional Jerusalem cross.

Lei Ge
Jianpeng Wang

Mingjian Li
Ting-Yen Shih
Shichang Chen
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In this study, a low-profile ultrahigh frequency (UHF) radio-frequency identification (RFID) tag antenna designed for wristbands
in healthcare applications is proposed. The radiator is based on the open-slot cavity technique that is composed of a slotted patch
(double-T slots) loaded onto a flexible open cavity. The proposed slotted design can easily allow the tag’s input impedance to be
tuned to the complex impedance of typical UHF RFID chips. The proposed tag antenna has a size of 86 mm × 25 mm × 1.6 mm
(0.26𝜆0 × 0.07𝜆0 × 0.004𝜆0) at 915 MHz, and it can yield a maximum reading range of 8 m (stand alone in free-space condition),
6.6 m (when placed on the human wrist in free-space condition), and up to 3 m (when placed on the human wrist in a crowded
condition).

1. Introduction

The long-term health care system has been the topic of
interest discussed in recent years, and it is also now one
of the most important issues in highly developed region,
because the health care system in many countries has not
been yet fully designed to cope with their long-term care
issues. Therefore, there is a need to develop a good RFID
tracking system that may require wearable devices such as
a flexible RFID tag that can be used as a wristband for the
patients.

In order to design an appropriate wearable RFID tag,
it must be flexible and able to withstand the human body
effects (or also known as on-body effects). Because of the
complexity in dielectric constant within the human body
(for example skin, fat, muscle, and bones), it will absorb or
mitigate the electromagnetic (EM) wave emitted/received by
the RFID tag. Furthermore, if the wearable RFID tag is in
close proximity or directly in contact with the human body

(on-body), the electrical wavelength, impedance matching,
and radiation efficiency of the RFID tag will be deteriorated
[1, 2]. The effects on the realized gain of an RFID tag when
attached onto different body regions (arm, forearm, forehead,
neck, abdomen, and stern) of a thin female volunteer were
reported in [3], and they show that the stern region has the
worst gain, whereas the leg region has the best gain, because
of the larger content of fat tissues.

Due to the on-body effects, many different methods and
techniques have been proposed to improve the performances
(e.g., gain and reading range) of the RFID tag when it is at
on-body condition [4, 6–12]. The easiest way to improve the
reading range for on-body RFID tag monitoring application
is to use an active RFID tag assisted by battery as reported
in [6]; however, such method will increase the cost and
thickness (profile) of the RFID tag. To achieve passive on-
bodyRFID tag (without the assistance of battery), a planar tag
antenna that is based on a suspended patch fed via a nested
slot has been investigated in [7]. Even though the layout of [7]
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Figure 1: Geometry of the proposed tag antenna, and when it is attached to a human wrist, d = 26, Sl= 24, Sw = 6, Sg = 3. Unit: mm.

allows it to host the sensors and the slot design can be easily
tuned to achieve good inductive reactance, the antenna must
be electrically isolated from the skin via a 4mm thick silicone
substrate. A balanced slot-antenna concept was studied in
[8] for complex environment (e.g., meat, water); however, the
planar size of this tag antenna is 120mm × 30mm. To achieve
a reading range of approximately 3.9 m (effective isotropic
radiated power, EIRP 4W) when attached to the stern of a
human body, a four-element PIFA array tag has been reported
[9], and it has a planar size of 85.5 mm × 54 mm.

Recently, the technique of applying open-slot cavity
technique for achieving on-body RFID tag designs has been
reported [10–12]. To achieve compact size of 40 mm × 50
mm × 3 mm (0.12𝜆0 × 0.14𝜆0 × 0.01𝜆0), the work in
[10] has applied the vertical folded coupled shorted patch
cavity technique, in which when attached to a human chest
can achieve reading range of up to 5.1 m (EIRP 4W). As
for the cavity-slot design in [11], the patches are etched on
0.4 mm thin FR4 substrate and loaded on a 1.4 mm thick
foam substrate. Nevertheless, the dimensions of [11] are 116
mm ×40 mm and when attached to a human abdomen can
achieve maximum reading range (Rmax) of up to 3.5 m (EIRP
4W). As far as the author’s concern, very few authors have
investigated on passive RFID tag that can be applied on the
wristband of a human body. In [12], two tapered structures
were used to form an open-cavity structure. To achieve small
size characteristics of 51.1 mm ×21.3 mm × 0.64 mm, [12] has
used high dielectric constant substrate (ARLON AD1000, 𝜀r
= 10.2), and, when attached to a human wrist, it can only
yield Rmax of up to 2.1 m (EIRP 3.23W). Nevertheless, there
is no detailed reported work that has integrated a flexible
wristband to a passive RFID tag that can yield Rmax of up to 4
m with EIRP < 3W.

Therefore, in this paper, an extension of thework reported
in [11] is proposed in this paper. Instead of using a rigid
substrate, the slotted patch that is etched on 0.4 mm thin FR4
substrate is loaded onto a thin 1.2mmflexible PVC (PolyVinyl
Chloride) plastic substrate (𝜀r = 2.75), and the open-slot
cavity is formed by covering the PVC with adhesive copper
tape. The advantages of this extended work as compared to
the ones in [11, 12] include the following: (1) simple structure
design and compact in size, (2) the wristband being flexible,
and (3) ease in achieving the desired resonant frequency and
impedance matching by simply tuning the slot parameters.
Details of the antenna design and its corresponding simula-
tion and measurement results (in free-space and wristband
conditions) will be discussed further.

2. Antenna Structure

As aforementioned, the proposed tag antenna proposed here
is an extension of thework in [11], and its geometry (including
how it is attached to a human wrist) is defined in Figure 1.
Here, the bottom surface (ground) of the flexible substrate
is fully metalized by using the adhesive copper tape, and
the two open-ends of this ground are shorted to the two
rectangular copper tapes attached on the top surface (left
and right sections, each has size of 26 mm × 25 mm) of
the PVC. Thereafter, the two open-ends of these two copper
tapes (top left and right sections) are then soldered to the
two open edges of the slotted patch. By shorting the top
and bottom metallic surfaces (see Figure 1), the achieved
inductive reactance will compensate the tag chip’s capacitive
reactance.

As indicated in Figure 1, the slotted patch is formed by
loading two symmetrical T-shaped slots into a 34 mm ×
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Table 1: Various electrical properties of human wrist/arm phantom at 915 MHz.

Dielectric
Constant Loss Tangent Conductivity

(S/m)
Skin (dry) 41.3 0.415 0.87
Fat 5.46 0.185 0.05
Muscle 55 0.339 0.94
Bone Cortical 12.44 0.229 0.145
Bone Cancellous 20.75 0.325 0.34
Bone Marrow 5.5 0.145 0.04

Fat
Bone Cortical
Bone CancellousMuscle
Bone Marrow

Skin

8
9

10

1

64

24

2

30

Unit: mm

Figure 2: Various parameters (skin, fat, muscle, and bones) with reference to a human wrist/arm [4, 5] and its corresponding geometry.

25 mm rectangular patch. Each T-shaped slot is comprised
of a vertical (6 mm × 3 mm) slot and a horizontal (6 mm
× 24 mm) slot section. Therefore, a very narrow (1 mm)
feeding line is formed between the two T-shaped slots, which
is designated for connecting to the tag chip (Alien Higgs 4,
SOT232 package, Z = 8−j142 Ω). It is noteworthy that the
two T-shaped slots also provide an extra degree of freedom to
tune to the desired conjugate match and working frequency.
The geometry of how the proposed wristband tag antenna
is attached to a human wrist is also shown in Figure 1. The
exact detailed structure of a human wrist/arm (skin, fat,
muscle, and bones) phantom at 915 MHz, corresponding to
its geometry such as substrate layers and thickness, is shown
in Figure 2 [4, 5]. Its various electrical properties such as
dielectric constant, loss tangent, and conductivity are also
shown in Table 1. All simulations performed in this work
are via the commercially available (high frequency structure
simulator) HFSS software.

3. Results and Discussion

Figure 3 shows the simulated and measured return losses
of the proposed tag antenna in planar form (free-space
condition, FSC). The simulated and measured return losses
when attaching this tag antenna to a human wrist are
also plotted in this figure. When comparing the impedance

bandwidths, the simulated 6-dB return loss bandwidth in
FSC was 5.2% (0.89–0.938 GHz), while the measured one
was 3.9% (0.9–0.936 GHz). The slight differences between
the two results may be due to fabrication tolerance and
unexpected effects, especially when the slotted patch was
soldered to the two copper tapes located on the top surface
of the PVC. Nonetheless, the measured resonant mode of
the proposed one in FSC was 914 MHz, while the measured
one on human wrist was slightly lower at 904 MHz. Notably,
the simulated 6-dB return loss bandwidth of proposed tag
antenna attached to humanwrist was 6.2% (0.88–0.937GHz),
and its corresponding measured one was 5.3% (0.88–0.928
GHz). Here, the differences between the two results can
be attributed to the under estimated parameters (dielectric
constant, loss tangent, and conductivity) given in [4, 5].
Furthermore, as shown in Figure 4, the measurement that
we have conducted was by applying the 1/4 wavelength balun
technique studied in [13], which may yield slight inaccuracy
during actual measurement.

To validate the above results, Figures 5(a) and 5(b)
show the input resistance and reactance of the proposed tag
antenna, respectively, corresponding to the ones shown in
Figure 3. As depicted in Figure 5(a), even though the results
for themeasured input resistance in FSC and humanwrist are
higher (approximately 9.3 Ω and 13 Ω, respectively) than the
tag chip resistance (8Ω), their respective reactance as shown
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Figure 3: Simulated and measured return losses of the proposed tag antenna at free-space (planar form) and attached to wrist conditions.

Figure 4: Measurement of the proposed tag antenna on human wrist by applying the 1/4 wavelength balun technique [13].
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Figure 5: Simulated and measured input impedance of the proposed tag antenna in FSC and when attached to human wrist: (a) resistance
and (b) reactance.
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Figure 6: Simulated return losses of the proposed tag antenna in FSC and in planar form and bending form.
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Figure 7: Simulated input resistance and reactance of proposed tag antenna in FSC in planar form and bending form.

in Figure 5(b) is very much well conjugate with the tag chip
reactance (–j142 Ω) at around 915 MHz.

3.1. Effects of Bending the Tag Antenna. Figure 6 shows
the simulated return losses of proposed antenna in FSC,
when the antenna is simply a planar type (no bending) and
when it is bent to conform to a normal human wrist. As
depicted in this figure, bending the proposed tag antenna
will only slightly affect the impedance matching, which
can be clearly explained in Figure 7(a), showing a slightly
deviated input resistance value at around 915 MHz, whereas
its corresponding reactance remains unchanged, as shown in
Figure 7(b).

3.2. Effects of Tuning the Parameter d. To allow this proposed
tag antenna to be able to work across the desired UHF RFID

frequency band (902–928 MHz), it is important to identify
the one parameter of the tag antenna structure that can easily
aid in tuning the excited resonant frequency. As depicted in
Figure 8, it is realized that increasing parameter d from 24
mm to 28mm (with a step increment of 2 mm), meaning also
that the total length of tag antenna will also be increased from
82 mm to 90 mm, can allow linear shifting of the resonant
frequency to the lower frequency from 950MHz to 880MHz.
To further understand this phenomenon, the simulated input
resistance and input reactance of the proposed tag antenna
when tuning parameter d are also presented in Figures 9(a)
and 9(b), respectively. By further observing these two figures,
it is also realized that increasing d will linearly decrease
both the input resistance and reactance of the proposed tag
antenna, respectively, which explains the shift to the lower
frequency band.
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Figure 8: Simulated return losses of the proposed tag antenna when tuning parameter d. Unit: mm.
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Figure 9: Simulated impedance of proposed tag antenna when tuning parameter d, (a) input resistance and (b) input reactance. Unit: mm.

As for the reason why increasing the parameter d can
decrease the resistance and reactance, one can see from
Figure 1 that the proposed tag antenna is a folded type, thus,
increasing parameter d which will also increase the folded
surface area (top and bottom), resulting in an increase in
capacitive reactance.Thus, once the capacitive reactance (𝑋c)
is increased, the inductive reactance (𝑋L) of this proposed
tag antenna will be decreased. As the inductive reactance
𝑋L = 2𝜋f L, a decrease in 𝑋L will obviously result in a
decreased frequency. Notably, reducing the overall reactance
of the proposed tag antenna by increasing parameter d may
be the main reason why the resistive value is also decreased.
Another explanation can also be related to the electrical
wavelength, which indicates that the longer the electrical

length (including the length d), the longer the wavelength,
thus achieving lower frequency.

Therefore, this proposed tag antenna has possessed the
advantage of ease in tuning the resonance frequency.

3.3. Effects of Tuning Parameter Sl. As aforementioned, the
slotted patch is responsible for tuning the impedance match-
ing of the proposed tag antenna. As the slotted patch is
composed of two symmetrical T-shaped slots, tuning any of
its slot’s parameters (Sl, Sw, and Sg) requires both T-shaped
slots to be tuned at the same time; however, the width of
narrow feeding line must remain constant at 1 mm for ease
in attaching the tag chip that has the same width of 1 mm.
The simulated effects of tuning the parameter Sl are first



Wireless Communications and Mobile Computing 7

0.85 0.90 0.95 1.000.80
Frequency (GHz)

45

40

35

30

25

20

15

10

5

0

Re
tu

rn
 L

os
s (

dB
)

 = 

 =  (proposed)
 = 

Figure 10: Simulated return losses of the proposed tag antenna when tuning parameter Sl. Unit: mm.
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Figure 11: Simulated impedance of proposed tag antenna when tuning parameter Sl, (a) input resistance and (b) input reactance. Unit: mm.

investigated and shown in Figures 10 and 11, while the other
two parameters (Sw, and Sg) remain constant.

As depicted in Figure 10, it is realized that increasing
parameter Sl from 23 mm to 25 mm (with a step increment
of 1 mm) can allow linear shifting of the resonant frequency
to the lower frequency from 921 MHz to 909 MHz. Its
corresponding simulated input resistance and input reactance
are also plotted in Figures 11(a) and 11(b), respectively. By
further observing these two figures, it is realized that tuning
Sl will not affect the input resistance values at 915 MHz, but
rather the input reactance at 915 MHz has slightly raised as Sl
increases. In addition to that, the entire input reactance has

shifted to the lower frequency, which validated with the trend
observed in Figure 10.

3.4. Effects of Tuning Parameter Sw. Figure 12 shows the
effects on the return losses of the proposed tag antenna
when increasing the slot’s parameter Sw from 5 mm to 7
mm (with a step increment of 1 mm). Here, increasing Sw
will allow slight linear shifting of the resonant frequency to
the upper frequency from 906 MHz to 923 MHz. To further
understand this phenomenon, the simulated input resistance
and input reactance of the proposed tag antenna when tuning
parameter Sw are also presented in Figures 13(a) and 13(b),
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Figure 12: Simulated return losses of the proposed tag antenna when tuning parameter Sw. Unit: mm.
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Figure 13: Simulated impedance of proposed tag antenna when tuning parameter Sw. (a) Input resistance and (b) input reactance. Unit: mm.

respectively. By further observing these two figures, it is also
realized that increasing Sw will linearly shift the entire input
resistance and reactance of the proposed tag antenna to the
higher frequency band.

3.5. Effects of Tuning Parameter Sg. The effects on the return
losses of the proposed tag antenna when increasing the slot’s
parameter Sg from 2 mm to 4 mm (with a step increment of
1 mm) are shown in Figure 14. In this figure, it is realized
that increasing parameter Sg can allow linear shifting of
the resonant frequency to the higher frequency from 910
MHz to 920 MHz. From its corresponding simulated input
resistance and input reactance plotted in Figures 15(a) and

15(b), respectively, it is also realized that increasing Sgwill also
linearly shift the entire input resistance and reactance of the
proposed tag antenna to the higher frequency band.

Therefore, from the above parametric results, the follow-
ing conclusions can be drawn: (1) tuning d can easily achieve
good resonant frequency and operating bands across the
entire UHF RFID band in EPC Gen 2 (Electronic Product
Code Generation 2, 860–960 MHz), (2) tuning Sl will only
affect the input reactance while the input resistance remains
constant, and (3) tuning both Sw and Sg will affect input
reactance and resistance values.

3.6. Simulated Radiation Patterns. The simulated radiation
patterns at 915 MHz (in three different principle planes) of
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Figure 14: Simulated return losses of the proposed tag antenna when tuning parameter Sg. Unit: mm.
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Figure 15: Simulated impedance of proposed tag antenna when tuning parameter Sg, (a) input resistance and (b) input reactance. Unit: mm.

the proposed tag antenna in planar form and attached to a
human wrist phantom (indicated in Figure 2 and Table 1)
are shown in Figures 16 and 17, respectively, and all values
are normalized with respect to their peak gain. As shown
in Figure 16, good omnidirectional patterns for 𝐸𝜙 were
observed in the x-z plane, while good broadside patterns
in the ±z directions were observed for 𝐸𝜃 in the y-z plane.
Obvious bidirectional patterns were also observed in its
corresponding x-y plane. As depicted in Figure 17, both the
x-z and y-z planes have shown an obvious decrease in signal
strength (approximately 5 to 6 dB) in the –z direction (𝜃 =
180∘) as compared with its corresponding boresight direction

(+z, 𝜃 = 0∘). By comparing these two figures, it can be
denoted that the human wrist can absorb the signal strength
(EM wave) that is propagating towards the wrist (in the –z
direction). Furthermore, the boresight signal strength (or
peak gain at +z direction) has also been reduced from -4.62
dBi to -6.87 dBi, due to the effects of the human wrist.

3.7. Measured Maximum Reading Range of Proposed Tag
Antenna. To perform the maximum reading range (Rmax)
of this proposed tag antenna in a more accurate manner,
two experiments were setup via a commercially available
equipment known as “Voyantic Tagformance Pro”, which is
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Figure 16: Simulated radiation patterns (normalized) of the proposed tag antenna (planar form) at 915 MHz.

an all-in-one test and measurement device for UHF RFID
tag antenna [14]. The first setup of the measurement is as
shown in Figure 18, in which the proposed tag antenna was
attached to a piece of fresh pork. Even though the thicknesses
of skin, fat, and muscle of this fresh pork are not the same
as human wrist, the reason for using pork is because its
electrical properties (fat and muscle) are very much closer
to the human ones. Furthermore, it is very easy to obtain,
rather than the commercialized hand phantom that is very
expensive and not available to the authors. The illustration
of this equipment setup is shown in Figure 19, in which a
standard horizontal linearly polarized transmitting antenna
(7.2 dBi gain) was used in this case and connected to an RF

output power of no more than 0.5 W (27 dBm). Thus, the
total EIRP (effective isotropic radiation power) applied in this
case for the measurement was 2.63 W (34.2 dBm). As for
the second setup, the AUT (antenna under test) was simply
replaced with a planar type proposed tag antenna without the
attached pork.

Figures 20 and 21 show themeasurement results obtained
by the two experimental setups performed in the “Voyantic
Tagformance Pro” chamber. As depicted in Figure 20, Rmax
of the proposed tag antenna in planar form (FSC) measured
across 900–930 MHz were approximately between 6.6 m and
8.0 m. As for the case when it was attached to a piece of
pork, its corresponding Rmax were measured approximately
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Figure 17: Simulated radiation patterns (normalized) of proposed antenna (attached to a human wrist phantom) at 915 MHz.

Figure 18: Photograph of proposed tag antenna attached to a piece
of pork and placed in a “Voyantic Tagformance Pro” chamber [14]
ready for measurement.

between 6 m and 6.6 m (across 900–930 MHz). Figure 21
shows the measured Rmax of the proposed tag antenna at 915
MHz across the azimuth plane (y-z plane) for the two setup
cases. Here, in planar form (FSC), the boresight direction
(+z direction) has shown Rmax of 8 m, and it will slowly
mitigate when the 𝜃 angle has shifted away from boresight
direction. In addition to that, Rmax will reach a minimum
range of approximately 2.2 m when the 𝜃 angle is at 90∘ or
270∘. As discussed earlier, because of the absorption from
the pork, the proposed tag antenna attached to pork has a
lower Rmax of 6.6 m as compared with the planar form case at
boresight direction. Furthermore, this absorption by the pork
will become more prominent for the –z direction, showing a
reduced Rmax of 4.08 m, as compared with the planar form
case with Rmax = 7.18 m. From the above results, because the
proposed tag antenna (for the two setup cases) has shown
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Figure 19:The illustration of proposed tag antenna attached to a piece of pork and placed in a “Voyantic Tagformance Pro” chamber that has
a linearly polarized reader antenna with EIRP = 2.63 W.
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Figure 20: Maximum reading range measurement of the proposed
tag antenna (with and without attached to a piece of pork) per-
formed by a “Voyantic Tagformance Pro” chamber [14].

minimumRmax of at least 2m (EIRP 2.63W) across the entire
azimuth, it is therefore suitable for incorporating into the
healthcare applications for tracking/monitoring the patients.

To further validate the above results, the proposed
antennawas placed into thewrist of three volunteers standing
in a non-free-space condition (non-FSC) environment. As
shown in Figure 22, the volunteers were standing in the
middle of two rows ofmetal tables in the laboratory, creating a
narrow and crowded environment with multipath condition.
From the measurement via an RFID reader system (Favite)
with 2.63W (34.2 dBm) EIRP, the measured distances per-
formed on these three different students were 3.1 m, 3 m, and
3.2 m, which are approximately half the distance measured in
FSC using the “Voyantic Tagformance Pro” chamber. How-
ever, one needs to take note that these measurements were
taken in a very undesirable condition (narrow and crowded
environment with metal walls on both sides), and thus the
results obtained may vary across different environments.
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Figure 21:Measured reading ranges of the proposed tag antenna for
the two setup cases at 915 MHz across the azimuth plane (y-z plane)
performed by the “Voyantic Tagformance Pro” chamber.

4. Conclusions

A simple low-profile flexible RFID tag antenna has been
successfully studied for working in the UHF band (902–928
MHz). The proposed open-slot cavity design of this tag
antenna has the advantages of ease in impedance matching
and tuning to the desired frequency band. The 6-dB return
loss bandwidth of the proposed tag antenna when attached
to a human wrist was 5.3% (0.88–0.928 GHz). In free-space
condition, the experimental result shows that the proposed
tag antenna can exhibit good reading ranges of between 2.2
m and 6.6 m. In a narrow and crowded environment with
metal walls on both sides, at boresight direction, the reading
range can be up to 3meters.Therefore, this proposed antenna
is a good candidate for tracking/monitoring the patients for
future healthcare industry.
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Figure 22: Measured reading ranges of proposed tag antenna on the wrist of three volunteers in a very narrow and crowded environment
with metal tables on both sides.
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Magneto-electric (ME) dipole antennas, with the function of changing the antenna characteristics, such as frequency, polarization,
or radiation patterns, are reviewed in this paper. The reconfigurability is achieved by electrically altering the states of diodes or
varactors to change the surface currents distributions or reflector size of the antenna. The purpose of the designs is to obtain agile
antenna characteristics togetherwith gooddirective radiation performances, such as low cross-polarization level, high front-to-back
ratio, and stable gain. By reconfiguring the antenna capability to support more than one wireless frequency standard, switchable
polarizations, or cover tunable areas, the reconfigurableME dipole antennas are able to switch functionality as themission changes.
Therefore, it can help increase the communication efficiency and reduce the construction cost. This shows very attractive features
in base station antennas of modern wireless communication applications.

1. Introduction

Owing to the tremendous evolution of wireless communica-
tions, the electromagnetic frequency spectrum is more and
more crowded and the communication environment is more
and more complex. To improve the communication quality,
the fifth-generation (5G) mobile communications were pro-
posed several years ago and will be commercially available in
early 2020. In 5G mobile communications, higher transmis-
sion speed, higher reliability, and lower delay are required.

There are three ways to increase the communication
capacity as shown in Figure 1: (1) using new frequency
bands with wider bandwidth; (2) improving the spectrum
efficiency; (3) using more radio frequency (RF) cells with
smaller size. Because of this, in 5G mobile communications,
millimeter-wave bands will be used to increase the frequency
bandwidth; multi-input multi-output (MIMO) antennas will
be applied to increase the network density. In the past several
years, reconfiguration technique applied in RF systems to
effectively increase the spectrum efficiency has been demon-
strated. Accordingly, reconfiguration technique with the abil-
ity to improve the frequency spectrumutilization has aroused

great research interest in both industrial and academic areas.
As the front end, antennas play a very important role in
any wireless communication system. Antennas with recon-
figurable characteristics can effectively enhance the system
performance because they are able to adjust the antenna char-
acteristics automatically and make them suitable to complex
scenarios. Antennas with the function to dynamically change
their operating frequency, polarization, or radiation patterns
are needed to improve the channel capacity in communica-
tion systems. According to Friis transmission equation,

𝑃𝑅
𝑃𝑇 = (1 − Γ𝑇2) (1 − Γ𝑅2)𝐺𝑇𝐺𝑅 𝜌𝑇 ⋅ 𝜌𝑅2 ( 𝜆

4𝜋𝑟)
2

. (1)

The transmission efficiency between the transmitter and
receiver mainly depends on three factors: impedance
matching (Γ𝑇, Γ𝑅), antenna gain (𝐺𝑇, 𝐺𝑅), and polarization
matching (𝜌𝑇, 𝜌𝑅). Therefore, reconfigurable antennas can be
basically categorized into three types: (1) frequency reconfig-
urable antennas [1–5]; (2) polarization reconfigurable anten-
nas [6–11]; (3) pattern reconfigurable antennas [5, 12–18].
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Figure 1: Methods for increasing the capacity.

Although many reconfigurable antennas have been pro-
posed, they are usually designed based on microstrip struc-
tures [1, 3–5, 9–13, 15, 16]. Due to the narrow bandwidth,
they are not appropriate to be applied in base stations. On
the other hand, along with the development of wireless
communications, antennas with wider bandwidth and good
direction radiation patterns are required. Therefore, the
conventional directional antenna candidates cannot satisfy
the need of reconfigurable base station antennas.

In 2006, Prof. Luk invented a new antenna type specified
as the magneto-electric (ME) dipole antenna [19], which
consists of a magnetic dipole and an electric dipole. By
exciting the complementary dipoles with suitable amplitudes
and phases simultaneously, the antenna is able to produce
good radiation characteristics over a wide frequency band.
Taking advantages of the ME dipole antennas, they are very
appreciated for the extensive applications of mobile cellular
networks. When combining the ME dipole with reconfigura-
tion technique, consequent reconfigurable ME dipole anten-
nas can be developed for base stations in modern wireless
systems. In this paper, three different kinds of reconfigurable
ME dipole antennas are reviewed, namely, frequency recon-
figurable ME dipole, polarization reconfigurable ME dipole,
and beamwidth reconfigurable ME dipoles. In Section 2, a
frequency reconfigurable ME dipole antenna is reviewed. In
Section 3, several polarization switchableMEdipole antennas
are reviewed. In Section 4, three beamwidth reconfigurable
ME dipole antennas are reviewed.These designs show attrac-
tive features for modern wireless communication systems.

2. Frequency Reconfigurable ME
Dipole Antenna

In this section, we depict a frequency reconfigurable ME
dipole antenna [2]. Figure 2 gives the configuration of the
antenna. The wide-narrowband antenna reconfiguration is
demonstrated by systematically incorporating a broadband
ME dipole antenna and a frequency reconfigurable narrow-
band dipole antenna. The ME dipole, as a part of the overall
antenna structure, plays a crucial role in providing wideband
operation. On the other hand, a length-switchable directed

dipole antenna is designed to feature reconfigurable narrow-
band operation. A vertically oriented balun is used to feed the
dipole. By using a box-shaped cavity, the dipole can generate
good unidirectional radiation performance. By dynamically
switching the states of PIN diodes embedded in the thin
dipole, a changeable effective length is achieved. Besides, the
surface current flowed on the thin dipole and the ME dipole
can be changed by five groups of switches. Therefore, the
antenna can be switched between four narrowband modes
and a wideband mode. Notably, when the thin dipole is
switched OFF, the ME dipole radiates with a wide band that
can cover the operating frequency of the four narrow bands.

Themeasured reflection coefficients are presented in Fig-
ure 3. As observed from the figure, the fractional impedance
bandwidth of the wideband mode is 89% and four different
narrow bands appear at 0.95, 1.35, 1.7, and 2GHz, respectively.
In addition, the main beam of the radiation patterns is
always fixed in the broadside direction with front-to-back
ratios of above 20 dB and cross-polarization levels of below
−22 dB. Therefore, the design can work in one wideband
mode for sensing and four reconfigurable narrowbandmodes
for communications, which is attractive for base stations in
cognitive radio.

3. Polarization Reconfigurable ME
Dipole Antenna

In this section, we present three polarization reconfigurable
ME dipole antennas. All the three designs [6–8] are based
on similar four-sectional ME dipole geometry, while the
polarization reconfiguration is realized by different feed
structures and switching methods. The based ME dipole
structure is based on the designs in [20, 21].

In [6], a feeding structure of an end-curving cross
dipole for excitation of the polarization diversity antenna is
proposed, as shown in Figure 4(a). PIN diodes are embedded
into the arms of the cross dipole. Diodes can be switched
ON or OFF in real time; therefore the RF signals can be
coupled from the coaxial cable to theME dipole. Accordingly,
a polarization diversity betweenhorizontal and vertical polar-
ization modes can be produced. An overlapped impedance
bandwidth ranging from 1.86 to 2.35GHz is achieved at
both orthogonally polarized states. Furthermore, the antenna
presents a good radiation performance with an 8 dBi gain
over the whole band.

In [7], another ME dipole antenna with the diversity
of polarization is presented, which can operate between
one linear polarization (LP) and two orthogonal circular
polarizations (CP). In this design, four PIN diodes are
embedded into the thin line printed on the diagonal position
of four horizontal metal plates for controlling connection or
disconnection. When all diodes are in OFF, LP operation
is achieved, which means no thin lines are connected. To
realize CP radiation, one single thin line is connected at the
diagonal parts, perturbation is therefore introduced, and then
corresponding left-handed circularly polarization (LHCP)
or right-handed circularly polarization (RHCP) can emerge.
The proposed design possesses admirable features such as
gain stability and good directional radiation patterns.
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Figure 2: Geometry of the frequency reconfigurable ME dipole antenna [2]: (a) 3D view of the design; (b) fabricated prototype.
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In [8], the antenna is composed of an ME dipole, a
substrate-integrate waveguide (SIW) cavity, and some DC
lines as given in Figure 5. The design is comprised of four
square metallic patches, four vertically oriented metal posts,
and a strip. In this design, two sets of PIN diodes (SW1
and SW2) are used to help connecting or disconnecting the
diagonalmetal patcheswith the strip. By controlling the states
of the two pairs of switches, one LP and two CP modes can
be switched as depicted in Figure 6. When all diodes are
ON, LP radiation can emerge. To excite CP modes, one of
the two diode groups is ON while another is OFF. Hence,
three polarization states can be realized by controlling the
states of the switches. The effective overlapped bandwidth is
16% covering 5.07–5.95GHz for applications of 5GWiFi.The
measured antenna gain maintains stability at approximately
8.2 dBi across the band of interest for all operation states.

4. Beamwidth Reconfigurable ME
Dipole Antenna

As discussed, frequency reconfigurable and polarization
reconfigurable antennas can be designed on the basis of the
ME dipole. In this section, we will discuss radiation pattern

reconfiguration based on the ME dipole structure. Conven-
tionally, pattern reconfigurable antennas are mainly designed
to switch the radiating direction of the antenna. Furthermore,
an antenna, with the ability of electronically controlling
its radiation beamwidth, can enhance the communication
quality of wireless systems. Thus, beamwidth reconfigurable
antennas are demanded for modern base stations. In this
section, three different methods are introduced to implement
beamwidth reconfiguration of ME dipole antennas.

First, a three-element linear ME dipole array is used to
achieve tunable beamwidth [17]. As shown in Figure 7, the
linear array is composed of three ME dipoles and a feeding
network. The feeding network is able to reset the phase
distribution with a power distribution ratio of 1 : 2 : 1 for three
antenna elements. The phase difference between Antennas
1 and 3 and Antenna 2 is 𝛽 = 0∘/50∘/108∘. The operation
principle of the antenna can be explained by a simplified
three-element linear array. As illustrated in Figure 8, the
three elements are located along the 𝑦-axis and the space
between them is 𝑑. In this condition, it is assumed that the
three antenna elements are all the same andwell-isolated.The
radiation field in the yoz-plane can be expressed as

𝐹 (𝜃)𝑇
= [𝑎1𝑒−𝑗(𝑘𝑟1+𝜓1) + 𝑎2𝑒−𝑗(𝑘𝑟2+𝜓2) + 𝑎3𝑒−𝑗(𝑘𝑟3+𝜓3)] 𝑓 (𝜃) , (2)

where the amplitudes and phases of excitations are an and
𝜓𝑛(𝑛 = 1, 2, 3) and 𝑓(𝜃) is the radiation pattern of a single
antenna element. In order to achieve symmetrical radiation
pattern in the 𝐻-plane, the amplitudes and phases of Ant 1
and 3 are set to be the same. Assuming 𝑎2 = 𝑀𝑎1 = 𝑀𝑎3,𝜓2 = 𝜓1 + 𝛽 = 𝜓3 + 𝛽, and the factor of the antenna array is
decreased to

𝐴𝐹 = 𝑎1 [2 cos (𝑘𝑑 sin 𝜃) + 𝑀 cos𝛽 − 𝑗𝑀 sin𝛽] . (3)

For different 𝛽, the array factor in the yoz-plane is given
in Figure 9 with 𝑑 = 0.5𝜆0 and 𝑀 = √2. Especially, by
utilizing the variation of the beam of the array factor and
then multiplying the array factor with the pattern of a single
element, the reconfiguration of the beamwidth is able to be
realized.
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Figure 4: Geometry of the polarization reconfigurable ME dipole antennas: (a) the antenna in [6]; (b) the antenna in [7].
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Figure 5: Geometry of the polarization reconfigurable ME dipole antenna [8]: (a) 3D view; (b) top view.
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Figure 6: Switching states of the polarization reconfigurable ME dipole antenna [8]: (a) LP state; (b) RHCP state; (c) LHCP state.
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Secondly, LP and DP ME dipole antennas with the prop-
erty of a dynamic 𝐻-plane beamwidth control are achieved
as shown in Figure 10 [14]. Two tunable parasitic dipoles are
put on the sides of a driven ME dipole along its 𝐻-plane.
Varactor diodes are loaded on the parasitic thin dipoles to
change the strength of the mutual coupling. When changing
the state of the varactor diode, the overall radiation pattern of
the antenna could be tuned. Different from the first method,
this design uses the magnitude distribution instead of the
phase distribution in the first method to obtain beamwidth
reconfiguration. Figure 11 describes the simplified equivalent
circuit of the design.Themutual coupling between the driven
and parasitic dipoles is represented by a transformer. Since
the varactor diodes are inserted in the parasitic dipoles, the
impedance of the parasitic element is able to be varied by
means of changing the capacitance of the varactor diodes.
Therefore, themagnitude and phase distribution of the driven
and parasitic dipoles are decided by the varactor diodes.
Consequently, the entire antenna works similarly to a three-
element array, where the center element is an ME dipole
and the left and right elements are dipoles with an identical
magnitude and phase distribution. The capacitance values of
the varactor diodes determine the coupling strength and, in
turn, the magnitude distribution. Hence, the entire radiation
pattern of the antenna could be varied by tuning the power
distribution of the dipoles. The simulated radiation patterns
in the 𝐻-plane is presented in Figure 12 with different 𝐶 (the
capacitance value of varactor diodes). We can see that, along
with 𝐶 which reduces from 4 to 0.8 pF, the 3 dB beamwidth
of the proposed antenna rises from 80∘ to 160∘.
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Figure 9: Array factor for different 𝛽 with 𝑑 = 0.5𝜆0 and 𝑀 = √2.

Finally, an LP design with beamwidth reconfiguration
is realized in [18]. As shown in Figure 13, the antenna is
composed of a Γ-probe-fed ME dipole. Along its 𝐻-plane,
there are three pairs of tunable strip gratings. Each strip is
cut into 16 short portions and 15 PIN diodes are inserted into
the gaps. When forward biased, the PIN diodes are ON and
the strips serve as reflectors. When unbiased, the PIN diodes
areOFF and the strips can be seen as transparent for radiating
wave. Furthermore, because the PINdiodes ondifferent strips
are commanded by separated DC signals, by changing the
amplitude of the DC signals, the size of the reflector can be
varied as indicated in Figure 14. Therefore, the beamwidth
of the proposed antenna could be changed. It should be
emphasized that this method for beamwidth reconfiguration
is different from the aforementioned. The first two methods
are implemented by tuning the amplitude and phase distri-
butions of the parasitic elements, while this design is realized
by reconfiguring the size of the reflector. The characteristics
of this simple antenna are highly attractive for applications in
cellular systems. It has an impedance bandwidth as wide as
40%. The 𝐻-plane beamwidth can be tuned from 153∘ to 81∘.

5. Conclusion

In this paper, some reconfigurable ME dipole antennas
have been reviewed. A frequency reconfigurable design has
been first reviewed, showing a wideband mode for sensing
and reconfigurable narrowband modes for communications,
which is attractive for base stations in cognitive radio.
Secondly, polarization reconfigurable designs which are able
to switch between the LP, RHCP, and LHCP states have
been reviewed. The designs own the ability of degrading
multipath-fading effects and enhancing the system stability
and are useful for indoor wireless communication systems
and can also be used as antenna elements for the outdoor base
stations. Finally, three different beamwidth reconfigurable
designs have been reviewed with dynamic control over
their radiation beamwidth according to the environment
requirement. These designs are attractive for outdoor base
stations in future wireless communication systems.

Compared with other reconfigurable directional antenna
candidates, the ME dipole owns some very attractive advan-
tages as indicated in Table 1. The ME dipole can obtain wide
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bandwidth and excellent unidirectional radiation patterns
when designed for reconfigurable antennas.This is attributed
to the advantages of the ME dipole. Besides, since the DC
biasing lines can be hidden in the metal posts (magnetic
dipole), the DC biasing lines can cause ignorable effects on
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Figure 13: Geometry of the beamwidth reconfigurable ME dipole
antenna using tunable strip grating.

Table 1: Comparison between ME dipole with other reconfigurable
directional antenna candidates.

Reconfigurable
directional
antenna
candidates

Bandwidth

Unidirectional
radiation
patterns

(front-to-back
ratio,

cross-pol)

Difficulty level
to be

integrated with
tuning

mechanisms

Patch antenna
[1] Narrow Poor Easy

Cavity-backed
slot antenna
[12]

Fair Fair Easy

Yagi-Uda
antenna
[13]

Fair Fair Difficult

Dipole
[2] Wide Good Difficult

ME dipole Wide Excellent Fair

the antenna performance. Therefore, the ME dipole is easy
to be integrated with tuning mechanisms, especially with
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Figure 14: Equivalent structures of the antenna in different beamwidth states: (a) State 1; (b) State 2; (c) State 3; (d) State 4.

the electronically controlled switches. As discussed above,
the ME dipole shows very attractive features over other
directional antenna candidates in reconfigurable base station
antenna design.These designs may be useful for base stations
in wireless communication systems.
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A low VSWR and high efficiency antenna array operating in the Ku band for satellite communications is presented in this paper. To
achieve high radiation efficiency and broad enough bandwidth, all-metal radiation elements and full-corporate waveguide feeding
network are employed. As the general milling method is used in the multilayer antenna array fabrication, the 𝐸-plane waveguide
feeding network is adopted here to suppress the wave leakage caused by the imperfect connectivity between adjacent layers. A
4 × 8 elements array prototype was fabricated and tested for verification. The measured results of proposed antenna array show
bandwidth of 6.9% (13.9–14.8GHz) for VSWR < 1.5. Furthermore, antenna gain and efficiency of higher than 22.2 dBi and 80% are
also exhibited, respectively.

1. Introduction

Slotted waveguide antenna array has the advantages such
as high power capacity, low transmission loss, and low
cross-polarization level. Thus, it is widely used in radar and
communication systems [1–3]. However, one of the main
drawbacks of conventional slotted waveguide antenna array
is its inherently narrow bandwidth because of the long-
line effect, and the bandwidth would become narrower with
increasing array size. The other drawback of the slotted
waveguide antenna arrays is the high fabrication cost, because
specialized fabrication technique such as dip-brazing is
always applied during the fabricating process.

Recently, corporate-feed hollow-waveguide slot arrays in
millimeter wave (mmW) band with multilayer structures
have been reported [4–7], and by applying the corporate-
feed method, impedance bandwidths of 8% to 12% (at VSWR
< 2) can be obtained without exhibiting any beam squint.
An efficient antenna fabrication method known as diffusion
bonding is used in the antenna array fabrication, and up
to 80% of radiation efficiency can be achieved. However,

because it is difficult to achieve high-temperature and uni-
form pressure during the manufacturing process for a large-
scale array, this unique fabrication method is not suitable
for array fabrication in the “lower” frequency band, such
as those in the Ku band. Therefore, a multilayer corporate-
feed slot antenna array was proposed and fabricated by using
simple milling process [8–10]. Nonetheless, the wave leakage
between layers of this reported antenna array cannot be
avoided, because the feeding network used here is an𝐻-plane
waveguide type.

Recently, a number of antenna array designs working
in the Ku band with waveguide feed network have also
been reported for satellite system applications [11–15]. Even
though all these antenna array designs have been successfully
reported, however, they have exhibited certain disadvantages
that may compromise the performances. For example, the
microstrip antenna element and waveguide feed network
have been applied in [11, 12], and they have exhibited
element loss and results in lower efficiency. Even though the
coupling between elements in [13] is strong, however, that
will reduce the performances of the antenna array when the
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Figure 1: Geometry of proposed antenna array in three-dimensional view.

array gets larger. The other disadvantage of this design is
its complex structure; thus mass producing this array will
be very difficult. In [14], the connected-dipole active array
is presented, and when the element is used as passive array
fed by a microstrip network, the efficiency will not be high.
In [15], the continuous transverse stub array is proposed for
satellite communication; however, the structure is also very
complicated, and it is not very suitable for small size array
design.

Therefore, in this paper, an aperture size 110 × 55mm2
corporate-feed slot antenna array with 𝐸-plane waveguide
feeding network is presented. The proposed antenna array is
composed of three layers, namely, radiating slots layer, cavity
layer, and a feeding network layer. Here, 𝐸-plane waveguide
feeding network is used to reduce wave leakage considering
there are gaps between adjacent layers in real fabrication.
An antenna prototype is fabricated by applying the simple
milling process. Experimental results show that the proposed
antenna exhibits low VSWR and high radiation efficiency
(>80%) characteristics. Details of the antenna design and
measurement results are shown in the following sections.

2. Antenna Array Configuration and Design

Figure 1 shows the three-dimensional (3D) view of proposed
antenna array structure. The antenna array is a multilayer
type composed mainly of three layers, namely, the antenna
radiation slots, resonant cavity, and feeding network, from
top to bottom, respectively. The 2 × 2 element subarrays
employed as one unit here are for the purpose of minimizing
the occurrence of grating lobe as much as possible [4, 8].
The design of feeding network adopts the 𝐸-plane waveguide
type, so that wave leakage can be prevented after the assembly.

There is also a SMA-waveguide transition at one side to
convert the waveguide port to SMA port.

Figure 2 shows the 2 × 2 subarray configuration with
related structural parameters, and it is also comprised of three
parts. The working mechanisms of the proposed subarray
are as follows: (1) the energy is coupled from the 𝐸-plane
waveguide at the bottom layer to the resonant cavity located
at the middle layer via the coupling slot; (2) there are two
pairs of side walls in the cavity for the purpose of splitting
the resonant higher mode, which is similar to those reported
in [4, 8]; (3) the 2 × 2 radiation slots on the top share
the same resonant cavity. Due to the fact that the higher
mode resonant can also be excited, the radiation slots can
be equally excited. Here, the simulated 𝐸-field distributions
at the top of radiation slot and in the middle and bottom
of the resonant cavity are shown in Figure 3. At the bottom
waveguide layer, a small notch (𝑐𝑙 ×𝑐ℎ) is loaded at one corner
of the waveguide, and a distance 𝑑𝑓 separates the coupling
slot and the waveguide edge. Notably, both parameters are
implemented for impedance matching of the antenna.

To fully develop and transform the 2 × 2 subarray into
a larger array antenna type, proper 𝐸-plane corporate-feed-
network is therefore required. However, the full-corporate
𝐸-plane waveguide feeding networks cannot be simply com-
posed by 𝐻-junctions and 𝑇-junctions as reported in [4, 8],
because the output ports of T-shaped 𝐸-plane waveguide
junctions are excited out-of-phase. Figure 4 presents the
configuration of proposed full-corporate 𝐸-plane waveguide
feeding networks for the 4 × 8 array, and Table 1 gives the
full detailed dimensions of the antenna array. It can be seen
that, due to space limitation, some of the waveguide bends
and junctions are carefully routed. It is also noteworthy that
the surface roughness of each mechanic layer is not very
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Table 1: Dimension parameters for the antenna array (Unit : mm).
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Figure 2: Configuration of the 2 × 2 subarray element [16].
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Figure 4: Complete 𝐸-plane waveguide feed-networks of the 4 × 8 array.

strict in this work, and thus it is not necessary to use more
screws to press two layers very hard together. These factors
have therefore contributed to the advantages of this proposed
antenna (ease in fabrication), yielding lower fabrication cost.

3. Design Evolution and Parametric Studies

To further comprehend the design of this antenna, some of
the vital parameters such as 𝑙𝑠, 𝑤𝑠, and 𝑑𝑓 are analyzed and
presented. The simulated VSWRs of the 2 × 2 subarray by
tuning the length (𝑙𝑠) and width (𝑤𝑠) of radiation slot are
given in Figures 5 and 6, respectively. As depicted in Figure 5,
tuning 𝑙𝑠 between 9.9 and 11.9mm can affect the impedance
bandwidth of the upper and lower operating frequencies at
along VSWR < 1.5 threshold, even though the two resonances
at approximately 13.9 and 14.5 GHz are nearly unaffected. In
this case, optimum 𝑙𝑠 is chosen to be 10.4mm, because it can
give desirable bandwidth of approximately 13.67–14.68GHz
(along VSWR < 1.5) and exhibit better impedance matching
for the two resonances. As shown in Figure 6, an increase in
width 𝑤𝑠 by 1mm (from 4 to 6mm) will results in shifting
the lower resonance to lower frequency band (approximately
14.3 GHz to 13.73GHz). In addition, tuning𝑤𝑠 will also highly
affect the operating impedance bandwidth. Here, optimum
𝑤𝑠 is chosen to be 5mm, because it exhibits the widest VSWR
< 1.5 bandwidth. Besides tuning the radiation slot 𝑤𝑠, the
simulated results in Figure 7 show that varying distance
𝑑𝑓 (from 0.8 to 2.8mm) can also exhibit similar resonant
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Figure 5: Simulated VSWR, varying 𝑙𝑠.

frequency shifting from approximately 14.3 GHz to 13.7 GHz.
Thus, in this case, the optimum 𝑑𝑓 chosen is 1.8mm.

4. Simulated and Measured Results

The 4 × 8 antenna array design was analyzed by using
commercial simulator Ansoft HFSS. The parameters shown
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Figure 7: Simulated VSWR, varying 𝑑𝑓.

in Figures 2 and 4 are optimized and the final dimensions
are listed in Table 1. Milling technique was applied in this
case to fabricate the antenna prototype. As shown in Figure 8,
the material used for this prototype antenna is aluminum.
Notably, the layer partition of the actual mechanical model
is slightly different from the layers shown in Figure 2. This
is because in order to suppress the wave leakage between
adjacent layers, the waveguides are intentionally split in the
middle of the 𝐸-plane of corporate-feed-networks, in which
minimal current flow can be attained, so that the gaps caused
by the partition and tight electric-contact among the metallic
layers are not critical [9].

Figure 8: Photo picture of proposed antenna array.

The VSWR of the antenna prototype was measured
by Agilent N5224A network analyzer. The measured and
simulated VSWR results are shown in Figure 9, and good
agreement can be observed. For a low VSWR of less than
1.5 (VSWR < 1.5), the measured bandwidth of proposed
antenna array was 6.9% (13.9–14.8GHz). The radiation pat-
terns were measured in a far field range anechoic chamber.
The simulated and measured radiation patterns in both 𝐸-
plane and 𝐻-plane of proposed antenna array at 14.5 GHz
(center frequency) are shown in Figure 10. Good validation
between the simulated andmeasured pattern is also observed.
In this figure, it is realized that the side lobe level (SLL) is
not very low (approximately −14 dB), because each element
of the array has exhibited uniform excitation. If lower SLL
is required, the tapered distribution (such as Taylor and
Chebyshev distribution) technique can be used in the array
design. Notably, this technique has been studied in [10], in
which an unequal power divided 𝑇-junction was applied in
the feeding network. However, the use of this technique will
increase the manufacturing difficulty of this work, which is
not favourable in this case.

The realized gain of proposed antenna array was mea-
sured by applying the conventional gain-comparisonmethod
[4]. Figure 11 shows the simulated and measured realized
gain and efficiency of proposed antenna array. In this figure,
stable gain variations between 22.2 dBi and 22.9 dBi over
the operating bandwidth (VSWR < 1.5) of 13.9–14.8GHz
were measured. Here, the measured gains are approximately
0.2–0.8 dB lower than the simulated ones. High aperture
efficiency of more than 80% is also achieved over the same
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Table 2: Performance comparison between this work and reference antennas.

Ref Aperture size (mm2) Freq. (GHz) BW (%) VSWR Eff. (%) MP Cost
[4] 75 × 76 58.8–63.9 8.3 <1.5 >80 Hard High
[8] 146 × 146 14.5–16.1 14.8 <2.0 >80 Medium Low
[11] 40 × 366 12.2–12.7 4.0

∗ NA >63 Easy Low
[12] 707 × 182 10.8–12.7 16.5 <2.0 >57 Easy Low
[13] 35 × 35 12–15 21 <2.0 >70 Hard Low
[15] 229.52 × 𝜋 26–40 40 <2.0 >80 Hard High
This work 110 × 55 13.9–14.8 6.9 <1.5 >80 Easy Low
∗Axial Ratio bandwidth, NA: not applicable.
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Figure 9: Simulated and measured VSWR of proposed antenna
array.

operating band (13.9–14.8GHz), and it can be up to 90% at
some frequency points.

Table 2 shows the comparison of performances between
the proposed antenna array (this work) and those relevant
reported antenna arrays that are also operating in the Ku
band. Even though the operating bandwidth of proposed one
may have narrower bandwidth than that of [4, 8, 12], by
further observing this table, the proposed antenna offers very
high radiation efficiency of over 80% in the Ku band (with
milling process). From this table, one of the main advantages
(novelty) of this proposed work is its ease in fabrication, thus
leading to lowermanufacturing cost duringmass production.

5. Conclusion

Amultilayer slot antenna array with 4 × 8 elements has been
successfully proposed in the Ku band. Full-corporate feed-
network is used in this case to achieve desirable bandwidth
of 6.9% (VSWR < 1.5) without beam squints. In addition,
𝐸-plane waveguide is also adopted to prevent wave leakage,
which in turn can achieve high radiation efficiency of more
than 80%, even though the milling fabrication process was
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Figure 10: Simulated and measured patterns of proposed antenna
array [17].

taken into consideration. Due to its compact aperture size
and good efficiency, this proposed antenna array is a good
candidate for Ku band satellite communications.
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This paper proposes a new broadband Doherty power amplifier topology with extended back-off range. A shunted 𝜆/4 short line
or 𝜆/2 open line working as compensating reactance is introduced to the conventional load modulation network, which greatly
improves its bandwidth. Underlying bandwidth extension mechanism of the proposed configuration is comprehensively analyzed.
A three-device Doherty power amplifier is implemented for demonstration based on Cree’s 10WHEMTs. Measurements show that
at least 41% drain efficiency is maintained from 2.0GHz to 2.6GHz at 8 dB back-off range. In the same operating band, saturation
power is larger than 43.6 dBm and drain efficiency is higher than 53%.

1. Introduction

As known to all, frequencies are scarce resources nowadays
due to the booming of diverse wireless techniques. There-
fore, sophisticated modulation schemes must be applied to
achieve high data rates in a limited frequency bandwidth. At
the same time of enjoying high data throughput, the large
peak-to-average power ratios (PAPRs) accompanying these
modulations also bring up several undesired effects to hard-
ware implementations. The most evident impact is for power
amplifiers (PAs), as they have to operate at large back-off
regions to keep good linearity. The by-product of this feature
is drastically deteriorated efficiency.

In the past few years, sorts of efficiency-boosting PA solu-
tions such as envelop tracking [1], outphasing [2], and
Doherty [3–18] have been reported to fight against efficiency
reduction caused by high PAPR signals. Among them, the
Doherty PA is considered as one of the best candidates,
because it is simple in structure and easy for implementation.
Consisting of two amplifiers (carrier and peaking) biased
independently, a classical Doherty PA achieves peak efficien-
cies at both saturation and 6 dB back-off power conditions.
This architecture has become themainstream for base-station

PA designs. Nevertheless, certain communication schemes
such as LTE-Advance and upcoming 5G may have several
subcarriers; the corresponding PAPR value is still increasing.
As a result, techniques like asymmetric subamplifier size
[11] and multiway [14–16] for improving back-off range for
Doherty PAs have been widely investigated. Large device size
for the peaking PA is used in the asymmetric solution. How-
ever, it is not easy to find matched devices in practice and the
acquirable range improvement is limited.Themultiway struc-
ture basically brings in several peaking amplifiers and one
carrier PA, which is believed to have a large back-off range,
whose peak efficiency locations are defined by the number
and size of the peaking amplifiers.

Besides, wideband communication is highly demanded
today in order to support multiple-band and multifunction
operation in a single system.Thereafter, bandwidth enhance-
ment techniques for Doherty PA become hot research topic.
In the literature, some efforts on modifying the load modu-
lation networks (LMN) have achieved substantial improve-
ments. However, most of them are still complicated in
structures and are mainly limited to conventional two-way
Doherty architecture [7–13].
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Based on the authors’ previous work presented in [18],
two novel LMN configurations with shunt compensating
reactance are proposed in this paper. By introducing 𝜆/4
short line or 𝜆/2 open line to the conventional LMN, the
modulated impedance can have greatly reduced variation
against frequency deviation, therefore improving the overall
bandwidth of the Doherty PA. Systematical design concept
and comprehensive theoretical analysis of the two new
structures are given for good illustration.

The remainder of this paper is organized as follows.
Section 2 explains the underlying confinement of the conven-
tional structure and introduces the principle of the proposed
designs. In Section 3, a three-device Doherty PA circuit with
large high-efficiency back-off range is realized for demonstra-
tion. Simulated and measured results are also presented, and
decent wideband operational characteristics are successfully
obtained. Finally, Section 4 gives the conclusion.

2. Proposed Load Modulation Network

2.1. Background. As the key element of a Doherty PA, the
conventional LMN is made up of two impedance inverters.𝜆/4 transmission lines are generally adopted as a common
practice. However, due to the frequency dispersion effect of
the 𝜆/4 transformers, the conventional LMN is inherently
narrow in bandwidth, which finally confines the bandwidth
of the entire Doherty PA. In other words, proper load mod-
ulation can be maintained only at a single frequency. When
the operational frequency deviates from the center (𝑓0), the
impedance modulated reduces quickly from the nominal
value and PA’s efficiency deteriorates as a consequence [6, 7].
Fortunately, it is found that the impedance bandwidth of the
LMN can be increased by properly adding a reactive element
to neutralize this dispersion. In [6], a LC shunt network
is exploited as compensating reactance. However, detailed
operational mechanism analysis is not given, and the highest
frequency that can support is limited due to the low𝑄-factor
of the LC resonant circuit.

Two novel LMN topologies with shunt stubs are proposed
herein to have extended operational bandwidth. A shunt 𝜆/4
short stub and 𝜆/2 open stub are connected to the junction
point of the subamplifiers, as shown in Figures 1(b) and
1(c), respectively. Detailed analysis will be given to verify the
potentiality of the proposed ideas. Based on this, a three-
device designwith large bandwidth and back-off range is then
implemented for verification.

2.2. Proposed LMN with a Shunt Quarter-Wavelength Short
Stub. As well known, the operation of a Doherty PA is
roughly classified into two conditions: low-power and high-
power. When the power is low, the carrier amplifier operates
only and it completely determines the overall performance.

Define the center frequency as 𝑓0 and the normalized
frequency as 𝑓 = 𝑓/𝑓0. For the typical LMN as shown in
Figure 1(a), the impedance seen at the junction point 𝑍𝐽,conv
is frequency dependent, and its expression is calculated as
below according to classic transmission line theory [19]

𝑍𝐽,conv = 𝑍𝐿𝑍0 + 𝑗𝑍𝐿 tan (𝑓 ⋅ 𝜋/2)𝑍𝐿 + 𝑗𝑍0 tan (𝑓 ⋅ 𝜋/2) , (1)
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Figure 1: Simplified Doherty PA diagrams based on (a) conven-
tional LMN; (b) LMN with 𝜆/4 short stub; (c) LMN with 𝜆/2 open
stub.

where 𝑍𝐿 is the characteristic impedance of the output 𝜆/4
line and 𝑍0 stands for the load (50Ω typically).

As a consequence, the carrier PA impedance produced by
the conventional LMN 𝑍CL,conv can be expressed as

𝑍CL,conv = 𝑍𝑇𝑍𝐽,conv + 𝑗𝑍𝑇 tan (𝑓 ⋅ 𝜋/2)𝑍𝑇 + 𝑗𝑍𝐽,conv tan (𝑓 ⋅ 𝜋/2) , (2)

where 𝑍𝑇 represents the characteristic impedance of the 𝜆/4
line after the carrier PA.

On the other hand, for the proposed LMN shunted with𝜆/4 short line as shown in Figure 1(b), the expression of the
impedance for the carrier 𝑍CL,SC is now derived using the
following equations:

𝑌𝐽,SC = 1𝑍𝐽,SC =
1𝑍𝐿
𝑍𝐿 + 𝑗𝑍0 tan (𝑓 ⋅ 𝜋/2)
𝑍0 + 𝑗𝑍𝐿 tan (𝑓 ⋅ 𝜋/2) , (3)

𝑍
𝐽,SC = 1
(𝑌𝐽,SC − 𝑗/𝑍SC tan (𝑓 ⋅ 𝜋/2)) , (4)
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𝑍CL,SC = 𝑍𝑇𝑍


𝐽,SC + 𝑗𝑍𝑇 tan (𝑓 ⋅ 𝜋/2)
𝑍𝑇 + 𝑗𝑍𝐽,SC tan (𝑓 ⋅ 𝜋/2) , (5)

where the subscript SC denotes short circuit condition and𝑍SC is the characteristic impedance of the shunt line. Based
on (2) and (5), the real and imaginary parts of the carrier
impedance against frequency can be extracted by simple
mathematical derivations.

Figure 2 depicts the frequency response of 𝑍CL,SC under
different 𝑍SC values (12, 17, and 22Ohms) along with that
of 𝑍CL,conv. It needs to stress that the normalized values (to𝑍0) of 𝑍𝑇 and 𝑍𝐿 are unity and 1/√2 in this particular com-
parison, same as the classicalDoherty LMN treatment. As can
be observed from the figure, in each single case the carrier
impedances produced by both cases are maintained around
100Ω (2𝑍0) at the center frequency, agreeing with the classi-
calDoherty PA theory.This is because𝜆/4 short line produces
infinite impedance at the center frequency, which has no
influence on the modulated impedance. Nevertheless, when
the operation frequency deviates from 𝑓0, the real part of the
carrier impedance produced by the conventional LMN de-
creases sharply. This impedance reduction usually translates
to unwanted efficiency degradation and bandwidth reduc-
tion. In contrast, by adding the shunt line as compensating
reactance, much more stabilized impedances are achieved in
a certain band by applying the proposed topological scheme,
as indicated by the larger and flatter real part response.

For the imaginary side, all cases exhibit similar capacitive/
inductive behaviors at frequencies above/below the center
frequency. However, the variation presented by the conven-
tional LMN is much larger than that of the proposed LMNs.
From the PA design aspect, a much flatter ohmic and smaller

reactive loading usually means it is easier to design a broad-
band matching network and achieve larger bandwidth after-
wards [7]. At the center frequency, the shunt stub is equivalent
to an open-circuit load seen at the junction point; therefore
no loading effect occurs.This is demonstrated by the identical
load impedances presented at 𝑓0 for all the configurations
analyzed.

In the high-power condition, all subamplifiers operate.
Suppose the fundamental currents produced by the two sub-
amplifier cells are identical, the corresponding impedances
can be easily calculated based on the diagram shown in
Figures 1(a) and 1(b). Figures 3 and 4 compare the simulated
carrier and peaking impedance behaviors at saturation with
different LMN schemes, whose real and imaginary parts are
monitored separately. It is obvious that the carrier impedance
has similar profile to that of the low-power condition. To
be specific, impedance variations against frequency deviation
are significantly suppressed, for both the imaginary and real
parts. On the peaking side, although the conventional design
shows relative flatter impedance responses, the variation
ratio is not as much as that for the carrier PA. Thus, by
optimizing the characteristic impedances of the shunt stub,
overall bandwidth enhancement can still be ensured.

2.3. Proposed LMN with a Shunt Half-Wavelength Open Stub.
Similar to the configuration shown above, a shunt 𝜆/2 open
stub can also be used as effective compensating reactance.
The theoretical analysis of the configured LMN with a
shunt 𝜆/2 open stub is much alike to the aforementioned
case. Figure 1(c) gives its schematic diagram. The carrier
impedance at the low-power condition𝑍CL,OC can be derived
as

𝑍
𝐽,OC = 1
((1/𝑍𝐿) ((𝑍𝐿 + 𝑗𝑍0 tan (𝑓 ⋅ 𝜋/2)) / (𝑍0 + 𝑗𝑍𝐿 tan (𝑓 ⋅ 𝜋/2))) + 𝑗 tan (𝑓 ⋅ 𝜋/2) /𝑍OC) ,

𝑍CL,OC = 𝑍𝑇𝑍


𝐽,OC + 𝑗𝑍𝑇 tan (𝑓 ⋅ 𝜋/2)
𝑍𝑇 + 𝑗𝑍𝐽,OC tan (𝑓 ⋅ 𝜋/2) ,

(6)

where 𝑍OC is the characteristic impedance of the shunt line
and the subscript OC denotes open circuit.

Figure 5 compares the calculated 𝑍CL,OC behaviors of
different 𝑍OC values (24, 44, and 64Ohms) along with that
of 𝑍CL,conv. The normalized impedances 𝑍𝑇 and 𝑍𝐿 are
again unity and 1/√2. It can be seen that, by adopting a
proper characteristic impedance (e.g., 44Ω), the modulated
impedances from the proposed LMN may have a much
flatter response versus frequency than that the conventional
LMN can provide. Curves for impedances presented to the
carrier and peaking subamplifiers at high-power condition
are shown in Figures 6 and 7, respectively. As before, once
the characteristic impedance of the shunt stub is appropri-
ately chosen, smaller variation of the carrier impedance is
achievable for the proposed topology by contrast with the
conventional design. As a consequence, larger bandwidth can

be obtained as impedance matching becomes much easier. In
addition, the two compensating methods mentioned above
generally have different parameters regarding characteristic
impedance and length. In practice, which configuration to
use is mainly decided after considering the bandwidth effects
and realization convenience overall.

3. Circuit Realization

3.1. Wideband Three-Device Doherty Power Amplifier Design.
To deal with signals with high PAPRs, total peaking device
periphery must be larger than that of the carrier device.
Herein, a dual-peaking single-carrier Doherty PA is therefore
devised, aiming at large back-off range. In order to have
wideband operational capability at the same time, the LMN
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Figure 2: Carrier impedance comparison between the conventional
LMNand thewidebandLMNwith a shunt𝜆/4 short stub of different
characteristic impedances at low-power condition.
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Figure 3: Carrier impedance comparison between the conventional
LMNand thewideband LMNwith a shunt𝜆/4 short stub of different
characteristic impedances at high-power condition.

with a shunted short 𝜆/4 stub analyzed above is updated to
fit a three-way structure, as depicted in Figure 8. Specifically
speaking, the carrier PA is placed at the center, whose output
is evenly shared by the two symmetrically aligned peaking
amplifiers to form load modulation.

It is well acknowledged that the operation of a Doherty
PA differs at low-power and high-power regions. For low-
power scenario, both peaking PAs are turned off and the
carrier PA operates solely. The shunt 𝜆/4 line on each branch
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Figure 4: Peaking impedances at high-power condition for the
conventional LMN and the proposed LMN with a shunt 𝜆/4 short
stub of different characteristic impedances.

Re_Conv
Re_24 Ω
Re_44 Ω
Re_64 Ω

Im_Conv
Im_24 Ω
Im_44 Ω
Im_64 Ω

0.7 0.8 0.9 1.0 1.1 1.2 1.3 1.40.6
Normalized Frequency

−350

−300

−250

−200

−150

−100

−50

0

50

100

150

Im
ag

in
ar

y 
(Ω

)

40

80

120

160

200

240

Re
al

 (Ω
)

Figure 5: Carrier impedance comparison between the conventional
LMNand thewideband LMNwith a shunt 𝜆/2 open stub of different
characteristic impedances at low-power condition.

is divided into two parts at the junction VP𝑖 (𝑖 = 1, 2). As
long as each peaking PA is connected with a proper offset line
after the output matching network, the impedances seen into
the peaking PAs from the two junction points VP1 and 𝑉𝑃2
can bemade very high [5]. Reverse power leakage is therefore
prevented. In other words, the peaking branches are isolated
from the shunt line, and this LMN is degenerated to that of the
shunt stub configuration introduced before for the carrier PA.
The impedance presented exhibits frequency response similar
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Figure 6: Carrier impedance comparison between the conventional
LMNand thewideband LMNwith a shunt 𝜆/2 open stub of different
characteristic impedances at high-power condition.

to that shown in Figure 2. That is to say, when input is low,
the carrier PA operates only, and its impedance 𝑍CL,prop can
be calculated as

𝑌𝐽,Prop = 1𝑍𝐽,Prop =
1𝑍𝐿
𝑍𝐿 + 𝑗𝑍0 tan (𝑓 ⋅ 𝜋/2)
𝑍0 + 𝑗𝑍𝐿 tan (𝑓 ⋅ 𝜋/2) ,

𝑍
𝐽,prop = 1
(𝑌𝐽,prop − 2 (𝑗/𝑍SC tan (𝑓 ⋅ 𝜋/2))) ,

𝑍CL,prop = 𝑍𝑇𝑍


𝐽,prop + 𝑗𝑍𝑇 tan (𝑓 ⋅ 𝜋/2)
𝑍𝑇 + 𝑗𝑍𝐽,prop tan (𝑓 ⋅ 𝜋/2) ,

(7)

where the subscript SC denotes the short-stub attachment as
before. The characteristic impedances of the shunt lines are𝑍SC. Figure 9 depicts the simulated𝑍CL,prop responses against
different 𝑍SC values (25, 35, and 45Ohms). It is intuitive that
if the 𝑍SC value is carefully chosen, this scenario is positive
for bandwidth enhancement, as similar to the case introduced
above in Section 2.2.

When input increases, the two peaking PAs conduct
gradually and form active load modulation with the carrier
PA. Set the fundamental saturation current ratio of the sub-
amplifiers as 𝛿 = 𝐼𝑃/𝐼𝐶. 𝐼𝑃 and 𝐼𝐶 represent the saturation
current for the carrier and peaking amplifiers, respectively.
According to [3, 4], for optimal impedance matching, the
characteristic impedances of 𝑍𝑇 and 𝑍𝐿 are chosen as

𝑍𝑇 = 𝛿 ⋅ 𝑍0
𝑍𝐿 = √ 𝛿21 + 2𝛿2 ⋅ 𝑍0.

(8)

Re_Conv
Re_OC_24 Ω
Re_OC_44 Ω
Re_OC_64 Ω

Im_Conv
Im_OC_24 Ω
Im_OC_44 Ω
Im_OC_64 Ω

0.7 0.8 0.9 1.0 1.1 1.2 1.3 1.40.6
Normalized Frequency

−350

−300

−250

−200

−150

−100

−50

0

50

100

Im
ag

in
ar

y 
(Ω

)

0

40

80

120

160

200

Re
al

 (Ω
)

Figure 7: Peaking impedances for the conventional LMN and the
proposed LMNwith a shunt 𝜆/2 open stub of different characteristic
impedances at high-power condition.
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Figure 8: Simplified schematic of the devised Doherty PA.

In this context, the impedances presented to the carrier
and two peaking amplifiers at saturation can be easily
obtained once the 𝑍𝑇 and 𝑍𝐿 values are predescribed. In this
particular design, what remains to mention is that the 𝜓
value (in degrees) can be optimized, as shown in Figure 8.
This offers another degree of design freedom for the output
matching network. The characteristic impedance 𝑍SC is then
tuned to achieve traded-off performances among the carrier
and peaking subamplifiers. Figure 10 gives the simulated
carrier and peaking impedance responses versus frequency at
saturation for a typical casewith 𝛿 and𝑍SC values of unity and
35Ω, respectively. In Figure 11, the load impedance variation
profiles of the subamplifiers are depicted as a function of
normalized input voltage. As one can see, typical Doherty
impedance profiles [3, 8] are successfully achieved.
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Figure 9: Carrier impedance of the proposed three-device DPA
with shunt lines of different characteristic impedances at low-power
condition.
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Figure 10: Carrier and peaking impedances for the proposed three-
device DPA with 𝛿 = 1 and 𝑍SC = 35Ω at high-power condition.

At the input terminal, awidebandpower divisionnetwork
is used to distribute the input power into three paths. As the
same transistors are used to build the three subamplifiers, the
power gain of the peaking cells is smaller than that of the
carrier cell due to their lower biasing conditions. As a result,
uneven power division is chosen to deliver larger power to
the peaking paths. Figure 12 shows the diagram of the devised
power division network. Port 1 is the input terminal, and port
2 is connected to the carrier PA, whereas ports 3 and 4 are
for the peaking paths. The upper and lower parts are exactly
the same, and the isolation resistors 𝑅1 = 𝑅2 = 100Ω. The
characteristic impedances of the six lines are𝑍1 =64.1Ω,𝑍2 =
91.7Ω,𝑍3 = 44.2Ω, and𝑍4 = 57.1Ω. All the transmission lines
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Figure 11: Carrier and peaking impedance variations for the pro-
posed three-device DPA with 𝛿 = 1 and 𝑍SC = 35Ω as a function of
input voltage.
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Figure 12: Wideband three-way uneven power divider diagram.

are 𝜆/4 long at the center frequency 𝑓0 (𝑓0 equals 2.3 GHz
in this particular design). Figure 13 depicts the simulated
performance of the divider in Keysight ADS momentum.
Note that S31 and S41 are maintained around −6.2 dB and−4.6 dB throughout the frequency band from 1.5 to 3.0GHz.
Thismeans that the stimulus for peaking PAs is about 1.5 dBm
larger than that for the carrier PA.This treatment is intended
for identical driving capabilities at saturation among the three
subamplifiers. In addition, the return losses and isolations
between the output ports are all below −15 dB.

As optimal source and load impedances change with
operating frequency, extensive source-pull and load-pull
simulations are conducted to find the frequency-dependent
target impedances. Output matching networks and offset
lines are carefully designed to maintain broadband operation
of the whole Doherty PA. Besides, broadband inputmatching
networks with the classical cascaded low-pass type topology
are designed for all the three subamplifiers before final
circuit assembly. A phase balance line is also added at the
peaking input in order to maximize saturation output power.
Furthermore, DC supplies can be directly added to end of
the short stubs in the meantime, making DC powering more
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Figure 14: Final topology of the implemented DPA structure.

convenient. Careful optimization has been made to ensure
decent performances in a large operational bandwidth.

Figure 14 gives the topology of the realized Doherty PA,
shown at the bottom of this page. Input power division
network is not plotted for the sake of simplicity.Theprototype
circuit is implemented on a Duroid 5870 substrate with
permittivity of 2.33 and a height of 31 mil.The demonstrating
hardware for the open stub case described in Section 2.3 is not

devised, because these two configurations have similar theo-
retical fundamentals for bandwidth extension as introduced
above.

3.2. Simulated and Measured Results. This particular three-
way circuit is fully characterized in Keysight ADS simulator.
All subamplifiers are constructed with the 10-W GaN HEMT
CGH40010 provided by Cree. Simulations are performed



8 Wireless Communications and Mobile Computing

0

10

20

30

40

50

60

70

80

90

100

G
ai

n 
(d

B)
 &

 D
ra

in
 E

ffi
ci

en
cy

 (%
)

2.1 2.2 2.3 2.4 2.5 2.62.0
Frequency (GHz)

36

37

38

39

40

41

42

43

44

45

46

O
ut

pu
t P

ow
er

 (d
Bm

)

Simulated gain
Measured gainSimulated power

Measured power

Measured efficiency

Simulated efficiency

Figure 15: Efficiency and gain curves from simulation andmeasure-
ment of the implemented prototype at saturation condition.

with a large signal transistormodel provided bymanufacture.
Biasing conditions are carefully optimized to realize the
power dependent opening sequences of the subamplifiers. To
be specific, the carrier cell is biased at −2.7 V, corresponding
to class-AB mode. On the other hand, the biasing voltages
of the two peaking cells are −6.5V, corresponding to class-C
mode.The supply voltages (𝑉dd) are all set to 28V. By careful
device alignment and wiring, the entire circuit is kept concise
and symmetry.

Figure 15 shows the simulated and measured character-
istics at saturation under continuous wave (CW) excitation
in terms of gains, maximum output powers, and drain
efficiencies of the designedDoherty PA. It is clear to see that a
minimumof 53%drain efficiency is recorded inmeasurement
in a 600MHz bandwidth, ranging from 2.0GHz to 2.6GHz.
76% efficiency is obtained at 2.6GHz, which is the highest
value in this observed band. In addition, at least 43.6 dBm
output power is maintained, and a peak value of 45.4 dBm
appears at 2.2 GHz.Themeasurements and simulations agree
well, and the small discrepancies may be caused by model
inaccuracy, fabrication tolerance, and so on.

As two peaking amplifiers are applied, the total device
periphery of the peaking part is larger than the carrier
part, and thus an increased power back-off range is realized.
Figure 16 compares the tested and simulated gain and drain
efficiency curves at 8 dB back-off power from 2.0GHz to
2.6GHz. Throughout this frequency band, over 41% drain
efficiency is successfully maintained. This accounts for a
rational frequency bandwidth of 26%.

To better characterize the efficiency profile of the fabri-
cated circuit, Figure 17 depicts the registered gain and drain
efficiency profiles as a function of the output power in the
same frequency band with a 100MHz interval. It is readily
seen that the proposedDoherty PA approximately follows the
classic Doherty type efficiency profiles at all the frequency
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Figure 16: Efficiency and gain curves from simulation andmeasure-
ment of the implemented prototype at 8 dB back-off range.
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components. Table 1 lists the comparison of several published
wideband Doherty PAs and this work.

Moreover, a 20MHz LTE modulated signal with 8 dB
PAPR value is used to test the proposed circuit prototype for
further performance evaluation. Figure 18 gives the registered
average drain efficiency and adjacent channel leakage ratios
(ACLR) as a function of output power at 2.3 GHz. It is readily
seen that about 46% drain efficiency is achieved at 8 dB back-
off power, while the corresponding ACLR value is around−29 dBc. Besides, digital predistortion (DPD) technique [20]
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Table 1: Performance summary of broadband Doherty PAS.

Ref. Config. Freq.
(GHz)

DE. @ Sat.
(Max/Min%)

DE. @ OBO
(Max/Min%)

Pout
(dBm)

[6] 2-way 0.7–0.95 67/53 56/48 @6-dB >43
[7] 2-way 3.0–3.6 66/55 56/38 @6-dB 43-44

[8] 2-way uneven
biasing 1.7–2.6 55/50 55/41 @6-dB 42.1–45.3

[11] 2-way die 1.05–2.55 83/45 58/35 @6-dB 44.6–46.3
[12] 2-way 1.96–2.46 60/46 44/40 @6-dB 39.8–41.7
[15] 3-way 0.73–0.98 67/53 64/49 @9dB 42.7–44.6

[16] 3-stage uneven
biasing 0.7–0.95 75/60 65/47 @9-dB 42.9–44.7

This work 3-device 2.0–2.6 76/53 48/41 @8-dB 43.6–45.4

Average drain efficiency
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Figure 18: Measured average drain efficiency and ACLR values as a
function of average output power at 2.3 GHz under a 20MHz LTE
signal excitation.

is applied to the devisedDPA, and the ACLR value reduced to−51 dBc after DPD treatment, which indicates a good lineari-
zation capability. Figure 19 depicts the photography of the
fabricated Doherty PA.

4. Conclusion

Two new load modulation networks with a shunt 𝜆/4 short
stub and 𝜆/2 open stub to improve Doherty PA bandwidth
have been proposed. Underlying principles regarding the
bandwidth merits have been fully analyzed. A single-carrier
dual-peaking Doherty PA circuit was implemented based on
the updated topological scheme for verification. Large band-
width and high-efficiency back-off range are achieved simul-
taneously.
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This paper describes a high-speed CORDIC-based digital outphasing modulator. Fixed-point Matlab model of the outphasing
modulator is developed to evaluate the system performance and define the circuit design parameters. Design issues such as
signal quantization error, delay mismatch, and phase overflowing are addressed to enable hardware implementation.The complete
outphasing modulator is fully custom designed in 40 nm CMOS, which can be integrated in a millimeter-wave outphasing
transmitter to enhance the system average efficiency. Tested with 10.56Gb/s 64-QAM, this work achieves an EVM of 3.2% and
fulfils the IEEE 802.11ad spectral mask requirements.

1. Introduction

Linearization and efficiency enhancement techniques are
always the focus in the design of power amplifiers (PAs) [1].
Figure 1 shows the characteristics of a typical linear PA. The
PA only achieves the peak power-added efficiency (PAEMAX)
near its saturated output power (𝑃SAT). However, due to
the high peak-to-average power ratio (PAPR), the PA has
fairly low average output power (𝑃AVG) and average power-
added efficiency (PAEAVG). Note that the PDF represents
the probability density function of the complex modulated
signals. At millimeter-wave frequencies (mm-Wave), such
issue becomes evenmore severe as the transistor operates at a
large fraction of the𝑓𝑇/𝑓MAX [2].Therefore, the key challenge
of mm-Wavemulti-Gb/s transmitter (TX) is the poor average
efficiency when transmitting complex modulated signals
(e.g., 64-QAM).

The outphasing PA achieves linear amplification using
highly efficient nonlinear PAs [3, 4], potentially alleviating the
linearity/efficiency trade-off issue.The concept of outphasing
is shown in Figure 2 with the phasor diagram of the outphas-
ing vectors (i.e., 𝑆1(𝑡) and 𝑆2(𝑡)) and combined signal (i.e.,
𝑆(𝑡)). The signal component separator (SCS) is employed to
generate the 𝑆1(𝑡) and 𝑆2(𝑡) based on 𝑆(𝑡) [5]. The magnitude
of the 𝑆(𝑡) depends on the outphasing angle 𝜑(𝑡). As a

result, the outphasing PA can achieve high linearity and
high efficiency simultaneously. The work in [6] first time
presents the fully integrated outphasing transmitter front-end
at mm-Wave. It shows that even at mm-Wave the outphasing
TX is able to perform linear amplification using switching
or saturated power amplifiers (PAs), achieving nearly two
times better average efficiency [6] than that of a conven-
tional 𝐼/𝑄 TX. Therefore, it is essential to develop a high-
speed outphasing modulator to facilitate a fully integrated
outphasing TX [7, 8].The work in [9] presents an outphasing
TX for 2.4-GHzWLANwith a delay-based phase modulator.
However, it may require a delay resolution of 0.1 ps for a phase
resolution of 2∘ when operating at 60GHz and inevitably
consumes high power. The work in [10] presents a digital
outphasing modulator based on piece-wise linear functional
approximation, but its speed will be limited if high-order
modulation (e.g., 64-QAM) is applied due to the increased
memory size of the look-up tables (LUTs) in the sys-
tem.

In this paper, we report a fully custom designed digital
outphasing modulator in 40 nm CMOS. Coordinate rotation
digital computer (CORDIC) [11] is employed to realize the
conversion between Cartesian and Polar coordinates, and
different trigonometric functions. Issues such as signal quan-
tization error, delay mismatch, and phase overflowing are
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tackled to facilitate hardware implementation. The proposed
outphasing modulator achieves simulated 10.56Gb/s 64-
QAM with an error-vector-magnitude (EVM) of 3.2% and
fulfils the IEEE 802.11ad spectral mask requirements for
60GHz communications. Section 2 describes the system
architecture of the outphasing transmitter while Section 3
details the proposed CORDIC-based outphasing modulator.
The circuit-level implementation and simulated results of the
outphasing modulator are presented in Section 4 with the
conclusion given in Section 5.

2. Outphasing Transmitter
System Architecture

Figures 3 and 4 show the system architecture and phasor
diagram of the outphasing transmitter where 𝐴(𝑡), 𝜃(𝑡) are

the amplitude and phase modulated signals, respectively,
and outphasing angle 𝜑(𝑡) equals cos−1[𝐴(𝑡)/𝐴MAX]. The
CORDIC-based outphasing modulator is tasked to generate
the four multi-GHz digital baseband signals 𝑆1𝐼, 𝑆1𝑄, 𝑆2𝐼, and
𝑆2𝑄. They are converted to their analog counterparts 𝑆1𝐼(𝑡),
𝑆1𝑄(𝑡), 𝑆2𝐼(𝑡), and 𝑆2𝑄(𝑡) through high-speed digital-to-
analog converters (DACs), and up-converted by quadrature
modulators to construct the desired outphasing signals 𝑆1(𝑡)
and 𝑆2(𝑡) at the input of the two switching PAs. The linear
amplification can be achieved at TX output by vectoring
summing two outphasing signals.

It is seen that the outphasing TX requires 4 DACs, 4
reconstruction filters, and 2 𝐼/𝑄 modulators, twice as much
as that of the conventional 𝐼/𝑄 TX. However, the linearity
requirement of these analog baseband circuits is relaxed
due to the low peak-to-average-power ratio (PAPR) of the
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outphasing baseband signals [6]. Considering that the dc
power of DAC is in exponential proportion to its linearity,
the proposed outphasing system has no dc power penalty in
its analog baseband circuits. In addition, prior-art 60GHz
outphasing TX front-end achieves 15% average efficiency for
16-QAM signals while conventional 𝐼/𝑄 TX only has 7%. For
a typical 60GHz PA with 100mW average output power for
transmitting 16-QAM, the outphasing and 𝐼𝑄 TXs consume
0.67 and 1.43W, respectively. Depending on the data rates,
the dc power of the proposed outphasing modulator varies
between 30 and 150mW, which gives outphasing TX huge
efficiency benefit. Such benefit will be more pronounced for
64-QAM due to the increased PAPR.

3. CORDIC-Based Outphasing Modulator

CORDIC is a fast and efficient algorithm to compute common
mathematical functions [11] as it only requires “add,” “sub-
tract,” and “shift” operations. It is fully utilized in this work to
realize high-speed outphasing modulator. Figure 5 shows the
system diagram.The vectoringmode of CORDIC (CORDIC-
V) is used to convert the input (𝐼, 𝑄) signals to the polar
form (𝐴, 𝜃) while the rotation mode of CORDIC (CORDIC-
R) is to transform the phase signals 𝜃 ± 𝜑 to the four
outphasing baseband signals. The most critical part of the
outphasing modulator is to realize cos−1(𝑥) function. The
double CORDIC iterations [11, 12] are utilized in this work
to compute cos−1(𝑥), which is also straightforward to imple-
ment in circuitry.

The fixed-point model of the outphasing modulator
is developed in Matlab to evaluate the performance and
define the circuit design parameters. In the simulation, the

outphasing TX front-end (see Figure 3) is assumed to be
ideal. For hardware implementation, it is essential to deter-
mine the number of CORDIC iterations (i.e., CORDIC
pipelined stages) and truncate the signals to balance the accu-
racy, speed, latency, and power consumption. Simulations
indicate that CORDIC iterations have relativelyminor impact
on the system performance and eight iterations are sufficient
to perform the coordinate conversions and to compute
cos−1(𝑥). Quantization of each signal greatly degrades EVM
and results in spectral regrowth. Regarding the number of bits
required by the outphasing modulator, the limiting factor is
the cos−1(𝑥) double CORDIC block, but it is reasonable to set
all the CORDIC blocks with the same word length without
sacrificing the speed. Tested with 10.56Gb/s 64-QAM signals
(PAPR = 7.6 dB, root-raised cosine filter with a roll-off factor
of 0.35), Figure 6 shows the simulated EVM and adjacent-
channel-leakage ratio (ACLR). It is observed that when the
number of bits equals 10, the EVM and ACLR flatten out to
2% and −60 dBc, respectively. It leaves sufficient margin and
can be budgeted for other implementation nonidealities. To
simplify the input interfacing and reduceDAC resolution, the
input 𝐼/𝑄 signals and the four outphasing signals (i.e., 𝑆1𝐼,
𝑆1𝑄, 𝑆2𝐼, and 𝑆2𝑄) are truncated to 8 and 7 bits, respectively.
Simulation predicts that the performance degradation is
negligible.

4. Circuit Implementation and
Simulation Results

Based on the system design and simulation, all the building
blocks of the CORDIC-based outphasing modulator are
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Figure 7: Top-level schematic of the CORDIC-based outphasing modulator.

migrated to the circuit level. The design is implemented
in 40 nm CMOS. Figure 7 shows the top-level schematic of
the outphasing modulator. In practice, the CORDIC-V and
CORDIC-R only work properly when the phase of input 𝐼/𝑄
signals is between −𝜋/2 and 𝜋/2, so the input 𝐼/𝑄 signals are
first transformed to the first quadrant. It is feasible thanks to
the symmetrical characteristics of trigonometric functions.
The resulting sign issue can be easily resolved by using flag
signals and recovering the “±” sign for 𝑆1𝐼, 𝑆1𝑄, 𝑆2𝐼, and 𝑆2𝑄 at
the output of the outphasing modulator. Simulation predicts
that 𝜃 + 𝜑may be larger than 𝜋/2. To tackle this overflowing
issue, we subtract the phase by 𝜋/2 (i.e., the block in the red
dashed box) and set 𝑆1𝐼 = 0.5 ⋅ 𝐴MAX ⋅ cos(𝜃 + 𝜑 − 𝜋/2) =
0.5 ⋅ 𝐴MAX ⋅ sin(𝜃 + 𝜑), 𝑆1𝑄 = 0.5 ⋅ 𝐴MAX ⋅ sin(𝜃 + 𝜑 − 𝜋/2) =
−0.5 ⋅𝐴MAX ⋅ cos(𝜃+𝜑).𝐴MAX is set to 1. In this design, when
the input signal is small (i.e., |𝑥| < 0.2), sin(𝑥) and cos(𝑥) are
approximated by the linear functions, given by sin(𝑥) = 𝑥 and

cos(𝑥) = 1 − |𝑥|/8, which are more efficient than CORDIC-
R. The delay matching block and all the registers are used to
balance the latency in the signal paths.

It can be seen that the adder and the subtractor are the
most critical blocks in CORDIC as well as in the complete
outphasing modulator (see Figure 7), which determine the
speed and power consumption. In this work, the full adder
is realized by double pass-transistor logic (DPL) [13] which
features relatively fast speed compared to mirror adder and
complementary pass-transistor logic (CPL) adder [14] while
still achieves full signal swing even at low supply voltage, as
shown in Figure 8. In the design of the DPL adder, the speed
of the circuit has been paid more attention. The optimum
transistor size is selected upon which the delay of the critical
path in the adder is minimized. In addition, the carry-select
topology [14] is applied to minimize the delay of the critical
path where the 10-bit adder in the cos−1(𝑥) block is split into
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Figure 9: Simulated outphasing modulator linearity.

3-bit, 3-bit, and 4-bit adders. The 10-bit DPL-based adder
features a simulated critical path delay of 180 ps in 40 nm
CMOS. It means that a maximal clock frequency of 5.6GHz
can be applied.

In this work, the complete outphasing modulator is fully
custom designed in 40 nmCMOS using Cadence Virtuoso in
order to ensure high speed and low power. Figure 9 shows

the static response of the outphasing modulator. It can be
seen that the modulator can operate linearly up to the peak
output amplitude. The simulated results in Virtuoso are in
good agreement with the theory and Matlab results. For
the dynamic response, the outphasing modulator is first
simulated in Virtuoso and the results are then fed to the
outphasing front-end (i.e., Matlab model) to further evaluate
the system performance. The complete system is tested
with 10.56Gb/s 64-QAM (i.e., 1.76GHz signal bandwidth).
Figure 10 shows the simulated 64-QAM constellation with
an EVM of 3.2% and the output spectra that well fits the
IEEE 802.11ad spectral mask requirements at 60GHz. The
corresponding power consumption is 112mW at the supply
voltage of 0.9 V, well competing with [10] for the same data
rates.

5. Conclusion

A high-speed digital outphasing modulator is reported to
enable fully integrated efficient outphasing TX for mm-Wave
applications. CORDIC algorithm is utilized to realize coordi-
nate conversions and cos−1(𝑥) function. Issues such as signal
quantization error, delay mismatch, and phase overflowing
are tackled to facilitate hardware implementation. Fully
custom designed in 40 nm CMOS, the proposed outphasing
modulator achieves 10.56Gb/s 64-QAMmodulation with an
EVM of 3.2% and meets the IEEE 802.11ad spectral mask
requirement.
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A compact frequency selective surface (FSS) for 5G applications has been designed based on 2.5-dimensional Jerusalem cross. The
proposed element consists of two main parts: the successive segments of the metal traces placed alternately on the two surfaces of
the substrate and the vertical vias connecting traces. Compared with previous published two-dimensional miniaturized elements,
the transmission curves indicate a significant size reduction (1/26 wavelengths at the resonant frequency) and exhibit good angular
and polarization stabilities. Furthermore, a general equivalent circuit model is established to provide direct physical insight into
the operating principle of this FSS. A prototype of the proposed FSS has been fabricated and measured, and the results validate this
design.

1. Introduction

In recent years, frequency selective surfaces (FSSs) have drew
extensive attentions because of their wide applications in the
communication equipment [1, 2]. FSSs are always designed
to reflect, transmit, or absorb electromagnetic wave, and they
are applied in the design of antenna radomes, reflector of
low-profile antenna, electromagnetic absorbers, and so on
[3–7]. The typical FSS structures consist of two-dimensional
(2D) periodically arranged resonate units [8–10]. In prac-
tical design, the number of FSS units is restricted to the
requirement of size. For 5G communications, the antennas
are very small and the radomes covering the antennas should
be small as well [11]. However, when the infinite period of
the FSS is truncated, it is bound to have a significant impact
on the performance of the FSS. In order to maintain original
performances and compromise this constraint, compact FSS
elements are required.

At present, several methods are proposed to realize the
miniaturization of FSS. By adding some lumped reactive
components to their design, the size of FSS element has been
reduced because of the increasement of the inductance and

capacitance of equivalent circuit [12]. In [13], the miniatur-
ization of element is realized by reducing the thickness of
dielectric substrate, so that the capacitance between various
metallic layers has been increased. Moreover, a loop-wire
structure has been introduced in [14], which consists of
a metallic patch and wire-grid on the opposite layer of
substrate to enhance the inductance and capacitance. The
FSS element consists of four symmetrical spiral patterns of
metallic meander lines which has been designed to increase
the length of resonant structures in a given periodicity [15]. In
[16], the spiral slot element with a compact arrangement has
been proposed, which effectively increases the corresponding
equivalent inductance. And the corresponding equivalent
capacitance can also be increased by adjusting the distance
between every two slots. More recently, square loop with
vertical vias is applied to design FSS element [17]. In this
design, the capacitance is increased by the capacitive coupling
of adjacent via wall, and the inductance is increased by
using the knitted structure alternately across different layers
of substrate. The element size of this design is around 1/16
wavelengths. For 5G mobile communications, further size
reduction should be investigated.
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Figure 1: Geometry of the 2.5D straight-line type FSS element: (a) 3D perspective view and (b) top view.

In this paper, novel miniaturized FSSs based on 2.5D
Jerusalem cross element have been designed, and theworking
frequency is around 3.3GHz which is the potential 5G
communication frequency. The FSS element uses 41 vias to
provide additional inductance and capacitance due to exten-
sive path and via wall coupling between adjacent elements.
Comparing with [17], this design has more significant effect
of size reduction which achieves a FSS element around 1/26
wavelengths at the resonant frequency. Moreover, this FSS
provides good resonant stability for various polarizations
and incident angles. The equivalent circuit model of the FSS
has also been proposed for the analysis of its performance.
Finally, to validate the results of proposed FSS, a prototype has
been fabricated andmeasured.The proposed 2.5D FSS can be
easily fabricated using low-cost PCB processing. The results
show a good consistency between the full-wave simulations
and measurements.

2. Element Design and Performance Analysis

The FSS element can be treated as a resonance circuit when it
is illuminated by the incident waves. The resonant frequency
is determined by the formula 𝑓 = 1/(2𝜋√𝐿𝐶), where 𝐿
and 𝐶 represent equivalent inductance and capacitance of
the element, respectively. Therefore, the method of miniatur-
ization technique is to increase the value of inductance and
capacitance. Based on this theory, the proposed structure of
the 2.5D miniaturized element has been designed.

In Figure 1, the metallic segments of the straight-line type
FSS element are alternately placed on the top and bottom
surface of the substrate and then connected through the
metallic vias. The element is printed on a dielectric substrate
FR-4 (𝜀r = 4.4; loss tangent 𝛿 = 0.025), and the periodicity
of unit cell is p. The length of the planar element is 𝑙 and the
width of its conductor is 𝑤. Each arm and cap are divided
into five and seven segments, respectively. And then, the
successive segments are printed on the top and bottom side of
substrate connected through vias alternatively. The radius of
all vias is 𝑟while the center to center spacing between adjacent

Table 1: Dimension of the FSS unit cell.

Parameter Value (mm)
𝑝 3.5
𝑙 3
𝑤 0.1
𝑠 0.5
ℎ 1
𝑟 0.15

2 4 6 8 10 12 14
−45
−40
−35
−30
−25
−20
−15
−10
−5

0

Frequency (GHz)

Traditional type
Straight-line type

|S
21

|
(d
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Figure 2: Transmission coefficients of the proposed FSS with
straight-line armwith ℎ = 1mmfor normally incident TE-polarized
plane wave.

vias is s. The dimensions of the designed FSS are listed in
Table 1.

It can be observed fromFigure 2 that the straight-line type
element resonates at 5.5 GHz in contrast to the traditional
Jerusalem cross element with the same design parameters
that has a resonant frequency of 14.5 GHz. Thus, the size
of the proposed element has been reduced from 1/6 to 1/16
wavelengths.
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Table 2: Comparison of element sizes.

Element Period (mm) Thickness (mm) Dielectric constant Resonant frequency Size
Ref. [12] 8.85 0.8 4.4 0.935GHz 0.028𝜆

0

This FSS 3.5 0.8 4.4 3.88GHz 0.045𝜆
0

Ref. [13] 7.5 0.9 2.65 1.39GHz 0.035𝜆
0

This FSS 3.5 0.9 2.65 4.48GHz 0.052𝜆
0

Ref. [15] 4.4 1 4.4 3.3 GHz 0.048𝜆
0

This FSS 3.5 1 4.4 3.3 GHz 0.038𝜆
0

Ref. [16] 4.8 1.6 4.4 3.82GHz 0.063𝜆
0

Ref. [17] 10 1.6 4.4 1.89GHz 0.0625𝜆
0

This FSS 3.5 1.6 4.4 2.29GHz 0.026𝜆
0

p
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l
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Figure 3: Geometry of the 2.5Dmeander-line type FSS element (top
view).

To further miniaturize the size of element, a 2.5D Jeru-
salem cross with meander-line arm is proposed, as shown
in Figure 3. Comparing with the previous structure, the pro-
posed element with inserted additional vias and metal traces
has a longer electric length.Therefore, the value of equivalent
inductance can be increased and the resonant frequency
can be decreased as well. Figure 4 shows that the transmis-
sion coefficients of the proposed FSS. The performance is
simulated using finite element method incorporating with
periodic boundary condition.Themeander-line type element
resonates at the frequency of 3.3 GHz with the same substrate
thickness. Correspondingly, the period of the meandering
line element is reduced to 1/26 wavelengths. Hence, the size
of element has been reduced considerably. Furthermore, the
transmission response with various substrate thicknesses has
been studied. With the reduction of substrate thickness, the
resonant frequency decreases due to the reduction of the
inductance and capacitance of the metallic vias.

In Figure 5, the angular and polarization stabilities of
proposed FSS element have been investigated. From this
figure, it is observed that the maximum deviation is about
0.3% between the incidence angles 0∘ and 60∘ in both the TE
and TM cases, which indicates extremely stable resonance at
various polarizations and incidence angles.

1 2 3 4 5 6
Frequency (GHz)

−40
−35
−30
−25
−20
−15
−10
−5

0

|S
21

|
(d

B)

ℎ = 1.2 ＧＧ

ℎ = 1ＧＧ

ℎ = 0.8 ＧＧ

Figure 4: Transmission coefficients of the meander-line type
FSS with various substrate thicknesses for normally incident TE-
polarized plane wave.

A size comparison between the proposed and previous
reported FSSs is provided in Table 2. For a fair comparison,
the same substrate as that in the papers is adopted. It can be
seen that the size of proposed FSS is very small. Although the
size of FSS in [12] is smaller, it uses bulky lumped reactive
components for the miniaturization. Similarly, the FSSs in
[13] are two-dielectric layer structure. Compared with the
designs on single dielectric layer [15–17], the proposed FSS
has significant size reduction.

3. Equivalent Circuit Models Validation
and Results Analysis

To provide direct physical insight into the operating principle
of the 2.5D Jerusalem cross FSS, an equivalent circuit model
is proposed in this section. The traditional Jerusalem cross is
described by series 𝐿𝐶 circuit model. For the 2.5D Jerusalem
cross, metal vias in the substrate can be treated as an
additional inductor to link the top and bottom strips together,
and the adjacent vias in two neighbor units can be treated as
an additional capacitor, respectively.

As shown in Figure 6(a), 𝐿
1
and 𝐿V represent the

equivalent inductance, respectively, generated by the serial
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Figure 5: Simulated transmission coefficients of proposed FSS (h= 1mm): (a) illuminated by normally incident TE-polarizedwave of different
incident angles; (b) illuminated by normally incident TM-polarized wave of different incident angles.
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Figure 6: The equivalent circuit of proposed FSS element.
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Figure 7: Transmission coefficients of 2.5D FSS comparison of
equivalent circuit model and electromagnetic simulation.

metal strips and vertical vias, while 𝐶
1
and 𝐶

2
represent

the equivalent capacitance, respectively, generated by the
adjacent metal strips and vertical vias in two neighbor units.
The equivalent circuit of the FSS element is illustrated in
Figure 6(b) in which the total contribution of serial metal
strips and vias for the inductance is represented by 𝐿

1𝑡
and

𝐿V𝑡. Similarly, the total contribution of adjacent metal strips
and vertical vias for the capacitance is represented by 𝐶

1𝑡
and

𝐶
2𝑡
. By combining the inductances 𝐿

1𝑡
and 𝐿V𝑡 into 𝐿 and

combining capacitances 𝐶
1𝑡
and 𝐶

2𝑡
into 𝐶, the FSS element

can be described by a simpler equivalent circuit, as shown in
Figure 6(c).

The equivalent inductance and capacitance of this cir-
cuit model depend on the given physical parameters. The
equivalent inductance can be increased by adding substrate
thickness or decreasing the spacing between adjacent vias
because of the increasing electrical length. Similarly, the
equivalent capacitance can be increased by narrowing the
gap between neighboring element. Therefore, the resonant
frequency can be tuned by adjusting the relevant parameters
of the FSS element.

In order to validate the methodology of the proposed
equivalent circuit, its performance is assessed against the
results obtained from full-wave electromagnetic simulations.
As shown in Figure 7, the transmission curves of the
equivalent circuit model and electromagnetic have been
illustrated. It can be observed that the frequency respond-
ing of equivalent circuit model is accurate with the elec-
tromagnetic simulations, though its bandwidth evaluation
becomes slightly narrower compared with electromagnetic
simulation.

4. Fabrication and Measurement

In order to validate the designed structures in the above
sections, the proposed FSS is fabricated using the normal
PCB technique and tested in a free-space measurement
environment. The design parameters of these prototype are
the same as those given in Section 2. The fabricated FSS
sample is shown in Figure 8. The FSS fabricated on FR-4

Top Side

Bottom Side

Figure 8: Measurement setup for the proposed FSS.

board and the total size is 350 × 350 mm2 and consists of 100
× 100 elements.The FSS ismeasured in amicrowave anechoic
chamber with a vector network analyzer and two standard
horn antennas are placed on the two sides of the FSS as the
transmitting and receiving antennas.

Figure 9 shows the transmission coefficients at various
incident angles, with both TE and TM polarizations. It
can be observed that the measured results are evidently
consistent with the proposed models. In addition, the mea-
surement results confirmed that the proposed FSS exhibited
a stable resonant frequency. The discrepancies between the
measurements and the simulations are mainly caused by
the fabrication tolerance of the fine metal lines and vias
and measurement uncertainties. Overall, the experimental
results can demonstrate the performance of the proposed
miniaturized FSS.

5. Conclusion

A novel miniaturized FSS based on 2.5D Jerusalem cross has
been designed for the application to 5G antenna radomes.
Benefitting from the additional inductance and capacitance
due to the 2.5D structure, the unit length of this FSS is only
1/26 wavelengths at the resonant frequency of 3.3 GHz. Fur-
thermore, the resonant frequency of the proposed FSS exhib-
ited a good stability at various polarizations and incident
angles. The deviation of the resonant frequency is less than
0.3% even if the incident angle is 60∘ in bothTE andTMcases.
Moreover, an equivalent circuit model has been proposed
to provide direct physical insight. The experiments’ results
have been given and these results validate the proposed
design.
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A symmetric Doherty power amplifier (DPA) based on integrated enhancing reactance (IER) was proposed for large back-off
applications. The IER was generated using the peaking amplifier with the help of a desired impedance transformation in the low-
power region to enhance the back-off efficiency of the carrier amplifier. To convert the impedances properly, both in the low-
power region and at saturation, a two-impedance matching method was employed to design the output matching networks. For
verification, a symmetric DPAwith large back-off power range over 2.2–2.5 GHz was designed and fabricated. Measurement results
show that the designed DPA has the 9 dB back-off efficiency of higher than 45%, while the saturated output power is higher than
44 dBm over the whole operation bandwidth. When driven by a 20MHz LTE signal, the DPA can achieve good average efficiency
of around 50% with adjacent channel leakage ratio of about –50 dBc after linearization over the frequency band of interest. The
linearity improvement of the DPA for multistandard wireless communication system was also verified with a dual-bandmodulated
signal.

1. Introduction

In future wireless communication systems, such as the 5th
generation of mobile communication network (5G), the ever
increasing demand for high transmission data rate results
in the employment of wideband and multiband modulated
signals characterized by high peak-to-average power ratios
(PAPRs). To efficiently amplify these signals at back-off
power (BOP) range, the Doherty power amplifier (DPA) has
garnered great research attention because of its significant
efficiency enhancement and ease of configuration [1–6]. Con-
ventional symmetric DPAs, employing the same transistors
to design the carrier and peaking amplifiers, always achieve
high-efficiency operation over 6 dB or less BOP range [7–
12], which can hardly satisfy the efficiency requirement when
wideband or multibandmodulated signals with the PAPRs of
higher than 6 dB are employed.

To further improve the back-off efficiency, various DPAs,
such as asymmetric DPAs and multistage DPAs, have been
investigated to achieve large BOP range [13–16]. These two

kinds of DPAs utilize excessive modulation current of the
peaking amplifier to achieve enlarged load span of the
carrier amplifier for extended BOP range, leading to tradeoffs
between design complexity, cost, and power utilization factor.
To overcome the disadvantages of the aforementioned DPAs,
modified symmetric DPAs have been proposed recently to
attain larger than 6 dB high-efficiency range, which employ
complex combining load technique [17] or maintain full
voltage and current swings of both carrier and peaking
amplifiers [18]. However, these approaches might suffer from
complicated design methodology. Recently, the effect of the
output impedance of the peaking stage has been investigated
to extend the high-efficiency power range or bandwidth [19–
21] in DPA designs. In [21], we have proposed a novel method
to extend the bandwidth of the DPA based on integrated
compensating reactance, which was chosen near the open-
circuit area in Smith chart. However, after further analysis, it
is found that a reactance near the short-circuit point can also
be used to enhance the back-off efficiency and thus extend the
BOP range.
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Figure 1: Simplified schematic of the proposed DPA.

In this paper, after analyzing the effect of a reactive load at
the combining point on the back-off efficiency of the carrier
amplifier, a new symmetric DPA with large BOP range based
on enhancing reactance integrated in the peaking amplifier
is proposed. This integrated enhancing reactance (IER) was
obtained by using a two-impedance matching method to
extend the BOP range. Unlike conventional DPA, the output
impedance of the peaking amplifier in the proposed design
has a lower reactance value for efficiency enhancement
when the peaking amplifier is in off-state. For verification, a
2.2–2.5GHz symmetric DPAwith higher than 45% efficiency
over 9 dB BOP range was designed. Experimental results of
the output power and efficiency as well as the linearization
results are also presented.

2. Proposed DPA for BOP Range Extension

The simplified schematic of the proposed DPA is shown in
Figure 1, which comprises the carrier and peaking ampli-
fiers, an input power divider, and a common load 𝑅𝐿.
In Figure 1, 𝑍𝐶,sat, 𝑍𝐶1,sat, 𝑍𝑃,sat, and 𝑍𝑃1,sat represent the
carrier and peaking load impedances at the device output
and at the combining point when the DPA is at saturation,
while 𝑍𝑃,out, 𝑍𝑃1,out, 𝑍𝐶,low, and 𝑍𝐶1,low are the output and
load impedances before the peaking amplifier turns on,
respectively. Moreover, 𝑋IER denotes the IER generated by
the peaking amplifier at BOP range for back-off efficiency
enhancement. At saturation, the IER would not introduce
undesirable effect on load modulation of the DPA when both
carrier and peaking amplifiers turn on.The design procedure
of the proposed DPA is presented as follows.

2.1. Effect of Shunted Reactance on Carrier Back-Off Efficiency.
To analyze the effect of the IER on the back-off efficiency
of the carrier amplifier, the carrier output matching network
(OMN) should be designed firstly. During the Doherty oper-
ation, the carrier OMNs should convert the load impedances
to the desired values to obtain proper Doherty behavior.

By using load pull simulations based on large signal
model of Wolfspeed CGH40010F GaN HEMT, the load
impedances of 18 + 𝑗2Ω and 22 + 𝑗15Ω were chosen as𝑍𝐶,sat and 𝑍𝐶,low at the frequency of 2.5 GHz, respectively.
With the impedances 𝑍𝐶1,sat = 50Ω and 𝑍𝐶1,low = 25Ω, the
carrier OMN can be designed by using stepped-impedance
matching network theory [21], as shown in Figure 2. To eval-
uate performance over wide operation band, the simulated
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Figure 3: Simulated efficiency of the carrier amplifier versus output
powers under different loads at 2.5 GHz.

impedances between 2.2 and 2.5GHz are also given. After the
OMN was designed, the input matching network (IMN) can
also be designed to cover the required bandwidth.

Figure 3 illustrates simulated drain efficiency of the car-
rier amplifier versus output powers with 𝑍𝐶1,sat = 50Ω
and 𝑍𝐶1,low = 25Ω at 2.5 GHz. It is shown that, with the
load impedance of 25Ω, the carrier amplifier can achieve
enhanced efficiency at back-off powers, which implies a BOP
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Figure 4: Carrier amplifier with a shunted reactance at the combining point.

Efficiency of the carrier amplifier at BOP
Gain of the carrier amplifier at BOP

G
ai

n 
(d

B)

D
rain effi

ciency (%
)

−160 −140 −120 −100 −80 −60 −40 −20−180
XS (Ohm)

0

10

20

30

40

50

60

70

80

0
5

10
15
20
25
30
35
40
45
50

Figure 5: Back-off efficiency and gain of the carrier amplifier at
35 dBm output power versus𝑋𝑆.

range of about 6 dB in conventional symmetric DPA theo-
retically. However, to achieve larger than 6 dB BOP range,
the carrier back-off efficiency should be further enhanced.
In the proposed DPA, a shunted reactance at the combining
point was employed to achieve high efficiency of the carrier
amplifier in the low-power region. To determine the value of
this shunted reactance (𝑋𝑆), using the schematic in Figure 4,
the effect of the reactance on the carrier back-off efficiency
was analyzed. Figure 5 depicts the back-off efficiency of the
carrier amplifier and the gain performance at 35 dBm output
power versus the shunted reactance 𝑋𝑆 at 2.5 GHz. It can
be observed that, with 𝑋𝑆 ranging from −36 to −20Ω,
the efficiency of the carrier amplifier remains above 52%,
which corresponds to 9 dB BOP range in the proposed DPA.
However, when the reactance increases to −20Ω, there is a
large degradation of the gain performance.

After a trade-off between the back-off efficiency and gain
performance, the desired value of the shunted reactance was
chosen to be−28Ω. To illustrate the effect of the shunted reac-
tance, simulated carrier efficiency with𝑍𝐶1,low = 25 and𝑋𝑆 =−28Ω was also depicted in Figure 3. When compared with
the case without the shunted reactance, significant efficiency
enhancement can be observed in the low-power region,
which means larger BOP range can be achieved. However,
according to Doherty operation principle, if an additional
shunted reactance at the combining point is employed as
the enhancing reactance for efficiency improvement, the

Peaking
OMN

Port2 Port1

Drain Combining
point

@Saturation

@BOP

ZP,Ｍ；Ｎ ZP1,Ｍ；Ｎ

ZP,ＩＯＮ ZP1,ＩＯＮ = jXIER

Figure 6: Desired impedance transformation of the peaking OMN.

load modulation at saturation will be improper, leading to
unavoidable degradation of the output power and efficiency.

To solve this problem, in this paper, the output impedance
of the peaking amplifier in off-state was employed to generate
this enhancing reactance, which is integrated in the peaking
amplifier output, that is, the IER. It should bementioned that,
unlike conventional DPA, the peaking output impedance in
the proposedDPA is not an open circuit but a reactance in the
low-power region. To obtain desired IER, a two-impedance
matching method was employed to design the OMN of the
peaking amplifier, as introduced in the following section.

2.2. Generation of IER for BOP Range Extension. As men-
tioned above, the IER used to extend the BOP range of the
DPA was generated by the peaking amplifier before it turns
on. The OMN of the peaking amplifier should satisfy the
desired impedance transformation, as illustrated in Figure 6.
The peaking OMN should convert the output impedance𝑍𝑃,out to desired value of 𝑍𝑃1,out to generate the IER at BOP,
while transforming 𝑍𝑃1,sat to 𝑍𝑃,sat at saturation, which can
be achieved using the following design method.

According to network analysis, if the 𝑆 parameters of a
lossless reciprocal OMN can be expressed in terms of 𝑆22
and the phase of 𝑆21 (𝜃21), the ABCD parameters can also be
determined by these two parameters [21]:

[𝐴 𝐵
𝐶 𝐷] =

[[[
[

𝑎 + 𝑐
2√𝑐 𝑍0 𝑏 − 𝑐2√𝑐1

𝑍0
𝑑 − 𝑐
2√𝑐

𝑒 + 𝑐
2√𝑐

]]]
]
, (1)

where 𝑍0 is the reference impedance and

𝑎 = (1 − 𝑆∗22𝑒𝑗2𝜃21) (1 − 𝑆22)
𝑏 = (1 − 𝑆∗22𝑒𝑗2𝜃21) (1 + 𝑆22)
𝑐 = (1 − 𝑆222) 𝑒𝑗2𝜃21
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𝑑 = (1 + 𝑆∗22𝑒𝑗2𝜃21) (1 − 𝑆22)
𝑒 = (1 + 𝑆∗22𝑒𝑗2𝜃21) (1 + 𝑆22) .

(2)

Considering the peaking OMN in Figure 6, the
impedances at BOP region and at saturation can be
expressed as

𝑍𝑃1,out = 𝑍𝑃,out𝐴 + 𝐵
𝑍𝑃,out𝐶 + 𝐷

𝑍∗𝑃1,sat = 𝑍∗𝑃,sat𝐴 + 𝐵
𝑍∗𝑃,sat𝐶 + 𝐷.

(3)

By means of (1) and (3), the following expressions are
obtained:

𝑍𝑃1,out = 𝑍0𝑍𝑃,out𝑎 + 𝑍20𝑏 + 𝑍0 (𝑍𝑃,out − 𝑍0) 𝑐𝑍𝑃,out𝑑 + 𝑍0𝑒 + (𝑍0 − 𝑍𝑃,out) 𝑐 (4)

𝑍0𝑍∗𝑃,sat𝑎 + 𝑍20𝑏 + 𝑍0 (𝑍∗𝑃,sat − 𝑍0) 𝑐
𝑍∗𝑃1,sat𝑍∗𝑃,sat𝑑 + 𝑍∗𝑃1,sat𝑍0𝑒 + 𝑍∗𝑃1,sat (𝑍0 − 𝑍∗𝑃,sat) 𝑐
= 1.

(5)

According to (4) and (5), if the impedances𝑍𝑃1,out,𝑍𝑃,out,𝑍𝑃1,sat, and 𝑍𝑃,sat are obtained, the design parameters 𝑆22
and 𝜃21 can be determined through solving these equations
theoretically. Then, the OMN can be designed accordingly.

In the peaking OMN design, the optimum load
impedance 𝑍𝑃,sat at 2.5 GHz was obtained to be 19 + 𝑗5Ω by
using ADS load pull simulations with large signal model of
CGH40010F GaN HEMT under class-C bias condition. To
determine the output impedance 𝑍𝑃,out when the peaking
amplifier is in off-state, the transistor model was simulated
without output matching network under small input signal
stimulation in ADS large signal S-parameter simulation.
According to the result, the output impedance 𝑍𝑃,out was
found to be 0.5–𝑗36Ω. Considering the phase of 𝜃21 as
a degree of freedom, using 𝑍𝑃1,sat = 50Ω, the parameter𝑆22 can then be calculated using (5), and a set of output
impedance 𝑍𝑃1,out can be plotted, as shown in Figure 7.
According to Section 2.1, the desired value of IER (𝑋IER)
is −28Ω. From Figure 7, when 𝑍𝑃1,out is close to –𝑗28Ω,
a series of 𝜃21 = −36∘− n ∗ 180∘ (𝑛 = 0, 1, 2, . . .) can
be obtained according to the periodicity of exponential
function. Considering practical peaking OMN design, the𝜃21 was chosen to be −216∘, while the corresponding 𝑆22 is
calculated to be −0.45 + 𝑗0.1.

Considering the obtained 𝑆 parameters, the peaking
OMN can then be designed by using ADS optimization, as
shown in Figure 8. The load impedances at saturation power
and the peaking output impedances in class-C operation
are also depicted. The results show that, using the two-
point matching technique, the designed OMN can satisfy
the impedance transformation of the peaking amplifier.
Meanwhile, desired𝑋IER of −28Ω can be generated by using
the peaking OMN.
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Figure 7: Graphical illustration of the two-impedance matching
technique for the peaking OMN.

5.0

10

20

−20

−10

−5.0

−4.0

−3.0

−2
.0

−
1.8

−
1.6

−
1.4

−
1.

2

−
1.

0

−
0.

9

−
0.

8

−
0.7

−
0.6

−0
.5

−0.4

−0.3

−0.2

−0.1

20105.
0

4.
0

3.
02.
0

1.
8

1.
6

1.
41.
2

1.
0

0.
90.
8

0.
7

0.
60.
50.
4

0.
3

0.
2

0.2

0.
1

0.1

width/length (mm/mm)

1.9/4.3 12.7/3.2 1.8/6 3/9 1.7/13

Frequency
increases

C＂ＳＪ；ＭＭ

ZP,Ｍ；Ｎ ZP1,Ｍ；Ｎ

ZP,ＩＯＮ ZP1,ＩＯＮ

ZP,Ｍ；Ｎ

ZP1,ＩＯＮ

OMNP

Desired ZP,Ｍ；Ｎ (2.2–2.5 GHz)

19 + j5Ω

−j28Ω

VDS
r = 3.55 ℎ = 0.76 mm

Figure 8: Designed peaking OMN and simulated impedances over
the frequency band of 2.2–2.5 GHz.

2.3. DPA Design and Simulations. To verify the proposed
method, a 2.2–2.5 GHz symmetric DPA with IER for BOP
range extension was designed using a Taconic RF35 substrate
with 𝜀𝑟 = 3.55 and thickness of 0.76mm. Figure 9 depicts the
output network topology of the DPA, including the designed
OMNs and a postmatching network (PMN) for impedance
transformation between the output load of 50Ω and the
common load of 25Ω. Both the carrier and peaking IMNs
are designed by using stepped-impedance matching network
theory to cover the required frequency band, as shown in
Figure 10.
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Figure 11: Simulated load traces of the carrier and peaking device
in the Doherty operation.

After the output network and the IMNs were designed,
using a 3 dB 90∘ hybrid coupler as the input power splitter, the
whole DPA can be designed and simulated. For comparative
purposes, conventional DPA using similar IMNs and OMNs
with the peaking output impedance of quasi open circuit was
also simulated. In both the proposed and conventional DPAs,
the carrier amplifier was in a class-AB bias condition with𝐼DS = 0.05A, while the peaking one was biased in class-C
mode with 𝑉GS = −5.5V. For improved load modulation,
the drain voltages of the carrier and peaking amplifiers were
chosen to be 26 and 30V so that these two amplifiers can
generate similar output powers at saturation. In Figure 11, the
simulated load impedance traces of the carrier and peaking
device are depicted.The load impedances of both carrier and
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Figure 12: Simulated drain efficiencies of the proposed and conven-
tional DPAs as a function of output power at 2.5 GHz.
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Figure 13: Simulated power leakages of the carrier amplifier in
proposed and conventional DPAs.

peaking devices at saturation thus still satisfy the desired load
impedance shown in Figures 2 and 8.

In Figure 12, the simulated drain efficiencies of the pro-
posed and conventional DPAs are depicted. For the proposed
DPA, the simulated efficiency is 58% at 9 dB BOP which is
15% higher than the one of conventional DPA. To analyze the
influence of this IER on the overall performance of the DPA,
the power leakages of the carrier amplifier at the combining
point were simulated, as shown in Figure 13. For the proposed
DPA using IER, less than 0.1 dB power leakage increment can
be observed when compared with conventional DPA. The
efficiency enhancement confirms that expected BOP range
extension can be achieved using the proposed IER, while the
output power performance is similar to conventional design.
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To evaluate the efficiency over wide frequency band,
the simulated drain efficiencies of the proposed DPA at 2.2,
2.3, 2.4, and 2.5GHz are also given in Figure 14. The drain
efficiencies are 48%–58% and 66%–75% for the 9 dB BOP and
saturation regions, respectively. In addition, the efficiency
plateau in large BOP range, which verifies the high-efficiency
range extension based on IER, can also be observed.

3. Realization and Experimental Results

For experimental validation, the proposed DPA with large
BOP range based on IER was fabricated, as shown in
Figure 15. The measurement results using continuous wave
signals and modulated signals are given as follows.

Figure 16 shows measured drain efficiencies and gains
versus output powers at 2.2, 2.3, 2.4, and 2.5GHz under con-
tinuous wave measurements. The designed DPA maintains
drain efficiency of 45%–52% at about 9 dB BOP over the
frequency band of interest. The peak output power ranges
from 44 to 44.6 dBm with maximum efficiency of 63%–68%.
One can observe that the drain efficiency can maintain
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Figure 16: Measured drain efficiency and gain versus output power
at different frequencies.
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Figure 17: Measured average efficiencies and ACLRs for a 20MHz
LTE signal at the frequency of 2.35GHz.

appropriate consistency over large BOP range, especially at
the frequency band of 2.2–2.4GHz.

To evaluate the performance of the proposed DPA for
modulated signals application, a 20MHz LTE signal with
PAPR of about 8 dB was used to assess the efficiency and
linearity performances at 2.35GHz. Figure 17 depicts the
measured average efficiencies and adjacent channel leakage
ratios (ACLRs) versus the average output powers. The DPA
achieved 50% average efficiency at 9 dB BOP, while ACLR
is around –30 dBc. Then, the DPA was linearized using
the digital predistortion (DPD) technique used in [21]. The
measured power spectral density (PSD) before and after
DPD at 9 dB BOP is shown in Figure 18. Well-linearized
ACLR of about –53 dBc can be obtained. The result shows
that the distortion caused by the DPA’s nonlinearities and
memory effects can be effectively removed. To validate the
linearity improvement over the whole frequency band, the
DPD linearization was implemented at the frequencies of 2.2,
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Table 1: Comparison with reported large back-off DPAs.

Ref. Type Freq.
(GHz)

Effi.@
Sat. (%)

Effi.@
9 dB BOP (%)

Signal BW
(MHz)

ACLR
(dBc)

2015 [22]1 Asym. 2.0–2.7 58–70 45–66 20 −394
2014 [17]2 Sym. 1.9–2.3 65–70 40–55 20 −49
2016 [18]1 Sym. 1.95–2.05 70–75 53 5 −233
2017 [19]1 Sym. 2.2–2.3 62.9–71 45.1–49.6 20 −51
T. W.1 Sym. 2.2–2.5 63–68 45–52 20 −53
Asym.: asymmetric DPA, Sym.: symmetric DPA. 1Packaged device. 2Bare-die device. 3Without DPD. 4Withmemoryless DPD.
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Figure 18: Measured power spectral density with the LTE signal at
9 dB BOP before and after DPD.

2.3, 2.4, and 2.5GHz. Figure 19 gives the measured output
powers, average efficiencies, and ACLRs versus frequencies
at about 9 dB BOP. It is shown that the DPA can achieve good
average efficiency of around 50%withACLRof about –50 dBc
after linearization.

For validation of the designed DPA for dual-band oper-
ations, a dual-band modulated signal with bandwidths of 10
and 20MHz at 2.25 and 2.45GHz, respectively, was employed
to assess the efficiency and linearity performances of theDPA.
The two dimensional decomposed vector rotation-based
model was used for linearization [23, 24].Themeasured PSD
before and afterDPD at the average output power of 33.7 dBm
with associated efficiency of 43% is shown in Figure 20. It can
be observed that the ACLRs are lower than –45 and –51 dBc
for the first and second band, respectively. The linearization
results show that good linearity and efficiency performance of
the designed DPA can be achieved for multistandard wireless
communication systems. Table 1 shows the performance
comparison with published DPAs. When compared with
most of the reported DPAs with good linearity, the proposed
symmetric DPA using IER can provide high efficiency at 9 dB
BOP and achieve wideband operation simultaneously.
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4. Conclusion

A DPA design approach for BOP range extension using IER
was proposed. A 2.2–2.5GHz symmetric DPAwith 9 dB BOP
range was developed and measured. Experimental results
show that the proposedDPAhas the drain efficiency of higher



8 Wireless Communications and Mobile Computing

than 45% at 9 dB BOP over a wide frequency band, which can
satisfy the efficiency requirement when the DPA is driven by
modern modulated signals with PAPRs of higher than 6 dB.
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A single-layer, dual-port, dual-band, and dual circularly polarized (CP) microstrip array is designed for satellite communication
in this paper. The operating frequencies are 8.2 and 8.6GHz with a very low ratio of 1.05. First, a rectangular patch element is
fed through microstrip lines at two orthogonal edges to excite two orthogonal dominant modes of TM

01
and TM

10
. The very low

frequency ratio can be realized with high polarization isolations.Then, a 2-by-2 dual-band dual-CP subarray is constructed by two
independent sets of sequentially rotated (SR) feed structures. An 8-by-8 array is designed on the single-layer thin substrate. Finally,
by utilizing one-to-four power dividers and semirigid coaxial cables, a 16-by-16 array is developed to achieve higher gain. Measured
results show that the 16-by-16 array has 15 dB return loss (RL) bandwidths of 4.81% and 6.75% and 3 dB axial ratio (AR) bandwidths
of 2.84% and 1.57% in the lower and the upper bands, respectively. Isolations of 18.6 dB and 19.4 dB and peak gains of 25.1 dBic and
25.6 dBic are obtained at 8.2 and 8.6GHz, respectively.

1. Introduction

In satellite communication systems, dual-band antennas are
usually required for the uplink and downlink operating
at different frequencies. Orthogonal polarization is much
preferable to improve the isolation of separate transmit-
receive channels, especially for dual-band antennas with
a low frequency ratio. Circular polarization is the better
choice than linear polarization because of the advantages
of insensitivity to antenna orientations, elimination of the
signal Faraday rotation effect caused by the ionosphere, and
resistance to bad weather conditions. Various antenna types
can be used to address the shared-aperture dual-band dual-
circular polarized (CP) problems. Planar antennas, such as
printed dipoles, slots and microstrip patches, become more
favorite candidates attributing to their low profiles.

Traditionally, dual-band dual-linear or circular polarized
antennas tend to adopt a multilayer and stacked-patch struc-
ture [1–5]. Separate elements are placed on different layers
to achieve a dual-band dual-polarized design flexibly. Thus,
appropriate frequency ratios can be easily realized [1, 2].
Agile feed networks are designed to form larger arrays with

high gain and efficiency [3, 4], improved frequency response
[2], and wide bandwidth [5]. The only drawback is that the
fabrication process of multilayer antennas is rather difficult
and costly.

Several single-layer antenna elements have been pro-
posed to achieve a dual-band and dual-CP radiation. Cross
slots with unequal arm-lengths can be loaded on patch
antenna [6] or annular-slot [7, 8] to achieve dual-band
and dual-CP antennas with a single-layer configuration.
Nevertheless, the bidirectional radiation property of these
slot antennas limits their applications for satellite. In this
context, a dual-band CP planar monopole antenna is pre-
sented in [9] by combining an “L”-shaped strip and a “C”-
shaped strip. Besides, a circular patch with eight curved
slots and a disk-loaded coaxial probe is presented to achieve
the dual-band dual circularly polarized pattern [10]. Yet,
their omnidirectional radiation is not desirable. It should
be pointed out that there is also a single-layer design that
can achieve dual-band and dual-CP directional pattern [11].
However, the gain of above-mentioned antennas is relatively
low. Moreover, their coaxial probe feeding scheme increases
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the difficulty to form a larger array that is much desirable in
satellite communications.

Only a few works have been carried out on dual-band
dual-polarized antenna arrays with a single-layer substrate
[12–14]. In [12], two disparate patches are connected directly
to construct a dual-band orthogonal-CP element fed by
microstrip line, which can be extended to a larger array easily.
A square patch loaded by four stubs is proposed in [13],
where two pairs of orthogonalmodes, that is, the TM

10
/TM
01

and TM
30
/TM
03
, are excited simultaneously. In these two

cases, the dual-band orthogonal-CP microstrip array has
been implemented on a single-layer substrate, but the low
frequency ratio is difficult to achieve. The realized ratios of
two center frequencies are 1.44 and 1.42, respectively, which
are rather high for some particular satellite communication
applications. In [14], a low frequency ratio of 1.14 is achieved
by exciting TM

10
and TM

01
modes of a rectangular patch,

while it is orthogonal linear polarized (LP). In addition, these
configurations tend to have only a single port, which is not
suitable for systems with separate transmit-receive antennas.

In this paper, a dual-port, dual-band, and dual-CP
microstrip array on a single-layer substrate is presented. First,
by exciting two orthogonal dominant modes of TM

01
and

TM
10
, a rectangular patch is adopted to realize a very low

frequency ratio, while radiating the orthogonal-LP waves.
For a specific satellite communication system, the element is
designed at 8.2 GHz and 8.6GHz with a ratio of 1.05. Then,
the sequentially rotated (SR) feeding scheme is utilized to
construct a dual-port, dual-band, and dual-CP array with
improved impedance and axial ratio (AR) bandwidth. For
demonstration, a 2-by-2 subarray is constructed by two
independent sets of sequentially feed network. Afterwards, an
8-by-8 array is proposed on the single-layer thin substrate.
Finally, by utilizing the one-to-four power dividers and
semirigid coaxial cables, a 16-by-16 array is successfully devel-
oped with high gain of more than 25 dBic. Measured results
indicate that the two antenna arrays exhibit ideal radiation
patterns and good isolations of better than 18 dB between
two ports.

2. Design Concept

The specifications of the antenna to be designed are shown
in Table 1. It is dual-port, dual-band, and orthogonal-CP at
8.2 and 8.6GHz. The targeted gains of 25 dBic are not very
high for single-band microstrip antenna arrays, which can
be achieved with about 100 elements. However, they must be
met for a dual-port shared-aperture array as well as specified
frequencies and polarization.The bandwidths of 15 dB return
loss (RL) and 3 dB axial ratio are 80MHz in both bands. The
fractional bandwidths are about 1%.

The frequency ratio is only 1.05. It is convenient to
construct a shared-aperture array with equal element spacing
in two bands, but it causes restrictions on the designs of the
feed networks and shared-aperture elements (or subarray).
For such a low frequency ratio, it is difficult to implement a
diplexer with desirable isolations between two bands, so that
two independent feed networks are required for dual-port

Table 1: Design parameters for dual port, dual-band, orthogonal-
CP antenna.

Parameters Receiving Transmitting
Frequency (GHz) 8.2 8.6
Bandwidth (MHz) 80 80
Polarization RHCP LHCP
Return loss (dB) ≥15 ≥15
Axial ratio (dB) <3 <3
Gain (dBic) >25 >25
Isolation (dB) >20 >20

designs. Shared-aperture elements (or subarray) can be
designed with single-layer or multilayer configuration. For
the former, four appropriate modes should be excited simul-
taneously in one patch to implement orthogonal-CP in dual
bands; however, it is difficult for the frequency ratio of
1.05. For the latter, the overlapped patches on two layers
are required, but strong coupling significantly increases the
design complexity. Moreover, the fabrication of multilayer
antennas is rather difficult and costly. Therefore, we choose
to design with a single-layer configuration.

After a preliminary investigation, two candidates of the
shared-aperture array on a single-layer substrate were inves-
tigated: (1) interlaced array consisting of two independent
CP arrays in two bands; (2) shared-aperture array with
sequential-rotated CP subarrays consisting of LP elements.

The first configuration is formed by using two indepen-
dent interlaced arrays consisting of CP patch elements and
feed networks. It is difficult to interlace two independent
corporate-fed arrays with appropriate element spacing and
without crossing in a single layer. Series-fed arrays are
relatively easy; however, they suffer from very low bandwidth
and tilted beam at frequencies off the center.

The second configuration of shared-aperture array adopts
the sequentially rotated CP subarray as a unit cell. The SR
technique was first proposed in [15], which substantially
improves the bandwidth and polarization purity of CP arrays
in spite of using the narrow band elements [16, 17]. Either
LP or CP elements can be adopted to construct a SR array;
however, LP rectangular patch has two orthogonal dominant
modes which can realize dual-band radiation with very small
frequency ratio as well as desired isolation. The following
design is based on this configuration.

The patch with edges 𝐿
1
and 𝐿

2
of unequal length is

adopted and shown in Figure 1. Two orthogonal dominant
modes TM

01
and TM

10
are excited by two microstrip lines

at the center of the orthogonal edges 𝐿
1
and 𝐿

2
for 8.2 and

8.6GHz, respectively.
A basic SR subarray has its elements arranged in a 2-

by-2 square or rectangular grid configuration with element
angular orientation and feed phase arranged in either 0∘, 90∘,
0∘, 90∘ or 0∘, 90∘, 180∘, 270∘ fashion. In the latter arrangement,
the axial ratio bandwidth of the array can be increased sub-
stantially [17]. Either parallel feed or serial feed can be used
for a SR array [18]. Here, both of them are utilized to construct
a dual-band dual-CP subarray with dual ports based on
the dual-band dual-LP elements.
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Figure 2: Structure of dual-band dual-CP subarray.

The 2-by-2 subarray is shown in Figure 2. Both the
element angular orientation and feed phase are arranged
in the 0∘, 90∘, 180∘, 270∘ fashion. A serial feed network is
placed at the array center and connected to 𝐿

2
to form right-

hand circularly polarization (RHCP) for the lower band.
Meanwhile, a parallel feed structure is placed outside the
subarray and connected to 𝐿

1
to form left-hand circularly

polarization (LHCP).
The proposed 2-by-2 subarray possesses all the desired

features: being single-layer, dual-port, dual-band, dual-
circular polarization and with a low frequency ratio. This
subarray is taken as the unit cell to form an 8-by-8 array
by using two independent sets of parallel feed networks. The
cross-over of the feed lines in the two sets of the feed networks
can be avoided through careful arrangement. By utilizing
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Figure 3: S parameters of the element.

one-to-four power dividers and semirigid coaxial cables, a
16-by-16 array is further developed.The performances of this
design in various stages of development are provided below
in detail.

3. Dual-Band Dual-LP Element

As illustrated in Figure 1, a dual-band dual-LP rectangular
patch is designed on a single-layer substrate of Rogers
RT/duroid 5880 with the relative permittivity of 2.2 and a
thickness of 0.787mm. The dimensions of edges 𝐿

1
and

𝐿
2
are 11.65mm and 11.04mm, corresponding to the fre-

quencies 𝑓
1
= 8.2GHz and 𝑓

2
= 8.6GHz, respectively. Two

orthogonal dominant modes TM
01

and TM
10

are excited by
two microstrip lines at a pair of orthogonal edge-centers. In
each feed line, a dual-section transformer consisting of two
quarter-wavelength segments with impedance of 160 ohms
and 100 ohms is introduced tomatch the patch to the feed line
of 150 ohms. The line widths of the impedance transformers
𝑎
1
, 𝑎
2
, 𝑏
1
, and 𝑏

2
are 0.2mm, 0.8mm, 0.2mm, and 0.6mm,

respectively. Simulated 𝑆 parameters of the element are
shown in Figure 3. We can see that it matches well at two
center frequencies, respectively. The corresponding 15 dB
return loss bandwidths are 0.97% (8.16–8.24GHz) and 1.05%
(8.56–8.65GHz). The isolations of two ports are better than
30 dB.

In this design, the frequency ratio is approximately equal
to the ratio between the two orthogonal edges 𝐿

1
and 𝐿

2

of the patch. Because of the narrowband property and good
polarization purity, two operating frequencies with a very low
frequency ratio can be achieved with good isolations.

4. Dual-Band Dual-CP Subarray

4.1. Subarray Structure. As indicated in Figure 2, a 2-by-2
subarray is constructed by SR dual-band orthogonal-LP
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Table 2: Impedance transformation values.

Feeder section Z
0

Z
1

Z
2

Z
3

Z
4

Impedance values (Ω) 150 75 50 75 106

patches. All the elements match microstrip lines with char-
acteristic impedanceZ

0
.The topological structure in Figure 2

is useful where dual-band, dual-port, and dual-circular polar-
ization are required.

A serial feed network is placed at the array center
and connected to 𝐿

2
to form RHCP for the lower band.

It is modified from the one in Ref. [18]. The curved
segments Z

2
and Z

3
perform as transitions rather than

as quarter-wavelength impedance transformers. Only one-
quarter-wavelength impedance transformer Z

1
is used to

match the subarray to impedance Z
0
. Therefore, the network

can be more compact to be accommodated in an array with
small element spacing. To meet the feed phase requirements,
90∘ phase shifts are achieved by stretching the length of
corners along with the arcs.

A corporate network is placed outside the subarray and
connected to 𝐿

1
to form LHCP. It is a combination of

three 3 dB T-junction power dividers, in which a quarter-
wavelength impedance transformer Z

4
is used. Impedance

values of the transitions and impedance transformers are
shown inTable 2, which ensure equal power required for each
element. The 90∘ phase shifts are achieved by adding two 90∘
and one 180∘ microstrip segments.

4.2. Element Spacing Selection. For a conventional microstrip
patch array, maximum directivity is obtained when the
element spacing is in the range of 0.8–0.9𝜆

0
, where 𝜆

0

denotes the wavelength in free space [19]. However, for a
SR CP array with LP elements, gain bandwidth broadens for
reduced spacing [20]. Therefore, element spacing 𝑑 of the
proposed array should be chosen as small as possible. To
accommodate the patch and feed networks, 𝑑 is chosen as
22mm, about 0.6𝜆

1
and 0.63𝜆

2
, where 𝜆

1
and 𝜆

2
are the

free space wavelengths of 𝑓
1
= 8.2GHz and 𝑓

2
= 8.6GHz,

respectively.

4.3. Simulated Results. Simulated 𝑆 parameters of the subar-
ray are shown in Figure 4. It is seen that desired matching
at two ports is obtained for both frequency bands. The
15 dB RL bandwidths are 3.92% (8.00–8.32GHz) and 3.15%
(8.43–8.7GHz) in the lower and upper bands, respectively.
The bandwidths are obviously broadened. The isolations
between two ports are 20 dB and 16 dB at 8.2 GHz and
8.6GHz, respectively. We can see that the isolation perfor-
mance deteriorates obviously. This is the result of the broad-
ening of the bandwidth and the coupling between the feeder
and the patch. However, the insertion of a bandpass filter in
an independent feed network can easily increase the isolation
of up to 20 dB.

Simulated ARs versus frequency are shown in Figure 5.
The 3 dB AR bandwidths are 3.23% (8.075–8.34GHz) and
1.28% (8.57–8.68GHz) in the lower and upper bands, respec-
tively.
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Figure 5: ARs of the subarray versus frequencies.

Gain patterns are shown in Figure 6. Maximum gains of
10.5 dBic and 11.29 dBic are obtained at 8.2GHz and 8.6GHz,
respectively. It is seen that the patterns are much symmetrical
and the cross polarization levels are below −20 dB in two
principle planes. However, high cross-polarized lobes appear
in the 𝜑 = 45∘ plane. The high diagonal lobes can be signifi-
cantly reduced when the sequential array is placed in a larger
array environment that will be shown in Section 5.

For SR arrays, the gain bandwidth is dependent on the
elements’ polarization properties. The array factor (AF) of
the 4-element subarrays with different polarized elements is
investigated in [21]. It shows that, for an SR array with LP
elements, the AF is generally independent of frequency, but
the maximum is 3 dB lower than an array with CP elements.
That is the reason why the gains of the propose dual-band
array are about 3 dB lower than those of a conventional
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Figure 6: Gain patterns at two center frequencies: (a) gain patterns in two principle planes at 8.2 GHz; (b) gain patterns in two principle
planes at 8.6GHz; (c) gain patterns in the 𝜑 = 45∘ plane at 8.2 GHz; (d) gain patterns in the 𝜑 = 45∘ plane at 8.6GHz.

4-elementmicrostrip array, and the gain bandwidth is mainly
determined by the minimum of the impedance and AR
bandwidth.

5. 8-by-8 Dual-Band Dual-CP Array

5.1. 8-by-8 Array Structure. Considering the 2-by-2 subarray
as a dual-port unit, an 8-by-8 array on a single-layer substrate
is designed and fabricated. As shown in Figure 7, a hard
plastic plate with a thickness of 4mm is set on the back. Two
independent sets of parallel feed networks are used to feed
16 subarrays. It is seen that the designed layout can avoid the
cross-over of feed lines in the two sets of the feed networks.

To accommodate the networks and reduce the coupling
between feed lines, the spacing is chosen as 𝑑 = 22mm,

Table 3: Optimized values of 𝑆 parameters and ARs.

Port 𝑆
11
(dB) 𝑆

12
(dB) 𝑆

22
(dB) AR (dB)

1@8.2GHz −18.8 −23.6 −9.0 1.67
2@8.6GHz −5.71 −20.2 −24.7 1.41

𝑑
1
= 28mm, 𝑑

2
= 26mm, and 𝑑

3
= 32mm.The feed networks

should be adjusted carefully for appropriate amplitudes and
phases. The array dimension is 220mm × 220mm.

5.2. Simulated and Measured Results. 𝑆 parameters and ARs
are optimized at two center frequencies, and the optimal
values are shown in Table 3. Good impedance matching,
moderate isolations, and desired CP radiation are achieved
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Figure 8: 𝑆 parameters of the 8 by 8 array.

simultaneously. Measured 𝑆 parameters with desired perfor-
mances are shown in Figure 8. The 15 dB RL bandwidths
are 5.3% (7.91–8.34GHz) and 7% (8.23–8.83GHz) in the
lower and upper bands, respectively. The isolations between
two ports are 22.4 dB and 18.5 dB at 8.2 GHz and 8.6GHz,
respectively. We found that the impedance bandwidths are
further broadened, which can be attributed to the increase
of loss and coupling in the array. However, the isolations
do not deteriorate further, even though two band overlap
to some extent. It can be explained by the measured ARs
shown in Figure 9. The 3 dB AR bandwidths are 3.23%
(8.02–8.22GHz) and 1.39% (8.54–8.66GHz) in the lower
and upper bands, respectively, which are close to those of
the subarray. The minimum ARs of 0.45 dB and 0.4 dB are
obtained, respectively, at 8.1 GHz and 8.6GHz. This is ideal
for CP performance to ensure good isolation. It is also
found that the frequency deviation of the minimum AR
is very small, which is due to the error in simulation and
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Figure 9: ARs of the 8-by-8 array versus frequencies.

manufacturing process. At 8.2 GHz, the AR of 2.48 dB is
acceptable.

Patterns at 8.1 GHz and 8.6GHz are simulated and mea-
sured. Normalized patterns in the 𝜑 = 0∘ plane are shown
in Figure 10. Measured and simulated results maintain good
consistency. The patterns are very symmetric and have very
low cross polarization level in the main beam. Half-power
beamwidths of 9.1∘ and 8.8∘, and side lobes of −11 dB and
−10 dB are obtained at 8.1 GHz and 8.6GHz, respectively.
Normalized patterns in the 𝜑 = 45∘ plane at 8.1 GHz are also
given in Figure 11. It can be seen that the cross polarization
reduces to −11.3 dB and is far away from the main beam.
This is because of the small spacing of the subarray and the
averaging effects of the large array.

The measured gains of 20.1 dBic and 20.5 dBic are
obtained at 8.2GHz and 8.6GHz, respectively. While sim-
ulated gains are 21.3 dBic and 21.9 dBic. The deviations are
mainly attributed to the fabrication tolerances and the dielec-
tric and conductive loss.

5.3. Discussion on Array Configuration. In the above dis-
cussion, two independent sets of parallel feed networks are
used to extend the subarray to the 8-by-8 array. The SR feed
networks can be adopted again to further broaden the 15 dB
RL and 3 dB AR bandwidth [18]. In that case, however, the
gain bandwidth will decrease. In addition, the complexity
of array arrangement will also increase dramatically for the
dual-band shared-aperture antenna array.

6. 16-by-16 Dual-Band Dual-CP Array

To achieve higher gains, a 16-by-16 array is designed. Because
of the rapid increase of loss, microstrip line is not the
advisable choice to expand the feed network. A one-to-four
power divider (PD) and semirigid coaxial cables are used to
set up the 16-by-16 array, which are shown in Figures 12 and
13, respectively. The PD consists of four symmetric quarter-
wavelength impedance transformers to achieve complete
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Figure 10: Normalized patterns in the 𝜑 = 0∘ plane: (a) 8.1 GHz; (b) 8.6GHz.

−60
−55
−50
−45
−40
−35
−30
−25
−20
−15
−10
−5

0

N
or

m
al

iz
ed

 p
at

te
rn

 (d
B)

40200 60 80−40−60 −20−80
 (∘)

Measured RHCP
Simulated RHCP

Measured LHCP
Simulated LHCP

Figure 11: Normalized patterns in the 𝜑 = 45∘ plane at 8.1 GHz.

impedance matching. Two independent PDs are designed for
upper and lower bands, respectively. Measured return losses
at the input ports are better than 20 dB over the operating
bands. Insertion losses between input and output ports are
less than 6.5 dB. Amplitude and phase deviations between
four ways are less than 0.15 dB and 2∘, respectively. The
semirigid coaxial cables have a low insertion loss of about
0.1 dB and a small phase deviation less than 2∘. Therefore,
desired balance of amplitude and phase can be achieved. The
total insertion loss, including the PD, the coaxial cables, and
SMA connectors, is about 1 dB.

The fabricated 16-by-16 array is shown in Figure 14. It is
seen from Figure 14(a) that the array consists of four 8-by-8
arrays with spacing values 𝑑

4
and 𝑑

5
of 32mm, about 0.87𝜆

1

Encapsulated 
aluminum case

SMA

Figure 12: Photo of one-to-four power divider.

Figure 13: Photo of a semirigid coaxial cable.

and 0.92𝜆
2
.The array has a size of 424 × 424mm2 and is fixed

on a hard plastic plate with a thickness of 4mm. Figure 14(b)
shows the connections between the 8-by-8 subarray ports
connected by the one-to-four power dividers and semirigid
coaxial cables.

Measured 𝑆 parameters are shown in Figure 15. The
impedance bandwidths are 4.81% (7.91–8.30GHz) and 6.75%
(8.30–8.88GHz) for 15 dB RL in the lower and upper bands,
respectively. At 8.2 GHz and 8.6GHz, the isolations between
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Figure 14: Photos of the fabricated 16-by-16 antenna array: (a) top view; (b) bottom view.

S11

S12

S22

−40

−35

−30

−25

−20

−15

−10

−5

0

S 
pa

ra
m

et
er

s (
dB

)

7.9 8.0 8.1 8.2 8.3 8.4 8.5 8.6 8.7 8.8 8.9 9.07.8
f (GHz)

Figure 15: 𝑆 parameters of the 16-by-16 array.

two ports are 18.6 dB and 19.4 dB, respectively. Measured ARs
are shown in Figure 16. The 3 dB AR bandwidths are 2.84%
(7.99–8.22GHz) and 1.57% (8.52–8.66GHz) in the lower and
upper bands, respectively, which are close to those of the
subarray and the 8-by-8 array. Minimum ARs of 0.4 dB and
0.6 dB are obtained at 8.1 GHz and 8.6GHz, respectively. The
small deviation of the minimum AR frequency in the lower
band is in accordance with the deviation of the 8-by-8 array.
At 8.2 GHz, the AR of 2.8 dB is acceptable.

Patterns are measured at 8.1 GHz and 8.6GHz. Normal-
ized patterns in the 𝜑 = 0∘ plane are shown in Figure 17.
The patterns are very symmetrical and have very low cross
polarization levels in themain beam.Half-power beamwidths
of 4.4∘ and 4.1∘, and side lobes of −11.7 dB and −11 dB are
obtained at 8.1 GHz and 8.6GHz, respectively. Normalized
patterns in the 𝜑 = 45∘ plane at 8.1 GHz are also given in
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Figure 16: ARs of the 16-by-16 array versus frequencies.

Figure 18. It can be seen that the cross polarization level is
decreased to −15.9 dB and far away from the main beam.This
demonstrates that better cross polarization performance can
be obtained for larger arrays.

Measured gains of 25.1 dBic and 25.6 dBic are obtained at
8.2 GHz and 8.6GHz, respectively, which are in accordance
with the measured results of the 8-by-8 array and the
connection networks.

7. Conclusion

In this paper, a single-layer, dual-port, dual-band, and dual-
CP microstrip antenna array is proposed. The frequencies of
8.2 GHz and 8.6GHz with a ratio of 1.05 have been realized
by adopting a dual-band orthogonal-LP rectangular patch as
the elements. Two independent sets of SR feed networks are
utilized to combine the dual-band, dual-LP elements into a
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Figure 17: Measured normalized patterns in the 𝜑 = 0∘ plane: (a) normalized patterns in the 𝜑 = 0∘ plane at 8.1 GHz; (b) normalized patterns
in the 𝜑 = 0∘ plane at 8.6GHz.
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2-by-2 dual-band, dual-CP subarray. This subarray is taken
as the unit cell and the 8-by-8 array is successfully designed
on the single-layer substrate. Furthermore, with the help of
the one-to-four power dividers and semirigid coaxial cables,
a 16-by-16 array is also developed to achieve higher gains.
Measured results of the 8-by-8 and 16-by-16 arrays show
that good CP performance, impedance, and AR bandwidths
have been obtained. Measured gains more than 25 dBic have
been achieved for the 16-by-16 array. Isolations between two
ports can be improved up to 20 dB conveniently by inserting
bandpass filters into the independent feed networks.

The proposed array has advantages of the single-layer
and dual-port structure and dual-band dual-polarized per-
formance. Therefore, it would be a good candidate for

satellite communication systems, especially for dual-band
applications with a very low frequency ratio.
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A dual-polarized aperture-coupledmagnetoelectric (ME) dipole antenna is presented in this paper.The feeding network is based on
substrate-integrated coaxial lines (SICLs). To describe the effect of the SICL on improving the isolation, theME dipole with another
two different feeding configurations, microstrip lines and striplines, respectively, is compared. As such, the coupling between the
transmission lines is tremendously reduced and the isolation between the two input ports of different polarization is enhanced. An
antenna prototype is fabricated and tested, exhibiting good performances, including an isolation level of higher than 30 dB between
the two input ports and gains of more than 9.5 dBi. Besides, the proposed design is capable of achieving stable directional radiation
patterns with cross-polarization levels lower than −22 dB and back radiation levels lower than −24 dB.

1. Introduction

Since the 5G (fifth-generation) wireless communication tech-
nology will be commercially available in the early 2020s,
the number of mobile subscribers will rise enormously and
mobile wireless services will unceasingly expand. Due to lim-
ited frequency resources, antennas with higher performances
are desired to enhance the traffic capacity and spectrum
utilization for wireless cellular networks.

Dual-polarized antennas are widely used in radio fre-
quency communication systems, especially in mobile cellular
base stations. Compared to linearly polarized antennas, dual-
polarized antennas aremore attractive because they can com-
bat themultipath fading and increase the channel capacity [1].
Up to now, in order to obtain stable electrical performances,
several dual-polarized antenna designs have been reported
[2–4] on the basis of a wideband complementary antenna,
namely, magnetoelectric (ME) dipole [5, 6]. This type of an-
tenna comprises a vertically oriented quarter-wavelength
shorted patch and a planar dipole, which behave as amagnetic
dipole and an electric dipole. By exciting both the magnetic
and electric dipoles with equal amplitudes and phases simul-
taneously, the antenna can achieve excellent performances,
such as a wide impedance bandwidth, a stable gain, low back

radiation, low cross-polarization levels, and symmetric 𝐸-
plane and 𝐻-plane radiation patterns across the operating
frequency band.Moreover, due to the aforementioned advan-
tages, the ME dipole antenna can also be developed in the
millimeter-wave band [7].

In this paper, we demonstrate a dual-polarized aperture-
coupled ME dipole antenna. Its feeding network is based
on substrate-integrated coaxial lines (SICLs), which is able
to reduce the coupling between the transmission lines and
therefore enhance the isolation between the two input ports
of different polarization. In addition, a two-way power
divider is used to realize a twin feed for balanced excitation.
This leads to the proposed design with symmetric radiation
patterns over its entire operating frequency band. Further-
more, nearly identical impedance matching and radiation
performances are obtained for the two polarization levels.

2. Antenna Configuration

The geometry of the proposed dual-polarized aperture-
coupled ME dipole antenna is given in Figure 1. Its detailed
geometry dimensions are shown in Table 1. The antenna
consists of three parts, including an ME dipole, a feeding
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Figure 1: Geometry of the proposed dual-polarized aperture-coupled magnetoelectric dipole antenna. (a) 3D view. (b) Top view. (c) Side
view.

network, and a box-shaped reflector. As shown in Figure 1(a),
the ME dipole is composed of four parts which are located
symmetrically with respect to the center of the ground plane.
The four horizontal patches of the ME dipole are connected
by a cross-shaped strip in the perpendicularly diagonal direc-
tions for impedance matching as analyzed in [7]. The ME
dipole is aperture-coupled fed by a crossed slot.The structure
of the feeding network is fabricated on two stacked substrates,
namely, Substrate 1 (TaconicRF-30, height of𝐻1 = 1mm, 𝜀𝑟 =
3) and Substrate 2 (Taconic TLC, height of 𝐻2 = 3.18mm,
𝜀𝑟 = 3.2). As illustrated in Figure 1(b), a two-way power divid-
er is used to realize a twin feed for balanced excitation of
the crossed slot. In order to locate the feeding network of the
two polarization levels, a crossover is built in Substrate 1. As
such, the ME dipole can be excited by the crossed slot. In this
configuration, Substrate 1 is reallocated on the top of Substrate
2, as shown in Figure 1(c). Lastly, a box-shaped reflector is
employed to achieve stable radiation patterns and reduce the
back lobe.

In this design, the SICL is realized by loading shorting vias
with a periodic spacing along a stripline that is used to form
the feeding network, and a backed cavity is also used (for the
crossed slot) to suppress the back radiation of the ME dipole.

Here, Substrate 2 (with a higher profile) is located below
Substrate 1 (with a lower profile), and they are firmly stacked
together by applying several plastic screws. By doing so, the

current distribution on the top ground of the two stacked sub-
strates can be concentrated, which in this case will strength-
en the excitation field around the cross slot loaded on the top
ground [8].

3. Simulated and Measured Results

To verify the proposed design, a prototype was fabricated and
tested. Simulated results were achieved by using the com-
mercial EM software Ansys HFSS, including reflection coeffi-
cients (𝑆11 and 𝑆22), isolation (|𝑆12|), antenna gains, and radi-
ation patterns. Measured results were obtained by using
Agilent N5225A network analyzer and a Satimo Starlab near-
field measurement system.

Figures 2(a) and 2(b) present the simulated andmeasured
reflection coefficients of the proposed antenna at Port 1 and
Port 2, respectively. Here, it can be seen that two resonances
are excited, and the corresponding simulated impedance
bandwidths (VSWR ≤ 1.5) via both ports (𝑆11 and 𝑆22) are
identical to each other at 23.4% (2.11–2.67GHz), because of
the symmetric structure of the proposed antenna. As for the
measured reflection coefficients of the proposed antenna, Fig-
ures 2(a) and 2(b) show that the two resonances are slightly
shifted to the higher frequency band. Notably, the differences
between the measured and simulated reflection coefficients
of the proposed antenna via both ports can be due to the
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Figure 2: Simulated and measured reflection coefficients and broadside gains of the proposed antenna: (a) Port 1; (b) Port 2.

inevitable variations (because of fabrication inaccuracy) that
exist between the exact dimensions of the fabricated proto-
type and the simulated one. Other effects such as imperfect
SMA connector assembly and unavoidable small air gap be-
tween the two substrate layers may have also contributed to
the differences.

The simulated and measured broadside gains of Ports 1
and 2 are also plotted in Figure 2. Within the operating fre-
quency band, the measured gains are approximately 9.4 dBi
with a variation of 0.6 dBi, which agrees well with the simu-
lated result of 10 dBi with a variation of 0.5 dBi. Meanwhile,
to evaluate how well the box-shaped reflector can increase
the gains of both ports, the gain curves without reflector
are presented for comparison. As observed from Figure 2,
approximately 1.2 dBi of the increments is obtained at two
ports. Figure 3 depicts the simulated and measured isolation
between Ports 1 and 2. Over the operating frequency band,
the simulated and measured results are very consistent with
an isolation level of higher than 30 dB. Figure 3 also illustrates
themeasured antenna efficiencies of the proposed antenna. In
the whole operating frequency band, the measured antenna
efficiency is always larger than 83%.

The 𝐸-plane (𝑥𝑜𝑧-plane) and𝐻-plane (𝑦𝑜𝑧-plane) radia-
tion patterns of Port 1 at frequencies of 2.2, 2.4, and 2.6GHz
were illustrated in Figure 4. The radiation patterns of Port
2 are similar to that of Port 1 and are not given here for
brevity. It can be observed that a good agreement between
the measurement and the simulation is obtained. Across the
operating frequency band, the proposed antenna is capable
of realizing stable directional radiation patterns with cross-
polarization levels lower than −22 dB and back radiation
levels lower than −24 dB for both ports. The slight difference
between the measured and simulated radiation patterns is
mainly caused by fabrication inaccuracy and manufacturing
soldering tolerances.
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Figure 3: Simulated and measured 𝑆21 and efficiencies of the pro-
posed antenna.

4. Comparison and Discussion

4.1. FeedingConfigurations. For a dual-polarized antenna, the
isolation between the two polarization levels is one of the
most significant characteristics. To show how well the SICL
feeding network can improve the isolation of the proposed
ME dipole antenna, two different (typically used) feeding
configurations are also investigated via simulation. Figures
5 and 6 show the impedance matching and isolation of the
proposed ME dipole antenna when applying the microstrip
lines and striplines as transmission lines of the feeding net-
work, respectively.
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Figure 4: Simulated and measured radiation patterns of 𝐸-plane and𝐻-plane at Port 1. (a) 2.2 GHz; (b) 2.4GHz; (c) 2.6GHz.

As shown in Figure 5, the two resonances are separated
farther away from each other, leading to two operatingmodes
with narrow 10-dB impedance bandwidths at approximately
2.1 and 2.7GHz. By further observing 𝑆21 across the operating

frequency, isolation level of up to 23 dB is observed. As shown
in Figure 6, much poorer impedance matching is observed
across the operating frequency when the SICLs are replaced
by the striplines. As for its corresponding 𝑆21, undesirable
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Table 2: Comparison between proposed and reported dual-polarized ME dipole antennas.

Ref. Antenna size (𝜆0
3) Impedance bandwidth % Average gain (dBi) Isolation (dB)

[2] 1.28 ∗ 1.28 ∗ 0.23 65.9 (SWR < 2) 9.5 36
[3] 0.82 ∗ 0.82 ∗ 0.15 25.2 and 32.2 (SWR < 2) 8.2 29
[4] 1.3 ∗ 1.3 ∗ 0.24 68 (SWR < 2) 8.1 36
This work 1.12 ∗ 1.12 ∗ 0.32 23.4 (SWR < 1.5) 9.5 30
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Figure 6: Proposed ME dipole antenna fed by striplines.

isolation of approximately 7 dB and 11 dB is realized at
2.18GHz and 2.59GHz, respectively. Here, it is worth noting
that because of the change in characteristic impedance of the
transmission lines, even though the impedances of the above
two different feeding configurations are not well matched, the

Figure 7: Prototype of the fabricated antenna.

isolation levels can still be used as a reference, because the
isolation levels of the above two investigated caseswill be even
lower when the proposed antenna is impedance matched.
Therefore, if the above two investigated cases have been
modified to attain good impedance matching, the isolation
of the microstrip lines case will not be better than 23 dB, and
the isolation level of the striplines case will be even worse
than 9 dB (at 2.16GHz). For comparison, the isolation level
is higher than 30 dB over the entire operating band when
SICLs are applied to the proposed antenna.This is because the
electromagnetic field is well sealed in the SICLs; therefore, the
coupling between adjacent transmission lines is weak. Lastly,
the photograph of the fabricated prototype is presented in
Figure 7.

4.2. Performances. Table 2 compares the proposedMEdipole
antenna’s performances with other published dual-polarized
ME dipole antennas. In terms of the bandwidth and isolation,
although [2, 4] can achieve more than 60% impedance
bandwidths and larger than 36 dB isolation, their horizontal
geometry dimensions are slightly wider. Especially in [4], a
higher isolation is realized by differential feeding, and thus
the complexity will be raised inevitably. The design in [3]
can reduce the size of the antenna with dielectric loading but
suffer from asymmetrical impedance bandwidths and lower
gains between the two ports. By comparison, this work still
has significant value with a stable gain of 9.5 dBi and high
isolation and wide bandwidths via both ports.
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5. Conclusion

A dual-polarized aperture-coupled ME dipole antenna with
feeding network that is based on the SICL has been success-
fully investigated. To validate the performances of the design,
an elevated prototype was fabricated and measured. The
measured results show that the proposed ME dipole antenna
has wide bandwidths, stable gains, well-controlled radiation
patterns, and high isolation between different polarization
levels.
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A newmicrostrip balun bandpass filter (BPF) with wide stopband is presented. It is realized by utilizing the out-of-phase feature of
standing-wave distribution on a half-wavelength (𝜆/2) open-ended microstrip line and the resonant characteristics of the triple-
mode resonators. For demonstration, a prototype balun BPF operating at central frequency (𝑓0) of 2.34GHz with fractional
bandwidth (FBW) of about 16.7% is designed. The presented balun BPF not only exhibits nice balanced response with 0.47 dB
magnitude imbalance and 4.3∘ phase difference but also achieves 30-dB harmonic suppression up to 6.40GHz (2.7𝑓0). Afterward,
this presented design is embedded into a balanced quasi-Yagi antenna to obtain high-selective radiation and wide stopband
rejection. Experimental results of the implemented antenna indicate less than −10 dB reflection coefficient, 4.49–5.38 dBi gain,
and 12.71–19.62 dB front-to-back ratio within the operating bandwidth.

1. Introduction

A balun bandpass filter (BPF) is an important multifunc-
tional integrated component, which provides both balanced
conversion of a balun and bandpass frequency selectivity
of a BPF simultaneously, since it can reduce the cost and
size of the functional block for modern compact wireless
communication systems. Therefore, the studies on balun
BPFs have been receiving more attention [1–7].

In [1], a multilayer balun BPF with small size and
high performance was proposed. But, the involved design
structure and procedure of this circuit are complicated. Based
on Marchand balun, a dual-band coupled-line balun filter is
proposed in [3]. However, two terminals of the coupled lines
utilized by the balun have to be terminated to ground by
via holes to obtain the desired characteristics. Another type
of balun filter is implemented by combining of microstrip
lines, slotlines, and coplanar striplines [4]. Although good
performance can be achieved, the balun filter still requires
via holes connected to the ground and a large size, which
cannot accommodate the growth of modern wireless com-
munication system. In addition, a single dual-mode square-
loop resonator or patch resonator was introduced to realize
a novel dual-mode balun BPF in [5, 6], respectively. While

the method itself is simple and ingenious, it is restrained
in the loop-type dual-mode resonator or patch resonator,
thus limiting its application in other types of dual-mode
resonator. Moreover, open-type resonator, which is widely
used in microwave circuit design, is utilized to realize balun
BPFs with good balanced performance and high frequency
selectivity [2, 7]. But its limited bandwidth [7] and stopband
suppression [2] of the balun BPFs are not satisfactory and
need further improvement, while considering its practical
application for feeding antenna. Apart from these above
listed designs, a balun BPF [8] based on substrate integrated
waveguide cavity concept has also been reported.This design
is suitable for high frequency application and exhibits very
narrow bandwidth.

This paper is aimed to explore a wide stopband balun
BPF design with moderate bandwidth and investigate the
feasibility of its practical application into antenna feeding
network. At first, by selecting proper coupling topologies
between the 𝜆/2 open-circuited transmission line and triple-
mode open-stub loaded resonators, a new planar type triple-
mode balun BPF with moderate band, wide stopband, and
high selectivity is presented in this paper. Our research
demonstrates that the proposed balun BPF possesses nice
balanced responses across the operation passband with about
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Figure 1: Layout of quasi-yagi antenna fed by the proposed balun BPF.
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Figure 2: (a) Variation on normalized voltage along a 𝜆/2 open-circuited line and (b) its relevant electric field distribution.

16.7% 3-dB fractional bandwidth and 2.7𝑓0 harmonic sup-
pression with better than 30 dB rejection level. Further, the
proposed design is embedded into quasi-Yagi antenna as a
feeder, for sake of getting high-selective radiation and wide
stopband rejection. Both simulated and measured results are
displayed to verify these properties predicted in theory.

2. Proposed Broadband Balun Bandpass Filter

The configuration of the proposed balun BPF is depicted
in the purple shadow section of Figure 1 which mainly
consists of a pair of triple-mode resonators and an open-
ended transmission line. Based on the transmission line
theory, it can be derived that a standing wave pattern will
be yielded when the length of the transmission line is about
𝜆/2. The corresponding voltage distribution and electric field
distribution are described in Figure 2 [9] in which two

distinct regions can be observed with out-of-phase and
identical magnitude. These inherent properties can be effec-
tively utilized to meet both the magnitude and the phase
requirements of a balun.

Figure 3(a) describes the employed triple-mode resonator
in this design, which is symmetrical with respect to its centre
plane. Thus, the odd/even-mode method can be applied to
analyse its resonance property [10].The corresponding equiv-
alent circuits are given in Figures 3(b)-3(c). Correspondingly,
design equations for the first three resonant frequencies
(queued as𝑓1,𝑓2, and𝑓3) and one inherent transmission zero
(TZ) frequency (𝑓TZ1) can be derived from input admittances
of the odd- and even-mode circuits (𝑌ino and 𝑌ine), which are
given as

𝑌ino = −𝑗𝑌4 ⋅ cot 𝜃4
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Figure 3: Triple-mode resonator and its corresponding equivalent circuits, (a) configuration of the proposed triple-mode resonator, (b)
odd-mode equivalent circuit, and (c) even-mode equivalent circuit.
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𝑌ine = 𝑌4 ⋅
𝐾𝑒 + 𝑗𝑌4 ⋅ tan 𝜃4
𝑌4 + 𝑗𝐾𝑒 ⋅ tan 𝜃4

,

(1)

where𝐾𝑒 = (−𝑗𝑌5 ⋅ cot 𝜃5)/2 + (𝑗𝑌3 ⋅ tan 𝜃3)/2.
By setting 𝑌ino = 0, the odd-mode resonant frequency

can be solved as 𝜃4 = 90
∘ (for 𝑓2). Meanwhile, when 𝑌ine = 0,

the even-mode resonant conditions can be simplified as 𝑌5 ⋅
cot 𝜃5 − 𝑌3 ⋅ tan 𝜃3 = 2𝑌4 tan 𝜃4 (for 𝑓1, 𝑓3). In addition, by
solving 𝑌ino = 𝑌ine, one inherent TZ frequency 𝑓TZ1 can be
calculated as 𝜃3 = 90

∘.
Based on the above analysis, a triple-mode resonator can

be realized and designed. Specifically, we can figure out from
(1) that𝑓2 is only determined by 𝜃4, while𝑓1/𝑓2 and𝑓3/𝑓2 are
mainly influenced by 𝜃5 and 𝜃3, respectively. Figure 4 shows
the design graph of the tri-mode resonatorswith a admittance
ratio 𝐾 = 𝑌5/𝑌3 = 1.6. It can be seen that the smaller 𝜃5
is, the larger 𝑓3/𝑓2 will be, while the smaller 𝜃3 is, the larger
𝑓1/𝑓2 will be. The admittance ratio 𝐾 is added in the design
to increase the degree of freedom in determining resonant
frequencies 𝑓1 and 𝑓3 allocation.Thus, one can decide 𝑓1 and
𝑓3 by properly adjusting 𝜃5, 𝜃3, and 𝐾, while remaining 𝑓2
unchanged. On the other hand, 𝑌ino = 𝑌ine indicates that

the inherent 𝑓TZ1 could be controlled by 𝜃3. Therefore, these
demonstrated properties are very useful for one to realize a
balun BPF with filtering performance of desired bandwidth
and high selectivity.

Based on the aforementioned illustration, a balun BPF
is constructed as depicted in Figure 1. As it presents, two
identical stubs-loaded resonators are placed symmetrically
in the two above regions in Figure 2 featured with equal
magnitude and contrary phase. Due to this arrangement, the
couplings between the transmission line and two resonators
can be characterized with the same amplitude and out of
phase. Thus, a pair of balanced signals between ports 2
and 3 is finally achieved. Additionally, the input/output
coupled structures are introduced by properly orienting the
resonators to realize good filtering behaviour. Since the
desired absolute bandwidth of triple-mode Balun BPF is
approximate to 𝑓3 − 𝑓1 and the centre frequency can be
deemed as 𝑓2, initial dimensions of the resonators and open-
ended transmission line can be obtained. Besides, dimensions
of the input/output (I/O) coupling line structure can be
determined by fine tuning the parameters, that is, width (𝑊2)
and gap (𝑔) of the I/O coupled-lines so as to satisfy the given
bandwidth.



4 Wireless Communications and Mobile Computing

Table 1: Dimensions of the proposed Balun BPF.

Parameter 𝑊1 𝑊2 𝑊3 𝑊4 𝑊5 𝑊6 𝑊7 𝑊8 𝐿1 𝐿2 𝐿3 𝐿4 𝐿5 𝐿6 𝐿7 𝐿8 𝐿9 𝐿10 𝑔 𝐿 re 𝐿dr 𝐿dri 𝐿dd 𝐿dir 𝑊re 𝑊dr 𝑊dri 𝑊dir

Value (mm) 1.17 0.9 1.4 0.6 1.4 0.6 2.5 5.0 6.0 33.5 17 18.2 1.4 15.7 3.6 30 20.9 14.2 0.2 77.2 16.4 32.5 4.6 45 49 1.8 2.4 2.0

Figure 5: Photograph of the fabricated balun BPF.
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Figure 6: Simulated and measured results of the proposed balun BPF, (a) 𝑆-parameters of the balun BPF, and (b) magnitude imbalance and
phase imbalance of the presented balun BPF.

For validation, a prototype centered at 2.34GHz is
designed in this work. It is implemented on the substrate
of Rogers RO4003C with a dielectric constant 𝜀𝑟 = 3.55, a
loss tangent tan 𝛿 = 0.0027, and a thickness ℎ = 0.508mm.
The optimal physical dimensions of the design are denoted as
Table 1 with the diameter (𝐷 = 0.4mm) of the metallic via
hole. The balun BPF was simulated by commercial software
ANSYS EM 16.1, and the corresponding fabricated circuit
shown in the inset plot of Figure 5 was measured with the
Agilent N5244A four-port vector network analyzer. Simu-
lated and measured results depicted in Figure 6 show a good
agreement with each other. Measured results indicate that
the proposed balun BPF operates at the central frequency of

2.34GHz with a 3-dB fractional bandwidth of 17.6%. Within
the passband, the balun filter exhibits with a minimum
insertion loss of 0.7 dB and maximum return loss of 17.8 dB.
Outside the passband, one common TZ located at 2.71 GHz
is observed for both 𝑆21 and 𝑆31. Besides, an additional TZ
located at 4.01 GHz for 𝑆21 can be seen, which might be
caused by the resonance of the input transmission line.These
TZs ensure high out-of-band selectivity of the Balun BPF.
What is more, the balun BPF also exhibits 30-dB harmonic
suppression up to 6.40GHz (2.7𝑓0). For the performance
between two output ports, the maximum in-band magnitude
imbalance is about 0.47 dB and the phase difference is within
4.3∘. The small discrepancies between measured results and
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(a) (b)

Figure 7: Photograph of the fabricated antenna, (a) top view, and (b) bottom view.
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simulated results aremainly attributed to the fabrication error
and minor SMA connection difference between port 2 and
port 3. Table 2 tabulates the performances in comparisonwith
the proposed BPF and other reported ones. It can be seen
that our work exhibits wider operation bandwidth, low phase
imbalance, and good harmonic suppression against others.

3. Balun BPF Feeding Broadband
Quasi-Yagi Antenna

Aiming to achieve good radiation performance, wide stop-
band rejection, and high selective radiation, the proposed
balun BPF is further employed to feed a moderate-band
balanced quasi-Yagi antenna as shown in Figure 1.The quasi-
Yagi is designed with two rectangle-shaped radiation arms as
the dipole driver and one rectangle-shaped patch as the direc-
tor [11]. One sectional foldedmicrostrip line is utilized herein
for the integration of the balun and antenna and the input
impedance matching. Besides, to achieve desired bandwidth,

the spacing 𝐿dd between the parasitic director and dipole
driver is chosen less than a quarter-wavelength. As for the
spacing 𝐿dr between the dipole driver and truncated ground
plane, it should be chosen as about a quarter-wavelength
so as to create an in-phase reflected wave along the end-
fire direction. The detailed geometric parameters are listed
in Table 1. The designed antenna fed by balun BPF is then
fabricated and tested. Figure 7 shows its top- and bottom-
view photographs. The reflection coefficient is measured by
the N5244A Network Analyzer, while the radiation patterns,
gains, and efficiency of this antenna were measured by
employing the Microwave Vision Group’s Starlab near-field
antenna measurement system. Measured reflection coeffi-
cient plotted in Figure 8 indicates that the operating band
of the antenna ranges from 2.17GHz to 2.52GHz (FBW of
about 15%) with smaller than −10 dB reflection coefficient.
It can be found that the implemented quasi-Yagi antenna
possesses a well-defined return-loss curve without undesired
radiation up to 2.75𝑓0 outside the passband. Figures 9(a)–9(f)
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Figure 9: Simulated and measured radiation patterns at two frequencies, (a) 𝑥𝑧-plane at 2.34GHz, (b) 𝑦𝑧-plane at 2.34GHz, (c) 𝑥𝑧-plane at
2.2 GHz, (d) 𝑦𝑧-plane at 2.2 GHz, (e) 𝑥𝑧-plane at 2.5 GHz, and (f) 𝑦𝑧-plane at 2.5 GHz.
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Table 2: Comparisons among proposed and other reported Balun BPFs.

Ref. 𝑓0 (GHz) 3-dB FBW Amplitude imbalance Phase imbalance 30-dB harmonic suppression
[5] 2.55 3.5% <1.10 dB <5∘ 1.5𝑓0
[6] 3.48 5.8% <0.50 dB <5∘ None
[7] 2.00 11.0% <0.35 dB <5∘ None
This work 2.34 16.7% <0.47 dB <4.3∘ 2.7𝑓0
Ref.: references, 𝑓0: centre frequency, and FBW: fractional bandwidth.
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Figure 10:Measured gain and efficiency of the integrated quasi-Yagi
antenna.

indicate the measured radiation patterns on 𝑌𝑍-plane (𝐸-
plane) and 𝑋𝑍-plane (𝐻-plane). The results depicted in
Figure 9 confirm the directive properties of the antenna.
The front-to-back ratio of the antenna varies from 10.6 dB
at 2.35GHz to 14.4 dB at 2.5 GHz. In addition, Figure 10
illustrates the measured gain and efficiency.The realized gain
is approximately 4.49–5.38 dBi and the efficiency ismore than
88.6% across the band from 2.17GHz to 2.52GHz.

4. Conclusion

In this paper, a new design of wide stopband balun BPF
has been proposed. Owing to the standing-wave distribution
on a half-wavelength open-ended microstrip line, signals
with equal magnitude and contrary phase are simultaneously
obtained at two output ports. Furthermore, by using the
even-/odd-mode analysis method, the filtering responses
have been figured out with the bisected equivalent circuit
of the employed resonator. To further explore it in the
practical antenna application, a quasi-Yagi antenna fed by the
proposed balun BPF is designed for high selective radiation
and wide stopband rejection. Both simulated and measured
results verify the feasibility of the presented designs.
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This letter presents a microstrip differential-mode (DM) bandpass filter (BPF) with high and wide stopband suppression under
both DM and common-mode (CM) operations. A new coupling topology is formed up to realize the DM BPF by integrating a pair
of 𝜆/2 microstrip transmission lines and two multimode resonators. The DM and CM equivalent half-circuits are established to
explain the operating principal. For validation, a DM BPF operating at 2.2 GHz is implemented. Experimental results indicate that
the presented DM BPF exhibits not only sharp DM passband selectivity but also deep and ultrawide stopband suppression of more
than 30 dB for both DM and CM.

1. Introduction

Recently, the great development of modern wireless com-
munication system has put forward higher requirements on
RF devices with high performance and miniaturized size. To
meet these requirements, one effective approach is to design
multifunction embedded component by integrating multiple
functions into one component. Since differential-mode cir-
cuits play an important role in the modern communication
system as they can reduce the environmental noise as well as
crosstalk in the system and bandpass filters (BPFs) can realize
the passband frequency selective response, differential-mode
bandpass filter as one typical integrated component has
been proposed accordingly. It can provide both functions of
differential-mode (DM) passband selectivity and common-
mode (CM) rejection has been receiving increased attention.
Over the past few years, much effort has been made in the
exploration of various DM BPFs [1–9].

In [1], a DM BPF is proposed by adopting lumped-
element loaded half-wavelength resonators. In the design, the
common-mode suppression can be tuned independently of
the differential-mode response in the differential-mode filter
via making full use of a center-loaded half-wavelength res-
onator. Although theDMBPF exhibits sharp frequency selec-
tivity and high CM suppression, the involved design configu-
ration and procedure are very complicated. Besides, another

DM BPF based on short-ended self-coupled ring resonator is
presented in [2]. By periodically and symmetrically arranging
short-ended SCRRs between the microstrip differential lines,
the common-mode suppression can be realized at desired
frequency easily with wideband differential-mode passband.
But its circuit usually suffers from bulky size. In addition,
by utilizing inherent common-mode rejection property of
slotline, a compactDMBPF is developed in [3]. In this design,
by properly placing the slotline resonator, the coupling
between the slotline mode and the differential-mode signals
can be maximized, while that between the slotline mode
and the common-mode signals can be minimized. However,
the employed slotline itself often results in a high insertion
loss due to its high radiation loss. Moreover, based on the
mode degeneration properties of the square patch resonator,
a dual-mode differential mode has also been presented by
adopting appropriate coupling structure among four isosceles
right triangular patch resonators in [4]. But CM rejection
level needs to be improved. On the other hand, stemming
from the differential-mode coupled-line prototype, DMBPFs
[5, 6] are proposed with improved performance by utiliz-
ing balanced coupled-line structure to realize the passband
response in differential-mode operation and meanwhile give
nice stopband in common-mode operation. Nevertheless,
these designs are still difficult to achieve high and wide
stopband rejection for DM and CM simultaneously. Apart
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Figure 1: Schematic of the proposed differential-mode BPF.

from these above reported works, other differential-mode
bandpass filters based on coplanar waveguide resonator, sub-
strate integrated waveguide resonator, or dielectric resonator
are also reported in [7–9].

In this letter, a microstrip differential-mode BPF is pre-
sented with new coupling topology by properly arranging
multimode resonators between input/output transmission
lines. High selective passband and wide stopband for DM
and a wide and deep stopband for CM are realized at the
same time in the design. For demonstration, a prototype
differential-mode BPF is implemented. Both simulated and
measured results are in good agreement, which validates the
design concept.

2. Proposed Differential-Mode BPF Design

Figure 1 depicts the layout of the designed DM BPF, which
only consists of a pair of 𝜆/2 microstrip transmission
input/output lines and two triple-mode resonators.The entire
structure is symmetrical with respect to the vertical central
plane T-T�耠. Under DM operation, the central plane T-T�耠
behaves as a perfect electrical wall. On this occasion, parallel
coupled line prototype with two different terminations of one
open-ended circuit and one short-ended circuit will be
formed up between the input/output lines and the arms of
the resonators. It will provide a bandpass response.Therefore,
the DM equivalent circuit of its half symmetrical bisec-
tions can be simply treated as a triple-mode bandpass filter
with a pair of bandpass coupled feeding lines. Meanwhile,
for common-mode operation, the central plane becomes a
perfect magnetic wall. With this case, parallel coupled line
prototype with two same short-ended terminations will be
generated between the input/output lines and the arms of the
resonators, which will exhibit an all stopband response. Cor-
respondingly, the CM equivalent-half-circuit can be directly
deemed as all-stopband circuit, since the feeding lines exhibit
all-stop characteristic [10].

In order to illustrate the resonant properties of the
employed resonator, Figure 2 describes the corresponding
even-mode and odd-mode equivalent circuits of its half sym-
metrical bisections by utilizing the even-mode/odd-mode
method in [11]. Therefore, assuming that the even-mode
input admittance and odd-mode input admittance 𝑌in,even

and 𝑌in,odd, respectively, are equal to zero, the resonant
condition equations can be derived as

cot 𝜃3 − tan 𝜃2 =
2

𝐾
tan 𝜃1 (1a)

𝜃1 =
𝜋

2
, (1b)

where 𝐾 = 𝑌2/𝑌1 is the admittance ratio of the resonator.
In addition, one inherent TZ can be foundwhen 𝜃2 = 𝜋/2

under 𝑌in,odd = 𝑌in,even. Based on the above analysis, the first
three even-mode and odd-mode resonant frequencies can
be deduced as 𝑓even1, 𝑓odd, and 𝑓even2, respectively. Figure 3
shows the design chart of the employed triple-mode res-
onators with 𝐾 = 1.6. We can figure out that 𝑓even1/𝑓odd and
𝑓even2/𝑓odd are mainly, respectively, determined by 𝜃3 and 𝜃2,
while 𝑓odd is only determined by 𝜃1. More specially, it can be
observed that 𝑓even1/𝑓odd almost remains unchanged versus
𝜃2 but decreases as 𝜃3 increases.

Furthermore, 𝑓even2/𝑓odd significantly decreases as 𝜃2
decreases, while it causes a small reduction when 𝜃3 rises up.
Figure 4 describes the impedance ratio of 𝑌1/𝑌2 influence on
resonant frequencies and frequency bandwidth. It can be seen
that when 𝑌1/𝑌2 increases, 𝑓even1 and 𝑓odd fall down, while
the bandwidth between𝑓even1 and𝑓even2 increases.Therefore,
the impedance ratio of 𝑌1/𝑌2 can be utilized to increase
the design freedom. These above demonstrated properties
are meaningful for one to realize a differential-mode BPF
with desired DM passband bandwidth and high selectivity.
Figure 5 gives the corresponding coupling scheme of the DM
BPF under differential-mode operation, where nodes 1, 2, and
3 denote the even and oddmodes of the resonatorwhich form
up the triple-mode DM filtering response, respectively. Due
to the symmetry of the DM equivalent circuit, the coupling
coefficients in Figure 5 satisfy the relationship of𝑀�푆,1/2/3 =
𝑀�퐿,1/2/3.

Herein, a prototype differential-mode BPF with the cen-
tral frequency of 𝑓0 = 2.2GHz and desired 3 dB bandwidth of
240MHz is designed for an instance.The design procedure is
listed in the following steps. At the beginning, according to
the above (1a)-(1b), calculate the parameters (𝐿2 = 20.4mm,
𝐿3 = 18.0mm, and 𝐿4 = 0.8mm) of the resonator with the
derived frequencies 𝑓even1 = 2.11 GHz, 𝑓odd = 2.24GHz, and
𝑓even2 = 2.33GHz from a targeted coupling matrix [12]. Sec-
ondly, based on the required external 𝑄-factors to even and
odd modes (𝑄exe1 = 37.0, 𝑄exe2 = 66.3, and 𝑄exo = 23.8) from
the matrix, determine the values of the width (𝑊1 = 2.3mm)
and gap (𝑔 = 0.2mm) through extracting the two group
delays, that is, 𝜏�푆11(𝑓even) and 𝜏�푆11(𝑓odd). In the end, the
designed differential-mode circuit is initially built and fine
tuning is performed to obtain optimal performance.

3. Experimental Results

To validate the design concept, the differential-mode filter
has been designed and fabricated on the substrate with a
relative dielectric constant of 3.55, thickness of 0.508mm, and
loss tangent of 0.0027. The final layout parameters are 𝐿1 =
35.6mm, 𝐿2 = 19.5mm, 𝐿3 = 17.1mm, 𝐿4 = 0.8mm, 𝐿5 =
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1.9

2.0

2.1

2.2

2.3

2.4

2.5

2.6

0.6 0.8 1.0 1.2 1.4 1.6 1.8 2.0 2.2
0.30

0.35

0.40

0.45

0.50

0.55

Fr
eq

ue
nc

y 
(G

H
z)

Ba
nd

w
id

th
 (G

H
z)

Y1/Y2

f？Ｐ？Ｈ1

fＩ＞＞
f？Ｐ？Ｈ2 − f？Ｐ？Ｈ1

Figure 4: Resonant frequencies and bandwidth versus 𝑌1/𝑌2.

4.2mm, 𝐿6 = 1.3mm, 𝐿�푝1 = 7.9mm, 𝐿�푝2 = 6.0mm, 𝑊1 =
2.3mm,𝑊2 = 1.6mm,𝑊3 = 0.7mm,𝑊�푝 = 1.17mm, and 𝑔 =
0.2mm.The photograph of the fabricated circuit is displayed
in Figure 6. Figure 7 shows the simulated and measured
results. Simulation is accomplished by the commercial full-
wave simulator ANSOFT HFSS, while the measurement is
carried out in the Agilent N5244A four-port vector network
analyzer. As shown in the figure, under DM operation, the
measured DM central frequency is 2.2 GHz with the 3 dB
Bandwidth of 230MHz. Three transmission poles inside the

1, 3: even mode

2: odd mode

1

S L

2

3

S/L: source/load

Figure 5: Equivalent-half-coupling scheme of the proposed DM
BPF under differential-mode operation.

Figure 6: The photograph of the fabricated DM BPF.

passband can be clearly observed. Meanwhile, one transmis-
sion zero can also be obviously found as expected.Within this
DM operating band, the measured minimum insertion loss
(IL) is 0.8 dB, while the return loss (RL) is better than 15.8 dB.
Besides, the proposed differential-mode BPF exhibits sharp
frequency selectivity and good harmonic suppression with
more than 30 dB suppression level up to 2.7𝑓0. On the other
hand, for CM excitation, the differential-mode filter shows an
ultrawide stopbandwith the rejection higher than 30 dB from
DC to 2.8𝑓0.

Table 1 compares the performances of the proposed DM
BPFwith other publishedworks in terms of the specifications,
that is, roll-off, differential-mode stopband, and common-
mode suppression. It indicates that our differential-mode fil-
ter exhibits not only sharp DM passband selectivity and wide
upper stopband but also good ultrawide CM stopband rejec-
tion against others.
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Table 1: Comparisons with previous works.

Refs. Sharp
roll-off

DM
suppression
>30 dB

CM
rejection
>30 dB

CM
rejection
(0 to 2.5𝑓0)

[4] Yes None None None
[5] Yes Up to 2.0𝑓0 Up to 1.9𝑓0 >26 dB
[6] No None Up to 2.7𝑓0 >30 dB
[7] Yes Up to 2.3𝑓0 Up to 1.3𝑓0 >10 dB
This work Yes Up to 2.7𝑓0 Up to 2.8𝑓0 >31.4 dB
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Figure 7: Measured and simulated results of the DM BPF.

4. Conclusion

In this letter, a compact differential-mode bandpass filter
(BPF) has been presented with an ingenious coupling topol-
ogy, achieving wide and deep stopband rejection for both dif-
ferential mode and common mode. The explicit design pro-
cedure has been described and a prototype example has been
manufactured. The experimental results agree well with sim-
ulated ones, validating the feasibility of the proposed design
concept for modern differential communication system.
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The effects of phase noises (PNs), power imbalances, and correlations on multiuser orthogonal frequency division multiplexing
(OFDM) multiple-input multiple-output (MIMO) systems are studied. It is assumed that each user is equipped with a single
antenna, whereas the base station (BS) has multiple antennas and use zero-forcing (ZF) decoder for multiuser detection. Since
each user has an independent oscillator, the received uplink (UL) signal at each BS antenna is corrupted by all of these independent
PNs. Furthermore, there may be power imbalances and correlations (due to common scatterers) between different users. These
impairments are jointly analyzed in this work. A closed-form expression of the mean square error (MSE) performance of the
multiuser MIMO-OFDM system is derived. The analytical results are verified by simulations.

1. Introduction

The orthogonal frequency division multiplexing (OFDM)
technique [1] can effectively turn a frequency-selective chan-
nel [2] into multiple frequency-flat subchannels at different
subcarriers, allowing the simple one-tap channel equalization
to mitigate the multipath effect. Recently, it is chosen as
the main fifth generation (5G) waveform for sub-6GHz as
well as millimeter-wave bands [3, 4] by the 3rd generation
partnership project (3GPP) standardization [5]. The OFDM
can be readily combinedwithmultiple-inputmultiple-output
(MIMO) techniques [6–8] to exploit spatial multiplexing
and/or diversity gain. As a result, MIMO-OFDM systems are
ubiquitously employed in modern telecommunications, such
as long-term evolution (LTE) and wireless local area network
(WLAN) systems, for example, [9, 10].

Unfortunately, MIMO-OFDM systems are sensitive to
oscillator phase noises [11–23], which cause common phase
error (CPE) and intercarrier interference (ICI). While the
CPE is a commonphase rotation for all the subcarriers (of one
OFDM symbol), the ICI represents the interferences caused
by nonorthogonal subcarriers. The PN effect on single-user
MIMO-OFDM (SU-MIMO-OFDM) systems has been well

studied in the literature [11–19]. Most of the works assume a
common oscillator for all the antennas at the transceiver [11–
16], whereas the case of an independent oscillator for each
antenna has been studied in [17–19]. Assuming the base sta-
tion (BS) antennas share a common oscillator, the downlink
(DL) of the multiuser MIMO-OFDM (MU-MIMO-OFDM)
system (at each user) is similar to the single-user case (in
that the user see only a single transmit PN). In the uplink
(UL) transmission, however, the received signal at the BS
is corrupted by multiple transmit PNs. Since the PNs from
different users are independent, the PN estimation in the UL
ismore complex than that in theDL. For this reason, we focus
on the UL multiuser PN effect in this work.

There are a few works studying the PN effect on uplink
MU-MIMO-OFDM systems, for example, [20, 21]. While
[20] considered multiple PNs from the users together with
another PN at the BS, [21] considered multiple PNs at the BS
(with large antenna array) with PN-free users. The PNs from
multiple users aremixed at each BS antenna, whereas the PNs
(of multiple oscillators) at the BS are uncoupled. Therefore,
PN estimation in the former is more challenging than that
in the latter. For example, the CPEs of multiuser PNs must

Hindawi
Wireless Communications and Mobile Computing
Volume 2018, Article ID 3650307, 8 pages
https://doi.org/10.1155/2018/3650307

http://orcid.org/0000-0003-3151-1690
http://orcid.org/0000-0002-2579-9002
https://doi.org/10.1155/2018/3650307


2 Wireless Communications and Mobile Computing

be jointly estimated [20], whereas the CPE of each of the BS
PNs can be tracked separately in an easier way [21, 22]. It is
difficult to compensate the ICI effects of multiple transmit
PNs at the receiver. As a result, a PN compensation scheme
that mitigates the multiple transmit PNs and a receive PN
separately was proposed in [23] for multinode backhauling.
Nevertheless, the scheme requires a feedback loopwith direct
RF sampling at each transmitting node and, therefore, is not
feasible for the considered multiuser scenario in this work.

In this work, we focus on the ICI effects of multiuser
PNs. Specifically, we derive a closed-form expression of the
mean square error (MSE) performance of the uplink MU-
MIMO-OFDM system with and without power imbalance
and correlation, assuming the CPEs of different PNs can be
perfectly estimated. (Given the fact that the CPE is just the
time average of the PN over one OFDM symbol, the CPE
can usually be estimated accurately [11, 14, 15]. The effect
of imperfect CPE estimation is included in simulations.)
Unlike [20] where the multiuser PN effects were studied
by simulation solely, the analytical results derived in this
work give more insight into the ICI effect of multiuser PNs.
Moreover, the derived MSE expression can take into account
of power imbalances and correlations between different users.
(In the literature, it is usually assumed that spatially sep-
arated users are uncorrelated. Nevertheless, measurements
and simulations confirm that spatially separated users can
still have correlations due to common scatterers [24–26].)
To the best knowledge of the authors, the joint effects of
multiuser PNs, power imbalance, and correlation of the
uplink MU-MIMO-OFDM system have not been studied
analytically in the previous literature. Finally, the ICI effect of
multiuser PNs for different numbers of BS antennas and users
are studied analytically and experimentally (by simulations).
Good agreements between simulated and theoretical MSEs
are observed.

Notations 1. Throughout this paper, boldface lower and
uppercase letters (e.g., x and X) represent column vector
and matrix, respectively; diag(x) denotes a diagonal matrix
whose diagonal elements are given by x; ‖x‖ is the Euclidean
norm of x; Tr(X) represents the trace of X; I�푀 is an �푀 ×�푀 identity matrix; �푗 = √−1; ⊗ denotes the Kronecker
product; �퐸 represents mathematical expectation; and �푇, �퐻,
and † denote transpose, transpose conjugate (Hermitian),
and Moore-Penrose pseudoinverse, respectively.

2. System Model

For simplicity, we assume �퐾 users (each equipped with a
single antenna along with a free-running oscillator) and�푀(>�퐾) antennas at the BS (see Figure 1).The BS uses zero-forcing
(ZF) decoder for multiuser detection.Throughout this paper,
we assume that the cyclic prefix (CP) of the OFDM symbol is
longer than the channel spread.

Let �푁 be the number of OFDM subcarriers and F be
an �푁 × �푁 unitary discrete Fourier transform (DFT) matrix,
whose elements are given by exp(−�푗2�휋�푛�푙/�푁)/√�푁, (�푛, �푙 =0, . . . , �푁 − 1), and 𝜑�푘 and 𝜃 be �푁 × 1 vectors consisting of

1

Common
scatterer

User 1
1

BSM
K

User K

Figure 1: Block diagram of the considered MU-MIMO-OFDM
system with illustrations of oscillators and a common scatterer.

the time-domain PNs within one OFDM symbol at the �푘th
user (�푘 = 1, . . . , �퐾) and at the BS, respectively.The frequency-
domain expression of the UL transmission (from �퐾 users to
the BS) in the presence of PNs is given as follows [17]:

y = (GR ⊗ I�푀)HGTx + w, (1)

where H is an �푀�푁 × �퐾�푁 block diagonal channel matrix
whose �푛th diagonal block entry H�푛 is an �푀 × �퐾 channel
transfer function (CTF) matrix at the �푛th subcarrier, x =
[x�푇1 x�푇2 ⋅ ⋅ ⋅ x�푇�푁]�푇 is the�퐾�푁×1 signal vectorwith x�푛 denoting
the �퐾 × 1 transmitted signal vector at the �푛th subcarrier,
y = [y�푇1 y�푇2 ⋅ ⋅ ⋅ y�푇�푁]�푇 is the �푀�푁 × 1 signal vector with y�푛
denoting the�푀×1 received signal vector at the �푛th subcarrier,
w is an�푀�푁×1 additivewhiteGaussian noise (AWGN) vector,
GR = F diag(exp(�푗𝜃))F�퐻 is an�푁×�푁matrix of the PN spectral
components of the BS oscillator, andGT is a�퐾�푁×�퐾�푁matrix
consisting of the�푁 spectral components of the PNs of all the�퐾 users. The (�푛, �푙)th entry of GR is denoted as �푔Rx(�푛−�푙)𝑁 , where(�푛 − �푙)�푁 denotes (�푛 − �푙) mod �푁. The (�푛, �푙)th block of GT is
diag(gTx(�푛−�푙)𝑁), where the �퐾 × 1 vector gTx(�푛−�푙)𝑁 consists of the
corresponding spectral components of all the PNs from the�퐾 users. Note that (1) only holds approximately since the PN
in the CP and the end of the time-domain OFDM symbol are
different. Nevertheless, it is a good approximation [11, 15, 17].
By separating the CPE and ICI termsGT = I�푁⊗diag(gTx0 )+PT
and GR = �푔Rx0 I�푁 + PR, (1) can be rewritten as

y = �푔Rx0 H (I�푁 ⊗ diag (gTx0 )) x + e + w, (2)

where �푔Rx0 is the CPE of the PN at the BS, gTx0 consists of the
CPEs of the PNs from the�퐾 users, and the ICI term e is

e = (PR ⊗ I�푀)HPTx + �푔Rx0 HPTx

+ (PR ⊗ I�푀)H (I�푁 ⊗ diag (gTx0 )) x. (3)

The received signal at the �푛th subcarrier can be expressed
as

y�푛 = H�푛 diag (g0) x�푛 + e�푛 + w�푛, (4)
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where g0 = �푔Rx0 gTx0 , e�푛 andw�푛 denote ICIs and AWGNs at the�푛th subcarrier, respectively. The CPEs g0 of multiple PNs can
be jointly estimated as follows [20]:

ĝ0 = 1�푁p
∑
�푛∈�푆p

(H�푛 diag (x�푛))† y�푛, (5)

where �푆p denotes the set of the�푁p scattered pilots. The CPEs
can be corrected at the ZF decoder as

x̂�푛 = diag (ĝ0)−1H†�푛y�푛, (6)

where x̂�푛 denotes the detected signals at the �푛th subcarrier.
Note that, in order to focus on the PN effect, we assume
perfect channel estimation. In practice, the estimated channel
in the preamble will contain an initial CPE. In the payload,
the CPE will be different. Thus, it is necessary to estimate the
relative CPE with respect to the initial CPE. Mathematically,
it is equivalent to assume that the estimated channel contains
the preamble CPE and then the relative CPE in the payload
can still be estimated using (5).

For simplicity, we assume the Wiener PN model for the
free-running oscillator, whose discrete-time expression is
given as follows [11, 13–15]:

�휙 (�푖 + 1) = �휙 (�푖) + �휁 (�푖) , (7)

where �휙 is the PN and �휁 is a zero-mean Gaussian random
variable, whose variance is 4�휋�훽�푇s with �푇s denoting the
sampling duration and �훽 representing the 3 dB bandwidth of
the PN.The 3 dB bandwidth is related to the carrier frequency
fc as �훽 = �휍�휋�푓2�푐 , where �휍 is a parameter characterizing the
quality of the oscillator [27]. Nevertheless, the value of �훽 is
usually given instead of �휍 in the literature.

In order to include power imbalances and correlations
of different users, the MIMO channel impulse response of
the �푙th tap is modeled as H̃�푙 = H�푤R1/2, H�푤 denotes
the spatially white MIMO channel with independent and
identically distributed (i.i.d.) complex Gaussian variables,
and R1/2 is the Hermitian square root of the correlation
matrix R, defined as

R = diag (√𝜂)Φdiag (√𝜂) , (8)

where 𝜂 is a vector consisting of the mean effective gains
(MEGs) [28] of the users’ antennas, √ represents elemen-
twise square root, and the matrix Φ consists of correlation
coefficients due to the common scatters. The power imbal-
ances are the MEG differences (in dB) between the elements
in 𝜂. It is noted that the path loss differences between different
users can be included in the power imbalances.

3. Performance Analysis

In order to focus on the ICI effects of multiuser PNs,
we assume perfect estimation of CPEs. Since the BS can
afford high quality oscillator with negligible PN whereas the
users are usually equipped with low-cost oscillators with
nonnegligible PNs, we ignore the BS PN and focus on

multiuser PNs. (The BS PN and imperfect CPE estimation
are considered in the simulations in the next section.) For
notational convenience, we drop the superscript Tx hereafter.

The signal at the �푛th subcarrier after the ZF decoder is
given as

r�푘 = diag (g0) x�푛 + �푁−1∑
�푙=0,�푙 ̸=�푛

diag (g(�푛−�푙)𝑁) x�푙 +H†�푛w�푛. (9)

The (normalized) MSE at the �푛th subcarrier is

�휉�푛 = �퐸 [�儩�儩�儩�儩�儩∑�푁−1�푙=0,�푙 ̸=�푛 diag (g(�푛−�푙)𝑁) x�푙�儩�儩�儩�儩�儩2] + �퐸 [�儩�儩�儩�儩�儩H†�푛w�푛�儩�儩�儩�儩�儩2]
�퐸 [�儩�儩�儩�儩diag (g0) x�푛�儩�儩�儩�儩2] . (10)

Note that the normalizedMSE is also referred to as error vec-
tor magnitude (EVM) [15], which is a popular performance
metric in the industry.

Assuming the subcarrier symbols are independent and
identically distributed with a variance of �휎2�푥, that is,�퐸[x�푛x�퐻�푛 ] = �휎2�푥I�퐾, the power contributions of the useful signal
(with known CPEs) and ICI term can be in expressed as

�퐸 [�儩�儩�儩�儩diag (g0) x�푛�儩�儩�儩�儩2] = �휎2�푥�퐸 [�儩�儩�儩�儩g0�儩�儩�儩�儩2] ,
�퐸 [�儩�儩�儩�儩�儩�儩�儩�儩�儩�儩∑�푙 ̸=�푛 diag (g(�푛−�푙)𝑁) x�푙

�儩�儩�儩�儩�儩�儩�儩�儩�儩�儩
2] = �휎2�푥�퐸[∑

�푙 ̸=�푛

�儩�儩�儩�儩�儩g(�푛−�푙)𝑁�儩�儩�儩�儩�儩2] ,
(11)

respectively.
Assuming the oscillators at different users are of the same

quality (i.e., PNs from different users have the same 3 dB
bandwidth �훽, the same CPE term �휎2CPE = �퐸[|�푔0|2], and the
same ICI term �휎2ICI = �퐸[∑�푙 ̸=�푛 |�푔(�푛−�푙)𝑁 |2]),

�퐸 [�儩�儩�儩�儩g0�儩�儩�儩�儩2] = �퐾�퐸 [�儨�儨�儨�儨�푔0�儨�儨�儨�儨2] = �퐾�휎2CPE,
�퐸 [∑
�푙 ̸=�푛

�儩�儩�儩�儩�儩g(�푛−�푙)𝑁�儩�儩�儩�儩�儩2] = �퐾�퐸[∑
�푙 ̸=�푛

�儨�儨�儨�儨�儨�푔(�푛−�푙)𝑁 �儨�儨�儨�儨�儨2] = �퐾�휎2ICI.
(12)

Note that �퐸[∑�푙 ̸=�푛 |�푔(�푛−�푙)𝑁 |2] = �퐸[∑�푛 ̸=0 |�푔�푛|2]. Let
�푔(�푛−�푙)𝑁 �儨�儨�儨�儨�儨�푙=0 = �푔�푛 = 1�푁∑

�푖

exp (�푗�휙 (�푖)) exp (−�푗2�휋�푛�푖�푁 ) , (13)

and the total power of the PN is given as

�푁−1∑
�푛=0

�儨�儨�儨�儨�푔�푛�儨�儨�儨�儨2 = 1�푁2
�푁−1∑
�푛=0

∑
�푖

∑
�푝

exp (�푗 (�휙 (�푖) − �휙 (�푝)))

× exp(�푗2�휋�푘 (�푝 − �푖)�푁 )
= 1�푁2∑

�푖

∑
�푝

exp (�푗 (�휙 (�푖) − �휙 (�푝)))

× �푁−1∑
�푛=0

exp(�푗2�휋�푘 (�푝 − �푖)�푁 ) ,

(14)
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where

exp(�푗2�휋�푛 (�푝 − �푖)�푁 ) = {{{
�푁, �푝 = �푖
0, �푝 ̸= �푖. (15)

Hence,

�휎2CPE + �휎2ICI = �퐸[
�푁−1∑
�푛=0

�儨�儨�儨�儨�푔�푛�儨�儨�儨�儨2] = 1�푁2 (�푁 × �푁) = 1. (16)

Using the DFT expression (13), �휎2CPE can be derived as

�퐸 [�儨�儨�儨�儨�푔0�儨�儨�儨�儨2] = �퐸[∑
�푖

∑
�푝

exp (�푗 (�휙 (�푖) − �휙 (�푝)))]
= 1�푁2∑

�푖

∑
�푝

exp (−2�휋�훽 �儨�儨�儨�儨�푖 − �푝�儨�儨�儨�儨 �푇s) ,
(17)

where the last step is derived using the characteristic function
(i.e., the Fourier transform of the probability density func-
tion) of the PN. Once �휎2CPE is known, �휎2ICI can be readily
derived as

�퐸[∑
�푛 ̸=0

�儨�儨�儨�儨�푔�푛�儨�儨�儨�儨2] = 1 − 1�푁2∑
�푖

∑
�푝

exp (−2�휋�훽 �儨�儨�儨�儨�푖 − �푝�儨�儨�儨�儨 �푇s) . (18)

Equations (16)–(18) imply that the total energy of the PN is
fixed and that reducing the subcarrier spacing reduces the
CPE term and increases the ICI term.

Since H†�푛 = (H�퐻�푛 H�푛)−1H�퐻�푛 and �퐸[w�푛w�퐻�푛 ] = �휎2�푤I�푀, the
noise power (after the ZF decoder) is given as

�퐸 [�儩�儩�儩�儩�儩H†�푛w�푛�儩�儩�儩�儩�儩2] = Tr {�퐸 [H†�푛w�푛w�퐻�푛 (H†�푛)�퐻]}
= �휎2�푤Tr {�퐸 [(H�퐻�푛 H�푛)−1]} .

(19)

In the case of a Rayleigh fading multipath channel H�퐻�푛 and�푀 > �퐾, (H�퐻�푛 H�푛)−1 follows the inverse (noncentral) Wishart
distribution, whose mean is R−1/(�푀 − �퐾) [29]. Hence (19)
boils down to

�퐸 [�儩�儩�儩�儩�儩H†�푛w�푛�儩�儩�儩�儩�儩2] = �휎2�푤�푀−�퐾Tr (R−1) . (20)

Note that the distribution of (H�퐻�푛 H�푛)−1 is unknown when�푀 = �퐾. Due to the singularity in (20), simulations for the
case of�푀 = �퐾 do not converge. When�푀 < �퐾, the degree
of freedom at the BS will be insufficient for detecting �퐾 data
streams. As a result, we only consider the case of�푀 > �퐾 in
this paper.

Denoting the signal-to-noise ratio (SNR) as �훾0 = �휎2�푥/�휎2�푤,
the MSE at the �푛th subcarrier can be derived as follows:

�휉�푛 = �훾0�퐾(1 − (1/�푁2)∑�푁−1�푖=0 ∑�푁−1�푝=0 exp (2�휋�훽 �儨�儨�儨�儨�푖 − �푝�儨�儨�儨�儨 �푇s)) + (Tr (�푅−1)) / (�푀 − �퐾)
(�훾0�퐾/�푁2)∑�푁−1�푖=0 ∑�푁−1�푝=0 exp (2�휋�훽 �儨�儨�儨�儨�푖 − �푝�儨�儨�儨�儨 �푇s) . (21)

As can be seen, �휉�푛 is independent of the subcarrier index�푛; hence, the MSE averaged over all the subcarriers �휉 is also
given by (21), that is, �휉�푛 = �휉. It can be concluded from (21)
that the MSE performance degrades with increasing �훽 (the
3 dB bandwidth of the PN) and/or with increasing number of
users�퐾 (for a given number of BS antennas�푀) and improves
with increasing�푀 (for a given �퐾).

For two users (�퐾 = 2) with a correlation of �휌 and power
imbalance of �휂1/�휂2 (where �휂1 and �휂2 denote the MEGs of the
two users’ antennas, resp.),

Tr (R−1) = ( 1�휂1 +
1�휂2)

1
1 − �儨�儨�儨�儨�휌�儨�儨�儨�儨2 . (22)

In the absence of phase noises, the MSE reduces to

�휉�儨�儨�儨�儨�퐾=2 = �휂1 + �휂22�훾0 (�푀 − 2) �휂1�휂2 (1 − �儨�儨�儨�儨�휌�儨�儨�儨�儨2) . (23)

As can be seen from (23) the MSE performance degrades
with increasing correlation and/or power imbalance and that
the effects of correlation and power imbalance are separable
(independent). Note that the two-user case is assumed in
(22) and (23) in order to illustrate the effects of correlation
and power imbalance explicitly, whereas (21) holds for any�퐾
(< �푀).

4. Simulation

Throughout the section, we make the following assumptions.
There are 512 subcarriers including 32 scattered pilots. The
remaining active subcarriers are loaded with QAM symbols.
The multipath fading channel is a 4-tap Rayleigh fading
channel, where the taps are at the 0, 20, 30, and 60th
time samples with equal average tap gain of 1/4, and that
the channel stays constant within 40 OFDM symbols after
which an independent channel realization is drawn (i.e.,
block fading channel). In total, 100 channel realizations are
generated. (The analysis in the previous section holds for
Rayleigh fading channel with arbitrary number of channel
taps; the 4-tap Rayleigh fading channel is used here as an
example.) The CP length is set to 64. The PNs from different
users are independent yet follow the same (Wiener process)
distribution with the same 3 dB PN bandwidth �훽. Without
further specification, we assume�푇s = 10 ns, corresponding to
a bandwidth of 100MHz, which can be realized using carrier
aggregation in the current long-term evolution advanced
(LTE-A) system and is decided as a typical bandwidth for
5G communications according to the 3GPP standardization
[5]. For simplicity and in order to focus on the effects of PN,
power imbalance, and correlation, we assume the channel has
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Figure 2: MSE performance of MU-MIMO-OFDM (�퐾 = 2,�푀 =4) with different 3 dB PN bandwidths in spatially white and power-
balanced MIMO channels.

been perfectly estimated in the preamble.The 32 scatter pilots
are used for CPE estimation in the payload using (5).

Figure 2 shows theMSE performance of theMU-MIMO-
OFDM system with two users and four BS antennas in
spatially white and power-balanced MIMO channels. As a
reference, the ideal case (no PN) is also plotted in the same
figure. As can be seen, with modest PN (�훽 ≤ 500Hz), the
simulated MSE with CPE correction agrees well with that of
the theoretical one (21). This implies that the CPE correction
(cf. Section 2) can eliminate the CPEs of the multiple PNs.
Note that as�훽 increases, the joint CPE estimation (5) becomes
less accurate. As a result, it is also shown that the MSE
performance with CPE correction is slightly worse than its
theoretical counterpart as �훽 increases up to 1000Hz.

Figure 3 shows theMSE performance of theMU-MIMO-
OFDM system in spatially white and power-balancedMIMO
channels as a function of subcarrier spacing 1/(�푁�푇s). Since
the ICI effect reduces with increasing subcarrier spacing,
the MSE performance improves with increasing subcarrier
spacing. At 5 dB SNR, the noises have more profound effect
than the PNs do, whereas the PNs dominates at 25 dB SNR.
Therefore, the improvement of the MSE performance (due
to the increase of the subcarrier spacing) is more prominent
at high SNR. Note that the channel length is assumed to be
61 time samples, whose absolute value (in seconds) decreases
with increasing subcarrier spacing. For a fixed channel length
(independent of the subcarrier spacing), it may not be a
good idea to increase the subcarrier spacing unlimitedly in
that a larger subcarrier spacing may necessitate a longer CP
length (increased overhead) and multitap channel equaliza-
tion (increased complexity).

Figure 4 shows theMSEperformance of the PN corrupted
MU-MIMO-OFDM system (with four users) in spatially
white and power-balanced MIMO channels as a function of
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Figure 3: MSE performance of MU-MIMO-OFDM (�퐾 = 4,�푀 = 4, �훽 = 500Hz) as a function of subcarrier spacing 1/(�푁�푇s)
under different SNRs in spatially white and power-balanced MIMO
channels.
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Figure 4: MSE performance of MU-MIMO-OFDM (�퐾 = 4, �훽 =500Hz) as a function of�푀 under different SNRs in spatially white
and power-balanced MIMO channels.

number of BS antennas (under different SNRs). The 3 dB
PN bandwidth is set to 500Hz. As references, the MSEs
of the corresponding ideal cases (no PN) are also plotted
in the same figure. As can be seen, the MSE performance
improves as the number of BS antennas increases at low (5 dB)
SNR. At high (25 dB) SNR, however, the MSE performance
improvement becomes insignificant beyond ten BS antennas.
This is because that, given �퐾, the diversity gain of the ZF
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Figure 5: MSE performance of MU-MIMO-OFDM (�푀 = 10, �훽 =500Hz) as a function of �퐾 under different SNRs in spatially white
and power-balanced MIMO channels.

decoder increases with increasing �푀; and the increasing
diversity gain is more effective at low SNR.

Figure 5 shows the MSE performance of the PN cor-
rupted MU-MIMO-OFDM system (with ten BS antennas)
in spatially white and power-balanced MIMO channels as a
function of number of users (under different SNRs).The 3 dB
PN bandwidth is set to 500Hz. As references, the MSE of
the corresponding ideal cases (no PN) are also plotted in the
same figure. As can be seen, the MSE performance degrades
as the number of users increases (for a given number of BS
antennas). This is because that, given �푀, the diversity gain
of the ZF decoder decreases with increasing �퐾. Analogous
to the results in Figure 4, the MSE dependence on the
number of users is more obvious at low SNR than that at
high SNR. Note that as the number of BS antennas (�푀)
decreases or as the number of users (�퐾) increases, the joint
CPE estimation becomes less accurate, resulting in small
discrepancies between the simulated and theoretical results
in Figures 4 and 5.

To further illustrate the multiuser PN effects, we plot the
MSE performances of MU-MIMO-OFDM systems with four
BS antennas and two and three users, respectively, in Figure 6.
The 3 dB PN bandwidth is set to 100Hz. As references, the
MSEs of the corresponding ideal cases (no PN) are also
plotted in the same figure. Given�푀, increasing �퐾 decreases
the degree of freedom at the BS and, therefore, degrades the
MSE performance of the MU-MIMO-OFDM system. As can
be seen from Figure 6, the MSE with the three users is higher
than that with two users and that the theoretical results agree
reasonably well with the simulated ones over the whole SNR
range.

The above simulation results are for spatially white and
power-balanced MIMO channels. The MSE performance of
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Figure 6: MSE performance of MU-MIMO-OFDM (�푀 = 4, �훽 =100Hz) in spatially white and power-balanced MIMO channels.
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Figure 7:MSE performance ofMU-MIMO-OFDM (�퐾 = 2,�푀 = 4)
with different 3 dB PN bandwidths in the presence of 0.5 correlation
and 10 dB power imbalance.

the MU-MIMO-OFDM system with two users and four
BS antennas in the presence of 0.5 correlation and 10 dB
power imbalance is shown in Figure 7. Comparing Figures
2 and 7, it can be seen that the power imbalance and the
correlation significantly degrade the MSE performance of
the MU-MIMO-OFDM system. Similar to Figure 2, as �훽
increases, the joint CPE estimation (5) becomes less accurate,
and the difference between the simulated and theoreticalMSE
increases.
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It is shown from (22) that the effects of correlation
and power imbalance are separable. Thus, we show their
effects on the MU-MIMO-OFDM system with two users
and four BS antennas in Figures 8 and 9, respectively. As
can be seen, the MSE performance degrades with increasing
correlation and/or power imbalance and that the theoretical
MSE expression (21) can well predict the simulatedMSE.The
small discrepancy at high correlation (power imbalance) is
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Figure 10: MSE performance of MU-MIMO-OFDM (�퐾 = 2,�푀 =4, �훽 = 500Hz) with PNs at both users and the BS in the presence of
0.3 correlation and 3 dB power imbalance.

due to the fact that the estimated CPEs become less accurate
at high correlation (power imbalance) values.

So far, we have been focusing on the effect of multiuser
PNs, while omitting the PN at the BS. As shown in Section 2,
the CPE of the PN at the BS can be corrected together
with the multiuser CPEs using the CPE correction method.
Figure 10 shows the MSE performance of the MU-MIMO-
OFDM system with two users and four BS antennas in the
presence of 0.3 correlation and 3 dB power imbalance, and
PNs (with �훽 = 500Hz) at users and the BS. As can be seen,
the PNs of the users and the BS can be greatly mitigated by
using the CPE correction method.

5. Conclusions

In this work, we studied the phase noise (PN) effect on the
uplink multiuser MIMO-OFDM system. It was assumed that
each user is equipped with a single antenna along with a free-
running oscillator, whereas the base station (BS) has multiple
antennas and use zero-forcing for multiuser detection. An
analytical mean square error (MSE) expression was derived
for the case where the common phase errors (CPEs) can
be perfectly estimated. The analytical MSE expression can
take into account of correlations and power imbalances
between different users. It was shown that the MSE perfor-
mance improves with increasing number of BS antennas (�푀)
yet degrades with increasing power imbalance, correlation,
number of users (�퐾), and/or 3 dB PN bandwidth and that
the MSE dependence on �푀 or �퐾 is more obvious at low
SNR. In the special case of two users, the correlation and
power imbalance effects are separable (independent) and can
be shown explicitly in the analytical MSE expression. The
analytical results were verified by simulations.
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With the development of multiple-input-multiple-output (MIMO) technology, the over-the-air (OTA) testing of MIMO capable
devices with different sizes needs to be conducted for performance evaluation. The device under test (DUT) should be within
a tridimensional test volume created by multiprobe configurations. Thus, determining the maximum size of test volume could
be vital to test the DUT of different size and larger test volumes should be adopted to evaluate larger DUTs. All types of probe
configurations including the fixed and the flexible probe configurations are investigated in this paper to address this issue. The
maximum of test volume size (MTVS) is determined within the given error threshold of spatial correlation for a given probe
configuration. Simultaneously, the impact of different probe configurations on MTVS is studied in order to obtain larger MTVSs.
Simulation results show that larger MTVSs can be obtained by utilizing the optimal probe configuration with any given 3D channel
model for 3D MIMO OTA testing.

1. Introduction

Multiple-input-multiple-output (MIMO), an important tech-
nology of high-speed wireless communication, has been
adopted in Long Term Evolution (LTE) and LTE-Advanced
[1]. Massive MIMO systems employing a large number of
antennas are used in radio base stations (BSs). As a multiuser
MIMO technology, it would be applied to the fifth-generation
(5G) mobile communication system in the future [2]. MIMO
capable devices include user equipment (UE) assembled
with several antennas and massive MIMO BS equipped with
hundreds of antennas. In order to evaluate the performance
of MIMO capable devices, they need to be tested under
realistic channel propagation environment in the laboratory.
MIMO over-the-air (OTA) testing [3] has been considered
as a promising method for evaluation of the performance
of MIMO capable devices by 3GPP, CTIA, and COST.
Among the several MIMOOTA testing methods, the MIMO
OTA testing method based on multiprobe anechoic chamber
(MPAC) becomes one of the most competitive methods
for its ability to reproduce the multipath wireless channel
environment and obtain higher emulation precision [4].

Three main modules are involved in the MPAC method,
namely, BS emulator or UE emulator (BS emulator adopted
for UE testing and UE emulator adopted for massive BS
testing), channel emulator, and anechoic chamber. The ane-
choic chamber is mainly composed of multiprobe setup,
absorbers and device under test (DUT). The multiprobe
setup is distributed with multiple probes, each of which
includes two polarized antennas (i.e., vertical polarization
and horizontal polarization); the absorbers could attenuate
the electromagnetic waves projected on their surface greatly
and eliminate the reflected electromagneticwaves; theDUT is
placed in the center of the anechoic chamber with the multi-
probe setup. An ideal realistic communication environment
for the DUT could be created by the multiprobe setup and
absorbers.TheMPACmethod could provide a tridimensional
test volume around the DUT where the performance test of
DUT can be imitated in the realistic channel environment.
Note that the DUT size is less than the test volume.

The MPAC method includes two different dimensions
of condition due to the different channel models, namely,
two-dimensional (2D) and three-dimensional (3D). Most of
the standard channel models are 2D channel models; that
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is, only horizontal azimuth angles are defined without the
extension of vertical elevation angles. Some of the literatures
adopted the 2D MPAC method to emulate a 2D standard
channelmodel in a 2Dmultiprobe setup [5–7], in which eight
probes are placed horizontally on a probe ring. However,
the assumption of a 2D channel model is not sufficient to
reproduce the realistic channel environment because the
elevation angle cannot be neglected in the propagation
environment. Hence, an accurate realistic channel propaga-
tion environment should be reproduced when an elevation
extension is introduced. Reference [8] extends the 2DMPAC
method to the 3D MPAC method, in which the multiprobe
setup is 3D and the probes are distributed on a sphere. These
probes compose several probe planes of different elevations
where the probes are placed evenly in a circle on each plane,
that is, probe circle. Taking sixteen probes as an example,
there are three probe circles including the upper, middle, and
lower one. Eight probes are on the middle probe circle, while
four probes are on the upper one and the other on the lower
one, respectively.

The channel environment in the test volume is mostly
generated by geometry-based stochastic models (GBSM),
which introduce the concept of clusters, each of which has a
specific angle power spectrum.The prefaded signal synthesis
(PFS) technique reproduces the channel spatial characteris-
tics in the test volume as a channel emulation technique [9].
Meanwhile, it generates a prefaded signal in each probe of the
multiprobe setup based on the angular power spectrumof the
cluster. The prefaded signals that could synthesize the target
channel environment in the test volume are generated by
assigning the corresponding power weights to the respective
probes. References [10, 11] apply the PFS technique to the
3D MPAC method. The power spectrum of the cluster is
extended from the original 2D power azimuth spectrum
(PAS) to a 3D spherical power spectrum (SPS). Different
3D channel models have variable SPSs, and different SPSs
produce altered 3D channel spatial characteristics.The spatial
correlation is utilized frequently as a figure of merit (FoM)
to evaluate the 3D channel spatial characteristics. Thus, the
error between the target and emulated spatial correlation is
employed to measure the reconstruction accuracy of the 3D
channel emulation.

Several contributions have reported that 3D channel spa-
tial characteristics are reconstructed in 3Dmultiprobe setups
for the UE testing. Four different diameters of spherical
test volume are compared to obtain the maximum diameter
in [10]. However, the test volume is sampled on the three
axes, which might lead to the bad reconstruction accuracy
at certain locations. In other words, the maximum diameter
is just considered for three directions and not exact for all
directions. In [8], the test volume is sampled by selecting
locations on the surface of the ellipsoid, but the size of test
volume is fixed to a certain value, without considering how
to determine the maximum size of test volume within given
accepted correlation error. If themaximumof test volume size
(MTVS) for DUT can be determined in spherical multiprobe
setups, theMIMO terminals of different size can be evaluated
in the anechoic chamber. A few works have also reported
the OTA evaluation of massive MIMO BSs where a sectored

MPAC configuration is proposed [12]. Compared with the
UE, the electrical size of the massive MIMO BS is much
larger. Hence, larger test volumes are needed to evaluate
larger MIMO capable devices. Importantly, the test volume
size depends directly on the number of probe antennas and
is limited owing to the limited number of probe antennas
and output ports of the radio channel emulator [13]. Thus,
it becomes significant to increase the test volume size with a
limited number of probe antennas. So as to increaseMTVS, it
would be a desirable solution to assess the impact of different
probe configurations on MTVS. However, few contributions
have addressed this issue.

In this paper, a novel method is presented to obtain
MTVS. The MTVS for DUT is determined in spherical
multiprobe setups. The test volume is sampled on the surface
of a sphere. Meanwhile, this paper investigates the impact of
probe configurations on MTVS to obtain larger MTVSs. The
probe configurations include the fixed probe configuration
and the flexible probe configurations. The fixed probe con-
figuration means that there are several probe circles in the
probe setup, each of which is with probes placed uniformly.
The flexible probe configuration stands for that the probes
of the setup are distributed arbitrarily for both elevation
angles and azimuth angles. The fixed probe configuration is
adopted to consider the effect of azimuth and elevation angles
independently. The flexible probe configuration is employed
to study the effect of both azimuth and elevation angles
simultaneously. Moreover, the effect of number of probes is
discussed in the flexible configuration as well.

The aim of this paper is multifold:

(1) The MTVS can be determined by calculated results
of spatial correlation error directly and effectively
without complicated system validation and electro-
magnetic calculation [14].Themaximum of DUT size
can be achieved for a given probe configuration.

(2) Different probe configurations including the fixed
and the flexible probe configurations are assessed for
MTVS. The azimuth and elevation angles are var-
ied independently for the fixed probe configuration,
while the azimuth and elevation angles are changed
simultaneously for the flexible probe configuration.
In the flexible probe configuration, two kinds of
optimization algorithms are combined to acquire the
optimal probe configuration for larger MTVSs than
those in the fixed probe configuration.

(3) The proposed method that could determine and
increase the MTVS provides a general framework
to decide MTVS for any channel model and probe
configuration. Simultaneously, larger MTVSs for any
channel model can be obtained with the optimal
probe configuration.

2. Method

2.1. 3D Spherical Power Spectrum. The 3D spherical power
spectrum (SPS) could be modeled as a function of both
elevation angle (𝜃) and azimuth angle (𝜙). It consists of power
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Figure 1: Two considered SPS scenarios.

elevation spectrum (PES) and power azimuth spectrum
(PAS) [15]:

SPS (Ω) = SPS (𝜃, 𝜙) = PES (𝜃)PAS (𝜙) . (1)
whereΩ is the solid angle.The PES and PAS are functions of 𝜃
and 𝜙, respectively. Moreover, the SPS satisfies the condition
of ∮ SPS(Ω)dΩ = 1.

The PAS represents the power distribution of different
incoming waves in the horizontal azimuth, and PES denotes
the power distribution of the different incoming waves at
the vertical height. The PAS is characterized by azimuth of
arrival (AoA) and azimuth spread (AS), while the PES is
characterized by elevation of arrival (EoA) and elevation
spread (ES). AoAandEoAare themean values of the angles of
the different incomingwaves in the horizontal azimuth and at
the vertical height, respectively, and AS and ES represent the
standard deviations of the angles of the different incoming
waves in the horizontal azimuth and at the vertical height,
respectively.

Two target SPS scenarios (A and B) are considered in this
paper.

2.1.1. SPS Scenario A: SPS of Laplacian Distribution for Both
PES and PAS

PES (𝜃) = 𝑄𝜃 exp(−√2 𝜃 − 𝜃𝜎𝜃 ) , [−𝜋2 , 𝜋2 ]
PAS (𝜙) = 𝑄𝜙 exp(−√2 𝜙 − 𝜙𝜎𝜙 ) , [−𝜋, 𝜋] .

(2)

2.1.2. SPS Scenario B: SPS of Laplacian Distribution for PES
and Uniform Distribution for PAS

PES (𝜃) = 𝑄𝜃 exp(−√2 𝜃 − 𝜃𝜎𝜃 ) , [−𝜋2 , 𝜋2 ]
PAS (𝜙) = 12𝜋 , [−𝜋, 𝜋] ,

(3)

where 𝜃 and 𝜙 are the mean elevation and azimuth angles
of arrival of incoming waves, respectively. 𝜎𝜃 and 𝜎𝜙 are
the elevation and azimuth angular spreads, respectively. 𝑄𝜃
and 𝑄𝜙 are scaling constants for PES and PAS, respectively,
ensuring that ∮ SPS(Ω)dΩ = 1 is fulfilled. In this paper, it is
assumed that mean elevation angle is 0∘ (𝜃 = 0∘) and mean
azimuth angle is 0∘ as well (𝜙 = 0∘), while elevation spread
(ES) is 10∘ (𝜎𝜃 = 10∘), and azimuth spread is 35∘ (𝜎𝜙 = 35∘).
The two considered SPS scenarios are illustrated in Figures
1(a) and 1(b).

2.2. Criteria to Evaluate MTVS. The spatial correlation error
is adopted as a FoM to evaluate the test volume size of 3D
MIMO OTA setups in this paper. The spatial correlation at
DUT antenna elements u and v can be expressed as follows
[16]:

𝜌𝑎
= ∮ F𝑢 (Ω) F∗V (Ω) SPS (Ω) dΩ
√∮ F𝑢 (Ω)2 SPS (Ω) dΩ√∮ FV (Ω)2 SPS (Ω) dΩ, (4)

where ( )∗ denotes complex conjugate operation and F𝑢(Ω)
and FV(Ω) are the complex radiation patterns of DUT
antennas 𝑢 and V, respectively, with a common phase center.

Considering the OTA probes are in the far field with
respect to the test volume and DUT antenna pattern is
isotropic, (4) can be rewritten as [8]

𝜌3D (𝑑,𝑚)
= ∮ exp (𝑗𝑘 (⇀𝑟 𝑢,𝑚 − ⇀𝑟 V,𝑚) ⋅ ⇀Ω) SPS (Ω) dΩ, (5)

where ⇀𝑟 𝑢,𝑚 and ⇀𝑟 V,𝑚 are two sample points at the opposite
position of the surface of the fixed spherical test volume in
the anechoic chamber, which are defined as the𝑚th location
pair. The length of ⇀𝑟 𝑢,𝑚 − ⇀𝑟 V,𝑚 represents the DUT antenna
separation 𝑑, that is,the diameter of spherical test volume. ⇀Ω
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is a 3D unit vector denoting the solid angle Ω. k is the wave
number. Note that the diameter d of spherical test volume
represents the test volume size. Therefore, the target spatial
correlation 𝜌3D(𝑑,𝑚) is the function of the test volume size d
for themth location pair.

In 3D multiprobe OTA setups with a limited number
of antennas 𝑁, the emulated spatial correlation could be
calculated:

𝜌OTA (w, 𝑑, 𝑚) = 𝑁∑
𝑛=1

𝑤𝑛 exp (𝑗𝑘 (⇀𝑟 𝑢,𝑚 − ⇀𝑟 V,𝑚) ⋅ ⇀Φ𝑛) , (6)

wherew = [𝑤1, . . . , 𝑤𝑛, . . . , 𝑤𝑁]𝑇 is a power weighting vector
to be optimized. ⇀Φ𝑛 is a 3D unit position vector of the nth
probe. The total number of probes is defined as N. Once the
power weighting vectorw is determined, the emulated spatial
correlation 𝜌OTA(𝑑,𝑚) is only the function of the test volume
size 𝑑 for the𝑚th location pair.

The spatial correlation error (|𝜌3D(𝑑,𝑚) − 𝜌OTA(𝑑,𝑚)|) is
obtained from the absolute value of the difference between
target spatial correlation 𝜌3D(𝑑,𝑚) and emulated spatial
correlation 𝜌OTA(𝑑,𝑚) for the mth location pair. Hence,
the MTVS could be determined according to the root
mean square (rms) of the spatial correlation error |𝜌3D(𝑑) −𝜌OTA(𝑑)|. ForM location pairs, the rms error 𝜎rms(𝑑) that is a
function of the test volume size d can be expressed as follows:

𝜎rms (𝑑) = √ 1𝑀
𝑀∑
𝑚=1

𝜌3D (𝑑,𝑚) − 𝜌OTA (𝑑,𝑚)2. (7)

The threshold of 0.05 [10] is given for𝜎rms(𝑑) to determine
the MTVS. Therefore, MTVS can be obtained within a
maximum rms error of 0.05. It should be mentioned that
the MTVS is recommended for MIMO OTA testing in the
multiprobe anechoic chamber.

2.3. Optimal OTA Antenna Power Weights. The power
weighting vector w in (6) could be determined by convex
optimization [17]. The objective function 𝑓𝑂(𝑑) of convex
optimization is described as

𝑓𝑂 (𝑑) = min
w

𝜌3D (𝑑) − 𝜌OTA (w, 𝑑)22
s.t. 0 ≤ 𝑤𝑖 ≤ 1 (∀𝑖 ∈ [1,𝑁]) , ‖w‖1 = 1, (8)

where 𝜌3D(𝑑) and 𝜌OTA(w, 𝑑) are the target spatial correla-
tion and emulated spatial correlation vectors, respectively,
with each element corresponding to the spatial correlation
between two isotropic antennas at a certain location pair
inside the fixed test volume.

2.4. Probe Location Optimization. Combined with the afore-
mentioned convex optimization, what is called probe location
optimization algorithm (PLOA) is adopted to obtain the
optimal probe location and probe weights in flexible probe
configurations.

The convex optimization and genetic algorithm (GA) are
used to obtain the minimal rms error of spatial correlation

in a fixed test volume [18]. In [18], the convex optimization is
adopted to optimize power weights for each probe once the
probe locations are selected in the iterative process ofGA.The
objective function of convex optimization in (8) is adopted
as the fitness function of GA. Therefore, the minimal rms
error of spatial correlation is not achieved until themaximum
iterative number is reached. The method description in [18]
is not detailed here. On the basis of [18], the different test
volume sizes are considered in this paper. Differently, the
objective in this paper is to minimize the sum of rms errors
in different test volume sizes using convex optimization and
PLOA. It is clear that different test volume sizes have different
objective function values of convex optimization in (8). The
sumof objective function values for different test volume sizes
is employed as the fitness function 𝑓𝐹 of PLOA as follows:

𝑓𝐹 = 𝐿∑
𝑙=1

𝑓𝑂 (𝑑𝑙) , (9)

where d = [𝑑1, . . . , 𝑑𝑙, . . . , 𝑑𝐿] with 𝑑𝑙 = 𝑑𝑙−1 + 𝑑step being
a vector representing the different test volume sizes. L is the
number of test volume sizes. In addition, 𝑑step is the step of d.

Three PLOAs are adopted for comparison in this paper,
namely, the GA [19], the chicken swarm optimization (CSO)
[20], and the improved chicken swarm optimization (ICSO)
[21].

2.4.1. GA. GA is an optimization method for mimicking
natural selection and genetic mechanism. It is based on
Darwin’s theory of biological evolution and Mendel’s theory
of genetics. Gene hybridization and gene mutations would
produce offspring with strong environmental adaptability,
and the genetic structure with high fitness is preserved by
natural selection of the survival of the fittest. Therefore, GA
is formed by imitating the biological genetic, evolutionary
principle, and citing the principle of random statistics. Nev-
ertheless, its ability to explore the new space is limited and it
can converge to the local optimal solution easily. Moreover,
the search speed is relatively slow so that more training time
is needed to obtain the more accurate solution scheme. In
addition, the programming implementation is quite complex,
that is, coding the problem first and decoding the problem
after finding the optimal solution. The algorithm description
of GA is given in [19] and not detailed here briefly.

2.4.2. CSO. CSO is a novel bionic algorithm that fully inherits
the characteristics of swarm intelligence optimization. Indi-
vidual classification and cooperative optimization are utilized
in this algorithm. Thus, the optimal solution maximally can
be dug and prematureness can be avoided simultaneously.
The CSO mimics the hierarchal order and the individual
foraging behavior of the chicken swarm. According to the
fitness value of the chicken swarm, it can be divided into
several groups, each of which consists of one rooster and
some hens and chicks. Each individual corrects its position
to get a better feeding position according to its own laws
of motion, so that its fitness value is as small as possible.
Mimicking this chicken wisdom can be a good solution
to practical optimization problems. The detailed algorithm
description of CSO could be referred to in [20].
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Circle 1

Circle 2

Circle 3

Figure 2: An original 3D probe setup with 16 probes. Red mark
denotes the center of 3D sphere and blue marks denote the position
of probes on the sphere.

2.4.3. ICSO. Considering that the original CSO is easy to fall
into local optimumand premature convergence when solving
high-dimensional optimization problem, the ICSO algorithm
is presented in [21]. The algorithm adds the part of chicks
learning from the rooster in chicks’ own group to chick’s
position update equation and introduces the learning factor
and inertia weight. Therefore, it is easier to find the global
optimal value using ICSO for high-dimensional optimization
problem. The algorithm description of ICSO could be found
in [21].

3. Simulation Results

3.1. Effect of Azimuth Angle of Probe on MTVS. The effect
of azimuth angle of probe on MTVS is assessed based on
an original 3D probe setup with 16 probes, as shown in
Figure 2. The setup has three elevation-separated circles of
OTA probes, named circle 1, circle 2, and circle 3, respectively.
In the setup, circle 1, circle 2, and circle 3 are composed of
four, eight, and four probes, with elevation angle of −30∘,
0∘, and +30∘, respectively. The probes are placed evenly on
three circles where circle 1 and circle 3 are symmetrical with
regard to circle 2; that is, there are four probes having the same
azimuth angle in three circles, respectively.

In the original setup with 16 probes, the rms error of
spatial correlation is presented as a function of test volume
size d for two SPS scenarios that can be seen from Figure 3.
The rms monotonically increases within the rms interval of[0, 0.05]. There is only one value of d when fixing rms = 0.05,
asmarked in Figure 3. In addition, theMTVS can be obtained
within the given maximum rms error of 0.05 for each SPS
scenario, that is, 0.75𝜆 and 0.95𝜆 for SPS scenarios A and B,
respectively. Compared with the MTVS for SPS scenario A, a
larger MTVS can be obtained for SPS scenario B.

The effect of azimuth angle of probe onMTVS is assessed
by rotating the probe circle horizontally. There are three
setup cases of rotating the probe circle considered here. The
azimuth angles of probe for each elevation circle for three

SPS scenario A
SPS scenario B
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Figure 3: Rms error of spatial correlation with test volume size 𝑑 for
two SPS scenarios in the original setup.
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Figure 4: MTVS with different rotation angles for three setup cases
(cases A, B, and C) employing the SPS scenario A.

setup cases are tabulated in Table 1. The variables 𝑥, 𝑦, 𝑧
represent the rotation angle of probe circle.

Figure 4 displays theMTVSwith different rotation angles
for three setup cases employing the SPS scenario A. It can
be found that the MTVS decreases with probe circle rotating
from 0∘ to 22.5∘, while the MTVS increases as increasing the
rotation angle from22.5∘ to 45∘ in setup caseA. For both setup
cases B and C, the curves are both symmetrical with regard
to rotation angle 45∘. Therefore, the largest MTVS of 0.75𝜆 is
obtained without rotation (i.e., the original setup) for three
setup cases employing the SPS scenario A.
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Table 1: Azimuth angles of probe for each elevation circle for three
setup cases.

Setup
case

Probe azimuth angles
Circle 1 Circle 2 Circle 3

A −180∘ + j ∙ 90∘,𝑗 ∈ [1, . . . , 4]
−180∘ + x + j ∙ 45∘,𝑗 ∈ [1, . . . , 8]𝑥 ∈ [0, . . . , 45]

−180∘ + j ∙ 90∘,𝑗 ∈ [1, . . . , 4]
B −180∘ + j ∙ 90∘,𝑗 ∈ [1, . . . , 4] −180∘ + j ∙ 45∘,𝑗 ∈ [1, . . . , 8]

−180∘ + y + j ∙ 90∘,𝑗 ∈ [1, . . . , 4]𝑦 ∈ [0, . . . , 90]
C

−180∘− z + j ∙ 90∘,𝑗 ∈ [1, . . . , 4]𝑧 ∈ [0, . . . , 90]
−180∘ + j ∙ 45∘,𝑗 ∈ [1, . . . , 8]

−180∘ + z + j ∙ 90∘,𝑗 ∈ [1, . . . , 4]𝑧 ∈ [0, . . . , 90]
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Figure 5: MTVS with different rotation angles for three setup cases
(cases A, B, and C) employing the SPS scenario B.

The MTVS with variable rotation angle for three setup
cases is illustrated in Figure 5 by adopting the SPS scenario
B. For setup case A, the MTVS keeps constant with probe
circle rotating from0∘ to 45∘.The curves are symmetrical with
regard to rotation angle 45∘ for both setup case B and setup
case C. However, the largest MTVS of 0.95𝜆 is obtained at
rotation angle 45∘ besides 0∘ for setup case C, unlike setup
case B.

For setup case C, circle 1 and circle 3 are symmetrical
with regard to circle 2 at rotation angle 45∘ as well but the
azimuth distribution of probes is changed compared with
rotation angle 0∘. Comparing two SPS scenarios for setup
case C, the varied symmetrical setups with different azimuth
distributions of probes (i.e., at rotation angle 45∘ and 0∘)
have the same MTVS for PAS of uniform distribution, while
different for PAS of Laplacian distribution.

3.2. Effect of Elevation Angle of Probe Circle and ES on MTVS.
In this part, the effects of elevation angle of probe circle and
ES on MTVS are investigated based on the original setup.
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Figure 6: MTVS as a function of EPC with different values of ES for
SPS scenario A.
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Figure 7: MTVS as a function of EPC with different values of ES for
SPS scenario B.

The elevation angle of probe circle (EPC) investigated in this
paper means the elevation angle of circle 3 mentioned in
Section 3.1 where circle 1 and circle 3 are equidistant with
regard to circle 2. Considering the practical spherical setup
in the anechoic chamber, the EPC is selected from 15∘ to
75∘ with an interval of 5∘ for exploring the effect of EPC. In
the practical SPS of 3D channel model, ES is selected from
15∘ to 20∘ with an interval of 5∘ to investigate the effect of
ES. Figure 6 plots the MTVS as a function of EPC for SPS
scenario A with different values of ES. For SPS scenario B,
the MTVS with varying EPC is shown in Figure 7.
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Table 2:The parameters of vector representing different test volume
sizes for different number of probes.

Number of probes Parameters of vector (𝜆)𝑑1 𝑑step 𝑑𝐿
8 0 0.1 1
12 0 0.3 1.5
16 0 0.2 2

Firstly, the effect of EPC on MTVS is investigated. Fixing
ES = 10∘, varied EPCs lead to different MTVSs, as shown in
Figures 6 and 7. For SPS scenario A, the functionMTVS with
15∘ ≤ EPC ≤ 75∘ has two same global maxima of 0.76𝜆 at EPC
= 20∘ and EPC = 25∘. For SPS scenario B, the functionMTVS
with 15∘ ≤ EPC ≤ 75∘ has three same global maxima of 0.96𝜆
at EPC = 15∘, EPC = 20∘, and EPC = 25∘. Hence, the optimal
EPC for the largest MTVS can be found when azimuth angle
of probe, the number of probes, and ES are given.

Then the influence of ES onMTVS is studied when fixing
EPC = 30∘. The identical MTVS of 0.75𝜆 is obtained with
three different values of ES for SPS scenario A from Figure 6.
As shown in Figure 7, ES of 10∘ can achieve the largest MTVS
of 0.95𝜆 among three different values of ES for SPS scenario
B, while ES of 20∘ can obtain the smallest one. Hence, the
optimal ES for the largest MTVS can be found when azimuth
angle of probe, the number of probes, and EPC are given.

Finally, the effects of combining EPC and ES on MTVS
are researched. For SPS scenario A, the effect of ES becomes
more evident when EPC is not in an interval of [25∘, 40∘]. For
instance, when setting EPC = 15∘, as highlighted in Figure 6,
MTVS is 0.75𝜆 with ES = 10∘, 0.72𝜆 with ES = 15∘, and 0.46𝜆
with ES = 20∘. However, three different values of ES have
the same MTVS at EPC 30∘ and 35∘. For SPS scenario B, the
effect of ES is clear when EPC is 15∘ and 65∘, as highlighted in
Figure 7. When setting the EPC as 15∘, MTVS is 0.96𝜆 with
ES = 10∘, 0.89𝜆 with ES = 15∘, and 0.42𝜆 with ES = 20∘. When
considering EPC of 65∘, MTVS is 0.93𝜆 with ES = 10∘, 0.91𝜆
with ES = 15∘, and 0.52𝜆 with ES = 20∘. The function MTVS
with ES = 10∘ and the functionMTVSwith ES = 15∘ both have
a local maximum at EPC = 65∘.

Due to the effects of both EPC and ES on MTVS for two
SPS scenarios, it can be found that the EPC for the largest
MTVS increases as the value of ES increases. For SPS scenario
A, the minimal EPC for the largest MTVS is 10∘ larger than
ES for each ES. For SPS scenario B, the minimal EPC for the
largest MTVS is 5∘ larger than ES for each ES. In addition,
the MTVS decreases generally along with an augmentation
of ES for different EPCs. Therefore, the optimal combination
of EPC and ES for the largest MTVS can be acquired for each
SPS scenario.

3.3. Effect of Number of Probes on MTVS. The effect of differ-
ent number of probes in the flexible probe configuration on
MTVS is investigated in this part where eight probes, twelve
probes, and sixteen probes are considered, respectively. The
parameters of vector d representing variable test volume sizes
for different number of probes are summarized in Table 2.

Table 3: Test cases considered for algorithm comparison.

Test
case PLOA

Algorithm parameters
Maximum number of

iterations Population size

A GA 100 50
B CSO 100 50
C ICSO 100 50
D CSO 200 100

Table 4: Statistics of the MTVS results for two SPS scenarios and
test case A employing different number of probes.

Number of
probes

MTVS (𝜆)
SPS scenario A SPS scenario B

8 0.92 0.56
12 1.45 0.72
16 1.57 0.94

Table 5: Statistics of the MTVS results for SPS scenario A and the
test cases A, B, and C employing different number of probes.

Number of probes MTVS (𝜆)
Test case A Test case B Test case C

8 0.92 1.02 0.89
12 1.45 1.18 1.44
16 1.57 1.57 1.84

Four test cases of PLOA are considered in Table 3, which
summarizes two parameters used in the PLOA except the
other default parameters.

Considering the test case A firstly, the rms error of spatial
correlation is presented as a function of test volume size for
two SPS scenarios employing different number of probes that
can be found from Figure 8. Fixing rms = 0.05, statistics of
the MTVS results for different number of probes and SPS
scenarios are summarized in Table 4. It can be seen that as the
number of probes increases, so does the MTVS. In addition,
compared with theMTVS results in the original setup with 16
probes, a larger MTVS can be obtained in the flexible probe
configuration for SPS scenario A, while the MTVS is smaller
for SPS scenario B. Therefore, the fixed probe configuration
is more suitable for channel model with uniform distribution
while the flexible probe configuration is more suitable for
channel model with nonuniform distribution in terms of
obtaining larger MTVSs.

Then considering SPS scenario A, three PLOAs are
compared for different number of probes. Figure 9 presents
the rms error of spatial correlation as a function of test volume
size employing different number of probes for SPS scenario
A and the test cases A, B, and C. The corresponding MTVS
results are summarized in Table 5.

CSO can achieve a larger MTVS for eight probes
and ICSO can obtain a larger MTVS for sixteen probes
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Figure 8: Rms error of spatial correlation as a function of test
volume size d for two SPS scenarios and test case A employing
different number of probes.
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Figure 9: Rms error of spatial correlation as a function of test
volume size employing different number of probes for SPS scenario
A and the test cases A, B, and C.

because CSO is suitable for solving low-dimensional opti-
mization problemwhile ICSO is appropriate for solving high-
dimensional optimization problem.

Considering CSO finally, different maximum number of
iterations and population size are compared for SPS scenario
A employing different number of probes. Figure 10 presents
the rms error of spatial correlation as a function of test volume

Table 6: Statistics of the MTVS results for SPS scenario A and the
test cases B and D employing different number of probes.

Number of
probes

MTVS (𝜆)
Test case B Test case D

8 1.02 1
12 1.18 1.55
16 1.57 1.9
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Figure 10: Rms error of spatial correlation as a function of test
volume size employing different number of probes for SPS scenario
A and the test cases B and D.

size employing different number of probes for SPS scenario A
and the test cases B and D. The corresponding MTVS results
are summarized in Table 6. It can be demonstrated that larger
MTVSs can be obtained by increasing the maximum number
of iterations and population size.

4. Conclusion

This paper presents a method to determine MTVS and
investigates the impact of probe configurations on MTVS
in order to obtain larger MTVSs. From the simulation
results, it can be deduced that symmetrical configuration is
optimal for larger MTVSs considering the effect of azimuth
angle of probe on MTVS in the fixed probe configuration.
Moreover, the optimal combination of EPC and ES for the
largest MTVS can be found for each SPS scenario. In the
flexible probe configuration, larger MTVSs can be obtained
than those in the fixed probe configuration employing the
same number of probes for PAS of nonuniform distribution.
In addition, larger MTVSs can be achieved when more
probes are employed with PLOA and convex optimization.
It is obtained that the PLOA solving high-dimensional
optimization problem is more suitable for a larger number
of probes. The determination and increasing of MTVS are



Wireless Communications and Mobile Computing 9

meaningful to determine the maximum of DUT size for a
given probe configuration and increase theMTVS forMIMO
OTA testing.
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