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The aggregate demand for multimedia services, high mobil-
ity, and global connectivity has resulted in recent years in an
explosion of new technologies for wireless communication
systems. All components of a wireless communication system
ranging from digital modulation schemes over channel
coding techniques up to higher layer protocols are more
or less influenced by the characteristics of the mobile
radio channel. A thorough understanding of the mobile
radio channel is therefore crucial for the development,
performance optimization, and testing of present as well as
next-generation mobile radio systems. This is one of the
reasons why exploring the mobile radio channel has always
been a key research topic from the very beginning of mobile
communications to the present. Currently, the research on
mobile radio channels involves a variety of challenging topics
such as the modeling of car-to-car channels, multiple-input
multiple-output (MIMO) channels, cooperative channels,
satellite channels, and ultrawideband channels, only to name
a few. The objective of this special issue is to give an overview
of the state-of-the-art research in the fascinating area of
modeling and simulation of mobile radio channels. This
special issue is composed of five papers.

The paper entitled “A Three-Dimensional Geometry-
Based Statistical Model of 2 × 2 Dual-Polarized MIMO
Mobile-to-Mobile Wideband Channels” uses a geometric
scattering approach to derive a three-dimensional (3D)
parametric reference model for wideband dual-polarized
MIMO mobile-to-mobile (M2M) channels. The authors
assume nonisotropic scattering, where the distribution of the
scatterers is characterized in the azimuth direction through
the von Mises distribution and in the elevation direction
by the cosine distribution. The statistical properties of the

reference channel model are controlled by a large number
of physical model parameters, including the velocities of
the transmitter and the receiver, the distance between the
transmitter and the receiver, the 3D antenna pattern gains,
the azimuth and elevation angles of arrival (departure),
the geometrical distribution of the scatterers, the Rician
K-factor, the maximum Doppler frequency, the scattering
loss factor, the cross-polar power discrimination ratio, and
the copolarization power ratio. The spotlight here is on
the derivation and analysis of the time-frequency corre-
lation function of the proposed reference model for 3D
nonisotropic scattering environments. With the knowledge
of the time-frequency correlation function, an essential
prerequisite is provided for the performance analysis and
optimization of mobile-to-mobile communication systems
employing 2× 2 dual-polarized architectures.

The paper “An Accurate Hardware Sum-of-Cisoids
Fading Channel Simulator for Isotropic and NonIsotropic
Mobile Radio Environments” presents a hardware simulator
for mobile fading channels characterized by Doppler power
spectral densities with arbitrary symmetrical and asymmet-
rical shapes. The hardware simulator’s architecture described
in this paper is based on an efficient implementation of
the sum-of-cisoids principle. According to this principle, a
finite number of complex sinusoids (cisoids) are combined
to generate complex-valued waveforms with statistical prop-
erties resembling those of a given reference channel model.
Each of the cisoids that constitute the sum-of-cisoids model
is synthesized in hardware using a piecewise polynomial
approximation technique, which offers a high-performance
alternative to traditional solutions using look-up tables.
The architecture of the hardware simulator is capable



2 Modelling and Simulation in Engineering

of handling any configuration of the cisoids’ amplitudes,
frequencies, and phases. The flexibility and accuracy of the
authors’ implementation scheme are demonstrated through
a variety of numerical results of the first- and second-order
statistics of emulated Rayleigh fading channels assuming
different isotropic and nonisotropic scattering conditions.
The authors analyze the computational complexity of the
hardware simulator in an FPGA implementation with 32
cisoids and different data path bit-widths. To better assess
the complexity of their proposal, they provide a comparison
with two alternative hardware fading channel simulators,
which are also built on the sum-of-sinusoids principle. Aside
from its efficiency and accuracy, the main feature of the
hardware fading channel simulator presented in this paper
is the capability of simulating mobile fading channels under
a wide range of scattering conditions.

The paper “Filter-Based Fading Channel Modeling” out-
lines a filter-based approach for the design of fading channel
simulators. As distinct from the sum-of-sinusoids concept,
which has been studied extensively in the last two decades for
the modeling and simulation of multipath fading channels,
the filter concept has attracted only little attention in the
past. This is mainly due to the design complexity of digital
filters and its restriction to channel models described by
rational Doppler power spectral densities. This third paper
addresses the design of Rayleigh fading channel simulator
using infinite impulse response (IIR) filters for shaping the
Doppler spectrum. Specifically, the authors proposed an
iterative technique for the IIR filter design with fixed-point
arithmetic by considering both isotropic and nonisotropic
scattering scenarios. The proposed iterative algorithm for
the determination of the filter coefficients is described in a
systematic manner. The authors also provide an overview of
alternative methods for the design of digital filters and they
discuss their respective advantages and disadvantages.

The authors of the paper, “Wideband and Ultrawideband
Channel Models in Working Machine Environment,” focus
on a rather new topic in the area of mobile radio channel
modeling. This paper presents statistical models for wide-
band and ultrawideband (UWB) radio channels in specific
working environments, such as working machine cabins.
From the analysis of measurement data collected in such
kinds of rather small and confined propagation environ-
ments, it turned out that the channel impulse response is
mainly composed of a sum of diffuse multipath components
rather than of specular components. In wideband channels,
the path gains associated with the various delay bins are
generally Rayleigh distributed, whereas only a few path gains
exhibit a Rician distribution. This is in contrast to UWB
channels, in which the path gains associated with the delay
bins show a tendency to follow the log-normal distribution.
The results of the measurements were used to estimate the
key channel parameters for the development of stochastic
channel simulators. The developed mobile radio channel
models provide important information to the designers of
wireless communication systems dedicated to operate in
working machine cabins.

In the paper “Design of Wideband MIMO Car-to-Car
Channel Models Based on the Geometrical Street Scattering

Model,” the authors deal with the modeling and simulation
of channel models for car-to-car (C2C) communication
systems. The starting point is an environment-specific
geometrical street scattering model, which assumes that the
local scatterers are uniformly distributed over two separated
rectangular scattering areas located on opposite sides of the
street. From the geometrical scattering model, the authors
derive a reference model for a wideband MIMO C2C channel
model by assuming that the number of scatterers is infinite.
The statistical properties of the reference model are analyzed,
where the emphasis lies on the space-time-frequency cross-
correlation function from which many other important
system functions and characteristic quantities can be easily
derived. To validate the proposed channel model, the mean
Doppler shift and the Doppler spread of the reference model
have been matched to measurement data. In a further
step, an efficient sum-of-cisoids channel simulator has been
derived from the reference model. It is demonstrated that the
statistical properties of the sum-of-cisoids channel simulator
match very well those of the reference model. The proposed
geometry-based channel simulator is useful for studying the
effect of local scatterers along the street on the performance
of C2C communication systems.

Matthias Pätzold
Neji Youssef

Carlos A. Gutierrez
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We propose a wideband multiple-input multiple-output (MIMO) car-to-car (C2C) channel model based on the geometrical street
scattering model. Starting from the geometrical model, a MIMO reference channel model is derived under the assumption of
single-bounce scattering in line-of-sight (LOS) and non-LOS (NLOS) propagation environments. The proposed channel model
assumes an infinite number of scatterers, which are uniformly distributed in two rectangular areas located on both sides of the
street. Analytical solutions are presented for the space-time-frequency cross-correlation function (STF-CCF), the two-dimensional
(2D) space CCF, the time-frequency CCF (TF-CCF), the temporal autocorrelation function (ACF), and the frequency correlation
function (FCF). An efficient sum-of-cisoids (SOCs) channel simulator is derived from the reference model. It is shown that the
temporal ACF and the FCF of the SOC channel simulator fit very well to the corresponding correlation functions of the reference
model. To validate the proposed channel model, the mean Doppler shift and the Doppler spread of the reference model have
been matched to real-world measurement data. The comparison results demonstrate an excellent agreement between theory and
measurements, which confirms the validity of the derived reference model. The proposed geometry-based channel simulator allows
us to study the effect of nearby street scatterers on the performance of C2C communication systems.

1. Introduction

C2C communications is an emerging technology, which
receives considerable attention due to new traffic telematic
applications that improve the efficiency of traffic flow and
reduce the number of road accidents [1]. The development of
C2C communication technologies is supported in Europe by
respected organizations, such as the European Road Trans-
port Telematics Implementation Coordinating Organization
(ERTICO) [2] and the C2C Communication Consortium
(C2C-CC) [3]. In this context, a large number of research
projects focussing on C2C communications are currently
being carried out throughout the world.

In C2C communication systems, the underlying radio
channel differs from traditional fixed-to-mobile and mobile-
to-fixed channels in the way that both the transmitter and the
receiver are in motion. In this connection, robust and reliable
traffic telematic systems have to be developed and tested,
which calls for new channel models for C2C communication
systems. Furthermore, MIMO communication systems can

also be of great interest for C2C communications due to their
higher throughput [4]. In this regard, several MIMO mobile-
to-mobile (M2M) channel models have been developed and
analyzed under different scattering conditions induced by,
for example, the two-ring model [5], the elliptical model
[6], the T-junction model [7], and the geometrical street
model [8, 9]. A 2D reference model for narrowband single-
input single-output (SISO) M2M Rayleigh fading channels
has been proposed by Akki and Haber in [10, 11]. Simulation
models for SISO M2M channels have been reported in [12,
13]. In [5, 14, 15], the 2D reference and simulation models
have been presented for narrowband MIMO M2M channels.
The proposed model in [15] combines the two-ring model
and the elliptical model, where a combination of single- and
double-bounce scattering in LOS propagation environments
is assumed.

All aforementioned channel models are narrowband
M2M channel models. In contrast with narrowband chan-
nels, a channel is called a wideband channel or frequency-
selective channel if the signal bandwidth significantly exceeds
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the coherence bandwidth of the channel. Owing to increasing
demands for high data rate wideband communication
systems employing MIMO technologies, such as MIMO
orthogonal frequency division multiplexing (OFDM) sys-
tems, it is of crucial importance to have accurate and
realistic wideband MIMO M2M channel models. According
to IEEE 802.11p [16], the dedicated frequency bands for
short-range communications [17] will be between 5770 MHz
and 5925 MHz depending on the region. The range 5795–
5815 MHz will be devoted to Europe, while 5850–5925 MHz
and 5770–5850 MHz will be assigned to North America and
Japan, respectively. Consequently, a large number of C2C
channel measurements have been carried out at different
frequency bands, for example, at 2.4 GHz [18], 3.5 GHz
[19], 5 GHz [20, 21], 5.2 GHz [22], and 5.9 GHz [23]. Real-
world measurement campaigns for wideband C2C channels
can be found in [24–27]. In the literature, there exist
several papers [28–30] with the focus on the modeling
of wideband MIMO M2M channels. A reference model
derived from the geometrical T-junction scattering model
has been proposed in [7] for wideband MIMO vehicle-to-
vehicle (V2V) fading channels. In [29], a three-dimensional
(3D) model for a wideband MIMO M2M channel has been
studied. Its corresponding first- and second-order statistics
have been investigated and validated on the basis of real-
world measurement data. In the same paper, it has been
shown that 3D scattering scenarios are more realistic than 2D
scattering scenarios. However, 2D scattering models are more
complexity efficient, and they provide a good approximation
to 3D scattering models [31]. For those reasons, we propose
in our paper a 2D street scattering model.

In the literature, numerous fundamental channel models
with different scatterer distributions, such as the uniform,
Gaussian, Laplacian, and von Mises distribution, have been
proposed to characterize the angle-of-departure (AOD) and
the angle-of-arrival (AOA) statistics. In [32], the author
studied the effect of Gaussian distributed scatterers on the
channel characteristics in a circular scattering region around
a mobile station. The spatial and temporal properties of the
first arrival path in multipath environments have also been
analyzed in [32]. The authors of [9] assume rectangular
scattering areas on both sides of the street, in which an
infinite number of scatterers are uniformly distributed. It has
been observed that the shape of the Doppler power spectral
density (PSD) resembles a Gaussian function if the width of
the scattering area is very large.

In contrast to our previous work in [9], where the focus
was on the derivation of a reference channel model for
narrowband SISO C2C channels, we design in this paper a
wideband MIMO C2C channel model by starting from the
same geometrical street scattering model. We focus on the
statistical characterization of a wideband reference channel
model assuming that an infinite number of scatterers are
uniformly distributed within two rectangular areas. The
radio propagation phenomena in street environments are
modelled by a wide-sense stationary uncorrelated scattering
process, where in addition a LOS component is taken into
account. The reference model has been derived from the
geometrical street scattering model assuming that the AOD

and the AOA are dependent due to single-bounce scattering.
To account for the nature of C2C channels, we take the
mobility of both the transmitter and the receiver for granted.

In our model, we consider a 2D street scattering environ-
ment to reduce the computational cost by still guaranteeing
a good match between the reference model and measured
channels. A typical propagation scenario for the proposed
model is illustrated in Figure 1, where the buildings and the
trees are considered as scattering objects. Such a typical dense
urban environment scenario allows us to assume that the
local scatterers are uniformly distributed in a specific area.
An analytical expression will be derived for the STF-CCF
from which the 2D space CCF, the TF-CCF, the temporal
ACF, and the FCF can be obtained directly. To validate the
proposed reference model, the mean Doppler shift and the
Doppler spread of the reference model have been matched
to the corresponding quantities of the measured channel
described in [25] for different propagation environments,
such as urban, rural, and highway areas. Furthermore, we
have derived an SOC channel simulator from the reference
model. It is shown that the designed channel simulator
matches the underlying reference model with respect to the
temporal ACF and the FCF.

The rest of this paper is organized as follows. Section 2
describes the geometrical street scattering model. In
Section 3, the reference channel model is derived from the
geometrical street model. Section 4 analyzes the correlation
properties of the reference model, such as the STF-CCF,
the 2D space CCF, the TF-CCF, the temporal ACF, and the
FCF. The computation of the measurement-based model
parameters and the characteristic quantities describing the
Doppler effect are discussed in Section 5. Section 6 describes
briefly the simulation model derived from the reference
model. The illustration of some numerical results found for
the correlation functions of the reference model and the
corresponding simulation model is the topic of Section 7.
Finally, Section 8 draws the conclusion of the paper.

2. The Geometrical Street Scattering Model

This section briefly describes the geometrical street scattering
model for wideband MIMO C2C channels. The proposed
geometrical model describes the scattering environment in
an urban area, where the scatterers are located in two
rectangular areas on both sides of the street as illustrated in
Figure 2. We consider rectangular grids formed by rows and
columns, where the length and the width of the rectangular
grids are denoted by LA = A1 + A2 and Bi (i = 1, 2),
respectively. The scatterer located in the mth column of
the nth row is denoted by S(mn) (m = 1, 2, . . . ,M, n =
1, 2, . . . ,N). It is assumed that the local scatterers S(mn) are
uniformly distributed in the rectangles. The symbols MST
and MSR in Figure 2 stand for the mobile transmitter and
the mobile receiver, respectively. The symbol D represents
the scalar projection of the distance between the transmitter
and the receiver onto the x-axis. The transmitter (receiver) is
located at a distance yT1 (yR1 ) from the left-hand side of the
street and at a distance yT2 (yR2 ) from the right-hand side of
the street. Both the transmitter and the receiver are in motion
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MSR

MST

Figure 1: A typical propagation scenario along a straight street in urban areas.

and equipped withMT transmitter antenna elements andMR

receiver antenna elements, respectively. The antenna element
spacings at the transmitter and the receiver are denoted by δT
and δR, respectively. The symbols α(mn)

T and α(mn)
R denote the

AOD and the AOA, respectively. The angle γT(γR) describes
the tilt angle of the transmitter (receiver) antenna array.
Moreover, it is assumed that the transmitter (receiver) moves
with speed vT (vR) in the direction determined by the angle
of motion ϕTv (ϕRv ).

3. The Reference Model

3.1. Derivation of the Reference Model. In this section, we
derive the reference model for the MIMO C2C channel under
the assumption of LOS and NLOS propagation conditions.
From Figure 2, we realize that the (mn)th homogeneous

plane wave emitted from the lth antenna element A(l)
T (l =

1, 2, . . . ,MT) of the transmitter travels over the local scatterer
S(mn) before impinging on the kth antenna element A(k)

R (k =
1, 2, . . . ,MR) of the receiver. The reference model is based on
the assumption that the number of local scatterers within
both rectangular areas is infinite, that is, M,N → ∞. The
temporal, spatial, and frequency characteristics of the refer-
ence model are determined by theMR × MT channel matrix
H( f ′, t) = [Hkl( f ′, t)]MR×MT

, where Hkl( f ′, t) denotes the
time-variant transfer function (TVTF) of the channel for the
link between the lth transmitter antenna elementA(l)

T and the
kth receiver antenna element A(k)

R . The TVTF Hkl( f ′, t) can
be expressed as a superposition of the diffuse component and
the LOS component as follows:

Hkl
(
f ′, t

) = HDIF
kl

(
f ′, t

)
+HLOS

kl

(
f ′, t

)
, (1)

where HDIF
kl ( f ′, t) and HLOS

kl ( f ′, t) represent the diffuse and
the LOS components of the channel, respectively.

Note that the single-bounce scattering components bear
more energy than the double-bounce scattering components.
Hence, in our analysis, we model the diffuse component
HDIF
kl ( f ′, t) by only taking into account the single-bounce

scattering effects, which is in accordance with the assump-
tions made in [28, 33]. From the geometrical street scattering
model shown in Figure 2, we can derive the TVTF of the
diffuse component, which results in the following expression:

HDIF
kl

(
f ′, t

) = lim
M,N→∞

1
√

(cR + 1)MN

M,N∑

m,n=1

al,mnbk,mncmn

· e j[θmn+2π( f (mn)
T + f (mn)

R )t−2π f ′τ′(mn)
kl ],

(2)

where

al,mn = e jπ(δT /λ)(MT−2l+1) cos(α(mn)
T −γT ), (3)

bk,mn = e jπ(δR/λ)(MR−2k+1) cos(α(mn)
R −γR), (4)

cmn = e− j(2π/λ)(yT1 / sin(α(mn)
T )+yR1 / sin(α(mn)

R )), (5)

f (mn)
T = fTmax cos

(
α(mn)
T − ϕTv

)
, (6)

f (mn)
R = fRmax cos

(
α(mn)
R − ϕRv

)
, (7)

τ′kl
(mn) = 1

c0

[
D(l,mn)
T +D(mn,k)

R

]
. (8)

In (6) and (7), the symbols fTmax = vT/λ and fRmax =
vR/λ denote the maximum Doppler frequencies associ-
ated with the movement of the transmitter and the
receiver, respectively, and λ is the wavelength. The symbol
cR in (2) represents the Rice factor, which is defined
as the ratio of the power of the LOS component to
the power of the diffuse component, that is, cR =
E{|HLOS

kl ( f ′, t)|2}/E{|HDIF
kl ( f ′, t)|2}. The phases θmn in (2)

denote the phase shift introduced by the scatterer S(mn). It
is assumed that the phases θmn are independent, identically
distributed (i.i.d.) random variables, which are uniformly

distributed over the interval [0, 2π). The symbols τ′kl
(mn) and

c0 represent the propagation delays of the diffuse component

and the speed of light, respectively. In (8), the quantityD(l,mn)
T
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R
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Figure 2: The geometrical street scattering model with local scatterers uniformly distributed in two rectangular areas on both sides of the
street.

stands for the distance from the lth transmitter antenna
element A(l)

T to the scatterer S(mn), whereas D(mn,k)
R is the

distance between the scatterer S(mn) and the kth receiver
antenna element A(k)

R . It is assumed that (MT − 1)δT �
min{yT1, yT2} and (MR − 1)δR � min{yR1, yR2}. These
assumptions, together with the approximation

√
1 + x ≈

1 + x/2 (x � 1), allow us to approximate the two distances

D(l,mn)
T and D(mn,k)

R as follows:

D(l,mn)
T ≈ D(mn)

T

− (MT − 2l + 1)
(
δT
2

)
cos
(
α(mn)
T − γT

)
,

(9)

D(mn,k)
R ≈ D(mn)

R − (MR − 2k + 1)
(
δR
2

)
cos
(
α(mn)
R − γR

)
,

(10)

where D(mn)
T and D(mn)

R are given by D(mn)
T = yT1 / sin(α(mn)

T )

and D(mn)
R = yR1 / sin(α(mn)

R ), respectively.
It is noteworthy that one can also find articles [11, 34],

in which only double-bounce scattering is assumed for M2M
communications. However, by following a similar approach
as in [15], one can easily extend our analysis on the basis
of single-bounce scattering to the case of double-bounce

scattering, and thus also to a combination of single- and
double-bounce scattering.

The TVTF of the LOS component is given by

HLOS
kl

(
f ′, t

) =
√

cR
(cR + 1)

e j[2π( f (0)
T + f (0)

R )t−(2π/λ)Dkl−2π f ′τ′kl
(0)],

(11)

where

f (0)
T = fTmax cos

(
α(0)
T − ϕTv

)
, (12)

f (0)
R = fRmax cos

(
α(0)
R − ϕRv

)
, (13)

Dkl = D0 − (MT − 2l + 1)
δR
2

cos
(
γT
)

+ (MR − 2k + 1)
δR
2

cos
(
γR
)
,

(14)

D0 =
√
D2 +

(
yT1 − yR1

)2
. (15)

In (11), f (0)
T and f (0)

R denote the Doppler shifts of the
LOS component caused by the movement of the transmitter

and the receiver, respectively. The symbols α(0)
T and α(0)

R
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in (12) and (13) represent the AOD and the AOA of
the LOS component, respectively. Finally, τ′kl

(0) denotes the
propagation delay of the LOS component. The delay of the

LOS component is defined by τ′kl
(0) = Dkl/c0 with Dkl being

the length of the direct path from the lth transmitter antenna

element A(l)
T to the kth receiver antenna element A(k)

R . The
symbol D0 in (14) denotes the Euclidean distance between
the transmitter and the receiver. According to [35], the LOS
component HLOS

kl ( f ′, t) is assumed to be a deterministic pro-
cess, while the diffuse component HDIF

kl ( f ′, t) is a stochastic
process.

3.2. Derivation of the AOD and the AOA. The position of all
local scatterers S(mn) is described by the Cartesian coordinates
(xm, yn). In the reference model, the coordinates xm and yn
are independent random variables, which are determined
by the distribution of the local scatterers. With reference
to Figure 2, we take into account that due to single-bounce

scattering, the AOD α(mn)
T and the AOA α(mn)

R are dependent.
By using the trigonometric identities, we can express the

AOD α(mn)
T and the AOA α(mn)

R in terms of the coordinates
(xm, yn) of the local scatterers S(mn) as follows:

α(mn)
T

(
xm, yn

)

=
{
g
(
xm, yn

)
, if yn ∈ Ji, xm ∈ [0,A2]

(−1)i+1π + g
(
xm, yn

)
, if yn ∈ Ji, xm ∈ [−A1, 0]

(16)

α(mn)
R

(
xm, yn

)

=
{
f
(
xm, yn

)
, if yn ∈ Ji, xm ∈ [D,A2]

(−1)i+1π + f
(
xm, yn

)
, if yn ∈ Ji, xm ∈ [−A1,D]

(17)

for i = 1, 2, where J1 = [yT1 , yT1 +B1], J2 = [−yT2−B2,−yT2 ],
and

g
(
xm, yn

) = arctan
yn
xm

f
(
xm, yn

) = arctan
yn − yT1 + yR1

xm −D .

(18)

4. Correlation Properties of
the Reference Model

In this section, we derive a general analytical solution for the
STF-CCF, from which other correlation functions, such as
the 2D space CCF, the TF-CCF, the temporal ACF, and the
FCF can easily be derived.

4.1. Derivation of the STF-CCF. According to [10], the STF-

CCF of the links A(l)
T − A(k)

R and A(l′)
T − A(k′)

R is defined as the

correlation between the channel transfer functions Hkl( f ′, t)
and Hk′l′( f ′, t), that is,

ρkl,k′l′(δT , δR, ν′, τ) = E
{
H∗
kl

(
f ′, t

)
Hk′l′

(
f ′ + ν′, t + τ

)}

= ρDIF
kl,k′l′(δT , δR, ν′, τ)

+ ρLOS
kl,k′l′(δT , δR, ν′, τ),

(19)

where (∗) denotes the complex conjugate operator and E{·}
stands for the expectation operator that applies to all random
variables: the phases {θmn} and the coordinates (xm, yn)
of the scatterers S(mn). The first term ρDIF

kl,k′l′(δT , δR, τ, ν′)
represents the STF-CCF of the diffuse component. This
correlation function can be expressed, after substituting (2)
in (19), by

ρDIF
kl,k′l′(δT , δR, ν′, τ)

= lim
M,N→∞

1
(cR + 1)MN

×
M,N∑

m,n=1

E
{
c(mn)
ll′ d(mn)

kk′ e
j2π[( f (mn)

T + f (mn)
R )τ−ν′τ′kl

(mn)]
}

,

(20)

where

c(mn)
ll′ = e j2π(δT /λ)(l−l′) cos(α(mn)

T −γT ),

d(mn)
kk′ = e j2π(δR/λ)(k−k′) cos(α(mn)

R −γR).
(21)

The quantities f (mn)
T , f (mn)

R , and τ′kl
(mn) are given by (6), (7),

and (8), respectively. We recall that the AOD α(mn)
T and the

AOA α(mn)
R can be expressed in terms of the random variables

xm and yn according to (16) and (17), respectively.
In Section 2, it has been mentioned that all scatterers

are uniformly distributed in the two rectangular areas on
both sides of the street, as illustrated in Figure 2. Hence, the
random variables xm and yn are also uniformly distributed
over the rectangular areas. If the number of scatterers tends
to infinity, that is, M,N → ∞, then the discrete random
variables xm and yn become continuous random variables
denoted by x and y, respectively. Thus, the probability
density functions (PDFs) px(x) and py(y) of x and y,
respectively, are given by

px(x) = 1
LA

, if x ∈ [−A1,A2],

py
(
y
) =

⎧
⎪⎪⎪⎨

⎪⎪⎪⎩

1
2B1

, if y ∈ [yT1 ,B1 + yT1

]

1
2B2

, if y ∈ [−B2 − yT2 ,−yT2

]
,

(22)

where LA = A1 + A2. Assuming that the random variables
x and y are independent, the joint PDF pxy(x, y) of the
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random variables x and y can be expressed as a product of
the marginal PDFs px(x) and py(y), that is,

pxy
(
x, y

)

= px(x) · py
(
y
)

=

⎧
⎪⎪⎪⎨

⎪⎪⎪⎩

1
2LAB1

, if x ∈ [−A1,A2], y ∈ [yT1 ,B1 + yT1

]

1
2LAB2

, if x ∈ [−A1,A2], y ∈ [−B2 − yT2 ,−yT2

]
.

(23)

The infinitesimal power of the diffuse component cor-
responding to the differential axes dx and dy is propor-
tional to pxy(x, y)dxdy. As M,N → ∞, this infinitesimal
contribution must be equal to 1/MN = pxy(x, y)dxdy.
Consequently, it follows from (20) that the STF-CCF of the
diffuse component can be expressed as

ρDIF
kl,k′l′(δT , δR, ν′, τ)

= 1
2LAB1(cR + 1)

∫ yT1 +B1

yT1

∫ A2

−A1

cDIF
ll′
(
δT , x, y

)
dDIF
kk′
(
δR, x, y

)

× ej2π[( fT (x,y)+ fR(x,y))τ−ν′τ′kl(x,y)]dxdy

+
1

2LAB2(cR + 1)

×
∫ −yT2

−B2−yT2

∫ A2

−A1

cDIF
ll′
(
δT , x, y

)
dDIF
kk′
(
δR, x, y

)

× e j2π[( fT (x,y)+ fR(x,y))τ−ν′τ′kl(x,y)]dxdy,
(24)

where

cDIF
ll′
(
δT , x, y

) = e j2π(δT /λ)(l−l′) cos(αT (x,y)−γT ),

dDIF
kk′
(
δR, x, y

) = e j2π(δR/λ)(k−k′) cos(αR(x,y)−γR),

fT
(
x, y

) = fTmax cos
(
αT
(
x, y

)− ϕTv
)

,

fR
(
x, y

) = fRmax cos
(
αR
(
x, y

)− ϕRv
)

,

τ′kl
(
x, y

) = 1
c0

[
D(l)
T

(
x, y

)
+D(k)

R

(
x, y

)]
.

(25)

Using the functions in (9) and (10), the distances D(l)
T (x, y)

and D(k)
R (x, y) can be expressed as

D(l)
T

(
x, y

) ≈ yT1

sin
(
αT
(
x, y

))

− (MT − 2l + 1)
(
δT
2

)
cos
(
αT
(
x, y

)− γT
)
,

D(k)
R

(
x, y

) ≈ yR1

sin
(
αR
(
x, y

))

− (MR − 2k + 1)
(
δR
2

)
cos
(
αR
(
x, y

)− γR
)
.

(26)

In (19), the quantity ρLOS
kl,k′l′(δT , δR, τ, ν′), which represents the

STF-CCF of the LOS component, can be written as

ρLOS
kl,k′l′(δT , δR, ν′, τ) = cR

(cR + 1)
c(0)
ll′ (δT)

× d(0)
kk′(δR)e j2π[( f (0)

T + f (0)
R )τ−ν′τ′kl

(0)],

(27)

where

c(0)
ll′ (δT) = e j2π(δT /λ)(l−l′) cos(γT ), (28)

d(0)
kk′(δR) = e− j2π(δR/λ)(k−k′) cos(γR). (29)

The Doppler shifts f (0)
T and f (0)

R are given by (12) and (13),
respectively.

4.2. Derivation of the 2D Space CCF. The 2D space
CCF ρkl,k′l′(δT , δR) is defined as ρkl,k′l′(δT , δR) =
E{H∗

kl( f
′, t)Hk′l′( f ′, t)}, which is equal to the STF-CCF

ρkl,k′l′(δT , δR, ν′, τ) in (19) by setting ν′ and τ to zero, that is,

ρkl,k′l′(δT , δR) = ρkl,k′l′(δT , δR, 0, 0)

= 1
2LAB1(cR + 1)

∫ yT1 +B1

yT1

×
∫ A2

−A1

cDIF
ll′
(
δT , x, y

)
dDIF
kk′
(
δR, x, y

)
dxdy

+
1

2LAB2(cR + 1)

∫ −yT2

−B2−yT2

×
∫ A2

−A1

cDIF
ll′
(
δT , x, y

)
dDIF
kk′
(
δR, x, y

)
dxdy

+
cR

(cR + 1)
c(0)
ll′ (δT)d(0)

kk′(δR).

(30)

4.3. Derivation of the TF-CCF. The TF-CCF of the trans-

mission link from A(l)
T (l = 1, 2, . . . ,MT) to A(k)

R (k =
1, 2, . . . ,MR) is defined by rkl(ν′, τ) := E{H∗

kl( f
′, t)Hkl( f ′ +

ν′, t+τ)} [36]. The TF-CCF can be obtained directly from the
STF-CCF [see (19)] by setting the antenna element spacings
δT and δR to zero, that is,

rkl(ν′, τ) = ρDIF
kl,k′l′(0, 0, ν′, τ) + ρLOS

kl,k′l′(0, 0, ν′, τ)

= 1
2LAB1(cR + 1)

∫ yT1 +B1

yT1

×
∫ A2

−A1

e j2π[( fT (x,y)+ fR(x,y))τ−ν′τ′kl(x,y)]dxdy

+
1

2LAB2(cR + 1)

∫ −yT2

−B2−yT2

×
∫ A2

−A1

e j2π[( fT (x,y)+ fR(x,y))τ−ν′τ′kl(x,y)]dxdy

+
cR

(cR + 1)
e j2π( f (0)

T + f (0)
R )τe− j2πν′τ′kl

(0)

.

(31)
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4.4. Derivation of the Temporal ACF and the Doppler PSD.

The temporal ACF of the transmission link from A(l)
T (l =

1, 2, . . . ,MT) to A(k)
R (k = 1, 2, . . . ,MR) is defined by rkl(τ) :=

E{H∗
kl( f

′, t)Hkl( f ′, t+ τ)} [36, Page 376]. The temporal ACF
can be obtained directly from the TF-CCF (see (31)) by
setting at ν′ to zero, that is, rkl(τ) = rkl(τ, 0), which gives

rkl(τ) = 1
2LAB1(cR + 1)

∫ yT1 +B1

yT1

×
∫ A2

−A1

e j2π[ fT (x,y)+ fR(x,y)]τdxdy

+
1

2LAB2(cR + 1)

∫ −yT2

−B2−yT2

×
∫ A2

−A1

e j2π[ fT (x,y)+ fR(x,y)]τdxdy

+
cR

(cR + 1)
e j2π( f (0)

T + f (0)
R )τ .

(32)

Notice that the expression in (32) reveals that the ACF rkl(τ)
is independent of k and l.

Computing the Fourier transform of the temporal ACF
rkl(τ) results in the Doppler PSD Skl( f ), that is,

Skl
(
f
) =

∫∞

−∞
rkl(τ)e− j2π f τdτ. (33)

The two most important statistical quantities character-
izing the Doppler PSD Skl( f ) are the average Doppler shift

B(1)
kl and the Doppler spread B(2)

kl [35]. The average Doppler

shift B(1)
kl is defined as the first moment of Skl( f ), which can

be expressed as follows:

B(1)
kl =

∫∞
−∞ f Skl

(
f
)
df

∫∞
−∞ Skl

(
f
)
df

. (34)

The Doppler spread B(2)
kl is defined as the square root of

the second central moment of Skl( f ), which can be written
as

B(2)
kl =

√√
√
√
√

∫∞
−∞
(
f − B(1)

kl

)2
Skl
(
f
)
df

∫∞
−∞ Skl

(
f
)
df

. (35)

4.5. Derivation of the FCF. The frequency characteristics of
the reference model are described by the FCF rkl(ν′). The FCF

rkl(ν′) of the transmission link from A(l)
T to A(k)

R is defined by
rkl(ν′) := E{H∗

kl( f
′, t)Hkl( f ′ + ν′, t)} for all l = 1, 2, . . . ,MT

and k = 1, 2, . . . ,MR. This function can be obtained directly

from the TF-CCF [see (31)] by setting τ to zero, that is,
rkl(ν′) = rkl(0, ν′), which results in

rkl(ν′) = 1
2LAB1(cR + 1)

∫ yT1 +B1

yT1

∫ A2

−A1

e− j2πν′τ′kl(x,y)dxdy

+
1

2LAB2(cR + 1)

∫ −yT2

−B2−yT2

∫ A2

−A1

e− j2πν′τ′kl(x,y)dxdy

+
cR

(cR + 1)
e− j2πν′τ′kl

(0)

.

(36)

In contrast to the temporal ACF rkl(τ), the FCF rkl(ν′)
depends on k and l.

5. Measurement-Based Computation of
the Model Parameters

The objective of this section is to determine the set of model
parameters P = {A1,A2,B1,B2, yT1 , yT2 , yR1 , yR2 ,D, fTmax ,
fRmax , cR} describing the reference model in such a way that

the average Doppler shift B(1)
kl and the Doppler spread B(2)

kl
of the reference model match the corresponding quantities

(B�(1)
kl and B�(2)

kl ) of the measured channel reported in [25].
To determine the set of model parameters P , we minimize
the following error:

Emin =W1EB(1)
kl

+W2EB(2)
kl

, (37)

whereW1 andW2 denote the weighting factors. The symbols
EB(1)

kl
and EB(2)

kl
in (37) stand for the absolute errors of

the average Doppler shift and Doppler spread, respectively,
which are defined as

EB(1)
kl
= arg min

P

∣
∣∣B�(1)

kl − B(1)
kl

∣
∣∣, (38)

EB(2)
kl
= arg min

P

∣∣
∣B�(2)

kl − B(2)
kl

∣∣
∣. (39)

In (38) and (39), the notation arg minx f (x) stands for
the argument of the minimum, which is the set of points
of the given argument for which f (x) reaches its minimum
value. At the beginning of the optimization procedure, the
weighting factors W1 and W2 are selected arbitrarily, but
such that they satisfy the equality W1 + W2 = 1. If the
error EB(i)

kl
(i = 1, 2) in (37) is large, then we reduce

the corresponding weighting factor Wi and vice versa. We
continue the optimization procedure until the result in (37)
reaches an error floor, meaning that the average Doppler shift
and the Doppler spread of the reference model best match the
measured average Doppler shift and the measured Doppler
spread, respectively.

For the measured channels in [25], the resulting opti-
mized model parameters and the corresponding average
Doppler shift and Doppler spread are listed in Table 1.
The results found for the reference model demonstrate an
excellent fitting to real-world measured channels for rural,
urban, and highway propagation areas, which validates the
usefulness of the proposed reference model. It is worth
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Table 1: Measurement-based parameters of the geometrical street scattering model and the resulting average Doppler shift and the Doppler
spread.

Model parameters
Propagation environment

Urban LOS Urban NLOS Rural LOS Highway LOS Highway NLOS

A1(A2) (m) 546.28 (1249) 537.03 (908.3) 546.52 (1236) 547.69 (1207) 546.88 (1193)

B1(B2) (m) 198.96 (198.77) 76.46 (1.1113) 20.89 (18.25) 199.8 (200) 0.01 (0.01)

fTmax ( fRmax ) (Hz) 223.55 (219.77) 262.1 (209.97) 463.72 (491.65) 511.68 (442.62) 491.67 (481.97)

yT1(yT2) (m) 10.42 (7) 2.12 (1.18) 15.28 (4.63) 17.62 (19.78) 1.3 (1.3)

yR1(yR2) (m) 19.82 (6.6) 20 (7.06) 14.57 (9.4) 19.63 (25) 20 (9.4)

D (m) 238.6 236.7 186.77 896.7 749.6

cR 0.485 0 0.27 0.4 0

Measured

average Doppler −20 103 201 209 −176

shift B�(1)
kl (Hz) [25]

Theoretical

average Doppler −20 102.67 200.55 208.8 −110

shift B(1)
kl (Hz)

Measured

Doppler 341 298 782 761 978

spread B�(2)
kl (Hz) [25]

Theoretical

Doppler 341 298 782.03 760.88 941

spread B(2)
kl (Hz)

mentioning that the computed average Doppler shift B(1)
kl =

−110 Hz and the Doppler spread B(2)
kl = 941 Hz do not

closely agree with the measured channel (B�(1)
kl = −176 Hz

and B�(2)
kl = 978 Hz) in case of the highway NLOS scenario.

For this scenario, a close agreement can be found for
sufficiently small values of cR /= 0.

6. The Simulation Model

The reference model described above is a theoretical model,
which is based on the assumption that the number of
scatterers (M,N) is infinite. Owing to an infinite realization
complexity, the reference model is non-realizable. However,
the reference model can serve as a ground for the derivation
of stochastic and deterministic simulation models. According
to the generalized principle of deterministic channel mod-
eling [35, Sec. 8.1], a stochastic simulation model can be
derived from the reference model introduced in (1) by using
only a finite number of scatterers. In the literature, several
different models exist that allow for a proper simulation
of mobile channels. The SOC model is an appropriate
simulation model for mobile radio channels under non-
isotropic scattering conditions. A detailed description and
the design of SOC models can be found in [37, 38],
respectively. In [38], several parametrization techniques for
SOC models have been discussed and analyzed. Here, we use
the Lp-norm method (LPNM), which is a high-performance
parameter computation method for the design of SOC
channel simulators.

7. Numerical Results

This section illustrates the analytical results given by (30),
(31), (32), and (36). The correctness of the analytical
results will be verified by simulations. The performance of
the channel simulator has been assessed by comparing its
temporal ACF and the FCF to the corresponding system
functions of the reference model (see (32) and (36)).

As an example for our geometrical street scattering
model, we consider rectangular scattering areas on both sides
of the street with a length of LA = A1 + A2, where A1 =
50 m and A2 = 450 m, and a width of B1 = B2 = 100 m.
With reference to Figure 2, the position of the transmitter
and the receiver are defined by the distances D = 400 m,
yT1 = yR2 = 20 m, and yT2 = yR1 = 10 m. For the reference
model, all theoretical results have been obtained by choosing
the following parameters: γT = 90◦, γR = 90◦, ϕTv = 0◦,
ϕRv = 180◦, and fTmax = fRmax = 91 Hz. The Rice factor cR was
chosen from the set {0, 0.5, 1}. The scatterers are uniformly
distributed over the considered rectangular areas. The Lp-
norm method has been applied to optimize the simulation
model parameters by using a finite number of scatterers
(cisoids). For the simulation model, we useM×N = 50 × 25
scatterers (cisoids) within the rectangle on the left-hand side
as well as on the right-hand side.

In Figure 3, the absolute value of the 2D space CCF
|ρ11,22(δT , δR)| of the reference model is presented for the
NLOS propagation scenario (cR = 0). The results have been
obtained by using (30). From Figure 3, we can observe that
the 2D space CCF decreases as the antenna element spacings
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Figure 3: Absolute value of the 2D space CCF |ρ11,22(δT , δR)| of the
reference model for a NLOS propagation scenario (cR = 0).
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Figure 4: Absolute value of the 2D space CCF |ρ11,22(δT , δR)| of the
reference model for a LOS propagation scenario (cR = 1).

increase. For comparison reasons, the absolute value of the
2D space CCF |ρ11,22(δT , δR)| is depicted in Figure 4 for a
LOS propagation scenario (cR = 1). From Figure 4, one
can see that the channel transfer functions Hkl( f ′, t) and
Hk′l′( f ′, t) are highly correlated over a large range of antenna
element spacings δT and δR. This can be concluded from
the fact that even for large antenna element spacings, for
example, δT = δR = 3λ, the absolute value of the 2D
space CCF |ρ11,22(δT , δR)| equals approximately one half of
its maximum value. Comparing Figures 3 and 4 shows that
by increasing the Rice factor cR, the 2D space CCF also
increases.

Figures 5 and 6 illustrate the TF-CCFs of the refer-
ence model under NLOS and LOS propagation conditions,
respectively. From Figure 5, we can observe that the TF-CCF
decreases as the time and frequency lags increase in NLOS
propagation environments. A comparison of Figures 5 and
6 shows that the absolute value of the TF-CCF under LOS
conditions is in general higher than under NLOS.

Figure 7 depicts the absolute value of the temporal ACF
|rkl(τ)| according to (32) if both the transmitter and the
receiver are moving towards each other. A good match
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Figure 5: Absolute value of the TF-CCF |r11(ν′, τ)| of the reference
model for a NLOS propagation scenario (cR = 0).
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model for a LOS propagation scenario (cR = 1).

between the temporal ACF of the reference model and that of
the simulation model can be observed in Figure 7. This figure
demonstrates also that the experimental simulation results
of the temporal ACF match very well with the theoretical
results.

Finally, Figure 8 illustrates the absolute value of the FCF
|rkl(ν′)| for different Rice factors cR = {0, 0.5, 1} if both the
transmitter and the receiver are moving towards each other.
A close agreement between the reference model and the
simulation model can be seen in Figure 8 for all chosen Rice
factors. One can realize that the experimental simulation
results of the FCF match very well with the theoretical results.

8. Conclusion

In this paper, a reference model for a wideband MIMO
C2C channel has been derived by starting from the geomet-
rical street scattering model. Taking both LOS and NLOS
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propagation conditions into account, we have analyzed the
2D space CCF and the TF-CCF of the reference model. To
find a proper simulation model, the SOC principle has been
applied. It has been shown that the SOC channel simulator
approximates the reference model with high accuracy with
respect to the temporal ACF and the FCF. An excellent
fitting of the average Doppler shift and the Doppler spread
of the reference model to the corresponding quantities
of measured channels has validated the usefulness of the

proposed reference model. Further extensions of the pro-
posed wideband MIMO C2C channel model incorporating
the nonstationarity properties of real-world C2C channels
are planned for future work.
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A three-dimensional (3D) model for wide-band dual-polarized (DP) multiple-input-multiple-output (MIMO) mobile-to-mobile
(M2M) channels is proposed. Using geometrical scattering based on concentric spheres at the transmitter (Tx) and at the receiver
(Rx), a 3D parametric reference model for 2×2 M2M DP multipath fading channels is developed. The channel model assumes the
use of colocated half-wavelength dipole antennas for vertical and horizontal polarizations at both transmit and receive stations.
Model parameters include the velocities of the Tx and Rx nodes, the distance between the nodes, the 3D antenna pattern gains,
the azimuth and elevation angles of arrival and departure, the geometrical distribution of the scatterers, the Rician K-factors
defining the fading envelope distributions, the maximum Doppler frequency, the scattering loss factors, the cross-polar power
discrimination ratio (XPD), and the copolarization power ratio (CPR). Using the proposed model, expressions for joint time-
frequency correlation functions (TFCFs) are derived which are used to investigate system behavior over different wide sense
stationary uncorrelated scattering (WSSUS) channel realizations. The numerical results illustrate the sensitivities of the TFCF
to simultaneous time and frequency offsets for the 2× 2 DP-MIMO architectures.

1. Introduction

For nearly two decades, multiple-input-multiple-output
(MIMO) communications systems [1–3] have been rig-
orously studied, leading to the adoption of MIMO in
a number of wireless communications standards such as
Long Term Evolution (LTE) and 802.11n. The LTE provides
high-speed wireless communications for mobile phones
and data terminals, while 802.11n supports MIMO, frame
aggregation, and security improvements for wireless local
area networks (WLAN). In these systems, multiple antennas
can be used at both the transmitter (Tx) and receiver (Rx)
to exploit the diversity and channel capacity afforded by
MIMO architectures. In array-based MIMO systems, CP
antennas at mobile stations and access points are ideally
separated by at least one-half wavelength and at cellular base
stations by at least ten wavelengths to achieve significant
diversity or multiplexing gains [4]. In space-constrained
implementations such as with handheld devices, use of
antenna spacings less than one-half wavelength can lead to

antenna correlations that lend themselves to beamforming
gains, but ohmic coupling effects can deplete any gains that
would otherwise be achieved with these strategies [5]. An
alternative architecture for space-constrained deployments
involves the use of dual-polarized (DP) antennas. This
strategy has the advantage of offering colocated antennas
that provide largely uncorrelated fading responses, although
usually with asymmetrical average powers among the MIMO
channel matrix entries. Hence, the channel behaviors for
DP systems are substantively different from conventional
copolarized (CP) channels, the latter which exhibit similar
average powers. The relative performance of DP-MIMO in
comparison to traditional MIMO with CP arrays will be
dictated by the disparities in these responses. While DP
architectures are receiving increasing attention, they have
thus far been studied with much less rigor than CP systems.

To characterize DP systems, especially in wideband
signaling applications, modeling of dispersive input-to-
output polarimetric channel behavior is important. Many
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theoretical models [6–11] provide statistical representations
of polarimetric channels based on cross-polarization
coupling (XPC), but do not characterize polarization-
frequency behavior that is needed to represent wider-
band, frequency-selective channels for the analysis of DP
communications systems. For example, XPC is most often
analyzed in the narrowband sense and yet it has been shown
that the XPC can vary with frequency. It also exhibits
correlation in the frequency dimension in a manner that
depends on the channel’s temporal dispersion properties
and polarization coupling [12]. Statistical channel models in
literature that address time-selective and frequency-selective
behavior often assume that the time dispersion (due to
time delays) and the frequency dispersion (due to Doppler
spread) are statistically independent, where the time delays
depend on the relative locations of the random scatterers and
the Doppler spreads depend on the motion of the Tx and
Rx antennas [13, 14]. However, this assumption is broken
if both the time delays and the Doppler spreads depend
on the relative location of the random scatterers (e.g., the
angles of departure and the angles of arrivals). Because
these phenomena would not be expected to be statistically
independent, it is of interest to examine joint correlation
functions in time and frequency, which is an application of
the model that we consider in our paper.

Analytical approaches such as Kronecker or eigenbeam
models have also been used for model simulations, and
these have dealt with narrowband channels. An analytical
framework based on a Kronecker model is presented in
[15] to model narrowband DP Rayleigh and Rician fading
channels for arbitrary array sizes. The framework uses a
relatively small number of physical parameters to analyze
the benefits of multiple polarization architectures. In other
work, a 3D polarized narrowband spatial channel model
is presented in [7], and the impact of elevation angle on
capacity is reported in [16]. These models assume ideal
dipole antennas and unity cross-polar discrimination ratios.

Another approach to characterize channels for DP
systems involves the use of geometric scattering models.
Geometrical scattering models [17–19] have the advantage
that they are able to represent important channel behav-
iors, including mutual effects that arise from polarization
coupling, time-dispersion, angle-dispersion, and frequency-
dispersion. However, they also are more complex. Early two-
dimensional (2D) geometric scattering models were devel-
oped for narrowband CP single-input single-output (SISO)
mobile-to-mobile (M2M) Rayleigh fading channels [20–22].
In [23], the polarisation-sensitive geometric modelling is
developed with a direction-of-arrival (DOA) distribution
that depends on the polarisation states of the transmitting
antennas, the receiving antennas and the polarisation prop-
erties of the scatterers. These models were 2D in the sense
that the models treated electromagnetic propagation only in
a fixed-elevation plane and did not model elevation antenna
pattern dependencies or distributions of scatterers in the
elevation dimension.

Some three-dimensional (3D) models have been pro-
posed to overcome shortcomings of 2D M2M channel mod-
els, particularly in environments where deployed antenna

heights are lower than surrounding buildings and obstacles.
In [18], a 3D wideband M2M mathematical reference model
was proposed based on a concentric-cylinders geometry
using a superposition of line-of-sight (LOS), single bounce
at the transmit side (SBT), single bounce at the receive
side (SBR), and double-bounce (DB) rays in a variety of
urban environments. The analysis approach proved useful
to characterize M2 M correlations, but to date has only been
applied to the analysis of CP MIMO channels with unity-
gain idealized dipole antennas. Recently, a 3D polarized
channel model has been proposed to treat spatially-separated
orthogonally polarized elements [19]. The model deals
exclusively with the double-bounce ray and narrowband
channels.

In this paper, we develop a 3D geometric scattering
model for 2 × 2 M2M DP wideband channels based on
concentric spheres to evaluate joint time frequency cor-
relation functions associated with the subchannel fading
envelopes. The use of concentric spheres is motivated by
the ease with which scatterer locations may be identified
for a given radius, azimuth AOD, and elevation AOD,
and by its capability to support the modeling of overhead
reflectors. The DP-MIMO channel is constructed assuming a
DP antenna at both the Tx and the Rx, where the polarization
basis at the Rx is matched to the polarization basis used
at the Tx. The received signals can be translated to an
arbitrary orthogonally-polarized basis by applying a unitary
transformation to the received signal vectors [24] without
impacting theoretical performance measures such as capacity
and diversity.

We assume a channel with wide sense stationary uncor-
related scattering (WSSUS) where the channel correlation
function is invariant over time, and the scatterers with
different path delays are uncorrelated [25, 26]. Channel
transfer functions for each transmit antenna/receive antenna
pair are derived as a superposition of LOS, SBT, SBR, and
DB component rays. The transfer functions are used to
form time-frequency correlation functions (TFCF) for the
assumed 3D nonisotropic scattering environment, where
scattering distributions are characterized in the azimuth
dimension through the von Mises distribution and in
the elevation dimension by a cosine distribution. The
3D scattering propagation model used to evaluated the
TFCFs simulates the effects of the antenna pattern gains,
the geometrical distribution of scatterers and the asso-
ciated azimuth/elevation angles of arrival and departure,
the K-factor of the fading distributions, the maximum
Doppler frequency, the scattering loss factors, the cross-
polar discrimination (XPD), and the copolarization ratio
(CPR).

The remainder of the paper is organized as follows.
The 3D DP 2 × 2 MIMO M2M model is presented in
Section 2. In Section 3, we derive transfer functions and
TFCFs for each subchannel of the DP-MIMO channel
and for each ray path type for 3D nonisotropic scattering
environments. Numerical results of the joint correlation
functions associated with the 2 × 2 DP channel models are
presented in Section 4. We conclude with a summary of our
findings in Section 5.



Modelling and Simulation in Engineering 3

π −Φ
(m)
r

Z

S(m)
t

Rt

Y

θ(n)
t

θ(m)
tvtθvt A

(p)
t

Ot

X

A
( p̃)
t

D

Z

S(n)
r

Y

θvr θ(m)
r

θ(n)
r

Rr

vr A
(q)
r

Or
X

θLOS
t θLOS

r A
(q̃)
r

Tx

Rx

εp,m

π −Φvt

−ΦLOS
t

Φ
(m)
t

Φ
(n)
t

εm,n

π −Φvr

ΦLOS
r − π

εn,q

Φ
(n)
r

Figure 1: Concentric-spheres for 3D colocated DP channel model. The signals from the Tx antennas arrive in parallel at the Rx antenna
array.

2. 2× 2 DP-MIMO Channel Model Based on
Concentric Spheres

The concentric sphere geometry-based scattering model
assumes a mobile Tx and a mobile Rx, both equipped
with DP antennas using a matched polarization basis. Radio
propagation between the Tx and the Rx is characterized by
3D WSSUS under channels that can include line-of-sight
(LOS) and non-line-of-sight (NLOS) components, where
scattering centers in the latter case reside on concentric
spheres about either the Tx, the Rx, or both. The linearly
time-variant MIMO channel can be represented by a 2 × 2
impulse response matrix in terms of time t and delay τ

H(t, τ) =
[
hqp(t, τ) hqp̃(t, τ)
hq̃p(t, τ) hq̃ p̃(t, τ)

]
. (1)

Figure 1 illustrates the concentric sphere model for a
MIMO M2M channel with DP antennas. One DP antenna
with vertically-polarized and horizontally-polarized compo-

nents denoted by A
(p)
t and A

( p̃)
t , respectively, is located at

the center of the Tx sphere (Ot). A second DP antenna

with corresponding components denoted by A
(q)
r and A

(q̃)
r

is located at the center of the Rx sphere (Or). At the Tx, M
fixed scatterers reside within the volume of a sphere defined
by a radius Rt. The mth transmit scatterer is denoted by S(m)

t ,
where 1 ≤ m ≤M and resides on the surface of a sphere with
radius Rm, where Rm < Rt. Similarly at the Rx, N scatterers
occupy the spherical volume with a radius Rr . The nth receive

scatterer is denoted by S(n)
r , where 1 ≤ n ≤ N and resides

on the surface of a sphere with radius Rn, where Rn < Rr .

The set of scatterers is comprised of H scatterers (reflecting
horizontally polarized waves) and V scatterers (reflecting
vertical polarized waves). We assume that the distribution of
the H scatterers and the V scatterers are identical and that
the number of scatterers for each are the same, although this
may not be true in general.

The center of the Tx sphere serves as the global origin of
a rectangular coordinate system. At time t = 0, the Rx is a
distance D from the Tx with XYZ coordinates denoted by
(Δx, Δy , Δz). The height difference between the Tx and the
Rx antennas is included in the offset Δz. The symbols εp,m,

εm,q, εp,n, εn,q, εm,n and εp,q denote distances d(A
(p)
t , S(m)

t ),

d(S(m)
t ,A

(q)
r ), d(A

(p)
t , S(n)

r ), d(S(n)
r ,A

(q)
r ), d(S(m)

t , S(n)
r ), and

d(A
(p)
t ,A

(q)
r ), respectively, where d(·) denotes the distance

between the two coordinates. The symbols θ(m)
t , θ(n)

t are the
elevation angles of departure (EAoD, relative to the XY

plane) to the scatterers S(m)
t and S(n)

r , respectively, whereas

φ(m)
t ,φ(n)

t are the azimuth angles of departure (AAoD, in

the XY plane relative to the Z-axis) to the scatterers S(m)
t

and S(n)
r respectively. Similarly, the symbols θ(m)

r , θ(n)
r denote

the elevation angles of arrival (EAoA, relative to the x-y

plane) reflected from the scatterers S(m)
t and S(n)

r , respectively,

whereas φ(m)
r ,φ(n)

r denote the azimuth angles of arrival
(AAoA, in the XY plane relative to the z-axis) reflected
from the scatterers S(m)

t and S(n)
r respectively. For the LOS

component between the Tx and the Rx, the symbols θLOS
t and

φLOS
t are the elevation angle of departure (relative to the XY

plane) and the azimuth angle of departure in the XY plane
relative to the Z-axis, respectively. Similarly, the symbols θLOS

r
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and φLOS
r are the elevation angle of arrival and the azimuth

angle of arrival, respectively. The Tx and Rx are moving with
speeds vt and vr in directions described by the elevation
angles θvt and θvr relative to the XY plane, respectively,
and by the azimuth angles φvt and φvr in the XY plane,
respectively.

2.1. Scatterer Distributions. The directions of scatterers are
described by azimuth and elevation angle distributions.
Several different distributions, such as uniform, Gaussian,
Laplacian, and von Mises, have been used in the literature to
characterize the azimuth angles of departure and arrival. von
Mises Fisher (VMF) distributions are effective to model both
AAoD and AAoA for spatial fading correlation models [27]
and have the advantage that the probability density function
approximates many of distributions and admits closed-form
solutions [18]. To simplify the modeling, it is assumed that
the azimuth and elevation angles are independent, enabling
the use of a product of distribution functions instead of a
joint distribution. The scatterer distributions are synthesized
using different angle distributions for the azimuth and the
elevation dimensions. The Von Mises Fisher probability
density function (pdf) distribution is used for azimuth

dimensions, including for angles of departure (φ(m)
t and φ(n)

r )

and angles of arrival (φ(n)
t and φ(m)

r ). The von Mises pdf is
defined as [28]

f
(
φ
) = exp

[
κ cos

(
φ − μ

)]
2πI0(κ)

, φ ∈ [−π,π), (2)

where μ ∈ [−π,π) is the mean value of the scatterer
directions in the azimuth plane, κ controls the spread of
scatterers around the mean μ, and I0(·) is the zero-order
modified Bessel function of the first kind. When κ =
0, f (φ)=1/2π is a uniform distribution, corresponding to
isotropic scattering in azimuth. As κ increases, the scatterers
become more clustered about the mean angle μ, and
scattering is nonisotropic.

The random elevation angles of departure and arrival
can be characterized by a uniform, cosine or Gaussian
distribution. In [18, 29], a cosine pdf is used as it may fit with
the typical propagation in M2M communications, where the
Tx and Rx are in motion and equipped with low elevation
antennas. A cosine distribution employed for the elevation
angles of departure and arrival is given by [29]:

f (θ) =
⎧⎪⎨⎪⎩

π

4|θmax| cos
(
π

2
θ

θmax

)
, |θ| ≤ |θmax| ≤ π

2
,

0, otherwise.
(3)

where θmax is the maximum elevation angle which we assume
to have a value near 20◦. This maximum elevation angle is
typical of M2M wireless communications where both the Tx
and Rx are equipped with low elevation antennas.

The above-mentioned distributions are used to represent
the response from a cluster, which describes a group of scat-
terers located within an isolated solid angle, and the response
from multiple clusters compose the aggregate response from

the channel. In [27], a mixture of Von Mises distributions
is proposed for modeling the 3D direction of scatterers
in the presence of multiple clusters of scatterers over the
propagation channel. Mathematically, each distribution in
the mixture of M VMFs at the Tx or N VMFs at the Rx
can be described as f (φ(m)

t |φ(m)
t , κm)(1 ≤ m ≤ M) or

f (φ(n)
r |φ(n)

r , κn)(1 ≤ n ≤ N). Note that φ
(m)
t or φ

(n)
r is the

mean azimuth angle of the mth or nth cluster; κm or κn
is the concentration of the mth or nth cluster. Hence, the
overall density functions of the mixture model consisting

of M VMF distributions for the cluster azimuth angles φ(m)
t

at the transmitter and N VMF distributions for the cluster
azimuth angles φ(n)

r at the Rx can be described as [27]

f
(
φt
) = M∑

m=1

νm
(
f φ(m)

t | φ(m)
t , κm

)
,

f
(
φr
) = N∑

n=1

νn
(
f φ(n)

r | φ(n)
r , κn

)
,

(4)

where M and N the number of clusters at the Tx and Rx,
respectively; νm or νn is defined as the a priori probability
that mth or nth cluster was generated. Similarly, the overall
density functions of the mixture model consisting of the

cosine distributions for the elevation angles θ(m)
t at the Tx

and θ(n)
r at the Rx can be expressed as

f (θt) =
M∑
m=1

νm

(
θ(m)
t | f θ(m)

t

)
,

f (θr) =
N∑
n=1

νn

(
θ(n)
r | θ(n)

r

)
,

(5)

where θ
(m)
t and θ

(n)
r are the mean elevation angle of the mth

or nth cluster at the Tx and Rx, respectively.

Signals from the Tx antenna elements that propagate
directly to the Rx antenna elements form the LOS compo-
nent. Signals reflected exclusively from the scatterers located
around the Tx before arriving at the Rx antenna elements
are collectively called the SBT component. Similarly, transmit
signals reflected only by scatterers located around the Rx
before arriving at the Rx antenna elements form the SBR
component. The DB component is formed from the signals
that are reflected from scatterers about both the Tx and
the Rx before arriving at the Rx antenna elements. For
each realization of the WSSUS channel, the channel impulse
responses and TFCFs can be written as superpositions of the
LOS, SBT, SBR, and DB signal components.

The channel impulse responses for the subchannels

A
(p)
t → A

(q)
r → ,A

( p̃)
t → A

(q)
r , A

(p)
t → A

(q̃)
r and A

( p̃)
t → A

(q̃)
r

can be written as a superposition of the LOS, SBT, SBR and
DB signals,

hab(t, τ) = hSBR
ab (t, τ) + hSBR

ab (t, τ) + hDB
ab (t, τ) + hLOS

ab (t, τ),
(6)
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where the hlab(t, τ)(a ∈ {p, p̃}, b ∈ {q, q̃}, l ∈
{LOS, SBT, SBR, DB}) represent the impulse response func-
tions between antenna elements a and b along the l path
respectively, and hab(t, τ) represents the total response
between antenna elements a and b.

2.2. Single Bounce Channel Impulse Response. The time
varying impulse responses of the single-bounce components
are given by

hSBT
ab (t, τ) =

√
ηt,pq
K + 1

1√
N

M∑
n=1

ξa,n,bga,n,b(t)

× δ
(
τ − τa,m,b

)
×
[√

G(v)
a

(
φ(m)
t , θ(m)

t

) √
G(h)
a

(
φ(m)
t , θ(m)

t

)]

×

⎡⎢⎢⎣ 1
√
r(m)
pq̃√

r(m)
p̃q 1

⎤⎥⎥⎦
⎡⎢⎢⎣
√
G(v)
b

(
φ(m)
r , θ(m)

r

)
√
G(h)
b

(
φ(m)
r , θ(m)

r

)
⎤⎥⎥⎦

× exp
(
jφ(m)

ab

)
ρSBT
m ,

hSBR
ab (t, τ) =

√
ηt,pq
K + 1

1√
N

M∑
n=1

ξa,n,bga,n,b(t)

× δ
(
τ − τa,n,b

)
×
[√

G(v)
a

(
φ(n)
t , θ(n)

t

) √
G(h)
a

(
φ(n)
t , θ(n)

t

)]

×

⎡⎢⎢⎣ 1
√
r(n)
pq̃√

r(n)
p̃q 1

⎤⎥⎥⎦
⎡⎢⎢⎣
√
G(v)
b

(
φ(n)
r , θ(n)

r

)
√
G(h)
b

(
φ(n)
r , θ(n)

r

)
⎤⎥⎥⎦

× exp
(
jφ(n)

ab

)
ρSBR
n ,

(7)

where the parameter K is the Rician K factor which is a ratio
of the power through the LOS path relative to the power
through the scattered paths. The power ratio coefficients
ηt,ab and ηr,ab (a ∈ {p, p̃}, b ∈ {q, q̃}) in (7) specify the
fraction of the power of the single-bounce components along

the subchannels A(a)
t → A(b)

r with respect to the average
transmit power Pab between the Tx antenna element a and
the Rx antenna element b. The relationships among these,
and related power ratio coefficients are shown in (29). ξa,m,b

and ξa,n,b denote the signal amplitudes and τa,m,b and τa,n,b

denote time delays of the multipath components propagating
from antenna element a to antenna element b via transmit
scatterer m and from antenna element a to antenna element
b via receive scatterer n (a ∈ {p, p̃}, b ∈ {q, q̃}), respectively.

G(v)
a (·, ·), G(h)

a (·, ·), G(v)
b (·, ·), and G(h)

b (·, ·) (a ∈
{p, p̃}, b ∈ {q, q̃}) denote the antenna patterns of the
pth, p̃th, qth, and q̃th antenna element with vertical(v) or
horizontal(h) polarizations, respectively. We assume that a
half-wavelength dipole is used for each element where the
spherical coordinate system defining antenna orientations
are illustrated in Figure 2. The antenna feed is situated at

α

φ

θ

Z

Y

X

P(r, θ,φ)

Dipole
antenna

Figure 2: Half-wavelength dipole antenna and its coordinate
system.

the origin of the coordinate system and the antenna elements
are inclined at the angle α from the Z axis in the vertical
ZX plane. A thin dipole is assumed and the element radius
is ignored. The radiation power gain patterns of the half-
wavelength dipole for vertical and horizontal polarizations
are given by [30]

G(v)(θ,φ
)= 1.641

(
cos θ cosφ sinα− sin θ cosα

)2 cos2(πζ/2)

(1− ζ2)2 ,

G(h)(θ,φ
)=1.641 sin2φ sin2α

cos2(πζ/2)

(1− ζ2)2 ,

(8)

where

ζ = sin θ cosφ sinα + cos θ cosα. (9)

For illustration, antenna gain patterns of the half-
wavelength dipole with inclination angles of 0 and π/2 are
shown in Figures 3 and 4 respectively.

τa,m,b and τa,n,b denote time delays of the multipath

components propagating from antenna element A(a)
t to

antenna element A(b)
r via the scatterer S(m)

t and from antenna
element A(a)

t to antenna element A(b)
r via the scatterer S(n)

r ,
respectively. ga,m,b(t) and ga,n,b(t) are the time-varying phase

functions along the path A(a)
t → S(m)

t → A(b)
r and a →

S(n)
r → b, respectively. Since the antenna elements are

collocated and share a common phase center, the time delays

τa,m,b or τa,n,b are equivalent between antennas elements A(a)
t

and A(b)
r , that is,

τp,m,q = τp,m,q̃ = τ p̃,m,q = τ p̃,m,q̃,

τp,n,q = τp,n,q̃ = τ p̃,n,q = τ p̃,n,q̃.
(10)

Similarly, ga,m,b(t) and ga,n,b(t) satisfy

gp,m,q(t) = gp,m,q̃(t) = g p̃,m,q(t) = g p̃,m,q̃(t),

gp,n,q(t) = gp,n,q̃(t) = g p̃,n,q(t) = g p̃,n,q̃(t).
(11)
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Figure 3: Gain patterns of half-wavelength dipole antenna with
inclination angle of 0: G(v)(θ,φ). The horizontal component
G(h)(θ,φ) is zero.
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Figure 4: Gain patterns of half-wavelength dipole antenna with
inclination angle of π/2: (a) G(v)(θ,φ), and (b) G(h)(θ,φ).

The random variable φ(m)
ab represents the uniformly-

distributed random phase offset associated with the path to
each scatterer S(m)

t between the V or H component of the
Tx antenna elements and the V or H component of the Rx
antenna elements. Similarly, the random variable φ(n)

ab is the
uniformly-distributed phase offset associated with the path

to each scatterer S(n)
r between the V or H component of the

Tx antenna elements and the V or H component of the Rx
antenna elements.

r(m)
p̃q , r(n)

pq̃ , r(n)
p̃q , and r(n)

p̃q represent the inverse of the channel
cross-polar discrimination ratios along the single bounce
path to scatterer m or scatterer n, and have statistical means
that follow

E
{
r(m)
pq̃

}
= E

{
r(n)
pq̃

}
= 1

XPDp
,

E
{
r(m)
p̃q

}
= E

{
r(n)
p̃q

}
= 1

XPD p̃
.

(12)

Here, the channel cross-polar discrimination for each
transmit polarization is defined as

XPDp =
E
∣∣∣hqp∣∣∣2

E
{∣∣∣hq̃p∣∣∣2

} ,

XPD p̃ =
E
{∣∣∣hq̃ p̃∣∣∣2

}
E
{∣∣∣hq̃ p̃∣∣∣2

} ,

(13)

where E{·} denotes the expectation operator.

The XPD depends on channel parameters and the
environment, such as the distance between the Tx and the Rx,
the angles of arrival and departure (both azimuth and
elevation), the delay spread of the multipath components,
and the transmit and receive antenna polarization basis.

We define a parameter CPRqpq̃ p̃ as the copolar power
ratio between the average powers transmitted through the
vertical-vertical subchannel and the average powers trans-
mitted through the horizontal-horizontal subchannel:

CPRqp,q̃ p̃ =
E
{∣∣∣hq̃ p̃∣∣∣2

}
E
{∣∣∣hq̃ p̃∣∣∣2

} . (14)

The CPR depends on the Brewster angle phenomenon [31].

The XPD and CPR, when expressed in decibel (dB),
are often observed as having the normal distribution with
N(μ, σ). In [7], the mean of XPD varies from 0 to 18 dB,
with the standard deviation in order of 3 ∼ 8 dB. Normally,
the received power in the vertical-to-vertical transmission
is reported to be greater than that in the horizontal-to-
horizontal transmission (CPR > 0 dB). For example, the
mean of the CPR is reported to vary between 0 and
6 dB [15]. Depending on the propagation environment and
transmission configuration, the CPR may be less than 0 dB
when the amplitude of vertically polarized waves is degraded
more than that of horizontally polarized waves or the
transmission power of horizontally polarized waves is greater
than that of vertically polarized waves. When the XPD or
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CPR in dB is denoted as X , the expectations in (12) can be
computed as

E

{√
r(m)
pq̃

}
= E

{√
r(m)
p̃q

}
= E

{
10−(X/20)

}
,

E

{√
1

CPRqp,q̃ p̃

}
= E

{
10−(X/20)

}
.

(15)

When X has the normal distribution with N(μ, σ), then
the expectation E{10−X/20} over an interval [x1, x2] can be
expressed as

E
{

10−(X/20)
}
=
∫ x2

x1

10−(x/20) 1√
2πσ2

exp

(
−
(
x − μ

)2

2σ2

)
dx.

(16)

For simplicity, we adopt the normal XPD model to
characterize cross-polarized components in the 3D modeling
of 2× 2 DP-MIMO M2M channels.

When the elevation angles of arrival/departure are

small, the distances d(A
(p)
t , S(m)

t ), d(S(m)
t ,A

(q)
r ), d(A

(p)
t , S(n)

r ),

d(S(n)
r ,A

(q)
r ), d(S(m)

t , S(n)
r ) and d(A

(p)
t ,A

(q)
r ) can be approxi-

mated as below ∣∣∣d(A(p)
t , S(m)

t

)∣∣∣ = εp,m ≈ Rt,∣∣∣d(S(m)
t ,A

(q)
r

)∣∣∣ = εm,q ≈ D,∣∣∣d(A(p)
t , S(n)

r

)∣∣∣ = εp,n ≈ D,∣∣∣d(S(n)
r ,A

(q)
r

)∣∣∣ = εn,q ≈ Rr ,∣∣∣d(A(p)
t ,A

(q)
r

)∣∣∣ = εpq ≈ D,∣∣∣d(S(m)
t , S(n)

r

)∣∣∣ = εm,n ≈
√

(Rt − Rr)
2 + D2.

(17)

Furthermore, using the Taylor series expansion, the
amplitudes of the multipath components, ξp,m,q or ξp,m,q̃ is
approximately given by

ξp,m,q = ξp,m,q̃

=
[∣∣∣d(A(p)

t , S(m)
t

)∣∣∣ +
∣∣∣d(S(m)

t ,A
(q)
r

)∣∣∣]−γ/2
≈ Am

(
1− γ

2
Rt

D

)
,

(18)

where γ is the path loss exponent, whose value is normally
in the range of 2 to 4, depending upon the propagation
environment. ξ p̃,m,q̃ or ξ p̃,m,q is approximated as

ξ p̃,m,q̃ = ξ p̃,m,q

=
√

1
CPRqp,q̃ p̃

[∣∣∣d(A(p)
t , S(m)

t

)∣∣∣ +
∣∣∣d(S(m)

t ,A
(q)
r

)∣∣∣]−γ/2

≈ Am

√
1

CPRqp,q̃ p̃

(
1− γ

2
Rt

D

)
,

(19)

where Am is defined as

Am = D−γ/2. (20)

Similarly, ξp,n,q or ξp,n,q̃ is approximated as

ξp,n,q = ξp,n,q̃

=
[∣∣∣d(A(p)

r , S(n)
r

)∣∣∣ +
∣∣∣d(S(n)

r ,A
(q)
r

)∣∣∣]−γ/2
≈ Am

(
1− γ

2
Rr
D

)
,

(21)

ξ p̃,n,q̃ or ξ p̃,n,q is approximated as

ξ p̃,n,q̃ = ξ p̃,n,q

=
√

1
CPRqp,q̃ p̃

[∣∣∣d(A(p)
r , S(n)

r

)∣∣∣ +
∣∣∣d(S(n)

r ,A
(q)
r

)∣∣∣]−γ/2

≈ Am

√
1

CPRqp,q̃ p̃

(
1− γ

2
Rr
D

)
.

(22)

The time delays τp,m,q and τp,n,q are the travel times of the

signals scattered from the Tx scatterer S(m)
t , and from the Rx

scatterer S(n)
r , respectively

τp,m,q =
εp,m + εm,q

c
, (23)

τp,n,p =
εp,n + εn,q

c
, (24)

where c is the speed of the light.
The time-varying phase function ga,m,b(t) along the path

A
(p)
t → S(m)

t → A
(q)
r is given by

gp,m,q(t) = exp
[
− j

2π
λc

(
εp,m + εm,q

)]

×exp
[
j2πt ftmax cos

(
φ(m)
t − φvt

)
cos θ(m)

t cos θvt
]

×exp
(
j2πt ftmax sin θ(m)

t sin θvt
)

×exp
[
j2πt fr max cos

(
φ(m)
r − φvr

)
cos θ(m)

r cos θvr
]

×exp
(
j2πt fr max sin θ(m)

r sin θvr
)

,

(25)

where ftmax = vt/λc and fr max = vr/λc are the maximum.
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Doppler frequencies associated with the Tx and Rx
respectively and λc denotes the carrier wavelength.

The time-varying phase function gp,m,b(t) along the path

A
(p)
t → S(n)

r → A
(q)
r is given by

gp,n,q(t) = exp
[
− j

2π
λc

(
εp,n + εn,q

)]
×exp

[
j2πt ftmax cos

(
φ(n)
t − φvt

)
cos θ(n)

t cos θvt
]

×exp
(
j2πt ftmax sin θ(n)

t sin θvt
)

×exp
[
j2πt fr max cos

(
φ(n)
r − φvr

)
cos θ(n)

r cos θvr
]

×exp
(
j2πt fr max sin θ(n)

r sin θvr
)
.

(26)

The parameters ρSBT
m and ρSBR

n represent scattering loss
factors, and are governed by [32]

ρ = exp

[
−8
(
πσh sin θi

λc

)2
]
I0

[
8
(
πσh sin θi

λc

)2
]

, (27)

where σh is the standard deviation of the surface height of
the scatterer, θi is a given angle of incidence, and I0(·) is the
zero-order modified Bessel function of the first kind.

2.3. Double-Bounce Channel Impulse Response. The double-
bounce components of the channel impulse responses are

hDB
pq (t, τ)

=
√

ηtr,pq
K + 1

1√
MN

M∑
m=1

N∑
n=1

ξa,m,n,bga,m,n,b(t)

× δ
(
τ − τa,m,n,b

)
×
[√

G(v)
a

(
φ(m)
t , θ(m)

t

)√
G(h)
a

(
φ(m)
t , θ(m)

t

)]

×

⎡⎢⎢⎣ 1
√
r(m)
pq̃√

r(m)
p̃q 1

⎤⎥⎥⎦
⎡⎢⎢⎣ 1

√
r(n)
pq̃√

r(n)
p̃q 1

⎤⎥⎥⎦

×

⎡⎢⎢⎣
√
G(v)
b

(
φ(n)
r , θ(n)

r

)
√
G(h)
b

(
φ(n)
r , θ(n)

r

)
⎤⎥⎥⎦

×exp
(
jφ(m,n)

ab

)
ρSBT
m ρSBR

n ,

(28)

where the power ratio coefficients ηtr,ab (a ∈ {p, p̃}, b ∈
{q, q̃}) in (28), specify the ratio of the power of the double-

bounce ray along the subchannels A(a)
t → A(b)

r with respect
to the averaged transmit power Pab between the Tx antenna
element a and the Rx antenna element b. The power ratio
coefficients of the single-bounce and the double-bounce rays
satisfy

ηt,ab + ηr,ab + ηtr,ab = 1,
(
a ∈ {

p, p̃
}

, b ∈ {
q, q̃

})
. (29)

ξa,m,n,b denotes the amplitude and τa,m,n,b denotes the time
delay of the multipath components along the path A(a)

t →
S(m)
t → S(n)

r → A(b)
r (a ∈ {p, p̃}, b ∈ {q, q̃}). The amplitudes

of the multipath components ξp,m,n,q and ξp,m,n,q̃ are given by

ξp,m,n,q= ξp,m,n,q̃

×
[∣∣∣d(A(p)

t , S(m)
t

)∣∣∣+
∣∣∣d(S(m)

t , S(n)
r

)∣∣∣
+
∣∣∣d(S(n)

r ,A
(q)
r

)∣∣∣]−γ/2
≈Am

(
1− γ

2
Rt + Rr

D

)
.

(30)

The amplitudes of the multipath components ξ p̃,m,n,q̃ and
ξ p̃,m,n,q are given by

ξ p̃,m,n,q̃ =ξ p̃,m,n,q=
√

1
CPRqp,q̃ p̃

×
[∣∣∣d(A(p)

t , S(m)
t

)∣∣∣ +
∣∣∣d(S(m)

t , S(n)
r

)∣∣∣
+
∣∣∣d(S(n)

r ,A
(q)
r

)∣∣∣]−γ/2
≈Am

√
1

CPRqp,q̃ p̃

(
1− γ

2
Rt + Rr

D

)
.

(31)

As DP antenna pair are colocated at the center of Tx and
the center of Rx without considering the size of antennas, the

time delays τa,m,n,b are equivalent between antennas A(a)
t and

A(b)
r

τp,m,n,q = τp,m,n,q̃ = τ p̃,m,n,q = τ p̃,m,n,q̃. (32)

The time delay τp,m,n,q is the travel time of the signals

scattered from both the Tx scatterer S(m)
t and the Rx scatterer

S(n)
r

τp,m,n,q =
εp,m + εm,n + εn,q

c
. (33)

Similarly, ga,m,n,b(t) satisfy

gp,m,n,q(t) = gp,m,n,q̃(t) = g p̃,m,n,q(t) = g p̃,m,n,q̃(t). (34)

The time-varying function gp,m,n,q(t) is given by

gp,m,n,q(t)=exp
[
− j

2π
λc

(
εp,m + εm,n + εn,q

)]
×exp

[
j2πt ftmax cos

(
φ(m)
t − φvt

)
cos θ(m)

t cos θvt
]

×exp
(
j2πt ftmax sin θ(m)

t sin θvt
)

×exp
[
j2πt fr max cos

(
φ(n)
r − φvr

)
cos θ(n)

r cos θvr
]

×exp
(
j2πt fr max sin θ(n)

r sin θvr
)
.

(35)
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The random variable φ(m,n)
ab is the phase offset of the

double-bounce path scattered by both the Tx scatterer S(m)
t

and the Rx scatterer S(n)
r between the V or H component of

the Tx antenna elements and the V or H component of the
Rx antenna elements.

2.4. LOS Channel Impulse Response. The LOS components of
channel impulse responses are

hLOS
ab (t, τ) =

√
K

K + 1
ξLOS
a,b gLOS

a,b (t)δ
(
τ − τLOS

a,b

)

×
√
Ga

(
φLOS
t , θLOS

t

)
Gb
(
φLOS
r , θLOS

r

)
,

(36)

where ξLOS
a,b (a ∈ {p, p̃}, b ∈ {q, q̃}) denotes the amplitude

and τLOS
a,b denotes the time delay of the LOS components

between the antenna element A(a)
t at the Tx and the antenna

element A(b)
r at the Rx. The time-varying function gLOS

a,b (t) is
defined as

gLOS
p,q (t) =gLOS

p,q̃ (t) = gLOS
p̃,q (t) = gLOS

p̃,q̃ (t)

= exp
(
− j

2π
λc
εp,q

)
×exp

[
j2πt ftmax cos

(
φLOS
t − φvt

)
cos θLOS

t cos θvt
]

×exp
(
j2πt ftmax sin θLOS

t sin θvt
)

×exp
[
j2πt fr max cos

(
φLOS
r − φvr

)
cos θLOS

r cos θvr
]

×exp
(
j2πt fr max sin θLOS

r sin θvr
)
.

(37)

The amplitude of the LOS components ξLOS
a,b is given by

ξLOS
p,q = ξLOS

p,q̃ ≈ D
−
γ

2 = Am,

ξLOS
p̃,q̃ = ξLOS

p̃,q ≈
√

1
CPRqp,q̃ p̃

D
−
γ

2 = Am

√
1

CPRqp,q̃ p̃
.

(38)

The time delay τLOS
a,b is the travel time of the signal from

the Tx antenna element A(a)
t and the Rx antenna element

A(b)
r . Consider the following:

τLOS
p,q = τLOS

p,q̃ = τLOS
p̃,q = τLOS

p̃,q̃ = εp,q

c
. (39)

It is assumed that the elevation angles (θLOS
t , θLOS

r , θ(m)
t ,

θ(n)
t , θ(m)

r , and θ(n)
r ) and the azimuth angles (φLOS

t , φLOS
r , φ(m)

t ,

φ(n)
t , φ(m)

r and φ(n)
r ) are independent random variables. The

radii Rt of the Tx sphere and Rr of the Rx sphere are also
independent. The phase offsets φ(m)

ab , φ(n)
ab , and φ(m,n)

ab are
assumed to be uniformly random variables on the interval
[−π,π) that are independent from the elevation angles,
azimuth angles, and radii of the scattering spheres. Using
the Central Limit Theorem [33, 34], we posit that the
delay-spread functions hSBT

ab (t, τ), hSBR
ab (t, τ), hLOS

ab (t, τ), and
hDB
ab (t, τ) are zero-mean complex Gaussian random pro-

cesses.

2.5. Time-Variant Transfer Functions. The time-variant
transfer function is the Fourier transform of the channel
impulse response with respect to the delay τ. Consider the
following:

Tab
(
t, f

) = Fτ{hab(t, τ)} = TSBT
ab

(
t, f

)
+ TSBR

ab

(
t, f

)
+ TDB

ab

(
t, f

)
+ TLOS

ab

(
t, f

)
,

(40)

where TSBT
ab (t, f ), TSBR

ab (t, f ), TDB
ab (t, f ), and TLOS

ab (t, f ) (a ∈
{p, p̃}, b ∈ {q, q̃}) are time-variant transfer functions for the
SBT, SBR, DB and LOS components, respectively.

3. Polarization Matched Time-Frequency
Correlation Functions

Wide-sense stationarity and uncorrelated scatterers are often
assumed to be valid for mobile radio channels [18]. In this
paper, time and frequency dispersion are modeled depen-
dently over a wide sense stationary uncorrelated scattering
channel for a 3D nonisotropic scattering environment. For
such channels, the time-frequency correlation function is an
effective way of characterizing the statistical dependencies
in the temporal and frequency domains associated with the
mobile-to-mobile channels. Since the polarization states of
antennas at both the Tx and Rx are matched, we derive
the matched polarization-basis time-frequency correlation
function to show the relationship between the frequency and
the time of the 3D statistical model for 2× 2 DP antennas.

For a WSSUS channel, the TFCF of the time-varying
transfer function Tab (a ∈ {p, p̃}, b ∈ {q, q̃}) is defined in
terms of the time difference Δt and the frequency separation
Δ f

ρab
(
Δt,Δ f

)
= E

[
Tab

(
t, f

)∗Tab

(
t + Δt, f + Δ f

)]
, (41)

where a ∈ {p, p̃}, b ∈ {q, q̃} and p, p̃, q, q̃ correspond
to vertical and horizontal antenna polarizations. E[·] is the
expectation operator, and ∗ denotes the complex conjugate
operation. The TFCFs in (41) can be rewritten as the
superposition of the TFCFs of the SBT, SBR, DB and LOS
components. Consider

ρab
(
Δt,Δ f

)
= ρSBT

ab

(
Δt,Δ f

)
+ ρSBR

ab

(
Δt,Δ f

)
+ ρDB

ab

(
Δt,Δ f

)
+ ρLOS

ab

(
Δt,Δ f

)
.

(42)
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In order to estimate the time frequency correlations, we
make the assumption that the number of scatterers in the 3D
reference model is infinite so that the discrete azimuth angles

(φ(m)
t , φ(m)

r , φ(n)
t and φ(n)

r ), the discrete elevation angles (θ(m)
t ,

θ(m)
r , θ(n)

t , and θ(n)
r ) and the radii Rt, Rr can be represented

as continuous random variables with probability density

functions of f (φ(s)
r ), f (φ(s)

t ), f (θ(s)
r ), f (θ(s)

t ), f (Rt), and
f (Rr), respectively. The form of these pdf ’s are as follows.

The Tx azimuth angles are characterized by the von Mises
pdf in (2) as

f
(
φ(S)
t

)
=

exp
[
κ(S)
t cos

(
φ(S)
t − μ(S)

t

)]
2πI0

(
κ(S)
t

) , (43)

where μ(S)
t ∈ [−π,π) is the mean value of angle at which the

Tx scatterers are distributed in the x-y plane and κ(S)
t controls

the spread of Tx scatterers around the mean μ(S)
t . Similarly,

the Rx azimuth angles are characterized by

f
(
φ(S)
r

)
=

exp
[
κ(S)
r cos

(
φ(S)
r − μ(S)

r

)]
2πI0

(
κ(S)
r

) , (44)

where μ(S)
r ∈ [−π,π) is the mean value of angle at which the

Rx scatterers are distributed in the x-y plane and κ(S)
r controls

the spread of Rx scatterers around the mean μ(S)
r .

The Tx and Rx elevation angles are characterized by the
cosine pdf in (3) as

f
(
θ(S)
t

)
=

⎧⎪⎪⎨⎪⎪⎩
π

4|θtm| cos

(
π

2
θ(S)
t

θtm

)
,

∣∣∣θ(S)
t

∣∣∣ ≤ |θtm| ≤ π

2
,

0, otherwise,

f
(
θ(S)
r

)
=

⎧⎪⎪⎨⎪⎪⎩
π

4|θrm| cos

(
π

2
θ(S)
r

θrm

)
,

∣∣∣θ(S)
r

∣∣∣ ≤ |θrm| ≤ π

2
,

0, otherwise,
(45)

where θtm is the maximum elevation angle for the Tx
scatterers and θrm is the maximum elevation angle for the
Rx scatterers.

The pdfs used to characterize the radii Rt and Rr are given
by

f (Rt) = 3R2
t

R3
t2 − R3

t1
Rt1 ≤ Rt ≤ Rt2,

f (Rr) = 3R2
r

R3
r2 − R3

r1
Rr1 ≤ Rr ≤ Rr2.

(46)

The pdf of phase-offset random variables φ
(pol)
m , φ(m)

ab ,

φ(n)
ab , and φ(m,n)

ab (a ∈ {p, p̃} and b ∈ {q, q̃}) is given

by a uniform distribution on the interval [−π,π). Using
these distributions, the TFCFs ρSBT(Δt,Δ f ), ρSBR(Δt,Δ f ),
ρDB(Δt,Δ f ), and ρLOS(Δt,Δ f ) of the time-variant transfer
functions for the corresponding SBT, SBR, DB and LOS
components are derived below.

Using these pdfs it is possible to formulate the TFCFs for
each of the bounce path components. The TFCFs along the
SBT path are given by

ρSBT
ab

(
Δt,Δ f

)
= ηt,pqA2

m

K + 1
ISBT
ab

(
Δt,Δ f

)
, (47)

where ISBT
ab (Δt,Δ f ) is defined as

ISBT
ab

(
Δt,Δ f

)
= 1

8|θtm|I0

(
κ(s)
t

) ∫ Rt2

Rt1

∫ θtm

−θtm

∫ π

−π

(
1− γ

2
Rt

D

)2

× exp
[
− j

2π
c
Δ f

(
εp,m + εm,q

)] 3R2
t

R3
t2 − R3

t1

× cos

(
π

2
θ(s)
t

θtm

)
exp

[
κ(s)
t cos

(
φ(s)
t − μ(s)

t

)]
× exp

[
j2πΔt ftmax cos

(
φ(s)
t − φvt

)
cos θ(s)

t cos θvt
]

× exp
(
j2πΔt ftmax sin θ(s)

t sin θvt
)

×exp
[
j2πΔt fr max cos

(
φ(s)
r −φvr

)
cos
(
θ(s)
r

)
cos θvr

]
× exp

(
j2πΔt fr max sin θ(s)

r sin θvr
)

× exp

⎡⎣−8

(
πσh sin θ(i)

t

λc

)2⎤⎦I0

⎡⎣8

(
πσh sin θ(i)

t

λc

)2⎤⎦
×E

[√
1

CPRqp,q̃ p̃

][√
G(v)
a

(
φ(s)
t , θ(s)

t

) √
G(h)
a

(
φ(s)
t , θ(s)

t

)]

×

⎡⎢⎢⎣ 1 E
[√

r(m)
pq̃

]
E
[√

r(m)
p̃q

]
1

⎤⎥⎥⎦
⎡⎢⎢⎣
√
G(v)
b

(
φ(s)
r , θ(s)

r

)
√
G(h)
b

(
φ(s)
r , θ(s)

r

)
⎤⎥⎥⎦

× dφ(s)
t dθ(s)

t dRt .
(48)

E[
√
r(m)
pq̃ ] and E[

√
r(m)
p̃q ] represent the expectations of the

random variables
√
r(m)
pq̃ and

√
r(m)
p̃q , respectively, over the

interval [−20 dB, 20 dB]. They are calculated using the pdf
of the normal XPD model in (16). E[

√
CPRqp,q̃ p̃] denotes

the expectation of random variable of copolar ratio over the
interval [0, 6 dB].
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At the Rx, the azimuth angle φ(s)
r and elevation angle θ(s)

r

induced by the scatterer S(m)
t are approximated as

φ(s)
r ≈ 3π

2
+
Rt

D
sinφ(s)

t ,

θ(s)
r ≈ Rt

D
θ(s)
t +

Δz

D
.

(49)

The angle of incidence θ(i)
t with the surface of Tx scatterer

can be determined by using trigonometric identities in the

triangle Ot − S(m)
t −Or as follows:

θ(i)
t ≈ 1

2
arccos

(
R2
t + d2

m,r −D2

2Rtdm,r

)
, (50)

where dm,r is given by

d2
m,r =

(
Δx − Rt cos θ(s)

t cosφ(s)
t

)2

+
(
Δy − Rt cos θ(s)

t sinφ(s)
t

)2

+
(
Δz − Rt sin θ(s)

t

)2
.

(51)

The TFCFs along the SBR path are given by

ρSBR
ab

(
Δt,Δ f

)
= ηr,abA2

m

K + 1
ISBR
ab

(
Δt,Δ f

)
, (52)

where ISBR
ab (Δt,Δ f ) is defined as

ISBR
ab

(
Δt,Δ f

)
= 1

8|θrm|I0

(
κ(s)
r

) ∫ Rr2

Rr1

∫ θrm
−θrm

∫ π

−π

(
1− γ

2
Rr
D2

)2

× exp
[
− j

2π
c
Δ f

(
εp,n + εn,q

)] 3R2
r

R3
r2 − R3

r1

× cos

(
π

2
θ(s)
r

θrm

)
exp

[
κ(s)
r cos

(
φ(s)
r − μ(s)

r

)]
×exp

[
j2πΔt ftmax cos

(
φ(s)
t − φvt

)
cos θ(s)

t cos θvt
]

× exp
(
j2πΔt ftmax sin θ(s)

t sin θvt
)

× exp
[
j2πΔt fr max cos

(
φ(s)
r − φvr

)
cos θ(s)

r cos θvr
]

× exp
(
j2πΔt fr max sin θ(s)

r sin θvr
)

× exp

⎡⎣−8

(
πσh sin θ(i)

r

λc

)2⎤⎦I0

⎡⎣8

(
πσh sin θ(i)

r

λc

)2⎤⎦
×E

[√
1

CPRqp,q̃ p̃

][√
G(v)
a

(
φ(s)
t , θ(s)

t

) √
G(h)
a

(
φ(s)
t , θ(s)

t

)]

×

⎡⎢⎢⎣ 1 E
[√

r(n)
pq̃

]
E
[√

r(n)
p̃q

]
1

⎤⎥⎥⎦
⎡⎢⎢⎣
√
G(v)
b

(
φ(s)
r , θ(s)

r

)
√
G(h)
b

(
φ(s)
r , θ(s)

r

)
⎤⎥⎥⎦

× dφ(s)
r dθ(s)

r dRr ,

(53)

where E[
√
r(n)
pq̃ ] and E[

√
r(n)
p̃q ] represent the expectations of

the random variables
√
r(n)
pq̃ and

√
r(n)
p̃q , respectively. They are

calculated over the interval [−20 dB, 20 dB] using the pdf of
the normal XPD model in (16).

At the Tx, the azimuth angle φ(s)
t and elevation angle θ(s)

t

induced by the scatterer S(n)
r are approximated as

φ(s)
t ≈ Rr

D
sinφ(s)

r ,

θ(s)
t ≈ Rr

D
θ(s)
r − Δz

D
.

(54)

The angle of incidence θ(i)
r with the surface of Rx scatterer

can be determined by using trigonometric identities in the

triangle Ot − S(n)
r −Or as follows:

θ(i)
r ≈ 1

2
arccos

(
R2
r + d2

t,n −D2

2Rrdt,n

)
, (55)

where dt,n is given by

d2
t,n =

(
Δx + Rr cos θ(s)

r cosφ(s)
r

)2

+
(
Δy + Rr cos θ(s)

r sinφ(s)
r

)2

+
(
Δz + Rr sin θ(s)

r

)2
.

(56)

The TFCFs along the DB path are given by

ρDB
ab

(
Δt,Δ f

)
= ηtr,abA2

m

K + 1
IDB
ab

(
Δt,Δ f

)
, (57)
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where IDB
ab (Δt,Δ f ) is defined as

IDB
ab

(
Δt,Δ f

)
= 1

64|θtm||θrm|I0

(
κ(s)
t

)
I0

(
κ(s)
r

)
×
∫ Rt2

Rt1

∫ Rr2

Rr1

∫ θtm
−θtm

∫ θrm

−θrm

∫ π

−π

∫ π

−π

(
1− γ

2
Rr + Rt

D

)2

× exp
[
− j

2π
c
Δ f

(
εp,m + εm,n + εn,q

)]

× 3R2
r

R3
r2 − R3

r1

3R2
t

R3
t2 − R3

t1
cos

(
π

2
θ(s)
t

θtm

)
cos

(
π

2
θ(s)
r

θrm

)

×exp
[
κ(s)
t cos

(
φ(s)
t − μ(s)

t

)]
exp

[
κ(s)
r cos

(
φ(s)
r −μ(s)

r

)]
× exp

[
j2πΔt ftmax cos

(
φ(s)
t − φvt

)
cos θ(s)

t cos θvt
]

× exp
(
j2πΔt ftmax sin θ(s)

t sin θvt
)

× exp
[
j2πΔt fr max cos

(
φ(s)
r − φvr

)
cos θ(s)

r cos θvr
]

× exp
(
j2πΔt fr max sin θ(s)

r sin θvr
)

× exp

⎡⎣−8

(
πσh sin θ(i)

t

λc

)2⎤⎦I0

⎡⎣8

(
πσh sin θ(i)

t

λc

)2⎤⎦

× exp

⎡⎣−8

(
πσh sin θ(i)

r

λc

)2⎤⎦I0

⎡⎣8

(
πσh sin θ(i)

r

λc

)2⎤⎦
× E

[√
1

CPRqp,q̃ p̃

][√
G(v)
a

(
φ(s)
t , θ(s)

t

) √
G(h)
a

(
φ(s)
t , θ(s)

t

)]

×

⎡⎢⎢⎣ 1 E
[√

r(m)
pq̃

]
E
[√

r(m)
p̃q

]
1

⎤⎥⎥⎦
⎡⎢⎢⎣ 1 E

[√
r(n)
pq̃

]
E
[√

r(n)
p̃q

]
1

⎤⎥⎥⎦

×

⎡⎢⎢⎣
√
G(v)
b

(
φ(s)
r , θ(s)

r

)
√
G(h)
b

(
φ(s)
r , θ(s)

r

)
⎤⎥⎥⎦dφ(s)

r dφ(s)
t dθ(s)

r dθ(s)
t dRrdRt .

(58)

The TFCFs along the LOS path are written in forms as

ρLOS
pq

(
Δt,Δ f

)
= A2

m

K + 1
ILOS

(
Δt,Δ f

)
, (59)

where ILOS(Δt,Δ f ) is defined as

ILOS

(
Δt,Δ f

)
=K exp

(
− j

2π
c
Δ f εpq

)
×exp

[
j2πΔt ftmax cos

(
π − φ(LOS)

r − φvt
)

sin θvt
]

×exp
[
j2πΔt fr max cos

(
φ(LOS)
r − φvr

)
sin θvr

]
.

(60)

Table 1: The list of parameters used in the simulation.

Parameter K γ ftmax [Hz] fr max[Hz] σh [mm]

Value 0 3 100 100 0.2

Parameter Δx [m] Δy [m] Δz [m] fc [GHz] ηt
Value 1500 0 0 1.0 0.2

Parameter θvt θvr φvt φvr ηr
Value pi/4 pi/4 π/4 π/4 0.2

Parameter XPD-μ XPD-σ CPR-μ CPR-σ ηtr
Value 10 dB 6 dB 0 dB 3 dB 0.6

V-V/H-H link

Parameter Rt1[m] Rt2[m] Rr1 [m] Rr2 [m] κ(s)
t

Value 10 100 10 100 3

Parameter κ(s)
r μ(s)

t μ(s)
r θtm [deg] θrm [deg]

Value 3 π/4 7π/4 20 20

V-H/H-V link

Parameter Rt1 [m] Rt2 [m] Rr1 [m] Rr2 [m] κ(s)
t

Value 10 100 10 100 3

Parameter κ(s)
r μ(s)

t μ(s)
r θtm [deg] θrm [deg]

Value 3 π/4 7π/4 20 20

Numerical integration methods are used to evaluate these
TFCFs in the simulation analysis section.

4. Numerical Results and Analysis

In this section, we present numerical results associated with
the analysis of the 2 × 2 DP-MIMO system. The matched
polarization-basis time-frequency correlation functions are
evaluated using the models described in Section 3. In the
analysis, the propagation paths include LOS, SBT, SBR, and
DB bounce paths, where the DB paths predominate over
the SBT and SBR paths. The temporal dispersion is on the
order of 600 ns, and the Doppler spread is approximately
200 Hz. The mean CP power ratio CPRqp,q̃ p̃ is set to 0 dB
so that the average powers of the V- V link and the H-
H link are approximately identical, a condition that we
recognize will not always hold in operational channels.
Further, we also assume that the von Mises distributions
for the azimuth angles and the cosine distributions for
the elevation angles are equivalent for both H scatterers
(reflecting horizontally polarized waves) and V scatterers
(reflecting vertical polarized waves), and that the XPD’s
probability distribution functions are identical for the H-
V and V- H components. As before, these are assumed for
expediency. The specific simulation parameters are listed in
Table 1. The center frequency is assumed to be 1 GHz.

Figures 5, 6, 7, 8, and 9 provide examples of joint TFCFs
that were computed for specific subchannels and bounce
path components. ρSBT

pq (Δt,Δ f ), ρDB
pq (Δt,Δ f ), and ρpq(Δt,Δ f )

are shown for the V- V CP components in Figures 5, 6, and
7, respectively. Similarly, ρSBT

p̃q (Δt,Δ f ) and ρDB
p̃q (Δt,Δ f ) are

shown in Figures 8, and 9 for the H-V link. The correlations
along the Δt axis are driven by the Doppler frequency
spread [35] and correlations along the Δ f axis are driven by
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link for DB ray.

the delay spread associated with each component. The results
indicate that the TFCFs are not separable into a product
of a time correlation function and a frequency correlation
function, a conclusion that we anticipated since the scatter
locations contribute to both the time dispersion and the
Doppler spread. The peak correlation value at Δt = Δ f = 0
in each plot is determined by the relative power of the paths
being considered. The physical model parameters that play
a role in generating temporal and Doppler spread include
the radii Rr1, Rr2, Rt1, and Rt2 associated with the Rx and Tx
spheres of scatterers, the maximum elevation angles θrm and

θtm, the mean value of the azimuth angles μ(s)
r and μ(s)

t , the

spread factor of scatterers κ(s)
r and κ(s)

t , the angles defining
the direction of the velocity, θvr , φvr , θvt , and φvt, and the
maximum Doppler frequencies fr max and ftmax.
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link for the superposition of SBT, SBR and DB rays.
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Frequency correlation functions (for a fixed Δt) are
driven primarily by the delay profile of the channel.
Small delay profiles yield frequency correlation functions
that decorrelate at higher frequencies. The DB component
will exhibit the lowest decorrelation frequency since this
component has the most significant delay spread. In the
concentric-sphere based scattering model shown in Fig-
ure 1, the maximum delay spread is determined by the
maximum distance of signal traveling along the double-
bounce path induced by the Tx scatterer or the Rx scatterer.
It can be roughly calculated as (2Rt + 2Rr)/c, where c is
the speed of light. The coherence bandwidth Wc in Hz
is given approximately by the inverse proportion of the
time delay spread τd. The minimum coherence bandwidths
versus the radii of the Tx and Rx spheres used in the
channel model are estimated and presented in Figures
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Figure 9: Normalized time-frequency correlation function of V-H
link for DB ray.

11 and 12. The coherence bandwidth decreases when the
radii of the Tx or Rx spheres increase. In Figure 7,
if we approximate the coherence bandwidth as the fre-
quency separation over which the magnitude of correlation
coefficients is larger than a half of the its maximum at
the zero frequency separation, the coherence bandwidth
for the test profile used in our analysis is approximately
2.5 MHz.

The time correlation function dependencies on the
maximum Doppler frequency are illustrated for the double-
bounce ray with Δ f = 0, in Figure 10. Large Doppler
frequencies lead to small decorrelation times. We anticipate
that the double-bounce components will decorrelate at least
as quickly as the single-bounce components due to the fact
that the Doppler spread of this component will be greater
than or equal to the Doppler spread of the SBT component,
a trend that is confirmed in Figures 8 and 9.

The use of non-zero XPD values leads to cross-polarized
components (V-H and H-V) with power contributions
lower than the CP components (V-V or H-H). Due to
the similarity of parameters used to define the co- and
crosspolarized channels, the cross-polarized response is
approximately related to the CP ones by a scale factor.
This result can be observed from cross-polarized parts of
TFCFs in Section 3. The normalized correlation values for
the SBT and DB components at Δ f = Δt = 0 are
plotted as a function of the mean XPD value μ for both
matched polarization and cross polarization components in
Figure 13. The normalized correlation values for the matched
polarizations are constant since the correlations and powers
are independent of μ. For the crosspolarization components,
the normalized correlation is seen to decrease as μ increases,
largely due to changes in relative power. At μ = 0, when
the scatterers yield the same average power at both matched
and cross-polarized components, the normalized correlation
is identical for both the matched and cross-polarization
links.
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time delay and the maximum Doppler Tx/Rx frequencies for DB
ray. The configuration is defined in Table 1 with ηt = ηr = ηtr=1/3.
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5. Conclusion

In this paper, a 3D geometrical propagation model has
been proposed for DP-MIMO mobile-to-mobile Rayleigh
and Rician fading channels. The parametric channel model
incorporates a number of physical parameters to characterize
the channel, including antenna patterns, azimuth/elevation
angles of arrival and departure, geometrical distribution
of scatterers, K-factor, the maximum Doppler frequency,
scattering loss factor, crosspolar discrimination, and copolar-
ization power ratio. Using the key parameters of the model,
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matched polarization-basis time-frequency correlation func-
tions were formulated and numerically computed for
WSSUS 3D non-isotropic scattering environments. The
numerical results show that the joint TFCFs are not sep-
arable into independent time-correlation and frequency-
correlation functions. The normalized TFCFs can be parsed
into bounce path components for matched polarization and
copolarization links, leading to power-normalized marginal
TFCFs for the channel realization. The flexibility of the
model enables control of channel parameters to achieve a
variety of multipath fading environments to investigate 2× 2
DP architectures.

Our intention in future research is to validate the
proposed channel model using measurements. A series of
experiments are planned to verify and justify our model.
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[18] A. G. Zajić and G. L. Stüber, “Three-dimensional modeling
and simulation of wideband MIMO mobile-to-mobile chan-
nels,” IEEE Transactions on Wireless Communications, vol. 8,
no. 3, pp. 1260–1275, 2009.

[19] M. T. Dao, V. A. Nguyen, Y. T. Im, S. O. Park, and G. Yoon, “3D
polarized channel modeling and performance comparison of
MIMO antenna configurations with different polarizations,”
IEEE Transactions on Antennas and Propagation, vol. 59, no. 7,
pp. 2672–2682, 2011.

[20] R. Wang and D. Cox, “Channel modeling for Ad Hoc
mobile wireless networks,” in Proceedings of the 55th Vehicular
Technology Conference (VTC ’02), vol. 1, pp. 21–25, May 2002.
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The rapid technological development in the field of wireless communications calls for devices capable of reproducing and
simulating the behavior of the channel under realistic propagation conditions. This paper presents a hardware fading channel
simulator that is able to generate stochastic processes characterized by symmetrical and asymmetrical Doppler power spectral
densities (PSDs) depending on the assumption of isotropic or non-isotropic scattering. The concept of the proposed hardware
simulator is based on an implementation of the sum-of-cisoids (SOC) method. The hardware simulator is capable of handling
any configuration of the cisoid’s amplitudes, frequencies, and phases. Each of the cisoids that constitutes the SOC model is
implemented using a piecewise polynomial approximation technique. The investigation of the higher-order statistics of the
generated fading processes, like the level-crossing rate (LCR) and the average duration of fades (ADF), shows that our design
is able to reproduce accurately the key features of realistic channel models that are considered as candidates for the latest wireless
communication standards.

1. Introduction

The increasing demand for high data rate wireless com-
munication systems makes it mandatory to develop devices
enabling the test and the performance evaluation of such sys-
tems with a high level of accuracy. A channel simulator offers
the possibility of reproducing the most important channel
characteristics without the necessity of conducting field tests
in specific environments, which reduces significantly the
system development time and the costs of the system design
and the verification process.

Flat-fading wireless channels are modeled in the complex
baseband as complex stochastic processes characterized by
a specific autocorrelation function (ACF) or, alternatively,
by the corresponding power spectral density (PSD). Con-
sidering a base station to mobile link, these functions are
related to the angle-of-arrival (AOA) distribution of the
incoming plane waves (in the mobile to base station link,
the angle-of-departure (AOD) distribution determines the
ACF and PSD) in a multipath propagation environment

[1]. The uniform distribution of the AOA (i.e., the uniform
AOA probability density function (PDF) over [−π, π)) is
related to environments characterized by isotropic scattering
conditions, where the ACF is determined by the zeroth-
order Bessel function corresponding to the Jakes PSD [2].
This model was originally proposed by Clarke [3]. How-
ever, realistic propagation environments do not fulfill the
isotropic scattering conditions, which result in a nonuniform
distribution of the AOA, leading to an asymmetrical PSD
that can exhibit a variety of shapes (see [4–8] for more
details).

For the reproduction of the statistical properties of
real mobile radio channels on hardware platforms, several
channel emulators have been proposed in the literature (see
[9–11]), where the fading samples have been generated by
one of the following two methods: the filter method or
the sum-of-sinusoids (SOS) method. In most cases, the
generation of the fading waveforms has been accomplished
under the assumption of isotropic scattering. In [11], a
hardware channel simulator based on the filter method
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assuming non-isotropic scattering conditions is presented.
However, the level of computational complexity in filter-
based emulators is greater than in SOS-based emulators,
as SOS techniques do not require the realization of white
Gaussian random number generators (see [12]). There-
fore, SOS-based simulators provide an attractive alternative
because of their computational efficiency and comfortable
reconfiguration capabilities.

In this paper, a novel architecture for generating stochas-
tic processes using the SOS principle is presented. The
challenge of this study is to develop a simulator, which is
able to handle both symmetrical and asymmetrical PSDs in
a parametric architecture, allowing the emulation of more
realistic channels, which are required in modern wireless
communication standards. In order to achieve this, the sum-
of-cisoids (SOC) method rather than the SOS approach
will be used as proposed in [1]. The resulting hardware
architecture allows the implementation of any SOC or SOS
simulation model, permitting the configuration of the gains,
frequencies, and phases of each complex sinusoid for any
chosen deterministic or stochastic parameter computation
method. In addition, this provides the methodological
flexibility for adding specular and non-specular components.
The sinusoid evaluation is performed using a piecewise poly-
nomial approximation, to enable the generation of sinusoid
samples at high rates with a high frequency resolution of
less than 1 Hz, which is desired for the development of
modern emulators based on the SOS/SOC principle. From
this perspective, the polynomial approximation technique
is employed here as a high-performance alternative to the
direct sinusoid computation method, which is essential for
traditional architectures using look-up tables (LUT) that are
described in [9, 10].

The rest of this article is organized as follows. In Section
2, a brief description of the SOC method is given. The
hardware architecture of a flat-fading simulator is described
in Section 3. In Section 4, the study of two methods for
computing the SOC parameters is provided. In Section 5,
the statistical properties of the fading samples generated by
the proposed hardware architecture are discussed. This is
followed by the performance analysis in Section 6, which
elaborates on the hardware resource costs of the pro-
posed architecture in comparison to other existing SOS-
based simulators. Finally, the conclusions are drawn in
Section 7.

2. Review of the SOC Model

In this section, a brief description of the SOC model for the
generation of stochastic processes is presented. Additionally,
mathematical expressions for the first and second order
statistics of the SOC model are reviewed, which provides a
reference for comparing several given PSD functions with
the corresponding approximation results obtained for the
proposed flat-fading channel simulator.

2.1. Basic Description of SOC Models. In the complex
equivalent baseband, a multipath flat-fading channel can be

modeled by an SOC process μ̂(t), which is a superposition of
N cisoids of the form:

μ̂(t) =
N∑

n=1

cne
j(2π fnt+θn), (1)

where cn, fn, and θn are the gains, the Doppler frequencies,
and the phases of the nth propagation path, respectively.
Considering that cn and fn are constants, and only θn are
independent, identically distributed (i.i.d.) random variables
with a uniform distribution over [0, 2π), then μ̂(t) is a zero-
mean complex stochastic process with variance σ2

μ̂ =
∑N

n=1 c
2
n

[1]. Under certain conditions, it can be shown [13] that the
SOC process μ̂(t) tends to a complex Gaussian process μ(t)
with variance 2σ2

0 if N → ∞.
Let the line-of-sight (LOS) component be given by [1]

s = ρe jθρ , (2)

where the amplitude ρ ≥ 0 and the phase θρ are constant
quantities, then the sum of the scattered components μ̂(t)
and the LOS component s results in the following nonzero-
mean complex random process:

μ̂ρ(t) = μ̂(t) + s. (3)

The envelope of μ̂ρ(t), which is denoted by

ξ̂(t) =
∣
∣
∣μ̂ρ(t)

∣
∣
∣, (4)

provides an accurate and efficient simulation model for Rice
processes.

2.2. Statistical Properties of SOC Models. In [13], it has been

shown that the PDF pξ̂(r) of ξ̂(t) is given by

pξ̂(r) = r(2π)2
∫∞

0

⎡

⎣
N∏

n=1

J0(2π|cn|x)

⎤

⎦J0(2πrx)J0
(
2πρx

)
xdx,

r ≥ 0,
(5)

where J0(·) denotes the 0th order Bessel function of the first
kind. If the gains cn are given by cn = σ0

√
2/N , then the PDF

in (5) tends to the Rice density

pξ(r) = r

σ2
0
e−(r2+ρ2)/2σ2

0 I0

(
rρ

σ2
0

)

, r ≥ 0 (6)

as N → ∞, where I0(·) is the 0th order-modified Bessel
function of the first kind.

Likewise, the cumulative distribution function (CDF)
Pξ̂−(r) of ξ̂(t) has been derived in [14], where the following
result can be found:

Pξ̂−(r) = 2πr
∫∞

0

⎡

⎣
N∏

n=1

J0(2π|cn|x)

⎤

⎦J1(2πrx)J0
(
2πρx

)
dx,

r ≥ 0.
(7)
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In a similar fashion, the CDF Pξ̂−(r) of ξ̂(t) converges to
the Rice CDF as N → ∞ [1, 14]. The Rice CDF Pξ(r) can be
expressed as

Pξ−(r) = 1−MQ

(
ρ

σ0
,
r

σ0

)
, r ≥ 0, (8)

where MQ(·, ·) represents the Marcum Q-function [1].
Owing to the fact that the PDF and the CDF do not reveal

any information about how fast the channel changes with
time, it is necessary to consider the second-order statistics

of the envelope ξ̂(t). In this respect, the level-crossing rate
(LCR) and average duration of fades (ADF) are of special
interest. The LCR Nξ̂(r) describes how often the envelope

ξ̂(t) crosses on average a specified signal level r within one
second, and the ADF Tξ̂−(r) describes how long on average

the envelope ξ̂(t) remains below a specified signal level
r. These statistical quantities depend on the propagation
environment and the Doppler shifts caused by the movement

of the mobile station. The LCR Nξ̂(r) of ξ̂(t) can be obtained
by using Rice’s formula [15, 16]:

Nξ̂(r) =
∫∞

0
żp

ξ̂
˙̂
ξ
(r, ż)dż, r ≥ 0. (9)

Equation (9) requires the knowledge of the joint PDF

p
ξ̂

˙̂
ξ
(z, ż) of the envelope ξ̂(t) and its time derivative

˙̂
ξ(t). It

should be mentioned that the relation in (9) holds for any
stationary random process characterized by the joint PDF
p
ξ̂

˙̂
ξ
(z, ż).

In [17], an exact solution has been presented for the LCR

Nξ̂(r) of the envelope ξ̂(t). This exact-solution factors in that
the inphase and quadrature components of the SOC process
μ̂(t) as well as their time derivatives are mutually correlated.

The LCR Nξ̂(r) of ξ̂(t) in (4) is given as

Nξ̂(r) = 4πr
∫ żmax

0
ż
∫∞

0

∫∞

0

∫ 2π

0
J0
(
2πρv1

)

×
⎡

⎣
N∏

n=1

J0

(
2πcn

√
v2

1 +
(
2π fnv2

)2 − 4π fnv1v2 sin θ
)⎤

⎦

× e− j2πrv1 cos(θ)e− j2πżv2v1dθdv1dv2dż, r ≥ 0,
(10)

where żmax denotes the maximum of
˙̂
ξ(t), which is given by

żmax = max{ ˙̂
ξ(t)} = 2π

∑N
n=1 | fncn|. The LCR Nξ̂(r) of SOC

processes ξ̂(t) approaches the LCR Nξ(r) of Rice processes
ξ(t) as N → ∞, that is,

lim
N→∞

Nξ̂(r) = Nξ(r) =
√

β

2π
pξ(r), r ≥ 0, (11)

where pξ(r) is the Rice PDF presented in (6). The symbol β
represents the negative curvature of the ACF rμiμi(τ) of the
underlying real-valued Gaussian process μi(t) (i = 1, 2) at

the origin τ = 0. In case of isotropic scattering, the quantity
β is given by β = 2(π fmaxσ0)2 [1].

The corresponding ADF Tξ̂−(r) of ξ̂(t) can be obtained
after substituting (7) and (10) in

Tξ̂−(r) =
Pξ̂−(r)

Nξ̂(r)
. (12)

From the discussion above, it is obvious that the ADF
Tξ̂−(r) of ξ̂(t) converges to the ADF Tξ−(r) of Rice processes
ξ(t) as N → ∞.

In addition to the symmetrical Jakes PSD:

SJakesμ̂

(
f
) =

⎧
⎪⎪⎨

⎪⎪⎩

σ2
0

π fmax

√
1− ( f / fmax

)2
,
∣
∣ f
∣
∣ ≤ fmax

0,
∣
∣ f
∣
∣ > fmax

(13)

which characterizes isotropic scattering environments, it is
desirable to have a fading channel simulator that is able to
generate fading process characterized by both symmetrical
and asymmetrical PSDs.

In this sense, the proposed fading channel simulator
shall also incorporate the characteristics of non-isotropic
scattering environments. The utility of the von Mises PDF
as a parametric model for the distribution of the AOA has
been supported by different studies focussing non-isotropic
propagation scenarios [18]. The resulting PSD includes the
symmetrical Jakes PSD as a special case. In our study,
the Doppler PSD obtained by using the von Mises AOA
distribution will be used as a reference model for the PSD of
non-isotropic scattering environments.

When using the von Mises AOA distribution, then the
Doppler PSD can be written as follows [19]

SVMμ
(
f
)

=
exp

(
κ cos(α0)

(
f / fmax

))
cosh

(
κ sin(α0)

√
1− ( f / fmax

)2
)

π fmaxI0(κ)
√

1− ( f / fmax
)2

,

∣
∣ f
∣
∣ ≤ fmax,

(14)

where κ ≥ 0 is a concentration parameter, which controls the
angular spread of the AOA, and α0 denotes the mean AOA
of the incoming plane waves. Equation (14) assumes that the
PDF of the AOA follows the von Mises distribution defined
by

pVMα (α) = exp[κ cos(α− α0)]
2πI0(κ)

, α ∈ [−π,π). (15)

According to [19], the LCR of Rayleigh processes ξ(t)
assuming the von Mises AOA distribution can be written as

NVM
ξ (r) =

√
I2

0 (κ)− I2
1 (κ) + cos(2α0)

[
I0(κ)I2(κ)− I2

1 (κ)
]

I0(κ)

×√2π fmaxr exp
(−r2),

(16)
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Figure 1: General architecture of the SOC fading channel simulator.

and the corresponding ADF is given by

TVM
ξ− (r) = I0(κ)

√
I2

0 (κ)− I2
1 (κ) + cos(2α0)

[
I0(κ)I2(κ)− I2

1 (κ)
]

× exp
(
r2
)− 1√

2π fmaxr
.

(17)

For the case of isotropic scattering (κ = 0), the expression in
(16) reduces to the LCRNξ(r) =

√
2π fmaxr exp(−r2), and the

ADF in (17) simplifies to Tξ−(r) = (exp(r2)−1)/(
√

2π fmaxr).

3. Hardware Architecture

In this section, the hardware channel simulator based on
the SOC method is presented for both isotropic and non-
isotropic scattering environments. The general architecture
of the proposed SOC fading channel simulator is illustrated
in Figure 1. The datapath of the architecture is drawn by
using the notation Q(WL,WF), where WL represents the
datapath wordlength, and WF denotes the fractional part of
the wordlength. The SOC fading channel simulator design
is composed of four main modules: the complex sinusoid
evaluation module, the sinusoid parameter generator, the
global control unit, and the datapath.

In order to compute the SOC according to (1), the
proposed fading channel simulator requires the initialization
of the SOC parameters (cn, fn, θn), as well as the number
of cisoids N , which are stored in the sinusoid parameter
generator. Once the simulator has been configured, the
complex sinusoid evaluation module computes the nth cisoid

by exp( jx1) if a positive Doppler frequency is provided.
Otherwise, exp( jx2) is computed for the case of a negative
Doppler frequency, where x1 = 2π fnt + θn and x2 =
−(2π fnt) + θn. This fact is obvious due to the following
relation:

exp
(± jωt) = cos(ωt)± j sin(ωt). (18)

Once the corresponding nth cisoid has been determined,
it is multiplied by the gain cn before accumulating the
resultant value in the accumulator register blocks, as shown
in Figure 1.

The summation of the cisoids as well as the initialization
of the SOC parameters of the simulator are handled by the
global control unit. It is important to point out that the
proposed architecture is parametric in the sense that it is
independent of the number of cisoids N and the choice of
the model parameters ( fn, cn, and θn).

3.1. Piecewise Polynomial Approximation Technique. In case
of the SOS method, the most common hardware implemen-
tation technique described in the literature for the evaluation
of cosine and sine functions is the one that utilizes LUT. The
main characteristic of this technique is that it uses memory
blocks for storing the sinusoids. However, the use of LUT
limits the evaluation of the SOS process when covering a
wide range of Doppler frequencies at high data rates (i.e.,
Doppler frequencies in the range from mHz up to kHz at
megasamples per second (MSPS)). This limitation is due
to the limited number of samples that can be stored in
block memories for generating the sinusoids with the lower
Doppler frequencies. For example, for the generation of
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Figure 2: Approximation of a cosine function with degree 1 and degree 2 polynomials.

a sinusoid with a Doppler frequency of 1 kHz at 1 MSPS,
it is necessary to store 1000 samples in a memory table.
On the other hand, in order to generate a sinusoid with a
Doppler frequency of 0.1 Hz at 1 MSPS, it is required to
store 10 megasamples in the LUT. Techniques for saving
memory resources are described in the literature (see [20] for
more details). It is important to remark that the waveform
with the lowest Doppler frequency generated by the sinusoid
generator determines the frequency resolution that can be
achieved by using LUT. This implies that huge memories
are required in order to obtain a high frequency resolution.
As a consequence, the ACF of the generated SOC process
depends directly on the accuracy of the Doppler frequencies
of the generated complex sinusoids. Likewise, higher-order
statistics, such as the LCR and ADF, can be affected as a result
of the level of accuracy in the generated waveforms [21].

An alternative solution that avoids the limitations
imposed by LUT is provided by using a piecewise polynomial
approximation technique for the sinusoid generation. This
technique rests upon the approximation of a function f (x),
which is in our case a sine or cosine function, by means of the
evaluation of polynomials p∗(x), which are defined by the
polynomial degree d and the type of segmentation. The type
of segmentation defines the number of intervals j and the
bounds of such intervals [aj , bj). Each polynomial is defined
as follows:

p∗(x) = p∗d x
d + p∗d−1x

d−1 + · · · + p∗1 x + p∗0 . (19)

An efficient procedure to evaluate the polynomials p∗(x)
is by employing Horner’s rule as follows:

p∗(x) =
((
p∗d x + p∗d−1

)
x + · · ·

)
x + p∗0 , (20)

where x is the polynomial input, and p∗k (k = 0, 1, . . . ,d) are
the polynomial coefficients.

In order to obtain the coefficients p∗k (k = 0, 1, . . . ,d), two
kinds of approximation techniques can be employed, namely,
the approximation technique that minimizes the least square

error between f (x) and p∗(x), called the least square approx-
imation, and the approximation technique that minimizes
the worst-case error between f (x) and p∗(x), called the
least maximum approximation or minimax approximation.
In [22], several methods are described for approximating a
continuous function f (x) with a prespecified precision.

The piecewise polynomial approximation technique has
been utilized for generating random variables in channel
simulators designed by using the Monte Carlo method,
where its implementation in hardware platforms makes it
possible to approximate different functions efficiently [23].
The scalability provided by a polynomial approximation
architecture allows the efficient use of multiple modules
in a channel simulator [23], which represents a good
design strategy for the development of real-world channel
simulators. In this work, the polynomial coefficients are
computed by using the least square approximation as the
error metric.

For the evaluation of the sinusoidal functions, the use
of a uniform segmentation is feasible. Figure 2(a) shows two
approximations of the function cos(2πx), where x is within
the range [0, 1). In the first approximation, 16 piecewise
polynomials of degree 1 are considered, whereas the second
approximation uses 16 piecewise polynomials of degree 2.
It can be seen in Figure 2(b) that the approximation using
polynomials of degree 2 results in a much lower absolute
error compared with the one using polynomials of degree 1.
Hence, a sinusoid generator that uses a polynomial approxi-
mation of degree 2 is preferred for the generation of cisoids.
It should be noted that for the hardware implementation of
a polynomial of degree d, d multipliers and d adders are
required if a pipeline structure is applied, otherwise only one
multiplier and one adder are required when using an iterative
scheme.

3.2. Direct Digital Synthesizer Based on a Piecewise Polyno-
mial Approximation. After analyzing the piecewise polyno-
mial approximation, it is indispensable to visualize this tech-
nique for the generation of cisoids with different Doppler
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frequencies. Therefore, the structure of a direct digital
synthesizer (DDS) employing the polynomial approximation
technique is shown in Figure 3.

Besides the difference in the sinusoid generator concept
(sinusoid storing versus sinusoid approximation), there is
also a difference between the phase generator of the DDSs.
While the phase generator of the LUT-based oscillator
directly generates the memory addresses, the phase generator
of the polynomial approximation method computes values
in the interval [0, 1) for the case of the approximated
function cos(2πx). This feature makes it possible to generate
sinusoids for a wide range of frequencies. For the application
of the SOS method, it is important that a high Doppler
frequency resolution can be achieved for lower as well as for
higher Doppler frequencies.

The frequency resolution of the DDS based on the
polynomial approximation is determined by the sampling
frequency Fc and the quantization factor Q bits, which
determines the precision of the input x after its quantization
with Q bits. The minimum frequency achievable by the DDS
as well as the output frequency F0 are determined by the
following expressions:

F0min =
Fc

2Qbits
, (21a)

F0 = F0
(
ΔQbits

) = Fc
2Qbits

ΔQbits, (21b)

where ΔQbits is the tuning word that specifies the output
frequency F0. With regard to the configuration of the
waveform’s phase, the polynomial-based DDS has the same
advantages as the LUT-based DDS. However, the phase for
the polynomial approximation approach is defined in the
interval [0, 1). For the case of a datapath with a bit-width
of 32 bits, the parameter Qbits is equal to 31 bits, and the
remaining bit is used as a sign bit. Hence, the minimum
frequency achievable by the DDS at an output data rate of
1 MSPS is equal to F0min = 0.4 mHz. In the case of an output
rate of 4096 samples per second, the frequency resolution will
be F0min = 1.9μHz. In comparison with a LUT-based DDS,
the same frequency resolutions can be achieved by using a
LUT memory of 231 samples if a complete sinusoid is stored,
or 231/4 samples if a quarter of a sinusoid is stored. It can be
inferred from the discussion above that the usage of a LUT-
based DDS for achieving a high frequency resolution F0min of
less than 1 Hz is not a practical option.

The SOC method requires the evaluation of both cosine
and sine waveforms (see (18)). This results in the use of either
one or two polynomial-based DDS modules. Figure 4 illus-
trates the architecture of the poly-evaluator module, which
consists of three blocks: the address generator unit (AGU),
the datapath of the evaluation, which applies Horner’s rule,
and the piecewise polynomial coefficients used for storing the
polynomial coefficients. When the value x is generated, this
value is passed through the AGU module to compute the
address of the corresponding polynomial coefficients. Once
the address is obtained, the evaluation is performed while the
argument x and the three coefficients are being passed across
the datapath, as it can be seen at the bottom of Figure 4. The
cisoid evaluation requires two clock cycles when employing a
single poly-evaluator module. However, when two modules
are used, the cisoid evaluation is achieved within a single
clock cycle. In addition to the cisoid evaluation, the poly-
evaluator module has been applied for the generation
of Gaussian random variables [24], which demonstrates
the usefulness of the piecewise polynomial approximation
technique.

4. Parameter Computation Methods

In order to demonstrate the performance of the proposed
hardware fading channel simulator under different propa-
gation scenarios, two methods were chosen to compute the
parameters of the SOC model: the extended method of exact
Doppler spread (EMEDS) for the case of isotropic scattering
and the modified method of equal areas (MMEA) for non-
isotropic scattering.

4.1. The EMEDS. The EMEDS was proposed in [25] as an
extension of the method of exact Doppler spread (MEDS)
[26]. The MEDS was originally proposed for computing
the model parameters of SOS Rayleigh fading channel
simulators, while the EMEDS has been developed for the
parametrization of SOC Rayleigh fading channel simulators.
Currently, the EMEDS is one of the principal methods for
computing the model parameters of SOC channel models.
This method has been highly recognized in the case of
isotropic scattering.
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For the Jakes PSD, the EMEDS proposes to compute the
path gains cn and Doppler frequencies fn as follows [1, 25]:

cn = σ0

√
2
N

, (22)

fn = fmax cos
[

2π
N

(
n− 1

4

)]
(23)

for n = 1, 2, . . . ,N .

4.2. The MMEA. Currently, there are only some few methods
available for computing the model parameters of SOC
models under non-isotropic scattering conditions [1]. The
MMEA provides a reasonably good solution for this kind
of problems. The MMEA [27, 28] is a modification of the
method of equal areas (MEA) reported in [29]. The MMEA
methodology requires the computation of an inverse func-
tion for obtaining a set of Doppler frequencies. When using
the MMEA, it is necessary to compute first the cumulative
power function (CPF) of a given asymmetrical PSD, and
then one has to find the inverse CPF (ICPF). An algorithm
was developed using MATLAB in order to obtain the

ICPF function. This algorithm uses a piecewise polynomial
approximation technique. It is completely parameterizable,
allowing the configuration of the polynomial degree, the
number of segments at which the ICPF is approximated,
the segmentation technique (uniform or non-uniform seg-
mentation), and the method for obtaining the polynomial
coefficients (least square or minimax approximation).

Once the ICPF is obtained, the Doppler frequencies are
computed according to the following expression:

fn = F−1
f

[
σ2

N

(
n− 1

2

)]

, (24)

where F−1
f (·) represents the ICPF. The path gains cn are

computed by using (22).

5. Test Results

Using the parameter computation methods described in Sec-
tion 4, the accuracy of the proposed architecture will be eval-
uated in the present section. For this reason, the hardware
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Figure 5: PDF, CDF, LCR, and ADF comparison results of the generated envelope process under isotropic scattering (Jakes PSD) using
σ2

0 = 1, N = 32, and fmax = 91 Hz.

channel simulator has been configured and tested according
to the criteria described in the following subsection.

5.1. Test Configuration. In addition to the path gains cn and
Doppler frequencies fn, the phases θn have been computed
using a uniform random number generator, as reported
in [30]. For the generation of Rayleigh processes, the LOS
component in (2) has been set to zero, that is, m = 0. The
number of cisoids N was set to 32, the segment number

for the sine and cosine function generation was 32, and the
datapath in the general architecture was equal to WL = 32
bits. This configuration has been chosen for comparison
purposes with other available architectures (see Section 6).
The maximum Doppler frequency fmax was fixed to 91 Hz.
The variance σ2

0 was equal to unity in case of isotropic
scattering (Jakes PSD). For non-isotropic scattering (von
Mises PSD), the parameter σ2

0 was set to 0.5. Finally, the
statistical properties were obtained by averaging the results
over 10 trials, and updating only the phases for each trial.
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Figure 6: PDF, CDF, LCR, and ADF comparison results of the process generated envelope under non-isotropic scattering (von Mises PSD)
using σ2

0 = 0.5, N = 32, fmax = 91 Hz, and a parameter configuration pair of (κ = 0, α0 = 0), (κ = 1, α0 = π/3), and (κ = 5, α0 = π/4).
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5.2. Hardware Test Results. The comparison results of the
proposed hardware fading channel simulator and the refer-
ence model for isotropic scattering (Jakes PSD) are presented
in Figure 5. The PDF, CDF, and LCR of the reference model
are described by (6), (8), and (11), respectively. The results
obtained for the reference model are shown in form of
continuous lines. The ADF of the reference model has been
found by computing the quotient of the expressions in (8)
and (11).

Equations (5), (7), (10), and (12) are plotted in Figure 5
as dashed lines, which represent the theoretical results
of the simulation model. The experimental results of
the implemented SOC simulation model in floating-point
representation have been computed using MATLAB. This
model has been implemented for reasons of comparison
with the hardware implementation. The envelope generated
by the SOC model can be identified in the plots by dot
markers. Finally, the square markers are used for illustrating
the behavior of the proposed hardware fading channel
simulator.

Figure 5(a) shows the PDF plots of the generated enve-
lope process for N = 32 cisoids. This PDF converges to the
Rayleigh density as N increases. However, the resulting PDF
obtained with the hardware output samples has a perfect
match with the corresponding PDFs of the theoretical and
experimental simulation models. The CDF comparison is
presented in Figure 5(b). The normalized LCR is plotted
in Figure 5(c) and its corresponding plot in decibels (dB)
is shown in Figure 5(d). Finally, Figure 5(e) shows the
comparison of the ADFs.

Figure 6 illustrates the results when the proposed archi-
tecture is configured for producing samples under non-
isotropic scattering conditions using the von Mises AOA
distribution. The parameters κ and α0 were set according to
the following configurations: (κ = 0, α0 = 0), (κ = 1, α0 =
π/3), and (κ = 5, α0 = π/4). The PDF and CDF plots of
the generated envelope process are shown in Figures 6(a) and
6(b), respectively. The resulting LCR for the different config-
urations of κ and α0 is presented in Figure 6(c), and its cor-
responding plot in decibels (dB) is illustrated in Figure 6(d).
Figure 6(e) shows the plot corresponding to the ADF. It can
be observed that for κ = 0 and α0 = 0, the graphs of the
reference model defined for the cases of isotropic and non-
isotropic scattering perfectly overlap with the experimental
results.

6. Performance Analysis

The performance of the proposed hardware channel simula-
tor was analyzed using 32, 24, 18, and 16 bits for WL. The
implementation was synthesized in a Xilinx Virtex5 FPGA
(XC5VLX110T-3FF1136). The used hardware resources of
the hardware architecture are summarized in Table 1. The
four random-access memories (RAMs) are needed for stor-
ing the gains cn (one RAM block), the Doppler frequencies fn
(one RAM block), and the cosine and sine phases (one RAM
block each). It is important to mention that the RAM sizes
are parameterizable in accordance to the number of cisoids

Table 1: Hardware resource analysis of the SOC fading channel
simulator for an implementation in a virtex5 XC5VLX110T-
3FF1136 using N = 32 cisoids.

Used elements
Datapath bit-width

16 18 24 32

Number of slice registers 609 675 873 1086

Number of slice LUT 708 768 975 978

Number of RAMs (N ×WL) 4 4 4 4

Number of ROMs (32×WL bits) 3 × 2 3 × 2 3 × 2 3 × 2

Number of multipliers 6 6 6 6

Number of adders 16 16 16 16

N . On the other hand, the read-only memories (ROMs)
allocate the coefficients of the polynomial approximation. In
this case, the number of segments has been configured to 32.
Consequently, only three ROMs of 32 memory locations (for
each quadrature component) are needed for a single poly-
evaluator module. Likewise, the multipliers are distributed
as follows: two multipliers for each poly-evaluator module
and two multipliers for the multiplication between the gain
cn and the cisoid.

Table 2 shows the performance comparison of the
proposed architecture with the hardware fading channel
simulators. These simulators, which are also using the SOS
principle, are the most representative and novel works
described in [9, 10]. In [9], a MIMO channel simulator has
been implemented using 32 stochastic processes. The inphase
and quadrature phases of the channel model are updated for
each realization using a random walk process. Moreover, in
[10], a triply selective SOS fading channel simulator has been
implemented, where the sinusoids are generated in parallel
fashion. It should be noted that a detailed comparison of the
hardware resources is difficult to achieve. This is due to the
differences in hardware implementation, as well as due to the
FPGA technologies utilized in the references [9, 10].

In order to ensure a fair comparison, the hardware
resources of the fading channel simulators described in
[9, 10] have been inferred from the architecture schematics
described by the authors. Therefore, Table 2 only con-
siders the hardware resources of a single SOS Rayleigh
fading channel simulator module. From Table 2, it can be
observed that the principal resource saved by using the
proposed architecture lies in the ROMs, which are needed
for implementing the sine/cosine functions of the SOS
models for all compared methods. This saving is due to
the fact that our architecture only stores the polynomial
coefficients for the cosine/sine function generation, while the
other architectures have to store a rather large number of
sinusoid samples. Furthermore, the use of the polynomial
approximation technique makes it possible to achieve a high
frequency resolution with regard to the sinusoid genera-
tion, which greatly improves the statistics of the generated
process. In this work, the frequency resolution achieved is
7.63 μHz. This value has been computed using (21a), where
the fading generation rate is Fc = 16, 384 samples per
second.
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Table 2: Performance comparison of fading channel simulators (Rayleigh fading).

Used elements
Implementation

[9] [10] [Proposed]

Number of sinusoids 32 16 32

Clock. freq. (MHz) 224 50 90

Number of multipliers 1 2 × 16 + 2 6

Number of adders 9 4 × 16 + 2 16

Number of RAMs 4 (32 × 16 bits) Unknown 4 (N×WL bits)

Number of ROMs 2 (1024 and 4096 × 16 bits) D× 2 × 16 × 16 bits1 6 (32 ×WL bits)

Frequency resolution Unknown Unknown 7.63 μHz

SOS-Based SOS SOS SOC

Isotropic scattering Yes Yes Yes

Non-isotropic and asymmetrical scattering No No Yes

Note: The hardware resources have been deduced from [9, 10] by considering a single Rayleigh process.
1The symbol D is the LUT size, which is not provided in [10].

It should be highlighted that [9] requires only a single
multiplier in its architecture. However, this restricts the
architecture to SOS models in which all sinusoids have
the same amplitude. This is in contrast to the proposed
architecture that can be used for any SOS/SOC model, even
if the sinusoids do not have the same amplitude. Besides
the hardware differences in previous works and the ones
proposed here, the most important difference lies in the
functionality: only the proposed simulator has the capability
of generating waveforms characterized by both symmetrical
and asymmetrical PSDs.

7. Conclusions

In this paper, an efficient hardware SOC fading simulator
was presented. This flexible and parametric architecture is
capable of generating stochastic processes with symmetrical
and asymmetrical PSDs. The use of a piecewise polynomial
approximation technique allows generating cisoids with a
high frequency resolution, which results in highly accurate
first- and second-order statistics of the generated envelope
processes. This allows the reproduction of realistic channel
scenarios, as required in the latest wireless communications
standards. In addition, the architecture described in this
paper is simple and easy to implement, considering that
only small hardware resources are needed in comparison
with other hardware SOS simulators. Therefore, the pro-
posed architecture can be considered as a key module for
development of more elaborated channel simulators, such as
wideband and MIMO channel simulators.
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A channel simulator is an essential component in the development and accurate performance evaluation of wireless systems. A key
technique for producing statistically accurate fading variates is to shape the flat spectrum of Gaussian variates using digital filters.
This paper addresses various challenges when designing real and complex spectrum shaping filters with quantized coefficients for
efficient realization of both isotropic and nonisotropic fading channels. An iterative algorithm for designing stable complex infinite
impulse response (IIR) filters with fixed-point coefficients is presented. The performance of the proposed filter design algorithm
is verified with 16-bit fixed-point simulations of two example fading filters.

1. Introduction

Wireless communication systems must be designed to oper-
ate over radio channels in a wide variety of expected envi-
ronments. Testing wireless transceivers is challenging due
to unrepeatable and uncontrollable channel conditions. The
initial performance verification of communication systems
at the early stages of the design cycle is performed based on
the channel characteristics defined by the underlying wireless
communication standard. Therefore, accurate emulation of
fading channels is a key step in the design and verification of
wireless communication systems.

In the multipath propagation scenario, the received
signal contains different faded copies of the transmitted
signal. The effect of the multipath fading channel on the
baseband signal can be modeled with a time-variant linear
system with the following impulse response [1]:

α(τ; t) =
Np−1∑

n=0

μn|cn(t)|e j∠cn(t)δ(τ − τn(t)), (1)

where Np is the number of independent paths, μn is the
average attenuation of the nth path, and cn(t) and τn(t)
denote the complex gain and delay of the nth path. Each

path gain cn(t) is commonly modeled as a complex Gaussian
wide-sense stationary (WSS) process [2].

To simulate a fading channel, we need to generate a
suitable sequence of complex path gains {cn(t)} and then
superimpose delayed replicas of the transmitted samples
with the given delays {τn(t)} and path attenuations {μn}.
Two major techniques have been widely used for simulating
fading channels. In the first approach, the so-called sum-
of-sinusoids (SoS) model, the fading process is modeled as
the superposition of a sufficiently large number of sinusoidal
waves. This approach was originally proposed by Clarke [3]
and later simplified by Jakes [4]. Over the past four decades
several modified SoS-based models have been proposed (e.g.,
[5, 6]).

The second approach, which is used in this paper, is
called the filter-based scheme. In this approach, to generate
the in-phase ci(t) and quadrature components cq(t) of
complex fading process cn(t) = ci,n(t) + jcq,n(t) with a
particular correlation between variates, a complex zero-
mean and unit-variance Gaussian random process n(t) =
ni(t) + jnq(t) with independent samples is passed through
a spectrum shaping filter (SSF) [7] with an appropriate
frequency response H( f ). A linear filtering operation on the
complex Gaussian samples with flat power spectral density
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(PSD) yields samples that also have a Gaussian distribution,
with spectrum Sy( f ) = Sn( f ) |H( f )|2, where Sn( f ) is the
PSD of the input samples and Sy( f ) is the PSD of the output
samples.

Compared to the SoS-based method, the filter-based
fading simulation method is much trickier to design and
implement. A filter-based simulator needs to be designed
carefully because of possible instability and possible finite
word-length effects when implemented with fixed-point
arithmetic. On the other hand, filter-based fading simulation
has several advantages over the SoS-based method. First,
with the filter-based method, it is possible to simulate a
wide range of power spectral densities. Second, the filters can
be designed to provide a high level of statistical accuracy.
Finally, the generated samples have very accurate Gaussian
distribution.

In this paper, we present various considerations for
designing stable fixed-point spectrum shaping filters for
modeling both isotropic and nonisotropic fading channels.
We propose an iterative filter design technique. The least-
squares cost function is suggested in polar coordinates and
augmented with a barrier function that keeps the poles (and
potentially also the zeros) within the unit circle to enforce
filter stability.

The rest of this paper is organized as follows. Section 2
discusses various considerations when designing isotropic
fading channels. Section 3 presents filter design techniques
for isotropic fading channels. Section 4 discusses the model-
ing of nonisotropic fading channels. In Section 5, we present
our stable real and complex filter design techniques for stable
fixed-point implementations. Finally, Section 6 makes some
concluding remarks.

2. Isotropic Fading Channels

Isotropic scattering refers to the case in which the distri-
bution of the incident directions of the received multipath
signals, or angle of arrival (AoA), are equally distributed.
Assuming an isotropic scattering Rayleigh fading channel
with an omnidirectional antenna at the receiver, the path
gains are modeled using a unit-variance zero-mean complex
Gaussian process c(t) = ci(t) + jcq(t) [2]. Both ci(t) and cq(t)
are Gaussian-distributed independent stochastic processes
that have the same autocorrelation function (ACF) Rci ,ci(τ) =
Rcq ,cq(τ) = J0(2π fDτ)/2, where fD is the maximum Doppler
frequency and Jo(·) is the zeroth-order Bessel function of
the first kind [4]. The PSD associated with either the in-
phase or quadrature component of a complex fading signal
has the well known Jakes’ U-shaped band-limited form with
independent in-phase and quadrature samples [8]:

Sc
(
f
) =

⎧
⎪⎪⎨

⎪⎪⎩

1

π
√
f 2
D − f 2

if
∣
∣ f
∣
∣ < fD,

0 otherwise.
(2)

Fading samples can be generated by passing a stream of inde-
pendent Gaussian samples through a SSF with the magnitude
response equal to the square root of the magnitude of the
PSD of the desired fading process (i.e., |H( f )| = |Sc( f )|1/2).

The filtering process can be carried out in the time or
frequency domains. In the frequency domain, the Gaussian
samples are multiplied by |Sc( f )|1/2. Then, an inverse fast
Fourier transform (IFFT) can be applied to the resulting
discrete spectrum to obtain time series fading samples [9].
The resulting series is still Gaussian by virtue of the linearity
of the IFFT, and it has the desired Jakes’ spectrum. One
major disadvantage of the IFFT method is its block-oriented
nature, which requires all fading coefficients to be generated
and stored before the data is sent through the channel.
This implies significant memory requirements and precludes
unbounded continuous transmission, which is usually pre-
ferred in long running characterization applications such as
hardware fading simulation.

In the time domain, the SSF can be implemented with
either finite-impulse response (FIR) filters [10, 11] or infinite
impulse response (IIR) filters [12, 13]. When implementing
fading channel simulators using FIR and IIR filters, it is
important to note that the degree of the FIR filter is
related to the time span of the truncated signal held in the
filter and inversely proportional to the Doppler frequency.
Specifically, implementation of an extremely narrowband
digital filter with a sharp cutoff and a very large attenuation
in the stop-band requires a high-order FIR filter. Meeting
the same specifications with an IIR filter typically requires
fewer hardware resources than an FIR filter. In fact, utilizing
both feedforward and feedback polynomials in an IIR filter
permits steeper frequency roll-offs to be implemented for a
given filter order than an FIR filter [14]. However, an FIR
filter has no feedback and is thus inherently stable. As the
coefficients are quantized in any fixed-point implementation,
the resulting numerical error is fed back in the IIR filter,
possibly causing instability. Moreover, such effects can cause
significant deviations from the expected response. Thus we
must ensure that the designed SSF is stable.

The autoregressive (AR) modeling approach has also
been proposed for generating fading processes by passing
the noise through an all-pole IIR filter [15]. To produce
samples with accurate statistics, the AR model needs a large
filter order, which greatly increases the number of required
multiplications per output sample. Also, implementation of
the AR fading simulator demands highly accurate floating-
point variables, which makes it unappealing for compact
fixed-point implementations.

3. Spectrum Shaping Filter Design for
Isotropic Fading Channels

In the design of the SSF, IIR filters are widely preferred to
FIR filters due to their reduced computational complexity
and their higher stopband attenuation. Moreover, since no
constraints are imposed on the phase response, we choose
to use IIR filters. We approximate the desired magnitude
response of the SSF with an IIR filter of order Γ. The
magnitude response of the SSF is expressed as

H
(
e jω
)
=

Γ/2∏

q=1

{

gq ×
1 + b1,q e− jω + b2,q e− j2ω

1 + a1,q e− jω + a2,q e− j2ω

}

, (3)



Modelling and Simulation in Engineering 3

which is equivalent to the magnitude response of Γ/2
cascaded canonic second-order sections (SOSs), also known
as biquads. In (3), b1,q, b2,q, a1,q, and a2,q denote the
coefficients and gq denotes the real-valued scaling factor of
the qth biquad.

For a typical wireless communication scenario, the
Doppler frequency fD is significantly lower than the signal
sample rate Fs. Thus, SSF would have an extremely narrow
bandwidth and a very sharp cut-off. We can reduce the
complexity of SSF by designing it at a much lower sampling
frequency, F1 � Fs thereby reducing the required computa-
tions and also improving the accuracy of the designed filter.
The resulting low-rate signal can then be interpolated to

reach the target sampling frequency Fs = F1 ×
∏Tg

j=1I j = Fs,
where Tg denotes the number of interpolation stages and
I j is the interpolation factor at the jth interpolation stage.
Given the desired frequency response S1/2

c ( f ) = (π2( f 2
D −

f 2))−1/4, | f | < fD, we can find the IIR filter coefficients
using the MATLAB function iirlpnorm. This function uses
double-precision floating-point variables and calculates the
optimal values by minimizing the p-norm [16].

Due to the higher hardware cost and complexity of
floating-point hardware, fixed-point arithmetic is often
preferred in very-large-scale integration (VLSI) and field-
programmable gate array (FPGA) implementations. After
the initial filter design, the filter coefficients and scaling
factors are then quantized for fixed-point implementation.
For a compact hardware implementation, variables should
be implemented with the minimum possible fixed-point
word-length. However, reducing the word-length impacts
the response, and potentially the stability, of the designed
IIR filter. When the filter coefficients are quantized from
floating-point to fixed-point, the poles and zeros of the sys-
tem function typically shift to new positions in the z-plane.
Unfortunately, this step can perturb the implemented fre-
quency response from its intended response. If the designed
IIR filter is extremely sensitive to coefficient changes, the
filter response might not meet the target specifications or
the filter might even become unstable [17]. At this step,
the filter has to be tested with fixed-point variables, and
scaling factors gq are determined that sufficiently limit the
magnitude of the generated samples to keep them within the
representable range. To make sure that the filters are stable
under quantization effects, we have designed the filters in
fixed-point format using Filter Design Toolbox [18], which
offers bit-true implementations of SOSs with section scaling
and reordering to obtain maximum accuracy.

An important observation is that if the stopband atten-
uation of the shaping filter is not sufficiently high, then
the out-of-band noise that passes through the filter will
degrade the accuracy of the statistics of the generated fading
variates. Specifically, since designing a narrowband filter
with a sharp cutoff and large attenuation invariably leads to
a high-order filter, to obtain the closest approximation to
the desired frequency response with a relatively small filter
order, we only minimized the approximation error in the
passband of the SSF. The low-pass filters utilized downstream
in the interpolator stages can then be designed with extra

attenuation over the transition region to ensure a sharp
cut-off.

To generate the Rayleigh fading process, independent
samples of a zero-mean complex Gaussian process, generated
by the Gaussian noise generator (GNG) block in Figure 1,
pass through an SSF with a magnitude response equal to
the square root of the magnitude of (2). Samples generated
by the shaping filter at a low sampling frequency need
to be oversampled and passed through lowpass filters in
order to obtain the target sample rate Fs. Let P denote
the integer upsampling factor. Interpolation of the signal
{x[n]} is performed by inserting P − 1 zeros between each
pair of successive samples of {x[n]} and then passing the
resulting stream through a low-pass filter with cut-off fre-
quency π/P radian/sec. In order to reduce the computational
complexity, we perform the interpolation in multiple stages.
Since only the amplitude response affects the correlation
properties and no restrictions are imposed on the phase
response, we use an elliptic IIR low-pass filter (EILPF) in
the first stage. The lowpass filter has a symmetric frequency
response and hence its poles and zeros appear in complex
conjugate pairs, therefore, this filter can be realized using
cascaded biquads. The SSF output is upsampled I1 times and
passed to the EILPF generating F2 = I1 × F1 samples per
second. The samples are further upsampled and interpolated
using fading-specific interpolation low-pass filters (SILPFs)
to obtain the desired output sample rate Fs. Since the
maximum Doppler frequency is typically much smaller than
the sampling frequency, we use a multiplication-free SILPF
with frequency response:

Dlz
P

(
e jω
)
=
(

1− e− jωP
P − Pe− jω

)lz
, lz ≥ 1, (4)

where lz is the number of cascaded stages.

We propose to design the SSF at a sampling frequency F1,
where 4 fD < F1 ≤ 8 fD. Choosing F1 in this range satisfies
the minimum Nyquist rate while keeping the computational
complexity low. In addition, we have the opportunity to
exploit power-of-2 interpolation factors to further reduce
the hardware complexity and simplify the filter design. The
generated samples from the SSF are upsampled I1 = 16
times and passed through the EILPF. Note that since the
SILPF stages are designed to operate on narrowband signals,
the first interpolation stage is positioned prior to the SILPF
stages. Then, the samples are passed through successive
SILPFs. The ith SILPF interpolates the signal 2ki times.
Based on the processing architecture, the relation between
F1 and the target output sampling rate is Fs = 16 × F1 ×
∏Tg

i=12ki . From here we have F1 = 2−(4+Sg )Fs, where Sg =
∑Tg

i=1 ki is an integer value in the range log2(Fs/ fD) − 7 ≤
Sg < log2(Fs/ fD) − 6. Based on the maximum interpolation
factor 2Kmax , where Kmax = 4 + max{Sg}, each SILPF
is assigned a specific interpolation factor. The minimum
Doppler frequency that can be simulated by this system is

f min
D = 2−(Kmax+3)Fs. (5)
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F1 F1 F2 F3 Fs

GNG SSF SILPF SILPFEILPFI1↑ I2↑ ITg ↑· · ·

Figure 1: Block diagram of the fading simulator.
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Figure 2: ACF of the generated fading samples with fD = 0.6 Hz,
Fs = 2.5 MHz over 60 seconds.
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Figure 3: PDF of the generated fading samples with fD = 200 Hz,
Fs = 10 MHz.

To ensure accuracy, we measured the ACF and the
probability density function (PDF) of the generated fixed-
point fading samples against the ideal functions. Figure 2
shows the autocorrelation of the real part of the generated
fading process. The Doppler frequency is set to fD = 0.6 Hz
and the sample rate is Fs = 2.5 million samples per second.
This figure confirms a close match between the desired
response and the generated results over up to 60 seconds. In
another example, we measured the PDF for the amplitude of
the generated samples with fD = 200 Hz and Fs = 10 MHz.
The plots in Figure 3 show that the measured PDF accurately
matches the ideal Rayleigh PDF.

4. Modeling Nonisotropic Fading Channels

Isotropic scattering assumption has been challenged [19]
due to the blockage of some propagation directions and
antenna directivity, resulting in a nonuniform PDF for
AoA at the receiver. Several nonuniform PDFs have been
proposed in the literature to represent the AoA including

the geometrically based PDFs [20], Gaussian PDF [21],
quadratic PDF [22], Laplace PDF [23], cosine PDF [24], and
von Mises PDF [25]. The von Mises PDF, which includes the
uniform AoA distribution as a special case, is supported with
empirical measurements of narrowband fading channels in
[25]. Also it is argued that the von Mises PDF is attractive
because it can approximate other nonuniform PDFs and can
provide mathematical convenience for analysis [25].

When the scattering encountered in the propagation
environment is nonisotropic [26, 27], the complex envelope
of the fading process is

c(t) = ci(t) + jcq(t)

= lim
N→∞

1√
N

N∑

n=1

αne
j(2π fD cos(Ψn)+ϕn),

(6)

where ψn, n = 1, . . . ,N are independent and identically
distributed (i.i.d.) angles of arrival of the incoming wave
at the receiver antenna with distribution pΨ(ψ), ϕn, n =
1, . . . ,N are i.i.d. phases with uniform distribution over
[−π,π), and αn, n = 1, . . . ,N are deterministic normalized
complex constants that satisfy

∑N
n=1 |αn|2 = N . The PSD

function associated with c(t) is given by [25]

Sc
(
f
) =

eκ cos(ψ̃)( f / fD) cosh
(
κ sin

(
ψ̃
)√

1− ( f / fD
)2
)

πI0(κ)
√

1− ( f / fD
)2

, (7)

where κ controls the beam width, ψ̃ denotes the average
AoA of the scattered component, and Im(·) is the mth order
modified Bessel function of the first kind. To obtain (7),
it is assumed that the AoA of the scattered component is
distributed with the von Mises/Tikhonov distribution [28]
as follows:

pΨ
(
ψ
) = exp

[
κ cos

(
ψ − ψ̃)]

2πI0(κ)
, ψ ∈ [−π,π). (8)

Note that when the beam-width parameter κ is zero, the AoA
has a uniform distribution over [−π,π), and (7) reduces to

Jakes’ “U-shaped” spectrum Sc( f ) = (π
√

1− ( f / fD)2)−1.
One of the important steps for generating the fading

samples is designing the SSF. While most of the previously
proposed filter design techniques might be appropriate
for simulations of isotropic fading, they are not the best
candidates for nonisotropic scattering scenarios, where AoA
is not uniformly distributed or when the antennas are
not omnidirectional. In contrast to isotropic fading, the
PSD of fading samples in nonisotropic scattering (7) is
not symmetric in general, and hence the filter coefficients
are potentially complex [29] (e.g., the TGn fading channel
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models for simulating IEEE 802.11 radio propagation [30]).
We will refer to filters with real coefficients as “real filters”
and filters with complex coefficients “complex filters.”

Various methods such as nonlinear optimization [31],
linear programming [32], and semidefinite programming
[33] have been suggested for designing IIR digital filters
in the complex Chebyshev sense. Least-squares methods
have also been applied extensively to design IIR filters [34].
For filter stabilization, several approaches have also been
proposed. One method, proposed in [35], is to start the
optimization from a stable point and then control the step
size so that the solution never leaves the stable region.
However, this method is computationally expensive and not
easy to implement with traditional optimization procedures.
In a second method, explicit constraints are imposed on
the coefficients of the denominator of the transfer function
[36]. This technique, however, has some limitations that
affect the filter quality [37]. Finally, in a third method, the
least squares cost function is modified so that the minimum
always falls in the stable region [37]. This is ensured by
adding a barrier function to the original cost function to
avoid filter instability. To design the barrier function, an all-
pole proxy transfer function is formed consisting of all of the
filter poles. The barrier function is basically the sum of the
squared amplitude of a section of the impulse response of the
proxy transfer function. If the filter is unstable, the trailing
tail of the response will have (large) nonzero values.

For efficient filter implementation, the filter design
method needs to produce filters that can be implemented
with the minimum word-length while providing the required
accuracy. The bit-precision selected for implementing the
SSF plays an important role in the accuracy, stability, and
efficiency of the filter implementation. Various methods have
been proposed for designing IIR filters with fixed-point
coefficients [38–41]. In [38], the optimal fixed-point real-
valued filter is found by reformulating a cost function to
include the hardware complexity. The cost function is then
minimized using the simulated annealing method [42]. In
this approach, no constraints are imposed on the precision
of the intermediate signals, which can result in inefficient
implementations. The filter design method proposed in
[39] is based on FIR-to-IIR filter conversion. However, the
resulting IIR filter has significantly higher complexity than
its FIR prototype. In [40], IIR filter design is framed as a
combinatorial optimization problem that is solved using a
genetic algorithm. The design approach in [41] proposes bit-
flipping and the downhill-simplex method for fixed-point
IIR filter design.

5. Spectrum Shaping Filter Design for
Nonisotropic Fading Channels

We represent the IIR filter as a product of first-order sections
(FOSs) [43]:

H
(
e jω
)
= A

Γ∏

k=1

1− rke j(θk−ω)

1− ske j(φk−ω) , (9)

where A is a positive scaling factor, rke jθk and ske jφk are the
kth complex zero and pole, respectively, and Γ is the number
of FOSs, that is, the filter order. Here, we focus on designing
IIR filters with a prescribed amplitude response. When the
amplitude of the frequency response is symmetric, the poles
and zeros of (9) appear as complex conjugate pairs and the
IIR filter can be implemented using Γ/2 biquads.

We assume that the desired amplitude response is
represented with 2×M samples ydi , where

ydi =
{∣
∣G
(
e j2πui

)∣∣ if 2πui is in the passband

ε, otherwise,
(10)

and where G(e j2πui) is the desired response, ui ∈ [−0.5, 0.5]
is the normalized sampling frequency, and ε > 0 is the
attenuation in the stopband. Similar to the work in [44], we
express H(e jω) = AF(x; e jω), where F(x; e jω) represents the
product of FOSs in (9) and the column vector x of length 4Γ
contains rk, sk, θk, and φk for k = 1, . . . ,Γ. Next, to find the
filter parameters we define the cost function as follows:

q(A, x) =
2M−1∑

i=0

vi
(

log
(
A
∣
∣∣F
(

x; e jω
)∣∣∣
)
− log

(
ydi
))2

+ B
(
ϑ; ρ; x

)
,

(11)

where the weight vector v = [v1, v2, . . . , v2M]T allows us
to emphasize the error minimization for certain frequency
bands. Note that the sum of squared errors on a logarith-
mic scale is augmented by a parametric barrier function
B(ϑ; ρ; x). Function B(ϑ; ρ; x) is included to keep the poles
(and zeros, if necessary) within the unit circle to enforce filter
stability and is defined as

B
(
ϑ; ρ; x

)
=

2Γ∑

k=k0

b
(
ϑ; ρ; xk

)
, (12)

where

b
(
ϑ; ρ; τ

)
=

⎧
⎪⎪⎪⎪⎪⎪⎪⎪⎨

⎪⎪⎪⎪⎪⎪⎪⎪⎩

0 if |τ| ≤ ρ,

ϑ

( |τ| − ρ

1− ρ

)2

if ρ < |τ| ≤ 1,

2ϑ
1− ρ

|τ| − ϑ
(

1 + ρ

1− ρ

)

if |τ| > 1.

(13)

In (12), ϑ determines how fast the barrier function grows
outside of the unit circle and the parameter ρ ≤ 1 determines
an outer boundary for the poles and zeros. When k0 = Γ + 1,
the barrier function tries to keep the poles within a circle of
radius ρ. Setting k0 = 1, on the other hand, forces both the
poles and zeros into the same boundary. The barrier function
(12) is especially useful when designing filters for fixed-point
implementation since it can be parameterized to keep the
poles and zeros at any desired safe distance from the unit
circle. Moreover, using this technique, the quantization noise
can be reduced to acceptable levels. It can be shown that the
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variance of the quantization noise that originates in the kth
FOS when implemented in direct-form-I (DF-I) is

σ2
f (k) = 7× 2−2(Ωk−1)

6×
(

1− s2k
) , (14)

where Ωk is the number of bits used to quantize the
coefficients (and the intermediate variables) at the kth stage.
To derive (14), it is assumed that the quantization noise
after each multiplier is uniformly distributed, wide-sense
stationary white noise that is uncorrelated with both the
input signal and the quantization noise in other stages. We
also assume that the samples are truncated and represented
in 2’s-complement. Controlling the maximum absolute value
of the filter poles limits the quantization effects to an
acceptable level.

The coefficients of the IIR filter are calculated using
an iterative optimization algorithm. At each iteration, the
optimum scaling factor Ao is calculated as

Ao =
2M−1∏

i=0

(
ydi∣∣F(x; e j2πui)

∣∣

)(vi/
∑2M−1
i=0 vi)

. (15)

This expression for Ao is found by differentiating (11) with
respect to A and setting the resulting expression to zero. To
calculate the gradient vector

g(Ao, x) =
[
∂q(Ao, x)
∂x1

, . . . ,
∂q(Ao, x)
∂x4Γ

]T

, (16)

the partial derivative of q(Ao, x) with respect to the kth
component xk of x can be calculated as

∂q(Ao, x)
∂xk

= 2
2M−1∑

i=0

⎡

⎢
⎢
⎢
⎢
⎣

vi log
(
Ao
∣
∣F
(

x; e jωi
)∣∣/ydi

)

∣
∣F(x; e jωi)

∣
∣

× ∂
∣∣F
(

x; e jωi
)∣∣

∂xk

⎤

⎥
⎥
⎥
⎥
⎦

+
∂B
(
ϑ; ρ; x

)

∂xk
,

(17)

where ωi = 2πui,

∂
∣
∣F
(

x; e jω
)∣∣

∂rk
=
∣
∣∣F
(

x; e jω
)∣∣∣

rk − cos(θk − ω)
∣∣1− rke j(θk−ω)

∣∣2 ,

∂
∣
∣F
(

x; e jω
)∣∣

∂θk
=
∣∣
∣F
(

x; e jω
)∣∣
∣

rk sin(θk − ω)
∣∣1− rke j(θk−ω)

∣∣2 ,

∂
∣
∣F
(

x; e jω
)∣∣

∂sk
=
∣∣
∣F
(

x; e jω
)∣∣
∣

cos
(
φk − ω

)− sk
∣
∣1− ske j(φk−ω)

∣
∣2 ,

∂
∣∣F
(

x; e jω
)∣∣

∂φk
=
∣
∣
∣F
(

x; e jω
)∣∣
∣
−sk sin

(
φk − ω

)

∣∣1− ske j(φk−ω)
∣∣2 ,

(18)

Require: ρ; ϑ;Ω; v = [vi], and yd = [ydi ]
for i = 0, . . . , 2M − 1

Initialize k = 0, x0, E0 = 20 I4Γ×4Γ

while|xk+1 − xk| ≥ ε do
find Ao

k from (15)
find gk = g(Ao

k ; xk)

χk =
√

gTk Ekgk
g̃k = gk/χk
xk+1 = Q[Ω, xk − (1/(4Γ + 1))Ek g̃k]
Ek+1 = ((4Γ)2/((4Γ)2 − 1))(Ek − (2/(4Γ + 1))Ek g̃k g̃Tk Ek)
k = k + 1

end while

Algorithm 1: Iterative calculation of the filter coefficients [43].

and each partial derivative of the barrier function is given by

∂B
(
ϑ; ρ; x

)

∂xk

=

⎧
⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎨

⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎩

0 if |xk|≤ρ or k<k0 or k>2Γ,

2ϑ
(
|xk| − ρ

)

(
1− ρ

)2 sign(xk) if ρ < |xk| ≤ 1,

2ϑ
1− ρ

sign(xk) if |xk| ≥ 1.

(19)

Algorithm 1 summarizes the steps for our proposed
iterative filter design. We utilized the ellipsoid algorithm
[45] here for its simplicity; however, other optimization
techniques could be used. This filter design algorithm can
be parameterized to provide a close approximation of the
desired response. The desired response yd = [ydi ], the fixed-
point format Ω used for the filter coefficients, a weight
vector v, and the outer boundary ρ for zeros and poles are
passed to Algorithm 1. The filter design procedure can start
with a reasonable order Γ for the initial approximation. The
filter order can be increased gradually if the desired filter
characteristics are not met. The algorithm starts from an
arbitrary point x0 contained within the unit sphere and a
relatively large (20 times in this algorithm) initial ellipsoid
matrix E0 = 20 I4Γ×4Γ, where I denotes the identity matrix.
The algorithm then searches for the optimal solution within
the present ellipsoid of feasible points. This algorithm then
converges on the optimal solution by successively reducing
the size of the ellipsoid by χk until it is small enough (i.e.,
the algorithm has converged) or when |xk+1 − xk| is within
a chosen accuracy ε. The function Q[Ω, x] represents the
quantization effects that affect each element of x in the
Cartesian coordinate system (coefficients are transferred to
Cartesian coordinates, quantized, and then transferred back
to the polar coordinates). Note that stable real IIR filters
can be designed with the above algorithm as well. To design
such filters, the sample update is only performed for half of
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Figure 4: Frequency response of the designed fixed-point filters and
the desired responses.

the poles and zeros, and the others are simply the complex
conjugates of the updated samples.

An important point to note is that IIR filters are naturally
susceptible to arithmetic overflow and instability due to the
inherent feedback. Both the design and implementation of
digital IIR filters must be carried out carefully to avoid such
pitfalls. While scaling techniques are commonly used to keep
the filter variables in range [46], a poor choice of scaling
factor can result in a loss of signal precision and an increase
in quantization noise. Another technique is to use more
bits to represent intermediate signals. This method, however,
is inefficient on DSPs with a fixed word-length. Moreover,
simply adding extra bits increases resource utilization in
FPGA and ASIC implementations. We suggest to use (i) pole-
zero ordering and/or (ii) augmenting auxiliary poles and
zeros techniques for minimizing the range of intermediate
signals that can be effectively used for reducing the signal
range, overflow probability, and resource utilization in
hardware implementations [47].

Considering a small section of an IIR filter, overflows are
mainly caused by oscillations around resonant frequencies.
Assuming a limited input signal range, we can reduce
the signal range by reducing the maximum oscillation
magnitude. The oscillation frequency is mainly determined
by filter poles. Consider a single FOS of an IIR filter with
only one pole at frequency e j2π fpole . The output range of this
section can be reduced significantly if the input signal to this
section is attenuated around frequency e j2π fpole . In pole-zero
ordering technique, we need to implement the IIR filter with
the DF-I structure so that the input signal experiences a zero
before it is affected by the pole. We thus sort the filter sections
according to their pole magnitude in an ascending order and
match the filter poles with the closest zeros. Further, signals
are scaled in the different stages to assure filter stability.

The second method for reducing the signal range is to
attenuate the input signal around the resonant frequencies
of an IIR filter e j2π fNat , that could potentially result in
oscillation or overflow. This imposed distortion can be later
compensated for with additional poles and/or zeros. This
technique is applicable only if the input signal does not have a
major frequency component around e j2π fNat . One example is

the implementation of narrowband low-pass filters with an
approximate resonance frequency around DC. If the input
signal does not have a DC component, it can be first passed
through a high-pass filterD(e jω) = 1−e− jω (difference) prior
to being passed through the filter. The filter output can then
be later compensated by passing the output signal through
the integrator I(e jω) = (1 − ρe− jω)−1. The coefficient ρ ∈
[1−ε, 1) is intentionally added here since quantization noise
and computational errors can render a perfect integrator
(i.e., ρ = 1) unstable.

When employed along with pole-zero ordering, the
augmented poles and zeros are not included in the ordering
process, and instead they keep their position in the DF-I
structure, that is, the augmented zero appears first and the
pole appears last. This technique, when used in conjunction
with pole-zero ordering and scaling, can provide efficient,
accurate, and compact implementation of real and complex
IIR filters.

To demonstrate the performance of our filter design
procedure, we design two IIR filters with Γ = 12 FOSs. Here,
the SSF is approximated with

H
(
e jω
)
=

Γ∏

k=1

gk × 1− b1,ke− jω

1− a1,ke− jω
, (20)

where gk is the positive scaling factor, b1,k and a1,k are the
kth complex zero and pole, respectively, and Γ is the filter
order. This filter can be realized as a cascade of Γ FOSs. For
isotropic scattering, however, poles and zeros of (20) appear
in complex conjugate pairs and the shaping filter can be
implemented using Γ/2 canonic second-order sections. We
set the parameters ϑ = 5 and ρ = 0.99, that is, the poles and
zeros are bounded within a circle of radius 0.99. For all of
the FOSs, the number of bits for representing each coefficient
is set to Ω = 12. Figure 4 shows the frequency responses of
the designed filters (with out-of-band attenuation ε = 0.001)
as well as the desired responses. In this figure, filter (a) is a
lowpass filter with normalized pass frequency fp = 0.3, and
filter (b) is a complex filter with frequency response H( f ) =
α+β f 3 for | f | ≤ 0.2 and H( f ) = ε for | f | > 0.2. As Figure 4
shows, the frequency responses of the designed fixed-point
filters closely match the desired responses. Figure 5 shows the
position of the poles and zeros for the designed filters. Note
that all of the poles and zeros lie within a circle of radius
ρ = 0.99.

To illustrate the effectiveness of these range reduction
techniques, we simulated an order Γ = 6 Elliptic low-
pass filter with sample rate Fs = 4800 Hz, pass frequency
Fpass = 1200 Hz, stop frequency Fstop = 1500 Hz, passband
ripple Apass = 1 dB, and stopband attenuation Astop = 50 dB.
We measured the maximum absolute range of variables
by passing 108 uncorrelated zero-mean Gaussian samples
through the designed filter. It is assumed that the input signal
(white Gaussian noise) does not have a DC component.
Table 1 shows the maximum absolute signal ranges for
different filter implementations. The output of each FOS
or SOS is scaled to lie within [−1, +1]. As this table shows,
the direct-form-II (DF-II) implementation requires the
most number of bits (at least nine bits for the integer part).



8 Modelling and Simulation in Engineering

Im
ag

in
ar

y 
pa

rt

Real part

10.50−0.5−1

1

0.5

0

−0.5

−1

(a)

Im
ag

in
ar

y 
pa

rt

Real part

10.50−0.5−1

1

0.5

0

−0.5

−1

(b)

Figure 5: Positions of the poles and zeros in the unit circle for the designed filters.

Table 1: Maximum absolute signal range in different sections of a
low-pass filter implemented with different techniques.

1st section 2nd section 3rd section

DF-II 182.22 422.82 421.44

DF-I + ord. 35.43 20.93 9.79

DF-I + ord. + aug. 20.87 14.81 11.04

The DF-I implementation of this filter with the pole-zero
ordering (DF-I + ord.) reduces the signal range significantly.
Moreover, augmenting a zero at DC (DF-I + ord. +
aug.) can further reduce the signal range such that the
minimum number of integer bits is reduced to five. In this
example, the range reduction technique saves four bits in
word-length, which can significantly reduce the hardware
complexity.

6. Conclusions

In this paper we discussed various considerations when
designing accurate isotropic and nonisotropic fading chan-
nels. We investigated the filter-based approach, which can
be customized to accurately provide the statistical prop-
erties required for simulating different fading scenarios.
We proposed an iterative technique that can be used to
design both complex and real IIR filters with fixed-point
coefficients. We augmented the least-squares cost function
with a specific barrier function to control the location of the
poles (and potentially also the zeros) within the unit circle to
ensure numerical stability. We also suggested two techniques
for reducing the signal range. Signal range reduction is
particularly important in hardware implementation since
it can directly reduce hardware complexity. Simulation

results showed that the proposed filter design technique can
significantly reduce the required word-length for fixed-point
IIR filter implementations.
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We present statistical models for wideband and ultrawideband (UWB) radio channels in a working machine cabin environment.
Based on a set of measurements, it was found that such a small and confined space causes mostly diffuse multipath scattering
rather than specular paths. The amplitude of the channel impulse responses in the wideband case is mostly Rayleigh distributed
small-scale fading signal, with only a few paths exhibiting Ricean distributions, whereas the ones in the UWB case tend to be
log-normally distributed. For the path amplitude, we suggest an exponential decay profile, which has a constant slope in dB
scale, with the corresponding parameters for the UWB case. For the wideband case, a twofold exponential decay profile provides
excellent fits to the measured data. It was also noted that the root-mean-square (RMS) delay spread is independent of the line-of-
sight/obstructed line-of-sight situations of the channel. The multipath components contributing significant energy play a major
role in such a small environment if compared to the direct path. In addition, the radio channel gains are attenuated with the
presence of a driver inside the cabin.

1. Introduction

A wireless sensor network (WSN), which is a wireless net-
work consisting of spatially distributed autonomous devices
using sensors to cooperatively monitor physical or environ-
mental conditions [1], today covers very widely in many
industrial and civilian application areas, including industrial
process monitoring and control, health monitoring, environ-
ment and habitat monitoring, home automation, and traffic
control. Wireless intra-vehicle communications system has
been proposed as a new type of communications system
that can provide onboard passengers with bidirectional high-
speed data exchange services for both communications and
entertainment [2, 3]. For the purpose of safety, comfort and
convenience, WSNs are being deployed in the new models
of automotives to collect such information as temperature,
speed, pressure, and so on. This idea of exploiting WSNs is
not limited to applications in a working machine only. The
information and communication system used in a working
machine makes it easier for driver to control the operation,
for example, in a wood processing guiding the trunk
cutting according to orders input from the system. This can

guarantee quick processing during logging, and high produc-
tivity. This information system is expected to be wirelessly
controlled by the driver. Using wireless communication links
instead of wired link can save a big amount of installing costs.
In addition, measuring vibrations acting on the human body,
so-called “human vibration,” is the prevention of health risks
and the evaluation of comfort, for example, in vehicles [4].
Wireless vibration sensing application embedded to wireless
body area networks (WBANs) can also be included in the
future system.

The design of information and communication systems
requires a good understanding of the corresponding radio
wave propagation channel. The characteristics of an indoor
radio propagation is found to be its site-specific behavior.
Many existing radio channel measurement campaigns and
the corresponding channel models have been restricted to
typical residential and office environments, which are highly
limited by the attenuation of walls [5, 6]. Only few radio
channel measurements were done inside a vehicle [7, 8]. To
our knowledge, there is no work done in a working machine
environment, which can have the different radio channel
characteristics due to its small and confined space.
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This paper discusses on experimental radio channel
measurements that are carried out in a working machine
environment within two different frequency bands, that
is, the industrial, scientific, and medical (ISM) radio
frequency band (2.4–2.4835 GHz) and the ultrawideband
(UWB) frequency band (3.1 and 10 GHz). The statistical
radio channel models based on the measurement results are
then developed. The novelty of this paper comes from the
new environment whose radio channel characteristics are
modeled.

Section 2 of the paper is devoted to the description
of the measurement setup including the scenarios. Sec-
tion 3 addresses the characterization of the measured radio
channels. The average channel impulse responses for each
scenario are analyzed and discussed. The parameters of the
statistical channel model are also presented in this section.
Section 4 deals with the implementation of the channel
model and its evaluation. The conclusions of this work are
given in Section 5.

2. Measurement Campaigns

2.1. Measurement Setup. The measurements were carried out
in a frequency domain using Agilent 8720ES S-parameter
vector network analyzer (VNA) [9]. The network analyzer
is operated in a transfer function measurement mode, where
port 1 and port 2 are the transmitting and the receiving ports,
respectively. Thus, the measurements result as a frequency
response of the channel.

The measurements were carried out in the frequency
band between 2.4–2.4835 GHz, which is in the ISM band,
and is used, that is, by the standards IEEE 802.11 and
802.15.4 dedicated for wireless local area network (WLAN)
communication. The measurements in an UWB frequency
band between 3.1–10 GHz were also conducted. Therefore,
the measured bandwidths B were 83.5 MHz and 6.9 GHz,
respectively. Consequently, the corresponding delay resolu-
tions are 11.97 ns and 0.14 ns. The maximum number of
frequency points per sweep M is 1601, which can then be
used to calculate the maximum detectable delay τmax of the
channel as

τmax = (M − 1)
B

. (1)

Using (1), the maximum detectable delay, τmax of the chan-
nels for two different bandwidths are 19.16 μs and 231.88 ns,
which correspond to 5.75 km and 69.56 m, respectively, in
a free-space distance. Maximum detectable delay is just a
measurement system-based parameter. It is introduced to
show that the measurement system is able to detect all
propagation paths having significant contribution to the
received power. However, the usable signal energy is in the
shorter delays than the maximum detectable delay as can be
seen later on.

The antennas for the measurements in WLAN band 2.4–
2.4835 GHz were HGA7S 7 dBi high gain antennas [10]. The
SkyCross SMT-3TO10 M-A antennas [11] were used for the
measurements in UWB band. Both types of the antennas are
linearly polarized. The SkyCross SMT-3TO10 M-A antennas

Table 1: Measurement system parameters.

Parameters Value

Frequency band
ISM (2.4–2.4835 GHz),

UWB (3.1–10 GHz)

Bandwidth
83.5 MHz,

6.9 GHz

Number of sample points within the
band

1601

Maximum detectable delay
19.16 μs (5.75 km),

231.88 ns (69.56 m)

Sweep time 800 ms

Average noise floor −108 dBm

Transmit power 5 dBm

Tx and Rx cables loss 7.96 dB

1.49 m

0.5 m

0.54 m

0.20 m

0.20 m

1.7 m

1.1 m

1.32 m

0.12 m 0.6 m 0.48 m

1.08 m

Rx2
Rx4

Rx3

Rx8

Rx5

Rx7Rx6

Rx9

Rx16

Rx11

Rx13

Rx12
Rx15

Rx17

Rx14

Rx10
Tx

Mirror

Rx1

Figure 1: Arrangement of the antennas’ positions for measure-
ments inside a working machine cabin.

are azimuthally omnidirectional, whereas the HGA7S 7 dBi
high gain antennas are designed for 360 degrees of coverage
[10]. The sweep time of the VNA depends on the frequency
points within the sweep band, being automatically adjusted
by the network analyzer, that is, radio channels were
measured in a frequency domain over the frequency band of
interest. This corresponds to a conventional S21 parameter
(S21 parameter refers to the signal exiting at Port 2 for
the signal incident at Port 1 of VNA) measurement setup,
where the radio channel is the device under test (DUT). The
transmit power used in this study was 5 dBm (equivalent to
3.16 mW) as the VNA output port. Table 1 summarizes the
measurement system parameters.

2.2. Channel Measurement Description. The measurements
were conducted inside a cabin of a working machine with
the dimensions as illustrated in Figure 1. The transmit
(Tx) antenna and the receive (Rx) antenna are, in general,
set to face each other, and the line-of-sight (LOS) path
always exists except when the links are blocked by the seat.
The arrangement of the antennas’ positions is shown in
Figure 1. The position of the Tx antenna is fixed at the
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seat on 1.08 m above the cabin floor. The positions of the
Rx antenna were moved to 17 different spots, namely, from
the position Rx1 till the position Rx17. At each position,
100 consecutive measurements of the channel were taken to
improve statistical reliability. This number of typically used
in static cases. In order to study radio channels inside a cabin
in a working machine for real situations, the following three
scenarios are investigated:

(i) scenario 1: without a driver, when the engine is off.

(ii) scenario 2: with a driver sitting, when the engine is
off.

(iii) scenario 3: with a driver sitting, when the engine is
on.

3. Channel Measurement Results and
Data Analysis

Measured S21-parameters, that is, channel transfer functions,
are converted to the time domain, that is, to channel impulse
responses h(τ), using an inverse fast Fourier transform
(IFFT). A Hamming window is used to reduce sidelobes. The
channel impulse response is generally given by a tapped delay
line model [12] as

h(τ) =
L−1∑

l=0

alδ(τ − τl) exp
(
jφl
)
, (2)

where al is the amplitude of the lth path, τl is the arrival time
of the lth path, φl is the phase for the lth path, and L is the
number of paths. δ(t) stands for the Dirac function, which is
the impulse symbol and is sometimes called as “Dirac’s delta
function.” The phase φl is modeled by a uniform distribution
U{0, 2π}. The statistical parameters defining the channel
model are presented in the following paragraphs.

3.1. Average Channel Impulse Response. One hundred indi-
vidual realizations of the channel impulse response were
averaged for each position. The reason for using one hundred
realizations is since this is typically used to guarantee
statistical reliability. This number of sweeps is recorded for
all the individual links measured, so the total number of
sweeps carried out during the measurement campaign is
much higher. When using frequency domain measurement
technique, the environment needs to be static, which means
that one hundred consecutive measurements per link is
enough.

To proceed further analysis, all measured channel
impulse responses are first truncated above the noise thresh-
old, set to the noise level adding 10 dB (about−98 dBm). The
only paths above the noise threshold are taken into account.
Some examples are presented here in order to explain the
analysis. The large-scale features (i.e., path loss) and also
small-scale features (due to the change in pulse shape) of
the channels are taken into account. The large-scale models
are necessary for network planning and link budget design
while small-scale models are necessary for efficient receiver
design and performance analysis. This kind of models is not
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Figure 2: Average channel impulse responses for the UWB band in
scenario 1: without a driver, when the engine is off. The positions of
Rx antenna are Rx1 and Rx8.

publicly available at open literature for working machine’s
cabin environment so far.

As preliminarily shown in [13], the measured channel
impulse responses for the ISM band have two constant slopes
in dB scale, which correspond to a typical exponential decay
profile in a linear scale. This shows that there are many
reflections rather than a significant specular path. This is
excellently suited to characterize diffuse scattering [14].

The average channel impulse responses for the UWB
band (6.9 GHz bandwidth) in scenario 1, without a driver,
when the engine is off shown in Figure 2 were also
represented in [13]. The UWB measurements allow us to
check the presence of many paths arriving at the receiver
within the delay resolution and the maximum delay. Firstly,
the channel impulse responses have a constant slope in dB,
which corresponds to a typical exponential decay profile in a
linear scale. The other advantage of the UWB measurements
is the high temporal resolution, which makes it possible to
see the first path more precisely. The first path arrival time
can approximately translate into the distance between Tx
and Rx antennas. Therefore, the distances between Tx and
Rx1, Rx3, Rx8 as well as Rx17 are 1.17 m, 1.35 m, 1.05 m,
and 0.81 m, respectively (3.9 ns, 4.5 ns, 3.5 ns, and 2.7 ns,
resp.). The Rx1 and Rx3 are in the obstructed line-of-sight
(OLOS) case; thus the first path is not the strongest path.
Depending on the position, the constructive multipaths can
create a stronger path to the receiver. The Rx8 and Rx17 are
LOS cases; therefore, the first path is also the strongest path.
Figure 3 illustrates the average measured channel impulse
responses for the ISM band, Rx5 (OLOS), in three different
scenarios. When the driver is inside the cabin, the radio waves
in all multipaths from the Tx close to the body of the driver
(≈3 cm) are attenuated. In addition, the first path arrival
time is longer than the one in the case of no driver inside
the cabin.
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Figure 3: Average measured channel impulse responses for the ISM
band, Rx5 (OLOS), in three different scenarios.

Note that in the following, the analysis has been carried
out against several distributions, and the best fits have
been selected. Moreover, all the parameters used in the
models were extracted from the measured data during the
postprocessing. From the extracted parameters, we develop
measurements-based deterministic channel models for both
ISM band and UWB band cases.

3.1.1. Exponential Decaying Factor (al). As explained above,
the path amplitude al in (2) is approximately modeled by
an exponential decay profile with a Ricean factor γ0 and an
exponential decaying factor Γ for UWB case as

10 log10|al|=
⎧
⎪⎨

⎪⎩

0, l = 0

γ0 +10log10

(
exp
(−tl
Γ

))
, 1≤ l≤L−1.

(3)

For ISM case, the channel impulse responses have two
constant slopes in dB, and thus the path amplitude al in (2) is
approximately modeled by twofold exponential decay profile
with two Ricean factors γ01 and γ02 as well as two exponential
decaying factors Γ1 and Γ2 as

10 log10|al|=

⎧
⎪⎪⎪⎪⎪⎪⎨

⎪⎪⎪⎪⎪⎪⎩

0, l=0

γ01 +10 log10

(
exp
(−tl
Γ1

))
, 1≤ l≤ l1

γ02 +10 log10

(
exp
(−tl
Γ2

))
, l1 +1≤ l≤L−1,

(4)

where l1 is the last path of the first part.
An example from each frequency band is presented in

Figure 4 showing the average channel impulse response for
the ISM band and for Rx17 (LOS) in the first scenario
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Figure 4: Average channel impulse responses for the ISM band for
Rx17 (LOS) and the least square linear fitting curve in dB scale.
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Figure 5: Average channel impulse responses for the UWB band for
Rx17 (LOS) and the least square linear fitting curve in dB scale.

(without a driver, the engine is off) and the twofold least
square (LS) linear fitting curve in dB scale. The correspond-
ing factors γ01 and γ02 are −44 dB and −81 dB, respectively,
as well as the exponential decaying factor Γ1 and Γ2 are 2.33
and 24.39, respectively. Figure 5 shows the average channel
impulse response for the UWB band and for Rx17 (LOS) and
the LS linear fitting in dB. The corresponding factor γ0 and
the exponential decaying factor Γ are −66 dB and 21.74.

3.1.2. Amplitude Variation (χ). This part represents the
amplitude variation χ over the mean value of the path
amplitude. The cumulative distribution functions (CDFs) in
Figures 6 and 7 depict that the amplitude variations of the
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the path amplitude and the log-normal fitting curve for the ISM
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band and for Rx17 (LOS).

average channel impulse responses are well fitted by the log-
normal distribution with zero mean and standard deviation
σχ of 6.69 dB and 4.50 dB, respectively.

3.1.3. Number of Paths (L). The CDFs of the number of paths
L (above the noise threshold) are excellently fitted by Poisson
distribution with a certain mean μL. An example for Rx14
(LOS) in the UWB band shown in Figure 8, respectively. The
number of paths decreases with the presence of the driver.
In the case of the ISM band, the CDFs of the number of
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Figure 8: CDFs of the number of paths L for Rx14 (LOS) in the
UWB band measurements.
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band measurements.

paths L are fitted by Gaussian distribution with certain mean
μL and standard deviation σL as an example in Figure 9 for
Rx14 (LOS). The number of paths presented in the paper is
for channel modeling purpose. Nonetheless, they are much
more than the typical number of paths in system design, for
example, the number of paths within 10 dB of the strongest
path and the number of paths containing 85 percent of the
energy, which give approximately 35–50 paths in the UWB
band case. As can be seen, the impact of the vibration (of the
engine) on the number of the paths is clear, especially, in the
case of OLOS unlike the other channel characteristics.
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Figure 10: CDFs of the measured RMS delay spreads for LOS in the
UWB band measurements.

3.2. Small-Scale Channel Characterization

3.2.1. Delay Dispersion. In order to compare different mul-
tipath channels and to develop general design guidelines,
parameters which grossly quantify the multipath channel
are used. The mean excess delay τm and root-mean-square
(RMS) delay spread τRMS are commonly used to imply the
time delay dispersive properties of a wideband multipath
channel parameters that can be determined from a power
delay profile. The received signal will suffer spreading in
time if compared to the transmitted signal. This dispersion
can also imply frequency selective fading and intersymbol
interference (ISI). No serious ISI is likely to occur if the
symbol duration is longer than, say, ten times the RMS delay
spread [14]. The RMS delay spread is the standard deviation
(or root-mean-square) value of the delay of reflections,
weighted proportional to the energy in the reflected waves
defined as [14]

τRMS =
√
√
√√
∑L

i=1 (τi − τm)2 · |h(τi)|2
∑L

i=1 |h(τi)|2
, (5)

where τm is expressed as

τm =
√√
√
√
∑L

i=1 τi.|h(τi)|2
∑L

i=1 |h(τi)|2
. (6)

Figures 10 and 11 depict the CDFs of the measured RMS
delay spreads for LOS and OLOS situations, respectively, for
the UWB band measurements. All values are in the range
of 1.7–5.8 ns, which are very small if compared to typical
indoor RMS delay spread varying between 14 and 18 ns [14].
We can see that the RMS delay spread is independent of the
LOS/OLOS situations of the channel. Neither of the distance,
this is because the cabin space is very small. The multipath
components contributing significant energy play a major
role in such a small environment if compared to the direct
path. This is very important on the selection of the antenna
position and also to the receiver structure.
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Figure 11: CDF of the measured RMS delay spreads for OLOS in
the UWB band measurements.
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Figure 12: CDFs of the measured RMS delay spreads for Rx12
(LOS) in the UWB band measurements in all three scenarios.

An example for the case of the cabin with a driver, when
the Rx antenna is at Rx12 (LOS), is shown in Figure 12.
The RMS delay spread decreases by approximately 1.2 ns,
since the presence of people in the cabin attenuates the
path gains. Corresponding CDFs for OLOS case (Rx4) are
shown in Figure 13. The standard deviations σ of the RMS
delay spreads, when the engine is on (cabin vibration), are
larger than the ones, when the engine is off. This shows that
the radio channels differ considerably for the case with and
without driver.

3.2.2. Amplitude Distribution. In the ISM band, the power
received for each delay tap is the vectorial sum of many
multipath components arriving in the corresponding delay
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Figure 13: CDFs of the measured RMS delay spreads for Rx4
(OLOS) in the UWB band measurements in all three scenarios.

bin. The central limit theorem is therefore valid, and the
amplitudes of the delay bins exhibit a Rayleigh (in nonLOS
or OLOS case) or a Ricean (in LOS case) distribution [15].
On the contrary, only few multipath components (MPCs) fall
into each resolvable delay in the UWB band. Therefore, the
central limit theorem is not applicable and the amplitudes of
the delay bins consequently do not exhibit a Rayleigh or Rice
distributions.

In the ISM band case, in all scenarios, the first delay bins
tend to be Ricean distribution due to their high K factors
[16], whereas the other delay bins can be assumed to be
Rayleigh distributed due to their very small K factors.

For LOS case in the UWB band, as explained above, only
few MPCs fall into each resolvable delay and the central
limit theorem is therefore not applicable. The measured
amplitudes are rather log-normally distributed [17].

3.3. Large-Scale Channel Characterization. Path loss (PL) is
an important large-scale characteristic for link budget calcu-
lation and system design. In the conventional narrowband
channel, Friis transmission formula is used to model the
received signal power, Pr in free space given by [18]

Pr(d) = PtGtGrλ2

(4πd)2 , (7)

where Pt is the transmitted power, and Gt and Gr are
the Tx and the Rx antenna gains, respectively. λ is the
wavelength, and d is the Tx-Rx separation distance. The
Friis transmission formula shows that the received signal
power falls off as the square of the Tx-Rx separation
distance. From (7), the term PL is given by (λ/4πd)2 which
predicts that signal power will decrease with the square of
increasing frequency and distance. These show the presence
of both distance and frequency dependency in path loss.

Table 2: Average path loss (PL) within the measured band.

Measurement scenarios and cases Mean path loss (dB)

UWB band

Scenario 1, LOS 73.31 dB

Scenario 1, OLOS 77.32 dB

Scenario 2, LOS 75.86 dB

Scenario 2, OLOS 79.90 dB

Scenario 3, LOS 76.20 dB

Scenario 3, OLOS 80.16 dB

ISM band

Scenario 1, LOS 66.74 dB

Scenario 1, OLOS 71.85 dB

Scenario 2, LOS 80.20 dB

Scenario 2, OLOS 90.24 dB

Scenario 3, LOS 80.82 dB

Scenario 3, OLOS 90.92 dB

Nevertheless, the frequency is constant within a bandwidth
of interest and is thus negligible. However, for UWB systems,
the frequency dependency in PL can be significant due to
the large bandwidth (>500 MHz). The channel would distort
the signal spectrum of the signal which is directly related
to the signal distortions, that is, pulse shape distortion. PL
can be obtained directly from the measured channel transfer
function H( f ). The distance dependency of the path loss is
calculated by time snapshot and frequency averaging over the
total bandwidth at each Rx position as

PL(d) = 1
MN

N∑

i=1

M∑

j=1

∣∣
∣H

(
fi, t j ;d

)∣∣
∣

2
, (8)

where H( fi, t j ;d) denotes the jth channel transfer function
time snapshot at frequency fi in a distance d. N and M
denote the number of sample points within the band and the
number of snapshots, respectively.

The mean PLs for both LOS and OLOS cases are
calculated from (8) and averaged over the results from all
Rx positions in each case. The results for each case and each
scenario are summarized in Table 2. As expected, the PL
increases in the OLOS case and with the presence of a driver.
Moreover, it is noted that the PL in the case when the engine
is on is not very different than in the case when the engine is
off. This follows the initial assumption.

4. Channel Modeling and Evaluation

In this section, we describe an experimental based deter-
ministic channel model which are developed for both ISM
band and UWB band cases. As shown in Figures 14 and
15 in Section 3.2.2, the amplitude of the first five delay bin
in the ISM band case for the LOS case tends to be Ricean
distributed. The remaining delay bins can be assumed to
be Rayleigh distributed due to their small K-factors. For
the OLOS case, only the first delay bin tends to be Ricean
distributed, whereas the rest can be assumed to be Rayleigh
distributed. In the UWB case, the amplitudes of all delay
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Figure 14: CDFs of the amplitudes of five delay bins, 1, 5, 15, 40
and 45 with corresponding K factors for LOS case at Rx12.
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Figure 15: CDFs of the amplitudes of four delay bins, 1, 5, 15, and
40 with log-normal fitting for OLOS case at Rx1, without a driver
and the engine off.

bins tend to be log normally distributed. To achieve that
a random vector x, where each component is the value of
each delay bin with the corresponding distribution, either
Ricean or Rayleigh or log normal up to the cases, with zero
(dB) mean is generated. Subsequently, the amplitude vector
of the channel |h| is obtained by scaling the random vector
with an exponential decay profile with the corresponding
Ricean factor γ0 and exponential decaying factor Γ described
in Section 3.1.1. Finally, the phase vector of the channel Φ is
assumed to be uniformly distributed U{0, 2π}.

As an example, the channels for the case of Rx17 (LOS)
in the ISM band and the case of Rx17 (LOS) in the UWB

Table 3: Channel parameters for simulation for the case of Rx 17
(LOS).

Parameters ISM band UWB band

μL (paths) 53 441

γ01 (dB) −44 —

γ02 (dB) −81 —

γ0 (dB) — −66

Γ1 2.33 —

Γ2 24.39 —

Γ — 21.74

Amplitude
distribution

Ricean with K-factor =
21.35, 16.70, 16.28, 14.40,
and 13.89 dB for the delay
bin 1–5, Rayleigh for the

remaining delay bins

log normal
for all delay bins

σχ (dB) 2.97 and 3.04 4.50

band (Figures 4 and 5) are simulated. For the former case, it
is done by using (3) and the simulation parameters presented
in Table 3. For the latter case, (4) is used with the simulation
parameters in Table 3.

The average channel impulse response and the RMS delay
spread τRMS are used for validating the simulated model as
depicted in Figures 16 and 17. As we can see, the simulated
channels have a good agreement with the measured channels.

5. Conclusions

In order to deploy wireless information and communication
systems in such a confined environment like in a cabin
of a working machine, a good understanding of the radio
propagation channels, and a simple corresponding channel
model are required. To our knowledge, there is no work done
in a working machine environment, which have different
radio channel characteristics due to its small and confined
space. The measurement campaigns inside the working
machine cabin were taken for two different frequency ranges,
that is, in 2.4–2.4835 GHz ISM band used, for example,
by the standards IEEE 802.11 and 802.15.4 dedicated for
wireless local area network communication, as well as, in an
ultra wideband frequency band 3.1–10 GHz. Three different
scenarios for each frequency band, that is, (1) without a
driver, the engine is off, (2) with a driver, the engine is off,
and (3) with a driver, the engine is on, were carried out.

The characteristics of the propagation channels were
quite different from a traditional indoor environment;
namely, there are many reflections rather than a significant
specular path. This is excellently suited to characterize diffuse
scattering. The UWB measurements have the high temporal
resolution advantage, which consequently makes us able
to see the first path accurately. This is translated into the
distance between Tx and Rx antennas. With the presence
of the driver inside the cabin, the radio channel gains are
attenuated. In addition, the first path arrival time comes later
than the one in the case of no driver inside the cabin. There
was no significant difference found between the cases when
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Figure 16: Average measured and simulated channel impulse
responses for Rx17 (LOS) in the ISM band.
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Figure 17: CDF of the RMS delay spreads of the measured and
simulated channels for Rx17 (LOS) in the UWB band.

the engine is on and off, only the number of the paths are
different, especially, in the case of OLOS; that is, the vibration
(of the engine) has only the impact on the number of paths,
whereas the impact on other channel properties is trivial.

In both frequency ranges, the exponential decay profile
was modeled for the path with the corresponding parame-
ters. For the amplitude distribution, many MPCs arrive in
the corresponding delay bin in the ISM band, the central
limit theorem is therefore valid, and the amplitudes of the
delay bins exhibit a Rayleigh (in non-LOS or OLOS case)
or Ricean (in LOS case) distributions. On the contrary, only
few MPCs fall into each resolvable delay in the UWB band.
Therefore, the central limit theorem is not applicable and

the amplitudes of the delay bins consequently do not exhibit
a Rayleigh or Ricean distribution, but rather log-normal
distribution. For the delay dispersion, the RMS delay spread
was independent of the LOS/OLOS situations of the channel.
Neither of the distance, this is because the cabin space is
very small. The MPCs contributing significant energy play
a major role in such a small environment if compared to the
direct path. This is very important on the selection of the
antenna position and the receiver design. For the path loss,
the frequency dependency of the path loss in the UWB band
was firstly observed. Secondly, the mean path loss increases in
the OLOS case and with the presence of the driver. Moreover,
it was noted that the mean path loss in the case, when the
engine is on, is not very different than in the case, when
the engine is off. The measurements obtained were used to
estimate the corresponding channel parameters in order to
build statistical simulated channel models.

The developed radio channel models give a great addi-
tional information to wireless communications designs in a
working machine cabin environment.
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[17] C. Tepedelenlioǧlu, A. Abdi, and G. B. Giannakis, “The
Ricean K factor: estimation and performance analysis,” IEEE
Transactions on Wireless Communications, vol. 2, no. 4, pp.
799–810, 2003.

[18] E. Limpert, W. A. Stahel, and M. Abbt, “Log-normal distribu-
tions across the sciences: keys and clues,” BioScience, vol. 51,
no. 5, pp. 341–352, 2001.




