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Electromagnetic devices and techniques are of increasing
interest and clinical utility in a variety of medical applica-
tions. Hyperthermia may be utilized to heat tissues using
electromagnetic fields as part of cancer treatment. Many
clinically available and emerging imaging techniques have
also relied on electromagnetic concepts. Tissue-implanted
devices wirelessly communicate information from the inte-
rior to the exterior of the body and vice versa. Devel-
oping and optimizing use of these technologies involves
a sophisticated understanding of the interactions between
electromagnetic fields and tissues. This encompasses the
theoretical, computational, and experimental challenges.
This Special Issue on New Electromagnetic Methods and
Applications of Antennas in Biomedicine is devoted to
reporting the latest research in this growing interdisciplinary
field.

In this issue, the first two papers explore approaches
to imaging at microwave frequencies for two different
applications: stroke and breast cancer detection. The third
paper examines a practical issue for breast imaging, namely,
selection of an appropriate medium to immerse the antennas
and breast. A study of antenna performance in immersion
media is presented in the fourth paper in order to better
understand issues such as variations in antenna response
with immersion depth. The fifth paper presents a design
for ultra-wideband antennas for microwave imaging, and
analyzes the performances of these antennas in a realistic
scenario. The sixth paper shifts the focus of the issue from
imaging to tissue-implanted antennas. In the next three
papers, the focus is shifted to magnetic resonance imaging
(MRI). Antenna theory is applied to design a radiofrequency

(RF) coil for high-field MRI applications in the seventh
paper. The final two papers report on electromagnetic
simulation methods used in MRI. Overall, the papers in
this issue represent a broad spectrum of work in new
electromagnetic methods and applications of antennas in
biomedicine.

We would like to thank many people whose efforts made
this special issue possible. First, we thank the authors for
their response to our initial call for papers. Second, we
thank the team at IJAP for their ongoing support. Finally,
we would like to acknowledge the significant contributions
of the reviewers who provided feedback on multiple versions
of the papers.

Tamer Ibrahim
Elise Fear

Stuart Crozier
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There is a need for a medical imaging technology, that supplements current clinical brain imaging techniques, for the near-patient
and mobile assessment of cerebral vascular disease. Microwave tomography (MWT) is a novel imaging modality that has this
potential. The aim of the study was to assess the feasibility, and potential performance characteristics, of MWT for brain imaging
with particular focus on stroke detection. The study was conducted using MWT computer simulations and 2D head model with
stroke. A nonlinear Newton reconstruction approach was used. The MWT imaging of deep brain tissues presents a significant
challenge, as the brain is an object of interest that is located inside a high dielectric contrast shield, comprising the skull and CSF.
However, high performance, nonlinear MWT inversion methods produced biologically meaningful images of the brain including
images of stroke. It is suggested that multifrequency MWT has the potential to significantly improve imaging results.

Copyright © 2008 S. Y. Semenov and D. R. Corfield. This is an open access article distributed under the Creative Commons
Attribution License, which permits unrestricted use, distribution, and reproduction in any medium, provided the original work is
properly cited.

1. INTRODUCTION

A healthy brain requires an adequate blood supply. A stroke
or “brain attack” compromises cerebral blood flow (CBF)
leading to brain injury. This brain injury can lead to death
or permanent loss of function and disability. Approximately
700 000 people, each year, will experience a stroke in the US;
in 2004, stroke accounted for 1 in every 16 US deaths [1].

The brain is particularly vulnerable to disturbances in
blood flow as it contains no endogenous stores of energy;
it is dependent upon a continuous and sufficient level of
blood flow for the constant replenishment of oxygen and
glucose and for the removal of waste products. Therefore,
CBF is tightly regulated to meet the brain’s metabolic needs;
local changes in cerebral metabolism are associated with local
changes in CBF. Indeed this close coupling of metabolism
and flow is the basis for functional brain imaging techniques
such as H2

15O positron emission tomography (PET) and
blood oxygen level dependent functional magnetic resonance
imaging (FMRI). In addition to the metabolic coupling of
CBF to metabolism, an intrinsic autoregulatory mechanism
maintains a constant level of blood flow despite fluctua-

tions in arterial blood pressure across a wide physiological
ranges; this protects the cerebral circulation from potentially
harmful changes in perfusion pressure. Thus, the normal
regulation of cerebral perfusion depends on a complex
interaction of metabolism, circulation, and respiration which
is perturbed by pathologies such as stroke.

Acute ischemic strokes account for about 85% of all
strokes; each begins with a blood clot (thrombus) forming
in the circulation at a site distant from the brain. The clot
breaks away from this distant site forming an embolus which
then travels through the circulation; on reaching the brain,
the embolus lodges in the small vessels interrupting blood
flow to a portion of brain tissue. With this reduction in blood
flow, tissue damage quickly ensues. Clinical management of
stroke has been enhanced by the use of thrombolytics (clot
busters) combined with the application of brain imaging
techniques that reveal the pathophysiological changes in
brain tissue that result from the stroke. In particular, the
clinical decision, to use a thrombolytic, must be made
within 3 hours of the onset of symptoms and requires
a firm diagnosis of an ischemic stroke [2]. This clinical
decision relies on imaging methods such as computed
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tomography (CT) and MRI to reliably determine ischemic
perfusion changes. Subsequent management of the stroke
is enhanced by imaging the extent of the area of brain
tissue with compromised blood flow [3]. Current clinical
imaging methods, including CT, PET, and MRI each offers
useful information on tissue properties related to perfusion,
ischemia, and infarction [3]. Whilst each of these methods
has its own advantages, none currently offers a rapid or
cost effective imaging solution that can be made widely
available at the “bedside” in the emergency department or to
first response paramedical services. Microwave tomography
(MWT) might present a safe, portable, and cost-effective
supplement to current imaging modalities for acute and
chronic assessment of cerebral vascular diseases including
stroke.

With microwave imaging, tissues are imaged based on
differences in their dielectric properties. It has been demon-
strated that tissue malignancies, blood supply, hypoxia,
acute ischemia, and chronic infarction [4–9] change tissue
dielectric properties. Therefore, MW imaging offers the
potential for the diagnosis of functional and pathological
tissue conditions, including perfusion and perfusion-related
injuries. MW imaging of breast malignancies has been
demonstrated [8, 10–12]. Perfusion-related tissue injuries
have been imaged using MWT in excised canine hearts
[13] and in simulated extremities [9]. MWT of biological
objects possesses very complicated problem of so-called
diffraction tomography [14]. A high dielectric contrast
between tissues with high water content (e.g., muscle tissue)
and low water content (e.g., bone) presents an additional
complication for MWT imaging. Various approaches in two-
dimensional (2D) and three-dimensional (3D) geometries,
using scalar and vector approximations, have been developed
recently [15–25]. We have shown that experimental MWT
imaging of high dielectric contrast objects is possible using
nonlinear Newton and multiplicative regularised contrast
source inversion (MR-CSI) methods [24]. MWT imaging
of the brain presents a significant challenge, as the brain is
an object of interest that is located inside a high dielectric
contrast shield, comprising the skull (with low dielectric
contrast (ε∼10–15) and cerebral spinal fluid (with high
ε∼55–60). The aims of this project are: (i) to determine
the optimal technical characteristics of an MWT brain
imaging device and (ii) to assess the feasibility and potential
performance characteristics of MWT for brain imaging with
a particular focus on stroke detection. The methods and
modeling approaches are described in Section 2; the results
are presented and discussed in Section 3.

2. METHODS

The aims of the study were accomplished using computer
simulations of MWT imaging of a 2D head model. The
model is presented in Figure 1. The dielectric properties of
the regions of normal head model, taken from published data
[26–29], are summarised in Table 1. In further developing
this model, to incorporate a region of acutely simulated
stroke injury, we used previously obtained tissue perfusion
data [4, 5, 9]. The acute stroke injury was simulated as −10
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Figure 1: Simulated 2D model of a head inside of the MWT
imaging chamber with a radius of 11 cm.

contrast (to white matter) circle with diameter 1, 2, or 4 cm.
Further simulations were conducted using two 2D models
of a head, first, with normal brain blood flow and, second,
with compromised blood flow due to simulated stroke (see
Figure 1).

Transmitters and receivers (positioned equidistantly)
were located on the outer ring of the working chamber with
a radius of 11 cm. The overall number of transmitters (Ntr)
and receivers (Nrec) was 32× 32 or 64× 64. In general cases,
the more sources/receivers that are used, the better quality
of reconstructed images is expected. However, an increased
number of antennas will add additional technical obstacles,
such as an increase of data acquisition time, problem related
to the construction of small, efficient antennas for 0.5–
2.0 GHz, and so forth. See discussion following Table 3 for
further details. To simulate an MWT imaging procedure, the
object under the study was irradiated from jth transmitter
and scattered electromagnetic (EM) field was measured
on Nrec/2 opposite receivers. This was continued for each
transmitter from 1 to Ntr. In some series of simulations, a
random noise was added to received complex EM signal. The
sources of EM radiation were simulated as unlimited strings
over the main axis (z-axis) of the 2D model. Of course,
this source model together with an overall 2D approach has
limited practical application. However, the model does allow
assessing the feasibility of the technology. In practical cases,
we proved that a dipole model is a good approximation of
ceramic loaded waveguide antennas used in our previously
built systems [30–32]. The direct problem was solved on a
polar grid system with uniform mesh (512 over angle ×256
over radius) using an approach presented elsewhere [15].

Image reconstruction was performed using the Newton
approach, presented elsewhere [15]. Within this approach,
we used a polar mesh with 256 (angle) ∗ 128 (radius)
grids for solution of the direct problem and a Cartesian
mesh with 64∗ 64 grids for inverse problem, with various
regularisation parameters. Regularisation parameters were
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Table 1: Dielectric properties of the head model at 1 GHz (see Figure 1).

Region
Matching solution

Skin Skull CSF
Grey matter White matter Stroke area

Thickness 5 mm 7 mm 3 mm

No. 1 2 3 4 5 6 7

Dielectric properties 40 + j13 40 + j11 13 + j2 57 + j26 50 + j18 40 + j15 36 + j13

Table 2: Projected signal attenuation within tomographic imaging
procedure of human head.

Frequency [GHz] 0.5 1.0 2.0

Attenuation [dB] −58 −100 −156

chosen by a trial method. Two reconstruction schemes
were used: single frequency and multi (dual)-frequencies.
Within single frequency schemes, the image reconstruction
was started with a homogeneous background medium of
matching solution, therefore, no a priori information taken
into account. Within the multifrequency schemes there was
a sequential chain of reconstructions at each frequency.
An initial reconstruction was started from a homogeneous
background medium using scattered EM fields obtained at
the 1st frequency, while, at the sequential step(s) we used
different frequencies (with corresponding scattered EM fields
obtained at that frequencies) and started from the results of
reconstruction obtained at previous step(s). This procedure
was performed using different frequencies from 0.5 GHz to
2.0 GHz At this stage, the frequency dispersion of dielectric
properties of the various tissues was not taken into account.
The potential impact of this assumption is discussed in the
next section.

3. RESULTS AND DISCUSSION

The technical performance of MWT brain imaging approach
was initially assessed over a frequency range from 0.5 GHz
to 2.5 GHz using the model and direct problem solver.
The ultimate goal is to develop microwave tomographic
technology with the best sensitivity and specificity, and with
high temporal and spatial resolution, for the noninvasive
assessment of brain tissues. The best spatial resolution can
be achieved at high frequencies. However, the attenuation
of EM radiation in biological media is in inverse ratio with
the frequency, with decreasing signal-to-noise ratio (SNR)
at high frequencies. Therefore, the strategy is to find the
highest possible frequency at which receivers will still be able
to detect signal with reliable SNR and will not compromise
temporal resolution. Using our MWT simulation approach,
together with the model of the head (see Figure 1), we
estimated an overall signal attenuation summarised in
Table 2. The results should be taken as a guidance or initial
estimation, which does not take into account dispersion of
tissue dielectric properties, any particulars of head geometry,
and so forth.

As can be seen, the attenuation is very high at frequencies
above 1 GHz-2 GHz range. As it is highly desirable: (i) to

achieve a good SNR ratio (within a range of 40–60 dB) for
biological detection reasons, such as sensitivity, specificity,
and resolution and (ii) to not increase data acquisition time
for measuring highly attenuated signals, which compromises
an expected very attractive time resolution (within msec
range) in order to detect circulated gated tissue changes,
we suggest that frequencies within 0.5 to 1.0 GHz might
be an optimal for brain imaging. An additional expected
advantage, of using this low portion of microwave spectrum,
is that acute perfusion related changes in tissue dielectric
properties are more pronounced at low frequencies [4, 5].
This choice might unfavorably affect spatial resolution in its
classical, far-EM-field sense. However, there is potential to
improve spatial resolution, even to obtain a super-resolution
in near-EM-field using nonlinear inversion [33, 34].

We further assessed the potential resolution of the tech-
nology to detect acute “stroke-like” areas with−10% contrast
in dielectric properties. It has to be noted here that this
is different from the classical spatial resolution definition,
which is defined as a minimal distance (using Raleigh or half-
height criteria) at which two small similar inhomogeneities
can be distinguished between each other. Previously, we
conducted such studies and experimentally achieved a 7–
9 mm spatial resolution at 0.9 GHz [35]. In this study, the
aim was to understand what was the smallest size of brain
inhomogeneity, with a particular dielectric contrast, that
could potentially be detected. In our previous MWT imaging
studies, we suggested that changes in about 1% in amplitude
and about 1 degree in phase of the received EM signal
could be confidently detected and corresponding alterations
in dielectric properties could be successfully reconstructed.
We simulated MWT data acquisition for brain models with
and without stroke areas of different size and then averaged
differences in received EM signals over all receivers for each
of transmitter position. The averaged differences in EM
signals at 1 GHz for normal brain, and brain with stroke,
were about: 3.8% in amplitude and 5.5◦ in phase for 4 cm
diameter stroke, 1.2% and 2◦ for 2 cm and 0.3% and 0.2◦ for
1 cm correspondingly. Therefore, it is suggested that, at this
level of the development of MWT imaging technology, the
smallest imaginable area of acute stroke is estimated to be
about 2 cm in diameter. This resolution might not compare
with the one achieved by other imaging modalities, such
as MRI or CT. However, all performance factors should be
considered together. Excellent temporal resolution will add
a novel diagnostic dimension. Cost efficiency, mobility, and
safety are other significant factors which suggest potential
advantages of MWT for brain imaging.

An MWT imaging cycle was simulated as described
in the method section. The results of the first series of
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Figure 2: Reconstructed MWT images of simulated brain model: (a) normal and (b) with a stroke injury with radius 2 cm centered at
{−4, 0}, (c) the reconstructed differential profile [% difference] through the stroke area. Noiseless case. Frequency 1 GHz.

imaging experiments are presented in Figure 2 for 1 GHz
frequency for the 32 × 32 transmitters × receivers case.
The absolute values of the reconstructed dielectric properties
of (a) the normal brain image can be compared with
(b) those reconstructed properties for the stroke case. The
reconstructed profile through the stroke area of a radius
2 cm located at X = −4 cm and Y = 0 cm is presented in
(c) as % difference in reconstructed values between normal
and stroke cases. The shadow of the stroke area can be easy
appreciated from the reconstructed image (b). Furthermore,
the reconstructed differential profile (c) clearly indicates
an area of dielectric inhomogeneity (stroke) in terms of
both the geometrical position and the absolute values of
the reconstructed dielectric properties, as evidenced by the
proximity of the reconstructed profile (line in c) to the
expected simulated profile (dots in c).

Next, we focused on the MWT imaging performance at
different frequencies with 1% noise. This noise figure does
require a good performance of both MWT imaging hardware
and the overall MWT imaging reconstruction protocol but
is achievable in practice. We used the brain model, with the
stroke area of a radius 2 cm located at {−4; 0}. The imaging
results are presented in Figure 3 for frequencies (a) 0.5 GHz,
(b) 1.0 GHz, and (c) 2.0 GHz. The area with suspected stroke
injury is circled in white. The stroke injury area failed to
be reconstructed when a high frequency (2 GHz) is used
alone. This unsuccessful imaging result might be attributed
to (i) a very high attenuation of EM field at this frequency
(see Table 2) and/or to (ii) weaknesses of used imaging
approach. However, the used imaging algorithm based on
the Newton approach has previously shown a good imaging
performance, which is comparable with other powerful,
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Figure 3: Reconstructed MWT images of simulated brain model with a stroke injury with radius 2 cm located at {−4, 0} obtained at
frequencies (a) 0.5 GHz, (b) 1.0 GHz, and (c) 2.0 GHz. 1% noise. Area with suspected stroke injury is circled in white.

recently developed nonlinear methods of MWT, such as
gradient method and contrast source inversion method [15,
24]. An area of stroke injury was reconstructed when MWT
imaging was performed at lower frequencies (0.5–1.0 GHz),
with more pronouncing detection at 1 GHz (b).

A multifrequency approach further improved the imag-
ing results. Images, obtained at 0.5 GHz and 2.0 GHz, were
used as a starting point (initial guess) for further data
inversion at 1 GHz. Corresponding scattered EM fields,
obtained at individual frequencies, were used. At this stage,
the frequency dispersion of dielectric properties of various
tissues was not taken into account, that is, we used the
same dielectric parameters of the model at 0.5 GHz and
2.0 GHz as we did at 1 GHz (see Table 1). The dielectric
properties of biological tissues at this frequency band show
significant dispersion. For example, for an averaged brain
tissue they vary from 48.5 + j22.7 at 0.5 GHz to 43.2 + j11.8
at 2.0 GHz [29]. These variations can be incorporated into

a multifrequency reconstruction approach later on, using
well-developed models of tissue dielectric properties, such
as the Cole-Cole model or the multicomponent Schwan
approach. The aim here was to assess if multifrequency
MWT imaging has the potential to improve brain imaging.
This is demonstrated in Figure 4, when two multifrequency
approaches were used. The first one (a) uses an initial imag-
ing procedure at 0.5 GHz continuing at 1 GHz; the second
one uses an initial inversion at 2.0 GHz continuing at 1 GHz.
Both approaches demonstrate significant image improve-
ment as compared with the 1st phase of reconstruction (see
Figure 3). The area of stroke injury (circled in white) has
been reconstructed using both approaches. There is room
for improvement and optimisation of multifrequency MWT
imaging, which should be a focus of further simulation and
experimental studies. The most interesting and technically
important question, at the moment, is how distant should
frequencies be? If the frequency gap can be narrowed, then
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Figure 4: Reconstructed MWT images of simulated brain model with a stroke injury with radius 2 cm located at {−4, 0} obtained using
multifrequency reconstruction: (a) 0.5 GHz and 1.0 GHz and (b) 2.0 GHz and 1.0 GHz. 1% noise. Area with suspected stroke injury is white
circled.

Table 3: Characteristics and projected performance of an initial MWT system for brain imaging.

MW frequencies 0.7–1.0 GHz

Imaging chamber 3D “Helmet” like, with R∼11 cm

Number of antennas per a 2D “slice” of an imaging chamber 32–64

Type of antennas ceramic (ε∼60–90) loaded waveguides

Each antenna works as transmitter and receiver Yes

Measured attenuations [dB] 60–110

S/N ratio [dB] 40–60

IFBW [kHz] 1–10

Output power on antenna +20 dBm

(i) tissue dispersion might not be taken into account and (ii)
narrow band efficient antennas may be used instead of wide
band, or a family of narrow bands, antennas.

Presented imaging results are not perfect. However, they
indicate that MWT has the potential to determine perfusion
related changes in the human brain and that MWT could
be developed as a useful new imaging modality for stroke
management. There is room for further images improvement
at both stages: during reconstruction and at post-processing
afterwards.

The projected characteristics of an initial practical MWT
system for brain imaging are summarised in Table 3. We
intend to use ceramic loaded (with ε∼60–90) waveguide
antennas as previously successfully used EM sources within
MWT imaging chamber [30–32]. The typical dimensions of
the antenna tip facing the imaging chamber for frequency of
interest are 21 mm × 7 mm. This gives a maximal number
of antennas per a 2D “slice” of an imaging chamber of
about 32 to 90, depending on an antenna rotation and,
consequentially, an imaging approach used (2D, 3D scalar or
3D vector).

4. CONCLUSIONS

(1) The MWT imaging of deep brain tissues and stroke
detection presents a significant challenge, being an object
of interest located inside of a high dielectric contrast shield,
comprising the skull and cerebral spinal fluid.

(2) High performance, nonlinear MWT inversion meth-
ods were able to produce biologically meaningful images
including images of stroke. At this level of the development
of MWT imaging technology, the smallest imaginable area of
acute stroke is estimated to be about 2 cm.

(3) Suggested multifrequency MWT has potentials for
significant improvement of imaging results.
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1. INTRODUCTION

X-ray mammography is currently the most common tech-
nique used in breast cancer screening. It employs ionising
radiation, requires uncomfortable compression of the breast
during the examination, and is of limited value for younger
women. These limitations of mammography have resulted in
research into alternative methods for imaging breast cancer.

Microwave radar-based imaging [1] is one of the more
promising candidates and has attracted the interest of a
number of research groups around the world.

In radar-based imaging, the goal is to create a map of
microwave scattering, arising from the contrast in dielectric
properties within the breast. The radar approach originates
from military and ground-penetrating applications, and was
proposed for breast cancer detection in the late nineties
independently by Benjamin in 1996 [2] and Hagness et al.
in 1998 [3].

The University of Bristol team is working on multistatic
ultrawideband (UWB) radar for breast cancer detection. Our
radar system is based on a real (as opposed to synthetic)
aperture antenna array. We have also developed a realistic
3D curved breast phantom with appropriate electrical prop-
erties. Moreover, our experimental system was built in such

a way that it can be used directly with real breast cancer
patients (clinical trials have been recently commenced).

2. MEASUREMENT SETUP

We have developed a microwave radar for breast cancer
detection, based on a curved hemispherical antenna array.
In this paper, we present results obtained using a second-
generation symmetrical antenna array. The new symmetrical
antenna array, shown in Figure 1, uses a recently redesigned,
smaller, stacked-patch antenna [4]. The array is formed
around the lower part of a 78 mm radius sphere, in four rows
of four antennas. Antennas are aligned in rows and columns;
thus the array has two axes of symmetry.

During laboratory experiments, the array is first filled
with a matching medium, the spherical skin phantom (2 mm
thick) is placed in the correct position, and then we attach
a tank to the top of the antenna array to finally fill it with
a breast fat equivalent liquid [5] (the same as the matching
medium). This setup represents truly a three-dimensional
(3D) breast phantom. The chest wall is not considered in our
experiments. The electrical properties of the tissue phantom
are based on the published permittivity values for average
human breast. At the frequency of 6 GHz, materials have
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(a) (b)

Figure 1: Symmetrical curved antenna array used in microwave radar for breast cancer detection: (a) CAD model, (b) photograph of the
manufactured array. The array consists of sixteen UWB antennas populated on a section of hemisphere.

the following values. (a) Breast fat/matching medium has
permittivity close to 10 and attenuation of 0.8 dB/cm; (b)
skin phantom has permittivity of 30 and attenuation of
16 dB/cm; (c) tumour phantom has permittivity close to 50
and conductivity of 7 S/m. More details about our breast
phantom can be found in [6].

The contrast between dielectric properties of breast fat
and tumour phantom materials is around 1 : 5. Recently
published data in [7], based on a large clinical study, suggest
that the contrast between healthy and malignant breast
tissues might also be lower. The lower contrast obviously
poses a more challenging radar detection problem.

Our radar system operates in the multistatic mode. With
sixteen antennas in the array, one hundred and twenty
(120) independent radar measurements are recorded for
processing (the monostatic measurement is not performed).
Measurements are performed in the frequency domain
between 3 and 10 GHz using a standard vector network
analyser (VNA). All recorded radar signals are transformed
into the time domain for further signal processing (described
in Section 3).

3. FOCUSING ALGORITHM

3.1. Extraction of tumour response from
measured radar data

The first step of signal processing deals with the extraction
of the tumour response from the raw measured data.
This process must be performed before equalisation and
beamforming algorithms will be applied. When a monostatic
synthetic aperture radar is used for breast cancer detection,
tumour extraction aims at removing strong skin reflection
from measured data. This is usually performed by simple
subtraction from the averaged skin reflection signal (see [8]),
or by more sophisticated algorithms as presented in [9].

The approach we use to extract the tumour response is
different. In our multistatic real aperture array, the measured

response contains not only strong skin reflections, but also
reflections from other mechanical parts of the array as
well as antenna coupling signals. All these undesired signals
are usually of greater amplitude than that of the tumour
response. To subtract all unwanted signals, we physically
rotate the antenna array around its center and perform a sec-
ond radar measurement. This target displacement method
is commonly used in radar cross-section measurements [10,
11] to subtract undesired signals.

Rotation gives us two sets of measured data, in which
undesired signals such as antenna coupling or skin reflections
are almost identical and appear at the same time position;
therefore they can be eliminated. In contrast, a tumour
response will appear at different time position in these two
measured sets (unless it is on the axis of rotation). Appli-
cability of this technique will depend on the homogeneity
of the breast within a given angle defined by rotation. We
therefore assume that within the angle of array rotation, (a)
distance between antennas and skin remains unchanged, (b)
skin properties and thickness are the same, and (c) normal
breast tissue properties do not change. For more details
about the performance of this tumour extraction technique,
please refer to [12].

3.2. Preprocessing (equalisation)

Before applying the focusing algorithm, we have to perform
a preprocessing step. This process aims at the equalisation
of scattered tumour responses for different antenna pairs.
Ideal preprocessing would result in all received pulses being
of the same shape and amplitude, and perfectly time-aligned.
In our preprocessing, the following steps are performed: (1)
extraction of the tumour response from measured data (see
[12]), (2) equalisation of tissue losses, and (3) equalisation of
radial spread of the spherical wavefront. In the work reported
herein for simplicity we do not account for the frequency
dependence of the tissue losses nor for the frequency-
dependent radiation patterns of the antennas.
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3.3. Standard delay-and-sum algorithm

Delay-and-sum (DAS) beamforming is a basic and well-
known method [13, 14]. First, we perform the preprocessing
steps described above. Next, appropriate time-delays Ti for
all received signals are computed. The time-delay Ti for a
given transmitting and receiving antenna is calculated based
on the antenna’s position, position of the focal point r =
(x, y, z), as well as an estimate of average wave propagation
speed, which in our case is simply assumed to be constant
across the band.

During the focusing, the focal point moves from one
position to another within the breast, resulting in spatial
beamforming. At each location, all time-shifted responses are
coherently summed and integrated. Integration is performed
on the windowed signal, and the length of the integration
window is chosen according to the system bandwidth. A
three-dimensional (3D) map of scattered energy is formed
in this way. The main advantage of the DAS algorithm is its
simplicity, robustness, and short computation time.

Essentially, the scattered energy at the given focal point
within the breast volume can be expressed as

Fe(x, y, z) =
∫ τ

0

( M∑
i=1

wi(x, y, z)·yi
(
t − Ti(x, y, z)

))2

dt,

(1)

where M = N(N − 1)/2 (N is the number of antennas in the
array),wi is the location-dependent weight calculated during
preprocessing, yi is the measured radar signal, and Ti is the
time-delay. τ is the length of the integration window, chosen
according to the system bandwidth. Due to the antenna
effects and dispersion, the integration window we utilize
following coherent summation is 50 percent longer than
the duration of the synthetic input pulse and equals 0.55
nanosecond. We have investigated the dependence of the
window length on focusing quality, and this value gave the
best results.

3.4. Improved delay-and-sum algorithm

The improved DAS algorithm uses an additional weighting
factor QF (quality factor), compared to the standard DAS.
QF can be interpreted as a quality factor of the coherent
focusing algorithm. It is calculated in three steps. Firstly,
for each focal point, we plot a curve of energy collection
during the coherent signal summation. An example of such
a measured curve at a focal point containing a tumour
response is presented in Figure 2.

Next, the energy collection curve is rescaled by normal-
ising it to the standard deviation of energy, σe, for all radar
signals used in the summation. Normalisation is actually
performed using multiplication by 1/(1 + σe), since in the
ideal case of equal energy in all (equalised) measured radar
signals, σe = 0. This may be thought of as a heuristic
scaling of the data to give greater weight to those signals that,
following equalisation, more closely resemble the desired
case of equal energy. The utility of this heuristic weighting is
evident from the results presented in the following sections.
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Figure 2: Example of the curve of energy collection (measured da-
ta).

In a last step, we estimate the coefficients of a second-
order polynomial (y = ax2 +bx+c), which is the least-square
fit of the normalised curve of coherent energy collection. The
choice of the second-order polynomial comes from the fact
that a curve of energy collection during a perfect coherent
signal summation would follow a quadratic curve. Then, we
assume that QF = a. An order in which the signals are
taken should not change the shape of the curve, assuming
the perfect equalisation. In practise, due to a nonideal
equalisation, the shape of the curve of energy collection will
slightly depend on the order in which signals are summed.
However, it has negligible effect on an a value since the final
value of summed energy is constant; a is calculated using
least-square fitting. Finally, the characteristic equation of the
improved DAS algorithm is expressed as

Fe(x, y, z)

= QF(x, y, z)·
∫ τ

0

( M∑
i=1

wi(x, y, z)·yi
(
t − Ti(x, y, z)

))2

dt.

(2)

In the following section, we will present the experimental
results of phantom tumours detection, and discuss the new
DAS algorithm.

4. EXPERIMENTAL DETECTION RESULTS

This section presents the experimental results of tumour
detection using our curved antenna array and 3D breast
phantom. Focusing results for standard DAS algorithm are
compared to those for the improved DAS, and differences
between both algorithms are discussed. Results are presented
for tumours of two different sizes located at different
positions: (a) 10 mm spherical tumour located at position
PT(x = 20, y = 20, z = −20), (b) 7 mm spherical tumour
located at position PT(x = 20, y = 10, z = −10). All
coordinates are quoted in millimeter.
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Figure 3: Detection results of a 10 mm spherical phantom tumour: (a) standard DAS, (b) improved DAS with QF = a. 3D figures present
−3 dB contour map of scattered energy.
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Figure 4: 2D focusing results for standard and improved DAS algorithms, for different horizontal planes along the z-axis: (a) standard DAS
(z = −18), (b) standard DAS (z = −27), (c) improved DAS (z = −18), (d) improved DAS (z = −27). 2D contour plots show signal energy
on a linear scale, normalised to the maximum in the 3D volume; values below 0.1 are rendered as white.
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Figure 5: Curves of energy collection at focal points PT , P1, and P2 (see Figure 6(a)): (a) curve for PT as in standard DAS, (b) curve for P1

as in standard DAS, (c) curve for P2 in standard DAS, (d) curve for PT as in improved DAS together with the fitted polynomial, (e) curve for
P1 in the improved DAS together with the fitted polynomial, (f) curve for P2 in the improved DAS together with thefitted polynomial.
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Figure 6: Detection results of a 7 mm spherical phantom tumour: (a) standard DAS, (b) improved DAS with QF = a. 3D figures present
−3 dB contour map of scattered energy.

4.1. 10 mm spherical phantom tumour

In Figure 3, we present 3D focusing results for a 10 mm
spherical phantom tumour located at the position PT(x =
20, y = 20, z = −20). Figures present −3 dB contour maps
of scattered energy, when the focusing was performed using
the standard DAS algorithm (Figure 3(a)) and the improved
DAS algorithm (Figure 3(b)).

As we can see in Figure 3(a), there are several scatterers
present in the image when focusing using standard DAS
algorithm. The strongest scatterer within the entire 3D
volume is located at position PT(x = 15, y = 18, z = −18),
and it is associated with tumour response. In Figure 3, we
have also indicated locations of two other strong scatterers
located at positions P1(x = −21, y = 9, z = −18) and
P2(x = −18, y = −21, z = −27). In Figures 4(a) and
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Figure 7: 2D focusing results for standard and improved DAS algorithms, for different horizontal planes along the z-axis: (a) standard DAS
(z = −9), (b) standard DAS (z = −27), (c) standard DAS (z = −33), (d) improved DAS (z = −6), (e) improved DAS (z = −27), (f)
improved DAS (z = −33). 2D contour plots show signal energy on a linear scale, normalised to the maximum in the 3D volume; values
below 0.1 are rendered as white.

4(b), we present 2D focusing results for standard DAS on
the horizontal planes (z-axis) containing the PT , P1 (both
at z = −18), and P2(z = −27) signals associated with
clutter. The 2D contour plots show signal energy on a linear
scale, normalised to the maximum in the entire 3D volume
(values below 0.1 are rendered as white). The skin location at
each plane is presented as a black circle. From Figure 4(a),
for the plane containing tumour we can relatively easily
recognise the focused tumour response (PT) and the nearby
twin tumour response (at x = 18, y = 9; the twin target
response is due to tumour extraction method—mechanical
array rotation by 10 degrees). In the same figure, we can
also see that the strong clutter at position P1 and the weaker
clutter (blue patches) at other positions arose from imperfect
extraction of tumour response. Figure 4(b) presents the 2D
focusing result through the plane (z = −27) containing
strong clutter scatterer at P2.

Significantly better detection results were obtained using
improved DAS algorithm presented herein. 3D and 2D
focusing results for the improved DAS are presented in
Figures 3(b) and 4(c)-4(d), respectively. The 3D contour
map of scattered energy contains only the tumour response
(PT) and the twin tumour response. Unlike the image
obtained using standard DAS, there are no other clutter
scatterers visible. Signal-to-clutter ratio, defined as the ratio

between energy of the tumour response and the strongest
clutter energy within a single 3D dataset, was improved
from 1.25 dB for standard DAS to 3.9 dB for improved DAS
(2.65 dB improvement).

The same improved performance is observed in the 2D
results shown in Figures 4(c) and 4(d). In the horizontal
plane containing PT , the tumour response clearly stands
out, and very little clutter exists in the image. In the plane
containing P2, clutter is also significantly suppressed.

Results described above (Figures 3 and 4) have shown
the improved tumour detection of the new DAS algorithm,
which uses additional weight QF, compared to standard
DAS. In what follows, we will analyse the improved DAS
algorithm and explain why it provides better results. To do so,
we will go through all steps of the new algorithm at the three
focal points (PT , P1, P2) mentioned earlier in this section.

After extraction of the tumour response from measured
data (by mechanical array rotation), resultant signals are
being preprocessed and time-aligned. This initial step is
identical for standard and improved DAS algorithms. Then,
all pulsed signals (120 signals for our radar) are coherently
summed. During this process, the curve of coherent energy
collection is obtained, at each focal point within the focusing
volume. This curve is presented in Figures 5(a)–5(c) for focal
points PT , P1, P2, respectively. The final value obtained after
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Figure 8: Curves of energy collection at focal points PT , P1, and P2 (see Figure 6(a)): (a) curve for PT as in standard DAS, (a) curve for P1 as
in standard DAS, (c) curve for P2 as in standard DAS, (d) curve for PT as in improved DAS together with the fitted polynomial, (e) curve for
P1 in the improved DAS together with the fitted polynomial, (f) curve for P2 in the improved DAS together with thefitted polynomial.

summation of all radar signals is equal to the focused energy
Fe in standard DAS.

If we assume that the focused energy for tumour location
using standard DAS algorithm is equal to unity Fs(PT) =
1, focused energy values at focal points P1 and P2 equal
Fs(P1) = 0.88 and Fs(P2) = 0.85. Next, in the improved DAS
algorithm, we calculate the standard deviation of energy σe
for all radar signals, and recalculate energy collection curves
by normalising them to σe. The rationale to do so is based on
the fact that after the initial preprocessing equalisation step,
all radar signals should have similar energy.

We can see the rescaled (normalised) curves in Figures
5(d)–5(f) (solid blue curves) for locations PT , P1, P2,
respectively. We observe that after this normalisation the
results have improved since the curves for P1, P2 have
significantly smaller amplitudes than for PT . Since clutter
signals cannot be thought of as being totally uncorrelated,
we do not however simply use σe as the weight factor, but we
apply additional criteria related to the coherent summation
of radar signals as follows.

As known in the ideal coherent summation of scattered
pulses, the energy collection curve should follow a parabola
(y = x2). Therefore, to check the “quality” of coherent
addition of radar signals in our system, we perform a second-
order polynomial (y = ax2 + bx + c) fitting (in the least-

square sense) to the measured energy collection curves. This
process is performed on the normalised curves. Results of
polynomial fitting are shown in Figures 5(d)–5(f) (dashed
black curves), and the constant a associated with x2 equals
a = 0.167 for PT , a = 0.071 for P1, and a = 0.028 for
P2. Then, assuming that QF = a (see (2)), focused energy
using improved DAS at our example points of interest is
Fs(PT) = 1, Fs(P1) = 0.38, and Fs(P2) = 0.14. The result of
applying this process throughout the entire volume is shown
in 3D and 2D by Figures 3 and 4, respectively.

4.2. 7 mm spherical phantom tumour

This example presents the detection of a smaller 7 mm
spherical tumour phantom. In Figure 6, we present 3D
focusing results for the 6 mm spherical phantom tumour
located at the position PT(x = 20, y = 10, z = −10).
Figures present −3 dB contour maps of scattered energy,
when focusing was performed using the standard DAS
algorithm (Figure 6(a)) and the improved DAS algorithm
(Figure 6(b)).

As we can see in Figure 6(a), by using standard DAS
algorithm there are multiple scatterers present in the image.
As we did previously for the 10 mm tumour, again this time
we concentrate the attention on three focal points: spherical
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phantom tumour located at PT(x = 21, y = 9, z =
−6), the strongest clutter scatterer at P1(x = −24, y =
−15, z = −27), and another strong clutter at P2(x =
18, y = −9, z = −33). A significantly better image, with
clearly visible tumour scatterer at PT and no other clutter
targets, is presented in Figure 6(b) for the improved DAS
algorithm. Signal-to-clutter ratio was improved from 0.8 dB
for standard DAS to 5.2 dB for improved DAS, providing
4.4 dB better performance using a proposed algorithm.

Looking at all 2D focused images (Figure 7) for standard
DAS, we can observe that clutter strength generally increases
closer to skin. This observation is confirmed when looking at
locations of focal points investigated above. In our 3D breast
phantom, the 2 mm skin layer has a radius rskin = 59 mm.
The true tumour response at PT is located 35 mm away
from the skin (rPT = 24 mm), the strongest clutter signal
at P1 is 20 mm away from the skin (rP1 = 39 mm), and
another strong clutter at P2 is also 20 mm away from the skin
(rP2 = 39 mm). As we can see, all the strong clutter signals
are located closer to skin than to the tumour.

In Figure 8, curves of coherent energy collection are
presented for focal points PT , P1, P2. Plots associated with
standard DAS algorithm are shown in Figures 8(a)–8(c) for
focal points PT , P1, P2, respectively. The value obtained
after summation of all radar signals is equal to the focused
energy Fe in standard DAS. Next, in the improved DAS
algorithm we calculate the standard deviation of energy σe
for all radar signals, and recalculate energy collection curves
by normalising them to σe. Resultant normalised curves for
locations PT , P1, and P2 are depicted in Figures 8(d)–8(f)
(solid blue curves), respectively.

We observe that, after normalisation, the curves for
P1, P2 have significantly dropped compared to PT , due
to the higher values of standard deviation of the energy
content of the radar signals. Next, we performed the second-
order polynomial fitting on the normalised energy collection
curves to obtain the weight factor QF = a. Results of
polynomial fitting are shown as dashed black curve in Figures
8(d)–8(f). The constant a associated with x2 equals a =
0.094 for PT , a = −0.01 for P1, and a = −0.049 for P2.
Interestingly, due to a noncoherent signal summation for
focal points P1 and P2, a has not only lower absolute value
than for PT , but has also negative sign. The focused energy
Fe using improved DAS algorithm (as in (2)) will become
negative for focal points, where QF = a < 0, additionally
improving imaging results.

5. CONCLUSIONS

In this paper, we have presented a modified delay-and-sum
(DAS) beamforming algorithm for breast cancer detection.
The improved DAS algorithm uses an additional weight
factor calculated at each focal point, to improve image
quality. These weights essentially represent the quality of
the preprocessing step and the coherent radar operation.
Using measured data from a multistatic UWB radar system,
we have presented experimental detection of 7 mm and
10 mm tumours in a phantom. We have shown that the
proposed new DAS algorithm improves signal-to-clutter

ratio in focused images by 2.65 dB for 10 mm tumour, and
by 4.4 dB for 7 mm tumour.

Further, it may be noted that this improvement in signal-
to-clutter ratio is comparable to that achieved [12] by a much
more complex data-adaptive algorithm based on robust
Capon beamforming. Importantly, however, it requires sig-
nificantly less (order-of-magnitude) computation time.
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1. INTRODUCTION

In cases where breast tumors occur in fatty healthy breast tis-
sue, microwaves can be used to take advantage of the large di-
electric contrast difference between the tumor scatterer and
its surrounding background to detect the cancer. Several
breast cancer detection systems have been proposed [1–9],
each indicating great potential for discriminating the high-
water-content tumor volume from the low-water-content
fatty surrounding tissue.

One open question is the choice of coupling fluid, often
referred to as bolus liquid, which allows the greatest transfer
of waves from the antennas through the skin and into the
breast tissue. Published work investigating empirically en-
hancing the coupling with suitable mixtures of glycerin and
water [10, 11], indicates that proper choice makes a signifi-
cant difference in sensing performance.

Although the skin layer is thin (on average, 1.6 mm [12]),
it is a high-water-content biological tissue and thus has a sig-
nificant effect on the coupling into breast tissue. The prob-
lem is additionally complicated since all biological tissue is
frequency dependent. This paper uses a simple one dimen-
sional impedance model to determine the best bolus complex

dielectric constant necessary to minimize reflection from
skin-covered fatty breast tissue and hence transfer the maxi-
mum percentage of microwave sensing signal into the breast.

In practice, it may not be possible to obtain a real bo-
lus liquid with the desired dielectric properties across the
intended frequency range. However, having the information
about the desired complex permittivity characteristics across
large frequency ranges provides potential guidance in the se-
lection of bolus liquid.

2. ONE DIMENSIONAL IMPEDANCE MODEL

Since the skin layer covering the internal breast tissue is very
thin compared to all other length scales of the problem ge-
ometry, it is reasonable to model the wave interaction as a
three-layer one-dimensional model. A further simplification
considers only normally incident plane waves. While in re-
ality sensing waves are almost never uniform and normally
incident on tissue boundaries, this assumption selects the
most important of the great number of possible illumination
cases.

Following the standard method [13], assume that the bo-
lus with complex permittivity ε = εbε0 fills space to the left
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Figure 1: Measured (points) [14] and Cole-Cole model fitted (solid curve) dielectric values for wet skin in the microwave frequency range.

Table 1: Coefficients for Cole-Cole models of tissues for 400 MHz–20 GHz.

Tissue ε∞ Δε1 τ1 (ps) α1 σs (S/m)

Breast fat 3.145 1.701 14.68 0.05826 0.03605

Wet skin 2.0 48 9.5 0.19 0.710

of the origin, z < 0, that fatty breast tissue with ε = ε f ε0

fills the space to the right of plane at z = Δz, and that skin
with ε = εsε0 occupies the space of thickness Δz between the
two. The incident and reflected, right-going and left-going,
and transmitted waves in the three layers can be represented
as

Eoe− jkbz + ΓEoe+ jkbz,

AEoe− jksz + BEoe+ jksz,

TEoe− jk f z,

(1)

where the reflection and transmission coefficients are given
by Γ and T , A and B are unknown skin layer coefficients, and
kb = ω

√
μ0εbε0 = k0

√
εb is the complex wave number for the

bolus layer, given in terms of the radian frequency and per-
meability and permittivity of free space and complex dielec-
tric constant. Similar expressions hold for the wave numbers
in the skin and fat layers. Continuity of transverse impedance
at the two interfaces results in

1 + Γ

1− Γ
ωμ0

kb
= A + B

A− B
ωμ0

ks
,

Ae− jksΔz + Be+ jksΔz

Ae− jksΔz − Be+ jksΔz

ωμ0

ks
= ωμ0

k f
.

(2)

Solving first for B in the latter equation, substituting it
into the former, cancelling the common factor ofA, and then
solving for the three-layer reflection coefficient yield

Γ = e jksΔz
(
kb − ks

)(
k f + ks

)− e− jksΔz(kb + ks
)(
k f − ks

)
e jksΔz

(
kb + ks

)(
k f + ks

)− e− jksΔz(kb − ks)(k f − ks) .
(3)

The matched case, Γ = 0, occurs when

k
opt
b = ks

(
e jksΔz − e− jksΔz)ks +

(
e jksΔz + e− jksΔz

)
k f(

e jksΔz + e− jksΔz
)
ks +

(
e jksΔz − e− jksΔz)k f . (4)

Equation (4) identifies the best bolus dielectric constant,
as long as its imaginary part is negative. If it becomes posi-
tive, the coupling medium must have gain rather than con-
ductive loss and hence is impractical.

The next step in the modeling process is to specify the
wave numbers for the skin and breast fat as functions of
frequency. Accurate measurements of these types of tis-
sues have been conducted [14, 15]. The Cole-Cole dispersive
medium relation, given by

ε f ,s(ω)

ε0
= ε∞ +

Δε1

1 +
(
jωτ1

)1−α1
+

σs
jωε0

, (5)

accurately and compactly matches both the real dielectric
constant and the conductivity of a frequency-dependent
medium. For breast tissue with 85–100% fat in the 400 MHz
to 20 GHz, frequency range [15] has determined coefficients
for (5), while for wet skin, one possible model is plotted in
Figure 1. Table 1 gives the coefficients for these two models.

3. OPTIMAL DIELECTRIC CONSTANT RESULTS

Inserting the Cole-Cole dielectric models for skin and breast
fat into the formulas for the wave numbers and then into (4)
and choosing Δz = 1.6 mm [12] yield optimal values for k

opt
b ,

which can be squared and divided by ω2μ0ε0 to give the com-
plex dielectric constant:

ε
opt
b (ω) = ε′b(ω)− j

σ(ω)
ωε0

. (6)
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Figure 2: Exact complex dielectric values for bolus liquid with per-
fect match, |Γ| = 0, and contours of constant reflection magnitude
|Γ| = 0.03 for 6.5 to 10 GHz, in steps of 0.5 GHz.

The values for real relative dielectric constant ε′b and conduc-
tivity σ , as a function of frequency, are plotted in Figure 2.
For 10, 9.5, 9, 8.5, 8, 7.5, 7, and 6.5 GHz, the points corre-
sponding to the ordered pair (ε′b, σ) for zero reflection, as well
as the elliptical contours corresponding to |Γ| = 0.03 (arbi-
trarily chosen for graphical clarity) are indicated. The con-
tours give an error bound showing the tolerance about the
ideal complex values for liquids with close—but not exact—
dielectric matching characteristics. Figure 2 also provides a
sense of impedance variation of this three-layer geometry for
wideband microwave systems. A bolus liquid which is per-
fect for one frequency may be considerably mismatched at
another.

While the optimal complex permittivity values of
Figure 2 provide perfect coupling, they are impractically
high, both in real part and in conductivity. Even if such bo-
lus fluids could be found, the propagation loss from antenna
to skin would eliminate any coupling advantages. Extending
the reflection magnitude contours to larger values and into
the more physically realizable permittivity parameter space
requires separate plots for each frequency. This set is shown
in Figure 3, for reflection magnitudes of 0.1, 0.15, and 0.2, for
6.5 to 10 GHz. Also indicated in Figure 3 are the asymptotes
that define the limits of reflection magnitude. For different
frequencies, there are bolus fluids with ε′b and σ combina-
tions that result in greater reflection, but for ε′b and σ combi-
nations to the left and below a given asymptote, no frequency
choice will couple with lower reflection than that asymptote
value. Observing the plots of Figure 3 leads to simple rules
for improving coupling to breast tissue.

(1) For frequencies above 9.5 GHz, increase σ and reduce
ε′b.

(2) Between about 8 and 9.5 GHz, just increase σ .
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Figure 3: Contours of constant reflection magnitude |Γ| = 0.1
(dashed curves), 0.15 (dotted curves), and 0.2 (solid curves) as in-
dicated, for frequencies: 10.0, 9.5, 9.0, 8.5, 8.0, 7.5, 7.0, and 6.5 GHz,
as well as the common asymptotes for |Γ| = 0.1, 0.15, and 0.2, for
practical values of bolus complex permittivity. The curve contours
are extended from the centers shown in Figure 2.

(3) Between 7 and 8 GHz, increase ε′b and σ .
(4) Between 6.5 and 7 GHz, increase ε′b and reduce σ .

Just below 6.5 GHz, the imaginary part of the optimal
wave number (4) becomes positive, which makes the con-
ductivity given by (6) negative. For these cases, the best bolus
liquid is a pure dielectric with zero conductivity. Contours
of constant reflection magnitude, given by (3) with kb
kept purely real, are plotted in Figure 4. The best dielectric
constant for any particular frequency is found by picking
the darkest contour (the lowest reflection magnitude level)
crossed by the vertical line through that frequency and as-
sociating the dielectric constant at the crossing. The white
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coefficient of 0.34 for the best choice dielectric constan ε′ = 30.4.

regions of Figure 4 correspond to |Γ| > 0.4. Both the mini-
mum reflection magnitudes and their variation with dielec-
tric constant are much greater than those for frequencies
above the critical value, found numerically to be 6.45 GHz.

For frequencies below 1 GHz or above 5 GHz, the optimal
reflection magnitude is below 0.2 for bolus dielectric con-
stants of about 10 and 100, respectively. However, in the di-
agnostically useful frequency range of 2–4.5 GHz, the reflec-
tion magnitude cannot be reduced below 0.3 for any choice
of matching fluid.

For real liquids with nonzero conductivity, Figure 5 indi-
cates the error bounds about the ideal dielectric choice. Each
contour indicates the region of possible combinations of real
dielectric constant and conductivity which would result in
reflection magnitudes not more than 30% above the ideal
value for that frequency. The horizontal maximum widths of
the contours correspond to the vertical elongation of the con-
tours of Figure 4. Note that while there is considerable tol-
erance for dielectric characteristics for 5.0 GHz, this is due
to the reflection magnitude contour of Figure 4 being quite
long in the vertical direction.

The lowest frequency range is examined in detail in
Figure 6, which shows several common reflection magnitude
contours for 400, 900, and 1300 MHz. The |Γ| = 0.55 con-
tours include higher bolus conductivity for 1.3 GHz than
for the lower frequencies, but the lowest displayed contour,
|Γ| = 0.25, is attainable only for the two lower frequen-
cies displayed. Also shown on Figure 6 are dielectric values
for water, saline, and several glycerin/water mixtures used in
breast cancer imaging experiments, as reported by Meaney
et al. [11].
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4. CONCLUSION

This analysis has determined the best dielectric constant
and conductivity characteristics for a bolus liquid to match
to skin-covered fatty breast tissue for microwave in the
400 MHz to 10 GHz frequency range. The results are based
on a simple 1D plane-wave model, using accurate frequency
dependent measurements of dielectric characteristic of skin
and breast fat.

Above 6.45 GHz, specific bolus dielectric values can
match exactly to the skin/breast layers, although their dielec-
tric constants and conductivities must be very high, in the
5–30 S/m range. About 10% variation in real dielectric con-
stant and 15% in conductivity result in reflection magnitudes
of only 0.03. Although the optimal values are impractical for
typical liquids, they indicate the directions in complex per-
mittivity space that bolus fluids should approach to increase
coupling efficiency. The contours for larger reflection mag-
nitudes of 0.1, 0.15, and 0.2 extend into permittivity values
typical of water-mixture bolus fluids.

Below 6.45 GHz, the best bolus dielectric constants are
purely real, and the lowest possible reflections magnitudes
are as high as 0.34 for 2.67 GHz. For practical liquids with
moderate conductivity, the reflection magnitude increases
slowly, with only 30% reflection increase for liquids with
6.5 S/m at 5 GHz, or 0.17 S/m at 1.33 GHz. Thus, there is
much greater tolerance for variation of real dielectric con-
stant and conductivity from the optimal values for bolus flu-
ids below 6.45 GHz, but the reflection magnitudes are con-
siderably higher than for frequencies above 6.45 GHz.
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Microwave tomographic imaging of the breast for cancer detection is a topic of considerable interest because of the potential to
exploit the apparent high-dielectric property contrast between normal and malignant tissue. An important component in the real-
ization of an imaging system is the antenna array to be used for signal transmission/detection. The monopole antenna has proven
to be useful in our implementation because it can be easily and accurately modeled and can be positioned in close proximity to the
imaging target with high-element density when configured in an imaging array. Its frequency response is broadened considerably
when radiating in the liquid medium that is used to couple the signals into the breast making it suitable for broadband spectral
imaging. However, at higher frequencies, the beam patterns steer further away from the desired horizontal plane and can cause
unwanted multipath contributions when located in close proximity to the liquid/air interface. In this paper, we have studied the
behavior of these antennas and devised strategies for their effective use at higher frequencies, especially when positioned near the
surface of the coupling fluid which is used. The results show that frequencies in excess of 2 GHz can be used when the antenna
centers are located as close as 2 cm from the liquid surface.
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1. INTRODUCTION

Microwave imaging techniques have been investigated for
biomedical applications for nearly three decades, but have
received renewed interest because of their potential in breast
imaging based on data which have shown significant prop-
erty contrast between normal and malignant tissue [1–3].
Their exploration is particularly timely given the well doc-
umented limitations of X-ray mammography which is the
standard of care for breast cancer screening in most devel-
oped countries [4]. While there have been several early re-
ports on microwave radiometry as a detection scheme that
exploits the elevated temperatures of tumors [5–7], more re-
cent investigations have focused on tomographic and ultra-
wideband (UWB) radar approaches [8–17].

The UWB radar methods are intriguing because they
may be able to capitalize on the considerable advances in
microwave technology for UWB communications. Indeed,
simulations have shown that detection of tumors as small
as 2-3 mm in diameter may be possible [10, 18]. In practice,
implementation may prove to be more challenging because
wideband antennas are typically large (i.e., spiral antennas)

or resistively loaded in which case they often have very low
efficiency that limits signal penetration depth for tumor de-
tection [19–21], although novel antenna designs that are not
resistively loaded but offer good efficiency over a narrower
frequency band have been identified [19].

In terms of tomographic approaches, while there has
been a considerable amount of numerical modeling [9, 14,
16, 17, 22, 23], only a few systems have been developed for
phantom experiments [24–26] and for actual breast imaging
[13, 15]. Similarly to the radar methods, one of the impor-
tant considerations is the antenna design. Some systems (e.g.,
Semenov et al. [26]) have utilized waveguide radiators posi-
tioned on a large diameter whereas others have implemented
monopole antennas [13, 15]. These antennas are submerged
in lossy liquids (either saline or glycerin-water mixtures) and
subsequently are resistively loaded and also have the associ-
ated efficiency degradation, although experience has shown
that transmitted signals can still be detected down to roughly
−140 dBm with well-designed, low-noise receivers [27].

The coaxial monopole antenna is attractive for mi-
crowave breast imaging because its size and shape allow it
to be densely packed around an imaging target. The design,
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constructed by removing a length of the outer conductor at
one end of a rigid coaxial cable, is simple and low cost. In
general, the monopole has a relatively narrow bandwidth and
excites surface currents along its outer conductor [28, 29] in
air where it closely resembles a dipole when baluns and/or
notched outer conductors are applied [30]. However, when
placed in a lossy medium the behavior changes dramatically,
and its bandwidth increases significantly with the associated
resistive loading. Additionally, we have found that the rigid
coaxial cable interfaces well with an imaging configuration
where liquid coupling and vertical positioning are required.

The goal of this investigation is to assess monopole an-
tenna performance. Of particular, concern has been the mea-
surement behavior when the antennas approach the liquid
surface. Images near the surface correspond to planes closest
to the chest wall for breast exams and are important given the
relatively high-cancer incidence in the axilla region which is
adjacent to the chest wall. When the antennas are fully sub-
merged in a homogeneous coupling bath, the measurement
magnitudes generally decrease monotonically as a function
of the distance between transmit and receive antennas [27].
However, this pattern degrades progressively as the anten-
nas approach the liquid surface and is most pronounced for
the higher end of our operating frequency range (generally
above 1500 MHz). As a result, we have investigated the char-
acteristics of these antennas with respect to the most readily
available parameters-composition of the coupling bath and
antenna length-in order to devise strategies for improving
overall performance. In general, we have found strong cor-
relations between the return loss, the effective beam width,
and beam steering angle as a function of antenna electri-
cal length which is consistent over multiple bath composi-
tions (i.e., with significantly different permittivity and con-
ductivity). In addition, these measurements are consistent
with trends observed in associated simulation results. Based
on these studies, we have optimized the antenna design to al-
low operation relatively close to the liquid surface over the
upper end of our operating frequency range.

2. METHODS

Our breast imaging system operates in a range of liquid cou-
pling solutions with varying electrical permittivities to im-
prove the dielectric property match to specific breast density
types. Previous results have demonstrated significant varia-
tions in permittivity and conductivity as a function of breast
density [31] primarily due to the overall higher-water con-
tent of the fibroglandular tissue compared with fat [32–34].
Breast types vary over a continuum from fatty (mostly adi-
pose tissue) to extremely dense (mostly fibroglandular tis-
sue) [35]. In light of the variations in breast parenchymal
density, we present data for multiple bath compositions in
order to illustrate the consistency of our techniques. We refer
the interested reader to previous publications for a detailed
description of our clinical breast imaging system [13, 27].

2.1. Data calibration

As part of the calibration procedure for our breast imaging
system, a set of measurement data is acquired for the ho-
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Figure 1: 2D schematic diagram of the 16 monopole antennas ar-
ranged in a 15.2 cm diameter circular array surrounding the imag-
ing zone.

mogeneous bath for all operating frequencies and all possi-
ble permutations of transmit and receive antennas. Figure 1
shows the circular antenna array configuration used dur-
ing breast imaging exams. Beyond minor interreceiver chan-
nel gain variations, the magnitudes exhibit a predictable be-
havior for a given transmitter where power levels decrease
monotonically with distance. Figures 2(a) and 2(b) show the
amplitude measurements with respect to receiver antenna
number for a single transmitter over a range of frequen-
cies for the cases of the array: (a) at its maximum depth
below the 87 : 13 glycerin-water bath surface (position 7),
and (b) with the antenna centers just 2 cm below the liquid
surface (position 1). Note that all 16 antennas in the array
are positioned on a 15.2 cm diameter circle with an orien-
tation such that relative receivers 1 and 15 are adjacent to
the transmitter while receiver 8 is furthest away. The plots
for frequencies from 500 to 1700 MHz in Figure 2(a) sug-
gest a monotonic signal decrease with respect to transmit-
ter/receiver separation distance. However, the corresponding
curves in Figure 2(b) exhibit significant variations primarily
at the higher frequencies and for the larger antenna separa-
tions. Given that the only difference between the two cases is
the depth of the antennas below the liquid surface, the most
likely explanation is that unwanted multipath signals (related
to coupling at the bath/air interface) are causing the pertur-
bations.

2.2. Beam characterization

The horizontal beam pattern of a monopole antenna is
isotropic due to its radial symmetry; however, the vertical
pattern in a lossy solution is considerably more complex. The
goal of the first set of experiments was to characterize the ver-
tical plane beam width and beam center with respect to wave-
length. This was accomplished by transmitting from a single,
vertically oriented, monopole antenna and recording the am-
plitudes measured by a receiving waveguide antenna at differ-
ent vertical positions. A waveguide antenna was useful in this
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Figure 2: Signal amplitude versus relative receiver number associated with a single transmitting, 3.4 cm long antenna for a range of frequen-
cies when the antenna center is submerged (a) 10 cm and (b) 2 cm below the 87% glycerin coupling liquid surface, respectively.
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Figure 3: (a) Schematic diagram and (b) photograph of the setup for beam pattern measurement involving a 3-point support (3PS) me-
chanical steering system with the aperture reference waveguide antenna positioned approximately 6 cm from the monopole transmitter.

role because of its beam symmetry in the E-plane. The main
variables in the investigation were the signal wavelength in
the medium and the relative vertical position of the reference
(waveguide) antenna. Secondary variables included the cou-
pling medium and the length of the transmitting (monopole)
antenna.

A 3-point support (3PS) mechanical steering system, de-
veloped by Meaney et al. [36], was used to position the ref-
erence antenna during these studies. Figures 3(a) and 3(b)
show a schematic diagram and photograph of the 3PS system
configured for the experiments. The waveguide was oriented

perpendicularly to the axis of the monopole and was trans-
lated in vertical steps of 2.5 mm under computer control. We
did not rotate the reference waveguide about the antenna un-
der test as would be the case in more traditional beam char-
acterization measurements because of the symmetry of the
experiments and the logistical challenges of acquiring data in
the lossy liquid bath.

The cylindrical testing tank was filled with a lossy glyc-
erin and water solution similar to that used in clinical breast
imaging. Measurements were taken in a 90% glycerin, 10%
water solution and a 40% glycerin, 60% water solution to
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Figure 4: The measured (a) relative permittivity and (b) conductivity of the 90% and 40% glycerin: water baths used in these experiments.
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provide a range of complex permittivity values and result-
ing wavelengths similar to those observed in biological tis-
sue. All measurements were collected using an Agilent 8753C
network analyzer in sweep mode with a frequency range of
300 MHz to 3 GHz.

Two complementary waveguide apertures were required
to span the full frequency range of the monopole antennas
under test. The operational wavelength cutoff for the waveg-
uides was calculated using 1 [29, 37]:

λc = 2√
(m/a)2 + (n/b)2

TE10−−→2a, (1)
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Figure 6: Measured return loss of the 2.0, 2.5, and 3.4 cm length
monopole antennas in the 90% glycerin: water bath as a function of
frequency.

where m and n are the mode indices, and a and b are the
larger and smaller inner dimensions of the front face of the
waveguide, respectively. The TE10 mode results in the low-
est cutoff frequency and determines the lower operational
limit of the waveguide. In this situation, the wavelength for
a TE10 mode wave decreases to two times the width. Table 1
shows the dimensions of both receiving waveguide apertures
along with their corresponding cutoff wavelengths. The di-
electric properties for the 90% and 40% glycerin-water baths
are shown in Figure 4. Given that these waveguide antennas
were filled with the surrounding liquid, and that the complex
permittivity of the glycerin-water solutions varied with fre-
quency, it is instructive to plot the propagation wavelengths
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Table 1: Reference waveguide antenna dimensions and cutoff wave-
lengths.

Waveguide Width, a (cm) Height, b (cm) Cutoff λ, 2a (cm)

Large 5.4 2.7 10.8

Small 2.7 1.4 5.4

for both solutions versus frequency along with horizontal
lines corresponding to the cutoff wavelengths of the waveg-
uides (Figure 5). The points where the curves intersect indi-
cate the TE10 and TE01 mode cutoff frequencies as the lower
and upper operating frequency bounds, respectively. From
this graph, it is evident that the large and small waveguides
can be used from 610 to 1580 MHz and from 1580 to greater
than 3000 MHz, respectively, in the 90 : 10 glycerin-water
bath. Likewise, for the 40 : 60 glycerin-water bath, the large
and small waveguides can be used from 330 to 660 MHz and
from 660 to 1270 MHz, respectively.

2.3. Antenna modeling

In addition to the measurements used to characterize these
antennas, we have also performed a series of numerical sim-
ulations that exhibited comparable behavior. For this mod-
eling, we utilized a finite difference time domain (FDTD)
approach in a cylindrical coordinate system which incorpo-
rated a rigid 50Ω coaxial feel line along with the geometry
of the antenna radiating a lossy, semi-infinite medium [38].
The source was setup to excite only a transverse magnetic
field in the coaxial line. The inner and outer conductors of
the coaxial cable were represented through perfect electrical
conducting (PEC) boundary conditions. The coaxial line di-
electric was assumed to be lossless with a relative permittiv-
ity of 2.0, and the spatial resolution of the grid was estab-

lished to represent accurately the vertical and radial compo-
nents of the electric field within the coaxial cable. The di-
electric properties of the surrounding bath were the same
as those of the medium used in the measurements with the
simulations being performed individually at each frequency
due to the property dispersion over this range. Eight lay-
ers of a perfectly matching layer (PML) were used to mini-
mize backscattered signals from the finite termination of the
computational mesh [39]. The simulations were run until
the solution had stabilized, after which a Fourier transform
was performed at each of the measurement sites to recover
the steady-state field values. Similarly to the actual measure-
ments, the z-component of the electric field values was com-
puted at a series of points along a vertical line parallel to the
center of the monopole antenna in 3 mm increments.

3. RESULTS AND DISCUSSION

In this section, we first report on the general characteristics
of the monopole antennas in terms of their return loss and
beam characteristics (steering angle and beamwidth). We
then illustrate deviations in the transmit data for antenna po-
sitions near the liquid surface for different tip lengths which
demonstrate how the overall antenna performance can be
improved.

3.1. Return loss

The basic monopole antenna consisted of a 50Ω rigid coaxial
cable with the outer conductor stripped from the transmit-
ting zone. Tip lengths of 2.0, 2.5, and 3.4 cm were tested with
each having broad operating bandwidths associated with re-
turn losses nominally of less than −10 dB across the band
for both the 90% and 40% liquid coupling mixtures (plots
of the return losses for the 90% glycerin bath are shown in
Figure 6). As expected, the dominant null in the return loss
associated with the resonant frequency shifts upwards as the
length of the transmitting tip decreases −3.4 cm length at
1 GHz, 2.5 cm length at 1.45 GHz, and the 2.0 cm length at
2.15 GHz. The lower-frequency limit also shifts upwards with
antenna length. At the higher end of this frequency span, the
resistive loading of the antennas generally suppresses the re-
turn loss to −10 dB or less.

3.2. Beam characterization

Figure 7 shows a plot of the beam pattern for the 3.4 cm
length monopole antenna in the 90% bath at 1596 MHz as
a function of the angle between the monopole antenna and
the reference waveguide antenna (0 degree was the horizontal
plane cutting through the center of the monopole antenna)
with the 3 dB points indicated on either side of the beam
peak. A second-order polynomial fit to the beam pattern
was superimposed to estimate the beam center location—
only the 15 points near the beam center were used in the



6 International Journal of Antennas and Propagation

B
ea

m
st

ee
ri

n
g

an
gl

e
(d

eg
re

es
)

−20

−15

−10

−5

0

5

10

1 2 3 4 5 6 7 8 9

40% glycerin

90% glycerin

Wavelength (cm)

3.4 cm
2.5 cm
2 cm

(a) Beam steering angles for the 2.0, 2.5, and 3.4 cm length monopole
antennas as a function of the medium wavelength for the 90% and 40%
glycerin: water baths

Si
m

u
la

te
d

be
am

st
ee

ri
n

g
an

gl
e

(d
eg

re
es

)

−20

−15

−10

−5

0

5

10

1 2 3 4 5 6 7 8 9

40% glycerin

90% glycerin

Wavelength ( cm)

3.4 cm
2 cm

(b) Same as Figure 8(a) for simulation results of beam steering angles for
the 2.0 and 3.4 cm length monopole antennas operating in the 90% and
40% glycerin: water baths

Figure 8

−3
dB

be
am

w
id

th
sp

re
ad

an
gl

e
(d

eg
re

es
)

20

25

30

35

40

45

50

55

60

1 2 3 4 5 6 7 8 9

40% glycerin

90% glycerin

Wavelength (cm)

3.4 cm coax

2.5 cm coax

2 cm coax

Figure 9: Beam widths for the 2.0, 2.5, and 3.4 cm length monopole
antennas as a function of the medium wavelength for the 90% and
40% glycerin: water baths.

least squares fitting process. The beam center was readily ex-
tracted from the equation of the fitted curve. In terms of the
3 dB beam width, measurement points were selected which
straddled the 3 dB-power level below the peak in the beam
pattern. From these two points, an interpolation was used to
determine the closest position that would be exactly 3 dB be-
low the peak.

Figure 8(a) shows plots of the beam center angle as a
function of wavelength in the medium for the three antenna
lengths in the two glycerin-water baths (90% and 40%). (The
vertical positions of the beam centers have been converted to

beam angles.) The trends in these cases are clear. The beam
steers increasingly upwards with decreasing operating wave-
length (or increasing frequency). From these curves, it is evi-
dent that the beam steering is a function of antenna electrical
length in the medium-longer lengths correspond to higher
beam steering angles. These trends are echoed in the sim-
ulation results for the longest and shortest antenna lengths
in the two electrically distinct baths shown in Figure 8(b).
The computed behavior matches the measurement observa-
tions best at the higher frequencies of concern (i.e., where
the beam steers upwards) and supports the validity of the
measured behavior. Although the overall response with re-
spect to the antenna lengths and bath properties is consistent
between the experimental and simulated data at the longer
wavelengths (lower frequencies), the simulated results sug-
gest a more rapid downward steering effect as the wavelength
lengthens than was found to occur with the actual measure-
ment data.

Figure 9 shows the corresponding 3 dB beamwidths for
the three different length monopole antennas in both the
90% and 40% glycerin-water baths as a function of medium
wavelength. In general, the beamwidths increase significantly
with wavelength and with different coupling baths (which
also directly affects the bath wavelength). To a lesser de-
gree, the beamwidth also appears to be a function of the
antenna length. For the 90% bath, the beamwidth increase
from the 2.0 to 3.4 cm length antenna is 2.5 degrees across
the range of medium wavelengths. Interestingly, the effect
for the 40% glycerin-water bath appears to be reversed with
the beamwidths for the 2.0 cm monopole being broader than
its 3.4 cm length counterpart. Given that the baths we typ-
ically use for breast imaging range from 79% to 90%, the
results from the 90% bath are more relevant. While beams
steer higher with increasing frequency (potentially exacer-
bating the problem of the fields coupling to the liquid-air
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Figure 10: Plots of the transmitted signal strength as a function of receiver number over the frequency range of 500–2500 MHz for the
3.4 cm length antennas with their centers submerged (a) 2.0 cm and (b) 6.5 cm below the 90% glycerin coupling liquid surface, respectively.

interface), the beamwidth narrows some with a shorter an-
tenna length which counteracts the coupling effects at the liq-
uid interface. Thus, it appears that a reduced antenna length
causes the beam to steer lower while also slightly reducing the
beamwidth.

3.3. Multifrequency transmission characteristics

Figure 10 shows transmission data from a single 3.4 cm
length monopole to the corresponding receiver monopole
antennas in the 90% glycerin bath for frequencies rang-
ing from 500 to 2500 MHz at antenna center depths of (a)
2.0 and (b) 6.5 cm below the liquid surface, respectively.
For the deeper position, the shapes of the curves are nearly
parabolic with the greater transmission loss corresponding
to the greater propagation lengths (especially receiver anten-
nas 7, 8, and 9). (Note that the array has 16 antennas evenly
spaced in a circular arrangement). However, in the shallower
case, the near-parabolic patterns are noticeably perturbed for
the furthest receivers at frequencies above 1900 MHz.These
aberrations are due to signals coupling to the liquid sur-
face and propagating along an undesired, low loss surface
path.

Figures 11(a) and 11(b) show the corresponding plots
for the 2.0 cm length antennas. In this situation there ap-
pears to be a minor perturbation in the 2300 MHz case and a
more pronounced effect at 2500 MHz. These results are im-
portant because they suggest that we can operate at higher
frequencies with reduced surface coupling effects using the
shorter antennas. They also confirm the beam behavior ex-
hibited in the previous section where the shorter length an-

tennas steered towards lower positions minimizing the sur-
face coupling. In addition, we plotted the average absolute-
valued differences in the signal strength at the two antenna
depths for the three furthest receivers as a function of fre-
quency for the 3.4 and 2.0 cm antenna lengths (Figure 12).
The deviation for the longer antenna appears to increase no-
ticeably (i.e., nominally above 2 dB) above 1900 MHz while
that for the 2.0 cm antenna only increases significantly at
2500 MHz.

4. CONCLUSIONS

We have assessed the antenna design to extend the us-
able operating frequency range of our clinical microwave
breast imaging system. The primary difficulties have oc-
curred in the imaging planes closest to the liquid surface
where we have observed significant perturbations in the
transmitted signals in the homogeneous case (which serves
as the calibration data [27]). The planes near the liquid
surface correspond to those closest to the chest wall in
clinical breast exams which are important because of the
high prevalence of cancer in the axilla zone. We have per-
formed several experiments to determine the parameters
of the monopole antennas which govern their overall per-
formance. We have been able to alter the beam steering
angle and beam width by modifying the antenna length
while still maintaining our nominal operating frequency
bandwidth.
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Figure 11: Plots of the transmitted signal strength as a function of receiver number over the frequency range of 500–2500 MHz for the
2.0 cm length antennas with their centers submerged (a) 2.0 cm and (b) 6.5 cm below the 90% glycerin coupling liquid surface, respectively.
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The results comparing the transmission plots for the
longer and shorter antennas clearly show that the shorter
antennas can operate at higher frequencies for a given imag-
ing plane close to the liquid surface. These improvements
were achieved with minimal reduction in overall signal
strength (less than 3 dB difference at the higher frequencies).
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1. INTRODUCTION

Ultrawideband (UWB) (3.1–10.6 GHz) microwave imaging
is a promising method for biomedical applications such as
cancer detection because of their good penetration and reso-
lution characteristics. The underlying principle of UWB can-
cer detection is a significant contrast in dielectric properties,
which is estimated to be greater than 2 : 1 between normal
and cancerous tissue. UWB imaging systems have shown en-
couraging results in the detection of tumors for early breast-
cancer detection [1].

In the UWB imaging systems, a very narrow pulse is
transmitted from a UWB antenna to penetrate the body. As
the pulse propagates through the various tissues, reflections
and scattering occur at the interfaces. A particular interest is
in the scattered signal from a small size-tissue representing
a tumor. The reflected and scattered signals can be received
using an UWB antenna, or array of antennas, and used to
map different layers of the body. For an accurate imaging
system with high resolution and dynamic range, the trans-
mitting/receiving UWB antenna should be planar, compact
in size, and directive with high-radiation efficiency and dis-
tortionless pulse transmission/reception.

The majority of the compact UWB antennas presented in
the literature exhibit omnidirectional radiation patterns with
relatively low gain and an impulse response with observable
distortion [2]. These types of UWB antennas are suitable for
the short-range indoor and outdoor communication. How-
ever, for radar systems, such as an UWB microwave imaging
system for detection of tumor in woman’s breast, a moderate
gain directional antenna is advantageous. In addition to an
UWB impedance bandwidth, as defined by the minimum re-
turn loss of the 10 dB, the UWB antenna is required to sup-
port a very short pulse transmission with negligible distor-
tion. This is necessary to achieve precision imaging without
ghost targets. The unipolar and antipodal Vivaldi antennas
presented in the literature [3–5] satisfy the requirements for
imaging systems in terms of bandwidth, gain, and impulse
response. However, the achieved performance is at the ex-
pense of a significant size, which has a length of several wave-
lengths. Therefore, the challenge is to reduce their physical
dimensions such that it can be incorporated in a compact
microwave imaging detection system, while maintaining its
broadband, high-gain, and distortionless performance.

Several UWB antenna designs with compact size and low
distortion have been proposed for the use in the medical
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Figure 1: Configuration of the proposed antenna.

imaging systems [6–8]. Each has its own merits and draw-
backs. Some of the proposed antennas have a nonpla-
nar structure, whereas others have low-gain and/or low-
radiation efficiency. The low-radiation efficiency is a major
impairment that limits the dynamic range of the imaging sys-
tem, whose major objective is to detect a weak backscatter
from a tumor.

In the presented work, a compact (5 cm × 5 cm) ellipti-
cal tapered slot UWB antenna is described. A clear design
guideline is given in order to show how to calculate values
of the different design parameters of the antenna. Resistive
layers were incorporated with the radiating elements of the
antenna to improve its directivity and reduce any backward
radiation which may affect the accuracy of the imaging sys-
tem. The measured and simulated results of the proposed an-
tenna show an ultrawideband behavior with a moderate gain
and distortionless pulse transmission/reception.

2. DESIGN

The antenna presented in this paper is to be used in a mi-
crowave imaging for breast-cancer detection. The imaging
system includes a circular array of the proposed ultrawide-
band antenna. In this system, one of the antennas is used to
transmit a microwave signal while the rest of the antennas in
the array receive the scattered signal. The measured data is
collected and then the measurement procedure is repeated
with the second transmitting the signal while the remain-
ing are used for receiving the scattered signal. This process
is repeated until all antennas in the array perform the trans-
mitting role. The antenna array can be moved up and down
automatically via a computer-controlled high-precision lin-
ear actuator. This facilitates the collection of multiple planar
data for 3D object imaging.

The proposed ultrawideband antenna for inclusions in
the UWB microwave imaging system is shown in Figure 1. It
resembles an antipodal tapered slot antenna fed by a parallel
strip line.

The radiating element is in the form of an antipodal pla-
nar tapered slot with an elliptical curvature. Rogers RO4003
with 3.38 dielectric constant and 0.508 mm thickness was
used as a substrate. A resistive layer of 50Ω/� was sprayed at
the designated areas at the lower end of the radiating struc-
ture in the top and bottom layers to improve the front-to-
back ratio, and thus the detection capabilities of the UWB
imaging system.

The design objective is to obtain a directive antenna with
a compact size, while maintaining the bandwidth require-
ment of 3.1 to 10.6 GHz. The following design procedure is
proposed and utilized in developing the proposed antipodal
antenna.

Step 1. Given the lowest frequency of operation ( fl), thick-
ness of the substrate (h) and its dielectric constant (εr), the
width (w) and length (l) of the antenna structure, exclud-
ing the feeder, can be calculated using the following equation
[9]:

w = l = c

fl

√
2

εr + 1
, (1)

where c is the speed of light in free space.
It is worthwhile to mention that (1) indicates that the an-

tenna’s length and width is chosen to be equal to the effective
wavelength calculated at the lowest frequency of operation.

Step 2. The radiating structure of the antenna is formed from
the intersection of quarters of two ellipses. The major radii
(r1 and r2) and the secondary radii (rs1 and rs2) of the two
ellipses are chosen according to the following equation:

r1 = w

2
+
wm

2
,

r2 = w

2
− wm

2
,

rs1 = l,

rs2 = 0.5r2.

(2)

According to (2), dimensions of the radiating element are
chosen such that the far-end distance between the top and
bottom radiators is equal to the effective wavelength at the
lowest frequency of operation. Length of each of the radi-
ators at the left and the right end of the antenna’s structure
shown in Figure 1 is equal to half of the effective wavelength
calculated at the lowest frequency of operation.

Step 3. The width of the microstrip transmission feeder (wm)
to give the characteristic impedance, Zo equal to 50Ω, can be
calculated using the following equations [10]:

wm = 120π√
εr

h

Zo
. (3)

Step 4. A metallization layer, with a 50Ω/� surface resistiv-
ity, is added to the top and bottom radiating parts. Shape of
the resistive layers is chosen to be a quarter of an ellipse with
major and secondary diameters equal to r2 and rs2, respec-
tively.
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Parallel strip line

Ground plane
(bottom layer)

Microstrip line
(top layer)

Figure 2: Configuration of the parallel strip line to microstrip tran-
sition.

(a) (b)

Figure 3: Photo of the developed antenna: (a) top view, and (b)
bottom view.

Step 5. A transition is added to the structure of the an-
tenna. This is required because the antenna’s radiating ele-
ment shown in Figure 1 is connected to a parallel strip line,
which is a balanced transmission line, whereas the antenna
is to be connected to the other devices of the imaging system
using a suitable coaxial cable, which is an unbalanced trans-
mission line. The transition from the parallel strip line to the
microstrip line is shown in Figure 2, which is adopted from
the transitions presented in [11]. The strip line, which is lo-
cated at the top layer, is connected using a tapered transmis-
sion line to the microstrip line, while width of the strip line
at the bottom layer is gradually increased to form the ground
plane required for the microstrip feeder.

3. RESULTS

The ultrawideband antenna designed according to the
above mentioned procedure was manufactured using Rogers
RO4003C (εr = 3.38, h = 0.506 mm) as a substrate. Values
of the design parameters w, l, r1, r2, rs1, rs2, and wm (shown
in Figure 1) are 50 mm, 50 mm, 26 mm, 24 mm, 50 mm,
12 mm, and 2 mm, respectively. A photo for the developed
antenna is shown in Figure 3.
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Figure 4: The measured and simulated return loss.

Concerning the resistive layers, a parametric analysis us-
ing the software Ansoft HFSSv10 indicated that the best per-
formance concerning the bandwidth and the front-to-back
ratio can be achieved when the resistivity of the added resis-
tive layer is in the range from 50 to 100Ω/� . The lower value
was used because of the availability of the 50Ω/� chemical
mixture to the author.

The validity of the proposed design methodology is ver-
ified using the commercial software package, Ansoft HF-
SSv10, and experimental tests by using a vector network an-
alyzer.

Figure 4 shows the simulated and measured return loss of
the manufactured antenna. As can be seen from Figure 3, the
10 dB return loss bandwidth extends from 3.1 GHz to more
than 11 GHz covering the required UWB band of 3.1 GHz–
10.6 GHz. The simulated result closely resembles the mea-
sured result validating the design procedure of the antenna.

The far-field radiation patterns of the antenna were cal-
culated using the software HFSS. They are shown in Figure 5
for the frequencies 4 GHz, 6 GHz, 9 GHz, and 11 GHz. The
antenna shows directive properties with an average front-to-
back ratio which is greater than 13 dB across the whole band,
making it a good candidate for microwave imaging applica-
tions. It is worthwhile to mention that without the use of the
resistive layers, the front-to-back ratio is around 10 dB.

The measured gain of the antenna is shown in Figure 6,
which reveals a moderate gain antenna. The gain is equal to
4.3 dBi at 3 GHz and it increases with frequency till it be-
comes 10.8 dBi at 10.6 GHz. It is to be noted that the gain
measurements were done in comparison with a reference-
gain antenna which is the corrugated horn antenna in this
case.

As the use of the resistive layer can be responsible for
the reduction in the radiation efficiency, suitable calculations
with the help of the software HFSS were performed with re-
spect to this parameter. From Figure 6, it is apparent that de-
spite the use of the resistive layers to minimize the backward
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Figure 5: The simulated three-dimensional radiation pattern.

radiation (and hence enhance the front-to-back ratio), the
proposed antenna has a good efficiency, which is more than
80% across the whole band. This performance is superior
in comparison with the antennas reported for use in a mi-
crowave imaging system, where 47% efficiency was noted [8].

The time-domain performance of the proposed antenna
was also measured. A narrow pulse was synthesized in the
network analyzer using the discrete Fourier transform mod-
ule of the device. The pulse was synthesized after assuming
that its frequency spectrum is a rectangular function that ex-
tends from 3.1 to 10.6 GHz. Shape of the resulted synthesized
pulse is shown in Figure 7. Two copolarized antennas were
separated by a distance of 50 cm and the results of the mea-
surement are shown in Figure 7. Note that the excited pulse
and the received pulse are normalized with respect to their
peak values. The figure reveals that the pulse duration of the
antenna is 0.6 nanoseconds. The pulse distortion occurs at
the 0.15 level with respect to the peak level of 1, and thus it is
almost negligible. The observed results indicate that the de-
veloped antenna supports distortionless narrow pulse which
makes it an excellent radiator for the purpose of a microwave
imaging with high resolution.

As the antenna is to be put on or near the human body,
specifically the breast for the case of breast-cancer detection,
a study of the effect of the distance from the skin to the an-
tenna on its return loss is investigated. The electromagnetic
model used to simulate the breast contains two layers: the
first layer is the skin layer with thickness = 2 mm, dielectric
constant= 36, and conductivity= 4 S/m. The second layer is
the breast tissue, which extends to a width of 10 cm, with a
dielectric constant= 9 and conductivity = 0.4 S/m [12]. Re-
sults of simulation using the software HFSS are shown in
Figure 8 for two different distances between the antenna and
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Figure 6: The measured gain and calculated radiation efficiency of
the antenna.
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Figure 7: The measured impulse response of the antenna.

the human body. Figure 8 indicates clearly that the antenna
maintains its ultrawideband performance in spite of being
very close to the human body.

The imaging system in which the antenna is to be used
contains an array of antennas. Hence, it is important to inves-
tigate the value of the mutual coupling between these anten-
nas. The mutual coupling between two identical antennas at
different frequencies was calculated using the software HFSS.
In the calculations, two antennas were assumed to be parallel
to each other and the distance between them was changed.
The mutual coupling was calculated at each distance and
the results are shown in Figure 9. These results show that
the coupling decreases as the distance between the two an-
tennas increases. For a certain distance between the two an-
tennas, the mutual coupling is less for a higher frequency.
This is because increasing the frequency means a lower wave-
length. Therefore, the distance between the coupled antennas
relative to the wavelength is larger. The results depicted in
Figure 9 reveal that the mutual coupling between the neigh-
boring antennas at any frequency within the ultrawideband
range is less than −20 dB when the distance between the an-
tennas is more than half a wavelength.
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Figure 8: The simulated return loss of the antenna for different dis-
tances from the human body.

It is also important to study the distortion when the ra-
diated pulse propagates through the human body, that is, the
skin and the breast tissue in the case of the breast-cancer-
detection system. The antenna fidelity is used as an indi-
cation of that distortion. The fidelity factor is the maxi-
mum magnitude of the cross correlation between the ob-
served pulse at a certain distance and the excitation pulse
[13]. The finite difference time-domain method was used for
this purpose [14]. In order to reduce the computation do-
main, Berenger’s perfectly matched layer (PML) is applied as
an absorbing boundary condition [15]. To include the fre-
quency dependence of the dielectric constant εi and the con-
ductivity σi of the breast tissue over the UWB, the first-order
Debye dispersion model was applied [12]:

εi −
jσi

2π f εo
= ε∞ +

εΔ − ε∞
1 + j2π f τ

− jσΔ
2π f εo

, (4)

where τ is the relaxation time, and ε�, ε∞, and σ� are the
Debye model parameters which were selected according to
the published data for the breast tissues [12]: normal tissue:
ε� = 10, ε∞ = 7, τ = 7 ps , σ� = 0.15 S/m, tumor: ε� =
54, ε∞ = 4, τ = 7 ps , σ� = 0.4 S/m. For the skin: ε = 36, and
σ = 4 S/m.

The result is shown in Figure 10 where the effect of all the
scattered/reflected signals is included. It indicates that as the
signal propagates through the human body, the fidelity factor
decreases. This indicates an increasing pulse distortion inside
the human body. For the antenna presented in this paper, the
fidelity factor is within reasonable values (more than 70%)
even inside the human body.

4. CONCLUSION

The design of a directive ultrawideband antenna for use in
a microwave imaging system has been presented. To mini-
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Figure 9: Variation of the simulated mutual coupling with the dis-
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Figure 10: The simulated fidelity factor with the distance from the
antenna in the presence of a human body.

mize the backward radiation, the antenna uses resistive lay-
ers behind its conductive radiation layers. The simulated and
measured characteristics of the antenna have shown that it
covers the band from 3.1 GHz to more than 11 GHz. It has
a radiation efficiency of more than 80%, which is higher
than the recently reported other UWB planar antennas em-
ploying resistive layers for microwave imaging applications.
The characteristics of the antenna when operating near a hu-
man body have been investigated. The simulated results have
shown that the antenna maintains its ultrawideband perfor-
mance concerning the return loss even with the presence of
the human body in proximity with the antenna.

The time-domain performance of the antenna has also
been studied. It has been shown that the proposed antenna
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has the ability to send and receive very short pulses in a dis-
tortionless manner. It has been shown that although the fi-
delity factor decreases as the signal propagates through the
human body, the value of that factor is still within acceptable
limits.

The mutual coupling between two identical antennas has
been simulated as the antenna elements are used within an
array in the microwave imaging systems. It has been shown
that the mutual coupling is less than −20 dB when the dis-
tance between the neighboring antennas is more than half a
wavelength.
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1. INTRODUCTION

The design of antennas for communication with implants
inside the human body has received considerable attention
from the research community. The design of these antennas
is quite challenging, as there is a limit on the amount on
power that can be transmitted and also on the size of these
devices. The limitation on the transmit power is due to the
amount of battery power available as well as due to concerns
about the exposure of the human body to electromagnetic
radiation. Typically these devices are allowed to have a
peak transmit power of 25 uW (−16 dBm), which is quite
insufficient at higher frequencies especially when embedded
deep into the tissue. Today these implants are being used to
monitor as well as facilitate the working of various human
organs, for example, as cardiac pacemakers.

2. SURVEY OF ANTENNAS FOR IMPLANTS

A number of different antenna designs have been considered
for medical implants. In [1], spiral and serpentine antenna
designs have been considered and the authors have simulated
the performance of these antennas using a single block
of muscle and a realistic human shoulder. The results are
also verified experimentally using a tissue simulant material
composed of TX-151, sugar, salt, and water. The effect of
shape and size of the dielectric as well as the location
of the feed point on the performance of the antenna is

studied. A similar analysis is performed in [2] for spiral
and planar inverted-F (PIFA) antenna. However, the authors
have primarily focused on the human brain using a six-layer
model (brain, CSF, Dura, bone, fat, and skin). The results
are again verified using a human tissue-simulating liquid
made from deionized water, sugar, salt, and cellulose. In
both these papers, the authors have considered a frequency
of 402–405 MHz that has been recommended by the Euro-
pean Radiocommunications Committee (ERC) for ultra-
low-power, active, medical implants. The simulations have
been performed using finite difference time domain (FDTD)
method. In addition, an analytic method using spherical
dyadic Green’s function (DGF) has also been considered [2].

In [3], the problem of antenna detuning and signal loss
is studied for a subminiature loop antenna designed for
the 900 MHz ISM and 402 MHz MICS radio bands. It is
observed that with proper encapsulation of areas of high
electric field strength antenna detuning can be considerably
reduced. This is in contrast to a monopole that experiences
considerable detuning (as high as 13%) and signal loss at the
same frequencies.

The results of an actual implant operating in the
403 MHz MICS band are presented in [4]. The implant
was placed inside a Perspex body (30 cm diameter cylinder),
and the signal strength was measured as a function of the
distance. The error rate of the link was also evaluated. It
was observed that the communication link with the external
device was maintained up to a distance of 3 m when the
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Figure 1: Power loss within 4 mm of skin. The corresponding half
wavelengths are also shown.
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Figure 2: Patch antenna with a line feed.

Table 1: Dielectric properties of human tissues at 31.5 GHz.

Tissue Permittivity Conductivity (S/m)

Skin 14.7980 27.9710

Fat 3.5970 1.8636

Muscle 22.2700 36.8130

implant was placed at a depth of 10 cm. The implant used a
sleep and wakeup sequence (2.4 GHz, 20 dBm wakeup signal)
to prolong battery life.

3. LIMITATIONS IN THE DESIGN PROCESS

Microstrip antenna design is a fairly mature field, and several
designs have been proposed over the years [5–7]. As with any
other antenna design, the size of the microstrip is directly
proportional to the wavelength at the operating frequency.
At 402 MHz, the wavelength of an electromagnetic wave is
approximately 0.75 m. It is obvious that any antenna with
dimensions comparable to this wavelength cannot be used
for an implant. The technique usually used to overcome this
problem is to design a conducting surface that is spiraled
along the surface of the substrate. The resonant frequency
of the microstrip is then proportional to the total length of
the spiral and not to the length of any individual element.

Although this results in a size reduction, it is still not quite
suitable for an implant (see Table 2). We have investigated the
idea of using a rectangular patch antenna designed to operate
at the millimeter wave frequencies. It is well known that
at these frequencies the electromagnetic wave experiences
very high attenuation, however, the implant does not need
to be placed deep into the tissue and with proper transmit
receive combination it is still possible to maintain reliable
communication. The penetration depth of a medium is
defined as

δ = 1
α

, (1)

where α is the attenuation constant. It is the distance at which
the amplitude of an electromagnetic wave is reduced to e−1 =
0.3679 of its original value.

It has been observed that at millimeter wave most of
the loss occurs within the first layer, that is, skin. There is a
relatively less loss within fat and at the dielectric boundaries.
Figure 1 shows the power loss within the layer of skin as a
function of frequency. Also shown are corresponding half
wavelengths which should serve as a guideline to the antenna
size. The actual antenna size would also be dependant on
the substrate material; however, any size reduction would be
proportionate across the frequency range.

4. DESIGN PROCEDURE

A microstrip antenna can be designed using either the
transmission line model or the cavity model (more complex
models also exist that suit a particular design). We have
used the transmission line model since it is fairly simple to
implement and results in antenna designs with reasonably
good performance in terms of return loss and efficiency.
It is also quite well suited to the rectangular designs that
we have considered (other popular designs include circular,
elliptical, and disc like). The design starts with selecting
the operating frequency fr , selecting a substrate with the
required permittivity εr , and defining the width of the
substrate h (Figure 2). Thick substrates with low permittivity
result in antenna designs with high efficiency and large
bandwidths. Thin substrates with high permittivity lead to a
smaller antenna size but with a lower bandwidth and a high-
radiation loss [5]. The tradeoffs between substrate thickness
and permittivity and antenna bandwidth and efficiency have
been discussed in [8–10]. We have used Rogers RT6002 in
our design with a permittivity of 2.94 and a loss tangent of
0.0012.

According to the transmission line model, the length L
and width W of the patch are calculated as

W = vo
2 fr

√
2

εr + 1
,

L = vo
2 fr
√
εreff

− 2ΔL,

(2)
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Table 2: Comparison of five different antennas designed for medical implants. The size of our antenna is governed by the dimensions of the
ground plane.

Antenna type True antenna size Characteristics

Spiral [1]
402 MHz

26.6 mm    16.8 mm×

Return loss >25 dB

Frequency detuning ∼15%

−21 dBW at 1 m

(7 mm deep in 2/3 muscle, 1.6 W/kg)

Serpentine [1]
475 MHz

26.6 mm    16.8 mm×

Return loss >10 dB

Frequency detuning ∼20%

−25 dBW at 1 m

(7 mm deep in 2/3 muscle, 1.6 W/kg)

Higher resonant frequency than a spiral

with the same physical length

Spiral [2]
402 MHz

40 mm    32 mm×

Return loss >18 dB

Return loss >5 dB (measurement)

Frequency detuning ∼5% (measurement)

Front to back ratio ∼5 dB

Radiation efficiency ∼0.16%

PIFA [2]
402 MHz

32 mm    24 mm×

Return loss >16 dB

Return loss >6 dB (measurement)

Frequency detuning ∼10% (measurement)

Front to back ratio ∼5 dB

Radiation efficiency ∼0.25%

Higher efficiency than the spiral

New design
31.5 GHz

5.68 mm    6 mm

W = 3.39 mm
L = 2.66 mm

h = 0.254

×

Return loss >30 dB

Frequency detuning ∼1%

−57.49 dBW/m2 at 1 m

(8 mm deep in skin and fat)

Front to back ratio ∼15 dB

where vo is the speed of light in free space, εreff is the
effective permittivity, and 2ΔL is the extension in length due
to fringing effects:

εreff = εr + 1
2

+
εr − 1

2

[
1 + 12

h

W

]−1/2

,

ΔL = 0.412h
(εreff + 0.3)(W/h + 0.264)
(εreff − 0.258)(W/h + 0.8)

.

(3)

Although the design of the patch is quite simple, the design
of the feeding mechanism is not that straightforward. There

are four possible methods that can be used:

(1) microstrip-line feed;

(2) probe feed;

(3) aperture-coupled feed;

(4) Proximity-coupled feed.

We have used a microstrip line feed since it is relatively easy
to model, match, and fabricate. It results in low- antenna
bandwidths (2–5%); however, this should be sufficient for
our application. The calculation of the feed point is based
on the principle that maximum power transfer would occur
when the impedance of the line is matched to the patch. At
the resonant frequency, the impedance of the patch is zero
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Figure 3: Patch implanted inside the model (4 mm Skin, 4 mm Fat,
1 mm cavity).

at the half point along its length. Therefore, the feed point is
usually a little offset from the centre. We first calculateG1 and
G12 the self and mutual conductance of the patch terminals
(also termed as the radiating slots), respectively:

G1 =
∫ π

0

[
sin((koW/2) cos θ)√

120π cos θ

]2

sin3θ dθ,

G12 =
∫ π

0

[
sin((koW/2) cos θ)√

120π cos θ

]2

Jo(koL sin θ)sin3θ dθ,

(4)

where

ko = 2π
√
εreff

λ
, (5)

and Jo is the modified Bessel function of the first kind and
order zero. The length of the inset yo can then be calculated
based upon the following relationship:

Rin(y = yo) = 1
2(G1 ±G12)

cos
(
πyo
L

)
. (6)

Here, Rin is the impedance value required for perfect
matching. Since the inset creates a physical notch in the
patch, it also changes its resonant frequency (due to junction
capacitance); however, this shift is usually a small percentage
of the actual frequency and can be ignored. Alternatively, the
length or width of the patch would have to be modified, and
the feed location would have to be recalculated. The width of
the inset is somewhat arbitrary.

5. SIMULATION RESULTS

The designed patch antenna is then simulated in CST at
a frequency of 31.5 GHz. The antenna is placed within a
three-layer body consisting of skin, fat, and air (Figure 3)
and energized by a waveguide port with a normalized
power of 1 WΦ (Φ denotes the 10 gm tissue that we have
used. The transmit power should be less than 16 mW
(1.6 W/kg× 0.010 kg). This would reduce our link budget by
approximately 18 dB). We used air as the cavity around the
antenna; however, in practice, some other low permittivity
medium might be used to provide a match between the
antenna and the body. The dielectric data used in the
simulation is given in Table 1.

3534333231302928

Frequency (GHz)

−35

−30

−25

−20

−15

−10

−5

0

S1
1

(d
B

)

Without body
With body

Figure 4: Return loss of the antenna with and without the body.

(dB)
−46.5
−50.9
−55.4
−59.8
−64.3
−68.7
−73.2
−77.6
−82.1
−86.5

θ

φ

x

z

y

[1]

Figure 5: Gain of the antenna placed inside the cavity.
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Figure 7: P-field along (a) H-plane (b) E-plane.

The resulting S-parameters and 3D radiation patterns are
shown below (Figures 4–6). The antenna has a return loss of
more than 30 dB and max broadside directivity of 9.32 dBi.
The antenna exhibits some detuning within the body which
is removed by adjusting its dimensions. The P-field patterns
in the E-plane and H-plane are shown in Figure 7. It is
observed that the antenna has a very low efficiency due to
the high loss within the body; however, it has a good front
to back ratio. The embedded antenna has a peak broadside
power density of −57.5 dBW/m2 at a distance of 1 m.

For an isotropic radiator with a transmit power of 1 W,
the power density at a distance of 1 m is

S = Pt/4πd2 = 1/4π = −10.99 dBW/m2, (7)
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Figure 9: P-field from an implant as a function of distance.

and for the embedded patch with a gain of −46.5 dB† the
power density would be

S = −10.99− 46.50 = −57.49 dBW/m2, (8)

which is equal to the result obtained through p-field simula-
tion († denotes the computer simulation technology (CST)
that considers the antenna and the body as the radiator.
Therefore, the gain is the gain of the complete structure and
not just the designed antenna).

Now, if the effective area Ae of the antenna is known then
the received power Pr at a particular distance can be easily
calculated. The effective area [11] of a half wave dipole is
given as

Ae = Grλ2

4π
= λ2

8
= −49.46 dBs, (9)

where GΥ
r is the receive antenna gain. This gives a received

power of −106.95 dBW or −76.95 dBm (Υ denotes the
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formula given in the text that uses directivity instead of gain;
however, this is only valid if there is no loss in radiation).

In the absence of the body, the antenna has a power
density of −3.63 dBW/m2 at a distance of 1 m. Therefore,
there is a power loss of 53.87 dB within the body. Similar
results are obtained for the reverse link using ray-tracing
where a 52.40 dB loss is observed within the layers of
skin and fat (Figure 8). It must be noted that the wireless
communication channel between an implant and an external
device is not symmetric and the link budget in one direction
might be quite different from that in the other direction.

Finally, we have shown the p-field behaviour outside the
body as a function of the distance (Figure 9). As expected, in
the absence of any external body, the P-field follows the 1/d2

rule.

6. CONCLUSION

Although a signal level −76.95 dBm might be sufficient in
theory, it would not be adequate in a realistic scenario
where the signal would experience multipath fading and
interference from other wireless equipment. However, it
must be noted that we have considered a simple dipole
antenna at the receiver with a nominal directional gain. Since
there is no limitation on the size of the external equipment,
we can make use of a large antenna with a very high gain
along the direction of transmission. In some scenarios, it
might also be possible to place the antenna close to the
body (closer than 1 m) further improving the quality of the
received signal.

Finally, it must be noted that the return loss of the
antenna increases inside the body (+11.81 dB) and there is
also some frequency detuning (1.14%). Higher return loss is
a desirable characteristic but frequency detuning is not and
can be removed by adjusting the dimensions of the antenna
such that the null occurs at the desired frequency.
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1. INTRODUCTION

Radiofrequency (RF) field inhomogeneity has been a major
challenge in today’s high-field magnetic resonance imaging
(MRI) mainly due to the shortened RF wavelength in human
tissue at higher frequencies. It has been shown [1] that
image quality can be significantly affected. Recently, both
experimental and theoretical work have been presented to
improve the RF field homogeneity, such as the TEM resonator
[2, 3], closed-form analytical solutions [4–8], and numerical
simulations [9–11]. Techniques such as RF shimming [11]
and parallel transmission [12] are applied to improve the RF
field homogeneity with a focus on the transmit coil array.
Although theoretical progress has been made in analyzing
the experimental results, and RF field homogeneity can be
improved with various techniques, a better understanding
of the relationship between the RF current sources and
the RF fields is still needed. A modeling control of the
source-field relationship can be used to optimize the RF

performance, much as has been done, for instance, in [13],
for lower frequencies. Moreover, the specific absorption rate
(SAR) is an important RF safety concern as more RF energy
tends to be deposited into human tissue in high-field MRI
experiments [14]. Although detailed numerical simulations
have been presented to analyze the SAR distribution in the
human head within volume and surface coils [15, 16], there
is an absence of RF coil models that incorporate both RF
field and SAR calculation and optimization. In this paper,
we show that analytic formulae found in antenna theory can
be applied with success in the optimized design of RF coils.
It is well known that a static surface current distribution
which is sinusoidal in the azimuthal direction on a surface
of a cylinder produces a homogeneous static magnetic field
everywhere in the cylinder [17]. We find that in a high
frequency case, such sinusoidal current distribution can
produce magnetic field which is uniform in transverse planes
and oscillates in the direction perpendicular to the transverse
plane; thus transverse electromagnetic (TEM) mode can be
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Figure 1: Current distribution on a center-fed dipole antenna for
different antenna’s lengths. λ is the wavelength of the oscillating
current source.

supported. With our model we show that by restricting the
oscillation of the field required by Maxwell equations to the
longitudinal direction, homogeneity in transverse planes can
be significantly improved, as demonstrated in [5].

2. METHODS

A good approximation of the oscillating current on a center-
fed dipole antenna is a sinusoidal standing wave current with
nodes at both ends [18] (Figure 1):

I
(
x′ = 0, y′ = 0, z′

)

=

⎧⎪⎪⎪⎪⎨
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ezI0 sin
[
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− z′

)]
, 0 ≤ z′ ≤ l

2
,

ezI0 sin
[
k
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, − l

2
≤ z′ ≤ 0.

(1)

Here I0 is the current amplitude, k is the wave number
(i.e., 2π/wavelength), and l is the length of the antenna. It
is assumed that the antenna has negligible cross section and
is aligned along the z direction with its center at the origin,
as shown in Figure 2. The vector potential and the magnetic
field produced by this center-fed dipole antenna are therefore
determined [18]:
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(3)

In (2) and (3), the current distribution is given in
(1), (ρ, z) represents the cylindrical coordinates of the

x
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z

z′

(ρ, z)

l/2

−l/2

Figure 2: Schematic of an idealized center-fed dipole antenna with
length l.

observation point in space, and z′ determines the location of
the source point on the antenna. Given a sinusoidal standing
wave current distribution in (1), the magnetic field produced
by this source can be calculated analytically at any point in
the space with (3).

To model the shorter wavelength effects over relevant
dimensions and the average dielectric properties of human
head under an RF frequency of 400 MHz, we assume a
conducting dielectric with constant permittivity 49.75 and
conductivity 0.59 S/m [19] fills up all of space. Therefore,
the wavelength for an RF field with frequency 400 MHz
(corresponding to 9.4T main magnetic field in proton MRI)
is approximately 10.6 cm. We choose this frequency in our
modeling as a representative value of interest in today’s very
high-field MRI research. With the presence of a conducting
dielectric and eiωt time dependence, the wave number k of
the propagation in the dielectric will be complex and satisfy

k2 = ω2μ0εε0 − iωμ0σ. (4)

Although the magnetic field (3) is derived from a sinusoidal
current distribution with a real wave number k, we will still
use (3) with all the wave numbers k replaced by the complex
value given in (4) as an approximate representation of the RF
field in the conducting dielectric. With the presence of the
conductivity, Maxwell equation gives

∇× B = μ0εε0
∂E
∂t

+ μ0σE = (iωμ0εε0 + μ0σ
)

E. (5)

The electric field can then be determined as

E = 1
iωμ0εε0 + μ0σ

∇× B. (6)

Once the electric field is known, the local SAR at a spatial
point r can be estimated as

SAR(r) = σ

2ρ

∣∣E(r)
∣∣2

, (7)

and the average SAR in a region of interest is

SAR = 1
N

N∑
i=1

SAR
(

ri
)
, (8)
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Figure 3: (a) Schematics of a shielded single-segmented birdcage model and a representative current distribution on an axial conductor.
A model with 10 conductors is shown. The length l satisfies l = (n + 1/2)λ where n is an even integer and λ is the wavelength of the
source current. A representative current distribution on a 2.5λ-long center-fed dipole antenna is also shown. (b) Schematics of a shielded
multisegmented birdcage model and a representative current distribution on an axial conductor consisting with five half-wavelength-long
center-fed dipole antennas.

where the density of the dielectric ρ is 1030 kg/m3 [19]
representing an average human head value and ri (i =
1, 2, 3, . . . ,N) are N spatial points specified in a region of
interest.

A shielded single-segmented birdcage model and a new
shielded multisegmented birdcage model are constructed
with center-fed dipole antennas as building blocks respec-
tively. The RF fields produced by the two models are sep-
arately calculated and compared, after the multisegmented
model is optimized with respect to the axial field unifor-
mity and the average SAR. The shielded single-segmented
birdcage model (Figure 3(a)) has 16 evenly spaced axial
conductors forming a birdcage structure (a model with 10
legs is shown in the picture for clarity) and a cylindrical
shield. The inner diameter is 25 cm and the outer diameter is
29 cm, attempting to model a typical head RF coil. Each axial
conductor is constructed as a center-fed dipole antenna and
there are no end rings. The azimuthal current distribution
among conductors is sinusoidal. Along the longitudinal (z)
direction, the current has a simple sinusoidal standing wave
z-profile as given in (1). It is noted that when the length of
the center-fed dipole antenna satisfies l = (n + 1/2)λ (where
λ is the wavelength of the oscillating current source and n
is any even integer), the current distribution (1) becomes

cos(kz). Thus, in order to avoid more complicated charge
and current distributions, the length of the center-fed dipole
antenna is always assumed to be (n + 1/2)λ with n an even
integer. Also, to focus on the wavelength effect due to the
shortened electromagnetic wavelength by itself we neglect,
for the moment, the conductivity of the dielectric for all the
calculations related to the RF field distribution of the single-
segmented birdcage model. The effect of the shield can be
simulated with the image method [20], which states that the
field produced by the currents induced on a shield is identical
to the field produced by the image of the original current
with respect to the shield. In the case of a cylindrical shield,
the image of the current flowing in the axial conductor is a
current flowing with opposite direction and located coaxially
at a distance Rsh(Rsh − R0)/R0 from the shield, where Rsh

and R0 are the outer and inner radii of the birdcage model,
respectively. The RF fields of the shielded birdcage model are
then determined with (3).

For the shielded multisegmented birdcage model
(Figure 3(b)), the length is chosen to be 2.5λ (approximately
26.6 cm). The inner and the outer diameters of the mo-
del are 25 cm and 29 cm, respectively, the same as the
single-segmented birdcage. There are eight axial conduct-
ors and no end rings. Each axial conductor consists of five



4 International Journal of Antennas and Propagation

half-wavelength-long center-fed dipole antennas. Three
of them (the middle segment and the two on one side of
the middle segment) are independently fed and the other
two on the other side have current sources that are fixed
by the axial symmetry around the central transverse plane.
The image method described above is also applied here to
incorporate the effect of the cylindrical shielding. Based on
(3) and (6), the magnetic and the electric fields produced
by each RF element (the half-wavelength-long center-fed
dipole antenna) can be calculated. Therefore, the magnetic
and the electric fields of the model are the superposition of
the fields produced by all the individual RF elements and
are functions of current amplitudes and phases on these
elements. In order to obtain a uniform RF field profile with
control over average SAR, a functional is constructed as

W= SAR

+
Nr∑
j=1

λj
[
B1,x

(
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(9)

Here, Ii and φi are the unknown current amplitude and phase
on the ith half-wavelength-long center-fed dipole antenna,
N0 is the total number of the antennas (which is equal to 40
in the present model), r j is the jth of the Nr total constraint
points in the central axial plane where we calculate the x
and y components of the RF field produced by the model
(B1,x and B1,y) and impose the desired target field with both

uniform amplitude and phase (B
(target)
x = 0 and B

(target)
y =

constant), and ri is the ith of the NSAR total spatial points in a
region of interest (ROI) where we determine the electric field
E(ri) and the local SAR. A cylindrical ROI with a diameter
of 16 cm and a length of 8 cm coaxially located within the
multisegmented birdcage model, with their centers coincide,
is selected for an illustrative SAR calculation. λj and μj
are the familiar Lagrange multipliers. The functional W is
minimized to obtain a uniform RF field using a functional
approach to control SAR. The minimization is achieved
by differentiating with respect to Ii, φi, λj , and μj , and
solving the obtained 2N0 + 2Nr equations to find 2N0 + 2Nr

unknowns Ii, φi, λj , and μj . Since the SAR term is a quadratic
function of unknown current amplitudes and phases, the
2N0 + 2Nr equations are all linear and can be solved with
matrix inversion. Optimal current amplitudes and phases
are found and can be employed as sources parameters to
determine the corresponding RF field and SAR profiles.

3. RESULTS

The single-segmented birdcage model is assumed to be
driven by a current that is sinusoidal in the azimuthal
direction around any transverse plane

I j = I0e
i(ωt+φj ), (10)

where I j and φj are the current amplitude and phase in
the jth axial conductor, and the phase φj coincides with
the azimuthal angle of the axial conductor. The RF fields
produced by models with different lengths l = (n + 1/2)λ
are calculated with the analytical formula (3). It is shown
that with fixed diameter, the longer model has increasingly
better RF field uniformity. Figure 4 shows maps of the
amplitude of the clockwise component of the circularly
polarized RF field (the component contributing to the
excitation of the nucleus spins) in the central transverse
plane for single-segmented birdcage models with lengths
(a) 2.5λ (approximately 26.6 cm), (b) 10.5λ (approximately
1.12 m), (c) 20.5λ (approximately 2.18 m), and (d) 100.5λ
(approximately 10.7 m). The normalized RF field amplitude
across the central transverse plane along the x-axis is also
shown (Figure 4(e)). In terms of the maximum percentage
deviation from the field at the center, the model with a length
of 2.5λ has a nonuniformity of 60%, the one with a length of
10.5λ has a value of 32%, the 20.5λ-long model has a value of
10%, and the 100.5λ-long model only has a nonuniformity
of 0.4%. The normalized amplitude of the RF field along the
longitudinal direction (z direction) is shown in Figure 5. As
the length of the model increases, the oscillation of the field
in the z direction approaches the absolute value of cos(kz),
where k is the wave number of propagation in the dielectric.
In contrast to a low-frequency birdcage, the length of the coil
has to be very long before excellent transverse uniformity is
achieved.

The unknown current amplitudes and phases of a mul-
tisegmented birdcage model are found through the afore-
mentioned optimization process. Table 1 shows current
amplitudes and phases among the eight half-wavelength-
long center-fed dipole antennas of three independent-fed
sections (i.e., the middle section, the section to the right
(left) of the middle section, and the rightmost (leftmost)
section) for the B1 field strength 1.16 μT at the center of
the model. The symmetry of the current amplitudes implies
that among the eight antenna segments of any section
only four of them are independent. The current phases,
nev-ertheless, do not exhibit any specific symmetries or
relations with the azimuthal angles of the RF elements. The
RF field optimized for uniformity in the central transverse
plane is calculated with the solved currents. Figure 6 shows
the map of the amplitude of the clockwise component of
the circularly polarized RF field and the variation of the
field along the x-axis in the central transverse plane of the
optimized multisegmented birdcage model. It can bee seen
that in the central region, the RF field variation is below
20%, compared with a nearly 60% variation of a single-
segmented birdcage model (Figure 4). Figure 7 shows the
RF field variation along the longitudinal (z) direction for
the optimized multisegmented birdcage. The field pattern
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Figure 4: Amplitude of the clockwise component of the circularly polarized RF field in the central transverse planes for the single-segmented
birdcage models with length (a) 2.5λ, (b) 10.5λ, (c) 20.5λ, and (d) 100.5λ. In (e), the normalized field variation across the central transverse
plane along x-axis is shown.

coincides with the absolute value of cos(αz) in the proximity
of z = 0, where α is the real part of the complex wave number
of the propagation in the dielectric. The average SAR within
the aforementioned cylindrical ROI of this optimized model
is 3.7 W/kg.

4. DISCUSSION

Due to the shortened RF field wavelength inside human
tissue for high-field MRI, it is more difficult to use conven-
tional RF coils to generate uniform RF field over the imaging



6 International Journal of Antennas and Propagation

Table 1: Optimal current (a) amplitudes and (b) phases of the half-wavelength-long center-fed dipole antenna elements in the mul-
tisegmented birdcage model.

(a) Current amplitudes/A

Azimuthal angle of RF elements/degree 22.5 67.5 112.5 157.5 202.5 247.5 292.5 337.5

The rightmost (leftmost) section 10.95 7.45 3.47 12.38 10.95 7.45 3.47 12.38

The right (left) section 6.35 4.23 2.65 7.43 6.35 4.23 2.65 7.43

The middle section 4.02 2.88 2.26 5.32 4.02 2.88 2.26 5.32

(b) Current phases/degree

Azimuthal angle of RF elements/degree 22.5 67.5 112.5 157.5 202.5 247.5 292.5 337.5

The rightmost (leftmost) section 158.59 216.59 264.86 317.69 338.59 36.59 84.86 137.69

The right (left) section 283.06 335.27 23.05 90.43 103.06 155.27 203.05 270.43

The middle section 95.49 145.82 196.06 268.50 275.49 325.82 16.06 88.5005
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Figure 5: RF field variation along the longitudinal (z) direction
for single-segmented birdcage models with different lengths. The
results are all compared with the absolute value of the cosine
function.

region of interest. In terms of theoretical considerations,
the Biot-Savart law, which is widely applied to determine
the RF field in the low-frequency regime, is unable to give
accurate predictions for the RF field of high frequency.
For high-field MRI, most of the theoretical calculations
and simulations are performed with commercial software
and iterative numerical algorithms. Whatever analytical
solutions that have been found previously available are
mathematically complicated and have rarely been used to
simulate modern RF applications, such as RF shimming and
parallel transmission. In this paper, we have applied new
analytic formulae from antenna theory to calculate the RF
fields for a representative class of RF coils, namely, head coils
with a birdcage structure. For the single-segmented birdcage
model (with single center-fed dipole antennas used for each
axial conductor), at high frequency, increasing the length
leads to improved central planar uniformity for the RF field.

In fact, if the length of the model is much larger than the fixed
diameter, the oscillation of the RF field required by Maxwell
equations will be restricted to the longitudinal direction and
excellent uniformity of the RF field in any of the transverse
slices can be achieved. (In the limit of infinite length, the
uniformity is perfect.)

In the long-coil limit, the electromagnetic fields inside
approach a TEM mode. In this limit, the current and charge
distributions on the coils have the same sinusoidal azimuthal
dependence, sinϕ as found for the low-frequency birdcage,
both yielding internal magnetic fields that are spatially
uniform and pointing along the x-axis. Let us see how
this sinusoidal azimuthal dependence arises from waveguide
theory, where it is well known [17] that, for a TEM wave,
Maxwell equations become

∇2
t

{
E
B

}
=
(
∇2 − ∂2

∂z2

){
E
B

}
= 0. (11)

This means that the electric field is a solution of a
two-dimensional electrostatic-like problem in the transverse
plane perpendicular to the wave propagation direction.
Although the TEM mode cannot exist inside a single hollow
(good) conductor, which generates an equipotential surface,
it can be supported with two or more conductor surfaces
such as a coaxial cable or transmission line, or a surface
around which the potential is not constrained to be constant.
Suppose a cylinder is formed by such surfaces, and a TEM
electromagnetic wave (which can be either a standing wave
or a traveling wave) exists in this cylinder such that the
electric and magnetic fields in any transverse plane are
uniform. For example, suppose a spatially uniform magnetic
field points along the x-axis and a spatially uniform electric
field points along the y-axis. At the surfaces, the electric
and magnetic fields must satisfy the familiar boundary
discontinuity conditions

(
Eout − Ein

)·n = σ

ε0
,

n× (Bout − Bin
) = μ0K,

(12)

where Ein and Eout (Bin and Bout)represent the electric
(magnetic) fields inside and outside the surface, respectively,
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Figure 6: Amplitude of the RF field in the central axial plane (a) and across the diameter along the horizontal (x) direction (b) for the
optimized multisegmented birdcage model.
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Figure 7: RF field variation along the longitudinal (z) direction of
the optimized multisegmented birdcage model.

σ(K) is the surface electric charge (current) density, and the
normal (to the surface) vector n points from the inside of
the cylinder toward the outside of the cylinder. In the case
where the electric and the magnetic fields outside the coil are
zero, and the electric (magnetic) field is uniform inside the
cylinder and along the y-axis (x-axis), we have

(
0− E0ey

)·( cosϕex + sinϕey
) = σ

ε0
,

(
cosϕex + sinϕey

)× (0− B0ex
) = μ0K,

(13)

where E0 (B0) is the magnitude of the spatially uniform
electric (magnetic) field, ex and ey are unit vectors pointing,
respectively, along the x and y directions, and ϕ is the
azimuthal angle. It can be seen that the azimuthal distribu-
tion of the electric charge and the surface current density are

both proportional to sinϕ where ϕ is the azimuthal angle,
and the direction of the current flow points along the z
direction. These results are consistent with our calculations.

Although an infinitely long birdcage model with conven-
tional sinusoidal current distribution can support a perfectly
uniform TEM mode, a short one with length comparable
to a normal RF head coil can not. Therefore, we have
constructed a multisegmented birdcage model with a large
number of center-fed dipole antenna RF elements. Each
of the original axial conductors in the single-segmented
birdcage model is now replaced by five equal subleg segments
in our example. With our analytical tools the RF field can
be calculated and optimized. The optimal RF field shows
excellent central planar uniformity. In other words, a kind
of RF shimming is achievable with our model and theory.
Although excellent RF field planar homogeneity is achieved
with our optimization process in the central transverse plane,
the RF field uniformity degrades rapidly as the transverse
plane moves away from the center of the model. It can be
seen in Figure 7 that the oscillation of the field coincides
with the absolute value of the cosine function only around
z = 0. It implies that perfect sinusoidal longitudinal (along
z) oscillation of the field is approximately restricted to
the z = 0 region, and, as a result, the (transverse) field
within the central transverse plane is approximately uniform.
Although in the present solution the planar uniformity
of the RF field degrades rapidly as the transverse plane
moves away from the center, a similar optimization can be
performed over other transverse planes to improve the field
uniformity. Although the planar RF field homogeneity is
improved, it is noted that the field strength significantly
increases toward the periphery of the central axial plane.
This is due to large current amplitudes in the antenna RF
elements (Table 1). In fact, in our present solution, the
uniform field in the central transverse plane is a result of
partial cancellations among the fields produced by individual
antenna elements. Therefore, the current amplitudes on the
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Figure 8: Complex magnetic field amplitude calculated with the analytic antenna formula and with the numerical simulation under different
conditions. The field strength is rescaled for comparison.

antenna elements tend to increase to produce a reasonable
RF field strength in the central region of the axial plane.
The increased currents lead to stronger both magnetic and
electric fields at the periphery. As a result, the average SAR
is bigger than results presented in some other numerical
simulations such as [21]. It is difficult to reduce the SAR
under the constraints demanding uniform RF field. In order
to address this problem, we may perform the optimization
process in a smaller region of interest to balance the RF
field homogeneity and the SAR. In our present model, we
have assumed a current distribution that oscillates with a
dielectric wavelength to make an analytic solution possible.
In fact, with the more general endpoints for our sinusoidal
current z-profile formula, by superposition treating different
kinds of the current z-profiles, we can approximate, for
example, a more uniform current z-profile.

In our modeling, we have assumed that the dielectric
fills up the whole of space instead of assuming a layer of
air between the coil and a cylindrical dielectric phantom
[5–8] or using a heterogeneous head model [9–11]. We
make this approximation mainly for simplifying our analytic
calculations. To estimate the error of this approximation,
we performed numerical simulations with HFSS (Ansoft
Corporation) to study the RF field produced by our building
blocks (half-wave-length-long center-fed dipole antennas)
under several different conditions. Figure 8(a) shows the
amplitude of the complex magnetic field at z = 0 as a
function of the radial distance from a half-wavelength-long
center-fed dipole antenna aligned along the z-axis with its
center at the origin (as shown in Figure 2). The fields are
rescaled such that they are identical 0.8 cm away from the
antenna. Fields under the following conditions are plotted:

(i) fields calculated with our analytic antenna formula with
a dielectric filling up the whole space, (ii) fields calculated
with numerical simulations with a dielectric filling up the
whole space, (iii) the antenna is located coaxially 12.5 cm
from the central axis of a dielectric cylinder with radius
11.5 cm (i.e., there is a 1 cm air gap between the antenna
and the surface of the cylinder), and (iv) the antenna is
located coaxially 12.5 cm from the central axis of a dielectric
cylinder with radius 9.5 cm (i.e., there is a 3 cm air gap
between the antenna and the surface of the cylinder). It
is shown that with the dielectric properties of an average
human head, there is an excellent agreement between the
analytic antenna formula and the numerical simulations
without the presence of any air gap. The error introduced
by the approximation that ignores the air gaps is an overall
scaling difference of the field strength as long as the field is
not estimated close to the antenna (typically, at least 2 cm
away from the antenna). The very interesting point is that, by
adjusting the conductivity to 3 S/m, the antenna formula and
the “dielectric space” assumption can provide an excellent fit
to the field distribution obtained with numerical simulation
where there is an air gap between the antenna and the
dielectric cylinder, as shown in Figure 8(b). These results
suggest that the analytic antenna formulae are useful for
modeling practical RF coils. Although further calculations
can be performed to address the problem with different
layers of dielectric, our present results illustrate how RF
field inhomogeneity is caused by the so-called wavelength
effect and the manner in which we can achieve a desired
RF field pattern through RF shimming. In a more realistic,
heterogeneous case, improved RF field homogeneity can
be anticipated using the present antenna solution as input



Xin Chen et al. 9

followed by numerical algorithms in an iteration procedure,
in order to converge to a better approximation.

Finally, the question arises about the construction of
an RF coil based on our model and theory. Although
our present model has a total number of 40 antenna RF
elements, these elements are not independent. First of all,
the aforementioned symmetry with respect to the central
axial plane of the multisegmented birdcage model reduces
the number of independent current sources from 5 × 8 =
40 to 3 × 8 = 24. Furthermore, the current amplitudes
found with the optimization (as shown in Table 1) have
certain symmetry such that the current amplitude of one
antenna element is always identical to the current amplitude
of the antenna element diagonal to it. Although current
phases do not exhibit any specific symmetry, the optimal
solution may lead to further reduction of independent
current sources. While the purpose of the present work
is to present a theoretical tool for an initial optimization,
there are multiple solutions to the practical problems. For
example, with respect to decoupling in transmit mode, we
could start with overlapping the nearest neighbor coils and
then add combinations of capacitive or inductive elements
for the decoupling of the remaining (next nearest neighbor
and beyond) interactions. In particular, the present multi-
segmented birdcage model, in any case, can be implemented
as a “parallel transmit volume coil with independent control
of currents on the array elements” [22]. The techniques
presented in [22] can be applied to address the problems of
decoupling and feeding for constructing a practical coil based
on the present model.

5. CONCLUSION

Due to the shortened wavelength of the RF field, RF field
inhomogeneity has become a major challenge for high-field
MRI. We present an analytic tool to simulate the RF field
in the appropriate high-frequency limit. It is shown that
an analytic calculation based on antenna theory and an
optimization on that modeling can be effectively carried out.
RF shimming is achievable to produce RF field with excellent
planar uniformity. Our model and analytical calculations
can help understand the relationship between the current
sources and the RF fields. The major advantage of the present
analytic tools is efficiency; for instance, the calculations are
much faster than numerical iterative algorithms (by orders of
magnitude in comparisons with field calculations performed
through numerical integrations). Important parameters such
as SAR can also be incorporated into the calculation and
optimization. We believe that the methods described here
will be quite useful in future RF coil designs.
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With the movement of magnetic resonance imaging (MRI) technology towards higher field (and therefore frequency) systems, the
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interface (MPI), OPENMP parallel computing solvers for finite-difference time-domain (FDTD), and quasistatic finite-difference
(QSFD) schemes. The FDTD and QSFD methods have been widely used to model/analyze the induction of electric fields/currents
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computing architectures is illustrated by distinct, large-scale field calculation problems and shows significant computational
advantages over conventional single processing platforms.
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1. INTRODUCTION

Recent progress in MRI superconducting technology has
lead to a considerable increase in human exposure to very
large static magnetic fields of up to several Tesla. A typical
commercial MRI scanner has a main field strength between
0.5 Tesla and 4 Tesla (in the region of uniformity). However,
MRI systems above 4 Tesla, such as 7 Tesla and 9.4 Tesla,
are currently used for research [1–3]. Motion of patients
and occupational workers through these fields can cause
the induction of currents in the body [4, 5]. In addition,
new imaging sequences demand larger amplitudes and
switching rates in magnetic field gradients, thus increasing
the likelihood of peripheral nerve stimulation (PNS) [6–
9]. When radiofrequency fields are transmitted to excite
a spin ensemble during imaging, electromagnetic energy
is coupled to the tissue and deposited within, which can
cause regional temperature elevations within the patient,
thus leading to possible tissue/cell injury [10, 11]. Apart from
interacting with the patient, electromagnetic fields produced
by the system also couple to the conducting materials

in the MRI system to induce eddy currents that degrade
image quality [12]. In practice, it is difficult to measure
the unperturbed fields/currents in the human numerical
prediction of the induced fields, can then be very useful
for the evaluation/design of electromagnetic devices. The
aim of this study is to improve the performance of the
conventional (quasistatic) finite-difference method, which
has been extensively used to model the induction of electric
fields/currents in inhomogeneous voxel phantoms of man
and animal when exposed to oscillating or static magnetic
field sources. The method has the advantages of simplicity
and can model any shaped object and various excitation
sources.

Numerical computational techniques are indispens-
able components for analyzing, predicting, and obtaining
approximate solutions to the real world problems. The finite-
difference time-domain (FDTD) method is well suited to
high-frequency electromagnetic analyses due to its simplicity
and efficiency in wave modeling and the ability to han-
dle field-material interactions and nonlinear phenomena
[13]. In contrast, the quasistatic finite-difference (QSFD)
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method is ideal for linear low-frequency problems with
time-harmonic dependency. One example of this is the
modeling of the interaction of magnetic fields due to MRI
gradients and main superconducting coils with the patient
or occupational worker [14–16].

In recent years, we have developed a series of single
processor-based finite-difference schemes [14–24], which
can be used to simulate a wide range of problems related
to MRI and other environments. Our long term aim is
to generate a complete temporal model of an MRI system
including all the field generating units, passive system
components, and an electrical, voxel model of the patient. A
better understanding of the complex temporal interaction of
the fields within the patient and the system itself can provide
useful insight into system design.

Often, numerical modeling of electromagnetic field—
material interactions in MRI requires high-spatial resolution,
which imposes a significant computational burden. In
solving large-scale-high-resolution (LSHR) models, single
processor-based methods are limited and often incapable
of managing the required large memory and computational
time requirements. Therefore, to improve the performance
of these finite difference solvers, it is necessary to further
explore computational strategies such as parallelization.
Parallel environments such as the message passing interface
(MPI), OPENMP, and LAM/MPI have been used in large-
scale computational problems [25–27]. Due to the geometri-
cal topology of these problems, finite-difference methods and
related hybrid algorithms are very adaptable to parallel com-
puting frameworks, in which the computing task is divided
and assigned to many processors with distributed or shared
memory allocations. This paper outlines MPI and OPENMP
parallel computing solvers dedicated to the FDTD and QSFD
method, respectively. In the case of the QSFD scheme,
a parallelized conjugate gradient technique is applied to
solve the sparse matrix equations typical in these situations.
A variety of LSHR problems has been investigated using
parallel schemes. Compared to previous single processing
algorithms, the proposed parallel platforms offer significant
advantages in terms of improved numerical convergence
and reduced computing time/memory usage. Some of the
problems have been solved at high-spatial resolution, which
is beyond the capability of single processing methods.

2. METHODOLOGY

2.1. Parallel Cartesian and cylindrical FDTD methods

Maxwell’s equations can be expressed in Cartesian or cylin-
drical coordinate systems with components of the magnetic
�H and electric field �E intensity formulated in a general form
[28], as given by the following expressions:
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i, j+1/2, k+1/2−HA

∣∣n+1/2
i, j−1/2, k+1/2

ΔB

⎞
⎟⎟⎟⎟⎟⎠

,

(1)

where A = x(r), B = y(ϕ), and C = z for Cartesian
(cylindrical) coordinates Ξ = (A,B,C). The variable rξ(ξ ∈
{i, i + 1/2, i − 1/2, i + 1, i − 1}) is the radial displacement
[in meters] employed in the cylindrical FDTD method. For
the Cartesian FDTD method, rξ = 1 for all values of ξ. In
the discrete FDTD computational domain, the dimensions
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of the Yee cell are defined by ΔA, ΔB, and ΔC. The relative
permeability μ(Ξ), relative permittivity ε(Ξ), and material
conductivity σ(Ξ) are assigned at the center of the Yee cell.
Parameter JΞ signifies the impressed current density [in
Am−2]. The FDTD update coefficients are space-dependent
and can be written as follows:

Ch1 = 1, Ch2 =
Δt

μ
,

Ce1 =

⎧⎪⎪⎪⎨
⎪⎪⎪⎩

2ε − σΔt
2ε + σΔt

, ω ∈ RF,

exp
(−σΔt

ε

)
, ω ∈ LF,

Ce2 =

⎧⎪⎪⎪⎨
⎪⎪⎪⎩

2Δt
2ε + σΔt

, ω ∈ RF,

1− exp(−σΔt/ε)
σ

, ω ∈ LF,

(2)

where ω is the angular frequency. The abbreviations RF and
LF denote radiofrequency and low frequency, respectively.
The parameter Δt is the FDTD time step, which in general
coordinate notation, is limited by the Courant-Friedrich-
Levy (CFL) stability condition

Δt <
kt
√
μ0ε√

(1/ΔA)2 +
(
1/rMINΔB

)2
+ (1/ΔC)2

, (3)

where μ0 and ε are the permeability and permittivity of
free space, respectively, kt is the safety coefficient that
ensures numerical stability, and rMIN is the minimal radial
component to be studied (here: rMIN = 0.5Δr). In the
Cartesian coordinate system, rMIN = 1. During the updating
of the E-field components, the coefficients are linear for
the RF case and nonlinear for modeling exponential decay
of propagating waves inside good conductors at LF. In LF
applications, the conventional FDTD method suffers from
prohibitively long computational time [20]. The weakly
coupled-Maxwell’s equations can be adapted to the low-
frequency regime by downscaling the speed of light con-
stant, which permits the use of larger time steps while
maintaining the validity of the CFL stability condition. In
our recent study, this modification was accomplished by
scaling up the permittivity of free space ε0 by a scaling
factor α: ε = εr(αε0). It is clear that when α = 1,
the conventional FDTD methodology for RF applications
is obtained. In the cylindrical formulations, the numerical
singularity associated with the polar axis (r = 0) needs to be
considered. A series expansion provides an approximation in
the radial direction that satisfies regularity conditions. The
combination of cylindrical and Cartesian FDTD methods for
both LF and HF applications can be particularly powerful.
For instance, the cylindrical FDTD method is particularly
suitable for modeling of problems with cylindrical symmetry
such as the generation of eddy currents in a conducting
cryostat vessel during magnetic field gradient pulsing or
the interaction of EM fields produced by radiofrequency
resonators and surrounding system materials. The Cartesian

Neighbouring process domains

Yee cell

Data conversation
Data conversa

tion
Z

X Y

Parallel framework

Figure 1: Schematic representation of a parallel network with 125
process domains; transmission of field data between neighbouring
processes is indicated.

FDTD method allows one to evaluate the electromagnetic
wave propagation through tissue-equivalent body models.
These FDTD algorithms can be easily adapted to a parallel
architecture with the MPI library. With its reputed stability,
optional communication routines, and robust compatibility,
MPI is considered to be one of the prominent environments
to support parallel computing.

In FDTD, the problem space has to be specifically
defined before the field calculations commence. In the
parallel framework, the computational space is divided into
several domains of approximately equal size (see Figure 1)
and each domain is managed by one process. All processes
run on several processors and execute the same program,
while each process operates on memory (computational)
domain that is specifically allocated to it. Therefore, mutual
access to the memory among the parallel processors is often
not straightforward and requires management. With FDTD,
additional memory can be assigned to boundary regions of
computational subdomains to maintain a smooth transition
between neighbouring EM fields on these interfaces. In
addition, communication routines can be applied between
the neighbouring processes to transmit the E- and H-field
components with the consideration of the half time-step
difference of these two fields to maintain unified electromag-
netic field propagation throughout the entire computational
space. Within the MPI frame, a load-balancing scheme
is often desired to manage the task distribution in the
processing network to improve the computational efficiency.

2.2. Parallel BiCG method for QSFD scheme

At low-source frequencies, where the dimensions of the
material medium are small compared to the wavelength, the
induced fields can be treated quasistatically. According to

Faraday’s law, the electric field �E in a conducting sample is

induced by a time varying magnetic field �H due to a source.
In terms of electric and magnetic potentials, the total electric

field inside the body model can be split into primary field �E1
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and secondary field �E2, according to

�E = �E1 + �E2 = −∂
�A
∂t
−∇Φ. (4)

Here, �A denotes the vector magnetic potential due to the
source, and Φ is the scalar electric potential. The primary

electric field �E1 causes a flow of current �J1 = σ�E1 in a
conductive sample with the conductivity σ . Any conductivity
differences along the path of the current, including the
air-tissue interfaces cause nonuniformity of accumulating
electric charges, giving rise to scalar potential Φ, the negative

gradient of which is the secondary field �E2, which causes a

flow of current �J2 = σ�E2.
Based on our implementation of QSFD method, the

computation of the electric fields is given by the governing
surface integral equation

∫
S

(
σ
∂�A
∂t

)
·dS =

∫
S
(σ∇Φ)·dS, (5)

where S represents the surface of the integral region and σ is
the conductivity of the sample. The governing equation (5)
is subject to a boundary condition of the Neumann type:

∂Φ

∂n
= n̂·

(
− ∂�A

∂t

)
, (6)

which indicates that the normal component of the induced

eddy current �J = σ�E on the tissue-air boundary is zero
inside the body. To calculate the scalar potential Φ, we divide
the computational space into a large number of cubic cells
and then (5) is approximated for each elementary cell. After
discretization and rearrangement, the scalar potential for cell
(i, j, k) can be expressed as

Φi, j,k

=
∑1

q=0(Φi+q, j,kσ
a
i+q, j,k+Φi, j+q,kσ

a
i, j+q,k+Φi, j,k+qσ

a
i, j,k+q)− f (�A)h∑1

q=0

(
σai+q, j,k+σai, j+q,k+σai, j,k+q

) ,

f
(�A) =

1∑
q=0

⎡
⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎣

(
σa(i+q, j,k)

∂�A
∂t (i+q, j,k)

)
·sqx+

(
σa(i, j+q,k)

∂�A
∂t (i, j+q,k)

)
·sqy+

(
σa(i, j,k+q)

∂�A
∂t (i, j,k+q)

)
·sq

⎤
⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎦

,

(7)

in which subscripts i, j, and k indicate the cell indices,
subscript q indicates two faces (0 or 1) in x, y, z directions,
respectively, s is the unit vector normal to the cell faces,
h is the cell size, and σa is the local harmonic averaged

conductivity. To build the matrix formation, we transform
(7) into

1∑
q=0

(
σai+q, j,k + σai, j+q,k + σai, j,k+q

)·Φi, j,k −
1∑

q=0

σai+q, j,k·Φi+q, j,k

−
1∑

q=0

σai, j+q,k·Φi, j+q,k −
1∑

q=0

σai, j,k+q·Φi, j,k+q = − f
(�A)h.

(8)

Equation (8) can then be expressed as a linear relation∑N
j=0A

I
j·Φ j = bj in the matrix form of A·x = b, where

A =⎡
⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎢⎣

. . .

AI1L1
AI1L2

AI1L3
AI1L4

AI1L5
AI1L6

AI1L7
0

. . .

AI2M1
AI2M2

AI2M3
AI2M4

AI2M5
AI2M6

AI2M7

. . .

0 AI3N1
AI3N2

AI3N3
AI3N4

AI3N5
AI3N6

AI3N7

. . .

⎤
⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎥⎦

;

x =

⎡
⎢⎢⎢⎢⎣

Φ1

Φ2
...
ΦN

⎤
⎥⎥⎥⎥⎦ , b =

⎡
⎢⎢⎢⎢⎣

b1

b2
...
bN

⎤
⎥⎥⎥⎥⎦ ,

(9)

where A is the coefficient matrix, x is the scalar potential
solution we seek, and b is the known source vector matrix
of form − f (�A)h. N is the number of unknowns and appears
here as matrix dimension. Assuming the problem scale is
xmax × ymax × zmax, all 3-dimensional (i, j, k) elements are
indexed as I = i × ymax × zmax + j × zmax + k. Here, AIJ
represents the linear coefficients between elements I and J ,
and the matrix elements for row I1 (see (9)), for instance, are
defined as follows:

AI1L1
= −σai+0, j,k, AI1L2

= −σai, j+0,k, AI1L3
= −σai, j,k+0,

AI1L4
=

1∑
q=0

(
σai+q, j,k + σai, j+q,k + σai, j,k+q

)
,

AI1L5
= −σai, j,k+1, AI1L6

= −σai, j+1,k, AI1L7
= −σai+1, j,k,

(10)

The biconjugate gradient (BICG) method is useful here as
the system matrix is nonsymmetric and nonsingular. To solve
the linear equations, a row-indexed compact storage method
[29, 30] has been utilized for the coefficient matrix A. With
the storage of about twice the number of nonzero matrix
elements, compared to other methods requiring as much
as three or five times. This scheme also provides sufficient
auxiliary information on the matrix and efficient matrix
operations using continuous memory. In this way, only
nonzero elements have been processed. According to (9),
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coefficients are also assigned to air elements that neighbor
elements of the problem space (i.e., those that have nonzero
conductivities), thus resulting in sparsity of matrix A in
this linear system. BICG requires computing a matrix-vector
product and a transpose product. In certain applications, the
latter product may be impossible to perform, for example, if
the matrix is not formed explicitly and the regular product
is only given in operation form, as a function call evaluation.
In a parallel computing environment, the two matrix-vector
products can be performed simultaneously. However, in
a distributed memory environment, there will be extra
communication costs associated with one of the two matrix-
vector products, depending upon the storage scheme for A.
A duplicate copy of the matrix alleviates this problem, at the
cost of doubling the storage requirements for the matrix. A
shared memory parallel scheme OPENMP is applied in this
case. Without having duplicates on each subprocess, multiple
threads compute on one allocated memory. In that way, one
can control the number of processing threads to maximize
efficiency.

2.3. Practical applications

2.3.1. The RF FDTD application examples

(a) Rotary phased array head coil—spherical phantom

To demonstrate the performance of the parallel FDTD
method, we investigate a new type of receive-only, 4-element
rotary phased array (RPA) head coil that is designed to
improve the sensitivity profile at the center of the sample.
Shown in Figure 2(a) is the modeled RPA head coil loaded
with a spherical phantom. To mimic a simple head model, it
was assumed that the FDTD-modeled spherical phantom has
a conductivity of 0.616 Sm−1 and permittivity of 48.8 Fm−1

[31]. Each coil element has a “paddle-like” structure con-
sisting of two main conductors. The main conductors of
each coil element will carry equal currents but in opposite
directions, as a result, each coil element will produce a plane
of maximum sensitivity along the axis of the cylindrical
space. That is, the plane of sensitivity of each coil element
will cut radially or diametrically through the cylindrical
space thus improving the sensitivity at the center of the
head coil. The method of moments (MoM) available from
a commercial software package FEKO is firstly used to model
the RPA head coil and also to ensure that coil elements
are decoupled, tuned, and matched to 85 MHz. In addition,
MoM is used to calculate the initial Huygence equivalent
surface sources. Once the initial Huygence equivalent surface
sources are obtained and mapped onto FDTD discrete
domain, the iteration process commences and is carried out
until convergence is achieved. B1 fields at the mid-section
of the spherical phantom, corresponding to each individual
decoupled coil element of the RPA head coil, are calculated
and thereafter used for calculating the signal intensity (SI)
profiles. The calculated SI profiles are used for comparison
with the MR images obtained from the prototype RPA head
coil. After obtaining positive simulation results, a prototype
RPA head coil was constructed. Shown in Figure 2(b) is the

constructed prototype RPA head coil loaded with a spherical
phantom. The prototype RPA head coil was tested in a
Bruker S200 2T whole-body MRI system, equipped with four
receiver channels. Using a MSME pulse sequence with TR
= 1000 msec, TE = 19.3 msec, and NEX = 1, 4 axial slices
located at the mid-section of the spherical phantom were
acquired in parallel by each coil element of the RPA head
coil. For cylindrical FDTD modeling, both the conventional
single processing and the new parallel FDTD methods were
employed and their computational performances compared.

The parallel cylindrical FDTD method was implemented
on a 3-server cluster network, each with 2 XEON 3.6 GHz
processors and 4 GB of memory, using an MPI library
and managed by a MPICH parallel computing platform.
In contrast, the single processing FDTD framework was
evaluated on a 3 GHz/1 GB RAM single-CPU machine,
which presents identical computing performance on servers.
Due to multiuser stimulation, it is very hard to find the best
environment to test the single processor FDTD simulation in
our server, so we reported the comparison in this way.

(b) Birdcage resonator—human body model

To further demonstrate the enhanced computing power, we
have subjected the parallel Cartesian FDTD algorithm to
a very high-spatial resolution of 1 mm. For this purpose,
the tissue-equivalent male whole-body models from the
Brooks Air force Database [32] at spatial resolutions of
1 mm and 4 mm were chosen. The models were subjected
to radiofrequency fields generated by a 16-rung whole-body
birdcage (volume) resonator operating at 340 MHz (8 Tesla).
The dielectric properties of all body-identified tissue types
are frequency scaled and kept constant at the designated
frequency [33]. At high frequencies, it is impossible to have
a global uniform flip angle in the whole imaging slice, field
focusing scheme is therefore implemented. The input power
of the birdcage resonator is numerically adjusted (a scaling
is done to the fields) to provide an averaged 90-degree flip
angle in the subregion of the abdomen and chest, such as the
heart. The space domain enclosing the birdcage resonator,
perfectly matched layers (PML) and the human phantom
was modeled with 626 × 380 × 1918 cells at 1 mm and
186×135×510 cells at 4 mm resolution. After the steady-state
is obtained, the specific absorption rate (SAR) is computed
using the following equation:

SAR(Ξ) = σ(Ξ)
∣∣E(Ξ)

∣∣2

2ρ(Ξ)
, (11)

where Ξ = (A,B,C) is the coordinate of the voxel in
designated coordinate system, σ is the conductivity of
tissue (Sm−1), E is the peak recorded electric field intensity
(Vm−1), and ρ is the specific mass density of tissue (kgm−1).

The models were implemented on an SGI high-
performance computer (HPC) with 10 computing nodes,
where each node is equipped with 2 Itanium 2nd CPU
1.5 GHz and 4 GB of memory. The 1 mm- and 4 mm-
resolution cases were performed using 10 and 5 computing
nodes, respectively.
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Figure 2: (a) FDTD model setup of the RPA head coil and spherical phantom, (b) prototype RPA coil and (c) Signal intensities corresponding
to each coil element evaluated with the FDTD method and obtained experimentally during MR imaging.

2.3.2. The QSFD application example

When MRI operators (radiographers or MR technicians)
attend anxious, sedated, or intubated patients during an
MRI exam, they can be repeatedly exposed to switched
magnetic field gradients near the bore entrance at the imager
end [5]. In this study, we use the QSFD-BiCG method
to evaluate the exposure of an MRI occupational worker
in the vicinity of the MRI machine. In particular, the
computational performance of the single processing versus
parallel QSFD method is assessed.

(a) Body models

Anatomically, accurate whole-body voxel models of male
(BROOK) and female (NAOMI, [33]) are used to represent
the occupational workers. The female model was engaged
at different voxel resolutions to study the computational

performances of the single processing and parallel QSFD
method. The scales of the female model in Cartesian
dimensions were 277 × 148 × 871, 147 × 62 × 396, 98 ×
42 × 264, and 74 × 31 × 198 (in x, z, and y) at model
resolutions of 2 mm, 4 mm, 6 mm, and 8 mm, respectively. In
a computationally extreme case, the male model was studied
at an ultra-high resolution of only 1 mm, whereby the scales
of the model in Cartesian dimensions were 586 × 340 ×
1878. The experimentally-determined conductivity values by
Gabriel et al. [34] of some forty body-identified tissue types
were aptly scaled to the frequency of interest and assigned to
the appropriate body voxels.

(b) Gradient coils

An actively-shielded whole-body assembly, consisting of the
x-, y-, and z-axis gradient coil is used to evaluate the
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electric fields and current densities induced in the worker
during gradient switching [12, 35]. For mere demonstration
purposes, all three gradient coils have been designed to have
approximately same axial length of ∼1.4 m, yet to remain
radially separated, that is, the six coil layers (primary and
secondary) are allocated to different radii assuming a layer
thickness (including former, etc.) of 5 mm. The length of the
gradient set is assumed to be of the same length as the imager
including the cryostat vessel. Table 1 lists some important
parameters while Figure 3(a) illustrates the geometries of
the three gradient coils (note that the y-gradient coil is
identical to the x-gradient coil when rotated by 90 degrees).
It is assumed that each gradient coil generates a normalized
gradient field strength of 1 mT/m in the working volume,
and that the gradient coil currents are pulsed trapezoidally
at the frequency of 1 kHz and 100 microseconds rise time.

(c) Computational setup

Figure 4(a) illustrates a sketch of the position and orientation
for both body models near the gradient set end outside the
MRI machine. An iterative method based on the SOR algo-
rithm [14–16] and a new parallel BiCG method developed in
this study are engaged to compare the numerical convergence
and computing performance. All numerical modeling with
the parallel QSFD-BiCG method were performed on the
aforementioned SGI HPC with 10 computing nodes. Ten
subthreads are assigned by the OPENMP scheme. The single
processor simulations were performed on the same comput-
ing platform with only one computing node assigned.

3. RESULTS AND DISCUSSION

In our experience, numerical studies that involve high-
resolution (∼1 mm) models of human head, pelvis, or other
parts of the body have been published. There is, however,
no (or lack of) work that involves high-resolution whole-
body models, such as 1 mm. This work reports interesting
results involving a 1 mm resolution whole-body model,
which previously was not possible on single CPU platforms.

3.1. Example RF FDTD applications

(a) Current carrying loop—spherical phantom

Shown in Figure 2(c) are the SI profiles obtained using
the MoM/FDTD method and experimentally acquired MR
images of the spherical phantom using the prototype RPA
head coil. It can be observed that both numerical and
experimental results agree well and that the sensitivity at the
center of the spherical phantom, as anticipated, has been
improved using the RPA head coil. Both the single processing
and parallel FDTD methods require around 100 MB RAM
and yield identical results. The computing time using the
nonparallelized FDTD method was around 182 seconds. In
contrast, the parallel FDTD method is around six times faster
than the conventional scheme.

(b) Birdcage resonator—human body model

Figure 5(a) shows the model setup involving body and
the birdcage resonator. Figure 5(b) compares the specific
absorption rate (SAR) at the body-model resolution of
1 mm and 4 mm. Based on the current hardware settings,
the whole-body model at 1 mm spatial resolution required
approximately 28 GB of memory and 20 hours of computing
time for 6000 FDTD iterations to get converged results. The
low-resolution simulation (4 mm) required around 500 MB
of memory and 1.8 hours of computing time. Compared
to spatial SAR distribution at 4 mm, the 1 mm resolution
model provides us with clearly more detail and better tissue
specificity.

In terms of problem scale, the 1 mm resolution case is
around 43 = 64 times larger than the 4 mm simulation.
To each processing node involved, the time consumption
for 1 mm processing is only about 11 times larger than
for the lower-resolution case, which illustrates the higher-
computational efficiency of the parallel scheme.

The single processing FDTD routine at 1 mm resolution
could not be implemented due to the very large amount of
memory required. In this sense, the parallelism cannot only
improve the computational efficiency of FDTD, but enable
it to solve those problems that conventional FDTD cannot.
In the parallel FDTD computing framework, data communi-
cation occupies much less time than the computation of E-H
field components. Thus, implementations with extensive task
distribution can improve computational efficiency, but the
additional communication overhead may affect the overall
performance. In theory, the time complexity is inversely
proportional to the number of parallel threads, provided
there is enough random access memory (RAM) and CPU
processing resources. With the inevitable communication
overhead imposed on the individual processes, however,
execution efficiency is often significantly diminished. A load-
balancing scheme is applied in the parallelization to reduce
the latency time between subprocesses which eventually
alleviates both the data conflicts and iterative latency in
the data transmission. This parallel FDTD scheme has
remarkable computing advantages over conventional single
processing methods, which could be also seen in many other
parallel computing scenarios though in different applications
[25–27].

3.2. Example QSFD application

Figure 4(a) depicts the typical posture of the radiographer
on the side of the patient bed, which was used in the QSFD
computation. Figure 4(b) represents the spatial distributions
of the in situ electric field and current density-induced in
the female model during the exposure to the combination of
switched gradient coils. Figure 4(c) shows a comparison of
the induced average current density versus superior-inferior
axis obtained using the parallel BiCG and SOR.

Although the large-scale model used is very inhomo-
geneous and the source field varies dramatically in the
spatial domain, both methods provided remarkably similar
simulation results in terms of resulting field magnitudes and
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Table 1: Geometrical properties of gradient coils.

Parameters X-gradient Y-gradient Z-gradient

1st layer -Z[m] 1.18 1.20 1.29

2nd layer -Z[m] 1.37 1.40 1.40

1st layer -R[m] 0.31 0.32 0.33

2nd layer -R[m] 0.36 0.37 0.39

DSV: r[m]× z[m] 0.42× 0.42 0.42× 0.42 0.50× 0.56

Note: Z denotes axial length and R denotes the radius of the primary and secondary gradient coil layers. The DSV size is given as the region where the gradient
field is uniform to 5% peak-peak and is expressed as diameter by length in meters.
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Figure 3: (a) Three-dimensional plot of transverse and longitudinal gradient coil geometry (the primary and secondary windings are
indicated in black and grey, resp.) and (b) corresponding spatial gradients of Bz. DSV is the diameter spherical volume.

spatial distributions, with less than 1% relative difference.
According to the convergence performance results detailed
in Table 2, the QSFD-BiCG method clearly outperforms the
SOR-based QSFD technique at all nominated resolutions of
the female body model.

According to Table 2, the coefficient matrix dimension
grows dramatically up to 8 million elements with 2 mm
resolution, which brings about tremendous computational
burdens. Via the computing parallelization, both SOR and

BiCG methods have been improved, while the latter shows
better convergence performance.

Using the 1 mm resolution male body model, the parallel
QSFD-BiCG method took around 23 hours and 28 GB of
RAM to evaluate in situ electric fields/currents. The number
of elements in matrix A was∼1.4·1017. In contrast, the single
processing equivalent was unable to perform this particular
simulation due to immense memory requirements. This
example demonstrates one of the clear advantages of the
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Figure 4: (a) Typical body posture near the imager where gradient coils are assumed to be pulsed as described in the text, (b) axial slices
illustrating the spatial distributions of induced electric field and current density and (c) comparison of the average current density along the
superior-inferior axis between the QSFD-BiCG and QSFD-SOR methods indicating less than 1% of relative deviation.
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Figure 5: (a) Model setup involving the whole-body birdcage resonator and the body model, (b) coronal and sagittal profiles of in situ SAR
spatial distributions in the male Brooks Airforce model (BROOK) at 1 mm and 4 mm voxel resolution.
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Figure 6: Coronal, sagittal and axial distributions of (a) electric field and (b) current density induced in the 1mm-resolution male body
model during gradient pulsing. Figure 5(a) illustrates the body posture of the model relative to the gradient set.

Table 2: Computing performance.

Property of coefficient matrix A
Problem resolution

8 mm 6 mm 4 mm 2 mm

Scale (n× n) 153699 × 153699 350786 × 350786 1134416 × 1134416 8670828 × 8670828

Nonzero elements 884439 2109038 7150900 57488850

Convergence performance

Parallelized SOR 2.5 minutes 14 minutes 36 minutes 31 hours

Single-CPU BiCG 10 seconds 39 seconds 3 minutes 1.8 hours

Parallelized BiCG 7 seconds 23 seconds 1.5 minutes 50 minutes
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parallel QSFD computing platform over its conventional
single processor-based counterpart. Figures 6(a) and 6(b)
illustrate very fine details of induced electric field and current
density distributions for the male body model, respectively.
According to the simulation results, the largest electric fields
and current densities are located in the frontal left region
of the body, as this is the part of the body that is closest
to the gradient coil conductors. With well-conditioned band
diagonal sparse coefficient matrices, the proposed parallel
QSFD-BiCG scheme demonstrates robust performance in
the handling of low-frequency electromagnetic fields prob-
lems. The BiCG method also shows efficient memory usage,
as it only consumes about 1/3 of memory compared to the
standard SOR scheme.

This level of high-resolution analyses is imperative and
significant for those interested in a variety of numerical
problems such as but not limited to: thermodynamic
modeling involving a fine vascular structure, cardiac electric
field propagation, hyperthermia, eddy current modeling,
occupational exposure of workers to electromagnetic fields,
and so forth. Most of these and other related problems would
benefit from employing the whole body in the computational
process, as this represents a more realistic physical scenario.

4. CONCLUSION

Computationally intensive numerical software has become
necessary to handle the increasing complexity of electro-
magnetic field problems in MRI, particularly at high-field
strengths. In this work, high-performance finite-difference
solvers architected within a parallel framework have been
presented. The potential of the optimized parallel scheme
has been demonstrated in typical MRI applications. The
case studies indicate that the power of the software can
enable straightforward adaptation to applications involving
optimization of system components.
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1. INTRODUCTION

The dimensions and resolutions of a discretized domain for
calculating electromagnetic fields can be restrained by the
memory and computational capacity of the computer. As a
result, the computational domain must utilize efficient and
accurate boundary conditions in order to truncate outward
waves and therefore simulate infinite radiation boundary
conditions of the computational domain. One of the most
useable and efficient absorbing boundary conditions that
have been reported for the finite difference time domain
(FDTD) [1] is the perfect matched layer (PML) [2].

Since its introduction to FDTD, PML has been extended
by a number of researchers. Among these PMLs, Berenger’s
PML [2, 3], anisotropic PML (APML) [4, 5], complex
frequency shifted PML (CFS PML) [6], and higher-order
PML [7, 8] represent the most usual types of PML. The
significant distinction between Berenger’s PML and APML,
which together are designated regular PML, is that the
former uses Maxwellian isotropic absorbing materials and
splits each component of electromagnetic fields into two

components, whereas the latter uses anisotropic absorbing
materials and keeps the components of electromagnetic
fields unsplit. Thus, the implementation of Berenger’s PML
requires more computer RAM than does APML. CFS PML is
more efficient in annihilating the evanescent waves than are
the regular PMLs [9], although it sacrifices good absorption
of the propagation waves at low frequencies [7]. Higher-
order PML is a new attempt to combine the advantages of
both regular PML and CFS PML [7, 8].

PMLs have been widely used with FDTD to compute
electromagnetic fields, including those of magnetic reso-
nance imaging (MRI) [10–13]. Thus far, however, the assess-
ment of the accuracy and efficiency of PML when applied to
MRI radiofrequency (RF) simulations has not been reported.
In fact, the required grid sizes conflict with the required
resolutions of the calculated frequency when using FDTD to
compute the resonance pattern and electromagnetic fields of
RF coils. On the one hand, the small dimensions of copper
strips (∼30 μm thick) used to construct RF coils require small
grids matched to the thickness of the copper strips so as to
improve the accuracy of the simulations. On the other hand,
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the frequency resolution of the calculated resonance patterns
and the requisite computing time are inversely proportional
to the size of the grids. Thus, the grid sizes should be
sufficiently large to improve the frequency resolution of
the calculated resonance pattern of the coil and to reduce
computing time. Moreover, because the dimensions of PML
together with the coil geometry are enormous relative to
the size of the copper strips, a vast number of Yee cells are
needed to simulate the coil fully. Satisfying these conflicting
requirements requires both a vast computer RAM and an
enormous number of iterated time steps, which produces an
unacceptable accumulation of numerical phase errors as well
as an unrealistic computational time. A PC with 3.39 GHz
dual processors and 2 GB RAM, for example, requires about
116 hours to compute the resonance pattern of an adult RF
head coil using FDTD with a grid size of 2 × 2 × 2 mm3 and
frequency resolution of 0.5 MHz. If the calculated resonance
pattern does not match the desired one (the coil is off tuned),
this computation must be repeated using modified coil
parameters until the desired resonance pattern is achieved.

Furthermore, the increasing strength of the static mag-
netic fields (B0) in MRI applications has reduced the RF
wavelength inside human tissue close to or below the
dimensions of the subject to be scanned. For example, at 3
Tesla (T), the wavelength of an RF field inside the human
head is about 280 mm, which is close to the average diameter
of an adult RF head coil. Therefore, the geometric structure
of RF coils and the sizes of the biological load (head or
body) are no longer negligible in relation to the wavelength
of the operational frequency when B0 is 3 T or higher. Thus,
conventional lumped-element methods such as transmission
line and circuit theories become inadequate for analyzing
and designing RF coils. As an alternative, the FDTD method,
a full-wave numerical technique that is capable of accounting
for the geometry of a coil as well as the intricacies of the
sample, has emerged as the tool of choice for analyzing RF
coils at high fields [10–13]. Consequently, the need for a good
computationally efficient boundary condition has become
more pressing.

We present a systematic evaluation of the effect of the
parameters of Berenger’s PML on the accuracy and efficiency
of the calculated resonance pattern and the electromagnetic
fields of RF coils. Because the Larmor frequency of 1H at 3 T
(127.72 MHz) is much lower than the frequencies at which
the CFS PML works well, we have omitted the use of CFS
PML for simulation of RF coils. Furthermore, because the
additional RAM required for Berenger’s PML compared to
APML is not an excessive burden for modern computers,
and because implementation of Berenger’s PML is easier
than that of APML, we selected Berenger’s PML as the
absorbing boundary condition for assessment of simulated
RF coils. This choice does not limit the generality of our
assessments for other PMLs, because the influence trends
of the parameters of other PMLs are similar to those of
Bérenger’s [9].

We first constructed an actual high-pass birdcage head
coil [14], measured its resonance pattern, and acquired
proton images from a phantom. We then computationally
modeled the resonance pattern and B1 fields of the coil

(i.e., the circularly polarized component of the transverse
magnetic field that is responsible for excitation) using an
FDTD code developed in-house that uses Berenger’s PML
as an absorbing boundary condition. To assess the accuracy
and efficiency of PML for this purpose, we investigated
the criteria for optimizing PML parameters by comparing
the numerically calculated results with the experimentally
measured ones until the best agreement between them was
achieved. Thus, we identified the optimal PML parameters
that achieved both high accuracy and at least moderate com-
putational efficiency for analyzing the essential performance
characteristics of RF coils.

2. MATERIAL AND METHODS

Our method for assessing PML differed from the approaches
used in the design of RF coils. Typically, those approaches
first evaluate the B1 field of a modeled coil and then optimize
it by changing the geometry and lumped components of
the coil’s design before constructing it. Here, our goal was
not to design a coil, but to assess the performance of
the PML in accurately and efficiently simulating an RF
coil. Therefore, we first designed, constructed, and tuned
a birdcage head coil to the proper operational mode. We
measured the coil’s resonance pattern and used it to acquire
1H images of a phantom in a 3 T MRI scanner. Next, this
actual coil was modeled using an FDTD scheme that used
PML as an absorbing boundary condition. We calculated the
resonance pattern and B1 field of the coil. We compared the
calculated and measured results to adjust the parameters of
the PML and to assess the accuracy of the PML according
to the criteria defined in the following sections. We further
assessed computational efficiency of the PML by comparing
the computational demands for each set of PML parameters,
while assuming that greater efficiency was associated with
less computational time.

2.1. Experimental measurements

Our experimental head coil was constructed based on the
high-pass birdcage design [14] for a typical adult head. The
coil had 16 rungs connected by 2 end-rings, 32 capacitors of
13.6 pF, a diameter of 292 mm, and a length of 356 mm. The
rungs and rings were made of copper strips having a width
of 8 mm and a thickness of 30 um (see Figure 1).

We obtained the resonance pattern of the coil by
measuring the S-parameters using an Agilent 4395A net-
work/spectrum/impedance analyzer. The coil worked in
quadrature mode [14] with a 90◦ hybrid coupler connected
between the analyzer and the coil’s excitation ports. We
acquired 1H images from a phantom loaded in the coil using
a GE 3 T Signa scanner and a gradient echo pulse sequence
having a 90◦ flip angle, 500 milliseconds repetition time
(RT]), and 10 milliseconds echo time (ET).

The phantom consisted of a spherical plastic container
filled with purified water and NaCl in order to approximately
simulate the average dielectric constant (70ε0) and conduc-
tivity (0.57 S/m) of the human brain at 128 MHz [9, 15]. The
corresponding wavelength inside the phantom was 280 mm,
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Figure 1: (a) Structure of a high-pass birdcage head coil showing a schematic view of the coil and (b) coronal and sagittal planes of the coil,
where “l”: length of the coil; “d”: diameter of the coil; “C”: capacitor; “A” and “B”: RF feeding points; “O”: center of the coil.

which was 95.6% of the diameter and 78.6% of the length of
the actual coil.

2.2. Computational model

In simulating the RF coil, we first used FDTD with Berenger’s
PML as the boundary condition to model the actual coil
loaded with the phantom. We then computed the resonance
pattern and B1 field of the actual coil using the modeled coil.
We finally evaluated performance of the PML by comparing
the calculated results with the experimental ones. Our FDTD
model and computing procedures are described below.

2.2.1. FDTD model

Our computer code for FDTD was developed in-house. The
FDTD model had 3D grids of 2 mm definition in each of
the x-, y-, and z-directions. The z-axis of the simulation
was parallel to the longitudinal axis of the coil. Although
the actual coil and the phantom were modeled according to
their specific physical sizes, some of the modeled dimensions
deviated from those of the real coil because the dimensions of
some of the real components were smaller than the definition
of our grid. For example, the copper strips were represented
by one voxel (2 mm) in thickness rather than by their actual
thickness of 30 microns. Similarly, the lumped capacitors
were represented by one voxel and modeled by the following
equation [16]:

In+1/2
x = CΔx

En+1
xi, j,k − En−1

xi, j,k

2Δt
, (1)

where Ix was the current flowing though the capacitor,
C was the capacitance of the capacitor, and x was the
direction along which the capacitor aligned. Note that “x”
was substituted with “y” or “z” when the capacitor aligned
along the respective directions.

For stable time marching, the time step length, Δt must
satisfy the Courant-Friedrichs-Lewy (CFL) stability criterion
[1]:

Δt <
cmax√

1/Δx2 + 1/Δy2 + 1/Δz2
, (2)

where cmax is the maximum propagation velocity of the
electromagnetic waves within the simulated region. In this
case, Δx = Δy = Δz = 2 mm, and cmax, was the
velocity of light. The corresponding maximum Δt was
3.789 picoseconds. According to the Nyquist criterion for
sampling, the associated frequency resolution (Δ f ) was given
as

Δ f = 1
(NΔt)

, (3)

where N was the number of time steps (iterations). For
a frequency resolution of 1 MHz or less, N should be
greater than 263922. We selected N as 262144 (= 218) for
convenience of calculating the fast Fourier transformation
(FFT).

2.2.2. Computation of resonance pattern

We computed the resonance pattern of the coil by applying
the FFT to its calculated magnetic field. In so doing, we
first excited the coil with an excitation signal that contained
a sufficient number of frequencies such that the calculated
electromagnetic fields of the coil contained all frequencies
within its bandwidth. Typically, the resonance frequency
of the highest mode of the birdcage coil for 1H at 3 T is
<500 MHz. We, therefore, chose a Gaussian function as the
excitation signal having a −3 dB frequency of 500 MHz:

s(t) = e−(t/2T0−3)2

, (4)

where T0 = 1/ω−3 dB = 1/(109π).
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We then applied this excitation signal to a capacitor of
the coil and iteratively computed the electromagnetic field of
the coil. We saved the calculated B1 field for every time step
at sampling points on the surface and at the center of the coil
(see Figure 1(b)). We then applied FFT to the saved B1 field
to obtain the frequency spectra (i.e., the resonance pattern)
of the coil at the related sampling points.

A correctly calculated resonance pattern should agree
with the real coil’s actual resonance pattern provided that the
frequency deviations between the calculated and measured
patterns are below the resolution of the calculated resonance
pattern and therefore are considered negligible. Otherwise,
we must adjust the parameters of the PML or the parameters
of the modeled coil and recompute the resonance pattern.

2.2.3. Computation of the B1 field

After calculating the coil’s resonance pattern, we then
computed the B1 field of the coil at the Larmor frequency of
1H at 3 T. To achieve quadrature excitation, we, respectively,
applied two sine waves centered at the Larmor frequency
to feed two capacitors 90◦ azimuthally apart from each
other (points A and B in Figure 1(b)). The two sine wave
excitations having a 90◦ difference in their phases were
presented as

s1(t) = (1− e−(ω0t/5)2)
sin
(
2π f0t

)
, (5a)

s2(t) = (1− e−(ω0t/5)2)
sin
(
2π f0t − π/2

)
, (5b)

where f0 is the Larmor frequency (127.72 MHz for 1H at
3 T). The introduction of the coefficient (1− e−(ω0t/5)2

) in the
excitation signal accelerated stabilization of the calculated B1

field [10].

2.3. PML

2.3.1. PML parameters

When implementing Berenger’s PML [2, 3], layers of artifi-
cial perfect electric conductor (PEC) were introduced at the
boundaries of the computational domain to absorb the waves
traveling outwards (i.e., to satisfy the radiation condition).
The conductivity of each layer increased gradually from
inside (near the coil’s geometry) to outside (away from the
coil’s geometry). Thus, the outgoing waves attenuated to
negligible levels as they traveled through the PML, then
reflected at the PEC walls located at the outer boundaries
of the computational domain, and then traveled through the
PML back to the geometry of the coil.

To compute the fields in the presence of Berenger’s
PML, each component of the electromagnetic fields must be
divided into two subcomponents. For example, the electric
field component Ex was divided into Exy and Exz:

Ex = Exy + Exz, (6)

where
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Similarly, the magnetic field component Hx was divided into
Hxy and Hxz:

Hx = Hxy +Hxz, (8)

where
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The reflection of the electromagnetic wave by the PML
depended on the conductivity of each PML layer, the number
of PML layers, and the angle of incidence (with respect to
the PML interface) of the incident wave. Thus, to apply
a specific PML algorithm into FDTD computations, the
electric conductivity of each layer, σi, the fictitious magnetic
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Figure 2: The schematic view of the computational domain. (a) Longitudinal plane (xoz-plane in Figure 1(b)). (b) Transverse plane (xoy-
plane in Figure 1(b)). “D” homogenous region of B1-field (shaded); “p”: the thickness of the PML; “s”: the distance from PML to the closest
point on the coil geometry; “d”: the diameter of the coil; “l”: the length of the coil; “dh”: the diameter of region D; “lh”: the length of region
D. The dark solid rectangle and circle denote the outline of the coil in the longitudinal plane and transverse plane, respectively.

conductivity of each layer, σ∗i , and the number of layers,
NPML, must be determined before the computations. Usually,
given a required reflection coefficient at the outer layer with
normal incidence (0◦ incidence angle), R(0), σi, and σ∗i are
obtained by [2, 3]

σi =
(
pi
p

)m
σmax,

σ∗i =
(
pi
p

)m
σ∗max,

(10)

where p is the thickness of the PML, pi is the distance from
the inner side (towards the coil) of the boundary to ith layer
of PML, m is a coefficient in the range of 1 to 5, σmax and
σ∗max are the electric conductivity and magnetic conductivity
of the outer layer of PML respectively, which are given by

σmax = (m + 1)ε0c0

2p
ln
(

1
R(0)

)
,

σ∗max =
ε0

μ0
σmax,

(11)

where ε0 and μ0 are the permittivity and permeability in free
space, respectively.

According to Berenger [2, 3], an m = 2 and an R(0) =
10−4 are optimal for computations using the PML algo-
rithm. We therefore used these values for our calculations.
Generally, the reflection at the PML interface increased
with the incident angle (i.e., with deviation away from
a normal incidence). The PML was designed to absorb
(with infinitesimal spatial and temporal steps) nearly all
of the electromagnetic waves having a normal incidence
(0◦). However, the angle of incidence on the PML interface
for RF coil calculations is difficult to define, as radiations
and reflections from the coil or load occur at all possible
angles. For practical purposes, we assumed that the incident
angle was a function of the thickness of the PML, “p,”

and the distance from the coil structure to the PML, “s”
(see Figure 2). We therefore use “p” and “s” to assess the
reflection of the PML. For quantitative measurements, we
used “Np,” the layers of the PML, to denote the thickness
of the PML, “p.” Each layer was modeled by one grid. The
distance “s” was also measured in grids “Ns.”

Usually, the B1 field of a well-tuned empty birdcage coil is
homogenous within a cylindrical region located in the center
of the coil. This cylindrical region, denoted by “D,” together
with the diameter “dh” and the length “lh,” is illustrated in
Figure 2.

2.3.2. PML assessment criteria

While varying the parameters of the PML, we evaluated its
cumulative error by comparing the measured and calculated
B1 field in their resonance patterns, homogeneity, and
stability. We deem a PML satisfactory if the results of
calculation met all of the following criteria.

1. Resonance pattern

For the comparison of resonance patterns, the number of
calculated modes should be equal to the number of measured
modes, and the maximum difference of the frequencies at
each mode should be less than the frequency resolution of
the calculated resonance pattern (here, 0.5 MHz). That is

Nc = Nm, (C1.a)

dfimax = ( fci − fmi)max < 0.5 MHz, {i = 0, 1, . . . ,Nm},
(C1.b)

where
Nc is the number of the calculated modes;
Nm is the number of the measured modes;
dfi is the difference between the calculated and measured

frequency at ith mode;
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fci is the calculated resonance frequency at ith mode;
fmi is the measured resonance frequency at ith mode.

2. B1 field homogeneity

We identified a region as homogenous region if the maxi-
mum relative deviation of the B1 field there was <10%. This
criterion, when applied to the birdcage coil, yielded

Dr max =
(
B1c − B1c

)
max

B1c
< 10%,

{
B1c ∈ D

}
, (C2)

where
Dr max is the maximum relative deviation;
B1c is the calculated B1 field;
B1c is the calculated mean B1 field;
D is the cylindrical region (see Figure 2).

3. B1 field stability

The calculated B1 field should be stable after implementation
of a certain number of time steps. We formulated the
following criterion for this requirement:

(B1cp j − B1cpk)max

B1cp
< 10%, {B1c ∈ D;Nb < j, k < Nt},

(C3)

where
B1cp j and B1cpk are the jth and kth peak value of the

calculated B1-field, respectively;
B1cp is the mean of the peak value of the calculated B1-

field;
Nb is the time steps at which the calculated B1-field starts

to be stable;
Nt is the total time steps of calculation.

3. RESULTS AND DISCUSSION

We found that both the resonance pattern and homogeneity
of the calculated B1-field agreed with the measurements of
the real coil when using an optimal PML but not when using
nonoptimal PMLs.

3.1. Resonance pattern

The measured resonance pattern had eight distinct resonance
modes (see Figure 3(a)). Mode 0 had the highest frequency
at 180.2 MHz. Mode 1 (the operational mode, marked as
H1) had a frequency of 127.72 MHz, which is the Larmor
frequency of 1H at 3 T. The other modes had frequencies
ranging between 57.8 and 96.4 MHz.

Intuitively, a good PML should be sufficiently thick to
attenuate outgoing waves without contaminating the actual
electromagnetic fields within the coil. A good PML also
should be sufficiently distant from the coil’s geometry to
yield the smallest possible incidence angles of the outgoing
waves at the PML interface. By varying the thickness of the
PML, Np and the distance from the PML to the closest

surface of the coil, Ns, we obtained the calculated resonance
pattern in which frequencies agreed with the measured
resonance pattern (see Figure 3(c)). Because the resolution
of the calculated resonance pattern was 0.5 MHz after 262144
time steps, the frequency of each calculated and mea-
sured modes inevitably deviated. However, the maximum
deviation between the calculated and measured frequencies
did not exceed the resolution of the calculated frequency,
indicating that this model provided highly accurate estimates
of the measured frequencies.

We found that to obtain the correct resonance pattern
for this particular coil, the number of layers of the PML, Np,
must be greater than 8 and the number of grids between the
closest point on the coil’s geometry and the PML interface,
Ns, must be greater than 5. Any PML having an Np < 8
or an Ns < 5 produced a resonance at a single frequency
(see Figure 3(b)) or a split of the resonance modes (see
Figure 3(d)). Based on these results for the computation of
the coil’s resonance pattern, we advise use of a PML having a
thickness of at least 10 layers and a distance of at least 8 grids
between the closest point on the coil’s geometry and the PML
interface. Note that these observations obviously are valid for
the particular spatial and temporal steps that we examined.
Nonetheless, splitting of the resonance modes of an RF coil
in simulations but not in the bench testing could be caused
by a poor choice of PML parameters.

3.2. B1 homogeneity and stability

To evaluate B1 homogeneity and stability, we first computed
the B1 field of the coil using a PML with higher Np and Ns

values and then we repeated the computations using a PML
with lower Np and Ns values. Comparing the two computed
results demonstrated that when the PML with higherNp and
Ns values increased the amplitude of the calculated B1-field
gradually during the first 40 000 time steps (corresponding
to about 40 cycles of the B1 field at 127.72 MHz) and then
stabilized thereafter (see Figure 4(a)). Using the PML with
lower Np and Ns values, however, increased the amplitude
of the calculated B1-field monotonically and without bound
(see Figure 4(b)).

These findings indicate that we obtained an optimal PML
by iteratively calculating and evaluating the B1 field of the
coil for either 40 or 120 cycles and by simultaneously varying
the thickness of the PML and the distance between the PML
interface and the closest point on the coil’s geometry. We
let Np equal 5, 8, 10, or 12 while increasing Ns from 1 to
20 for each value of Np. While performing these numerical
studies of the effects of varying Np and Ns, we calculated the
coil’s B1 field and evaluated its homogeneity according to our
previously stated criterion C2 and C3 for each PML setting.
These assessments revealed that the homogeneity of the
calculated B1 field improved with increases of bothNp andNs

(see Figure 5). We noted that the calculated deviations were
especially sensitive to values of Np and Ns that were below
8 and 5, respectively, for 40-cycle computations, whereas
increasing Np and Ns beyond 8 and 6, respectively, did
not noticeably improve homogeneity of the calculated B1

field (see Figure 5(a)). When using 120 cycles, the minimum
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Figure 3: (a) Measured S11 of the coil (obtained with a network analyzer). H1 is the mode of interest (mode 1); (b) calculated resonance
pattern with Np = 5 and Ns = 5 grids. Only one mode resonated at 174 MHz; (c) calculated resonance pattern with Np = 10 and Ns = 8
grids. The number of modes and resonance frequencies is in excellent agreement with the measured S11; (d) calculated resonance pattern
with Np = 10 and Ns = 1 grids. Mode 0 and mode 1 are split (e.g., mode 1 split into two peaks: H1 and H′

1.)

optimal Np and Ns increased to 10 layers and 12 grids (see
Figure 5(b)).

Because computational time is proportional to the
number of grids, which in turn is directly related to the
sum of Np and Ns to the third power, Np and Ns should be
minimized to reduce the computational time, but only so far
as to retain the required degree of computational accuracy.
Thus for the calculation of a 40-cycle B1 field, an optimal
PML should be 8 layers thick and at a distance of 5 grids from
the closest point on the coil’s geometry (see Figure 5(a)).
For the calculation of a 120-cycle B1 field, an optimal PML
should be at least 10 layers thick and at a distance of 12 grids
from the coil’s geometry (see Figure 5(b)).

Additionally, we found that a well-optimized PML
yielded a homogeneous calculated B1 field (see Figure 6(b))
that agreed well with the measured field (see Figure 6(a)). A

poorly optimized PML, however, yielded an inhomogeneous
calculated B1 field both inside and outside the coil (see
Figure 6(c))). Furthermore, a PML that satisfied the homo-
geneity criterion after 40 000 time steps can deteriorate when
using a larger number of time steps (see Figure 6(d)), because
the reflections on the PML can accumulate to unacceptable
levels with the increasing number of iterations.

3.3. Simulation with a heterogeneous phantom

The above findings were based on tests using a homogenous
phantom. A human head, however, consists of various tis-
sues, each of which differs in their dielectric and conductivity
properties (see Table 1) [10, 13, 15]. To assess the influences
of these heterogeneous tissues on the accuracy of the PML,
we simulated a realistic human head using a heterogeneous
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Figure 4: Calculated B1-field at the center of the coil. (a) PML with Np = 10 and Ns = 10. The B1-field is stable after 40 000 time steps; (b)
PML with Np = 5 and Ns = 5. The B1-field increases monotonically even after 100 000 time steps.
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Figure 5: Maximum deviations of the calculated B1-field within a circular region positioned in axial plane at the center of the coil. This
region has a diameter that is 80% of the coil’s diameter. The results are presented at 127.72 MHz, the (a) Larmor frequency of 1H at 3 T after
iterations of 40 cycles and (b) after iterations of 120 cycles.

phantom and then computed the resonance pattern and B1

fields of the coil in which it was placed. The outer layer of
grids of the heterogeneous phantom was modeled as skin
(2 mm thick), three layers of grids inside the skin layer were
modeled as skull (6 mm thick), and another three layers
next to skull were modeled as cerebrospinal fluid (CSF). The
remaining center portion of the phantom was modeled as
brain.

The calculated results showed that when using the same
PML parameters, (a) the resonance frequency at each mode
of the calculated resonance pattern kept unchanged, even
though the calculated Q-factor of the coil loaded with
the heterogeneous phantom compared with that of the
homogeneous phantom decreased by 4.6% at the operating
frequency of 128 MHz; (b) the deviation of the calculated
B1 field of the coil loaded with the heterogeneous phantom
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Figure 6: Measurement of homogeneity of B1 field. (a) Acquired MR image of an oil phantom loaded within the coil. (b) Calculated B1-map
after 40-cycle iterations with Np = 10 and Ns = 10. The homogeneity of B1-map is good inside, on the surface of, and outside of the coil. (c)
Calculated B1-map after 40-cycle iterations with Np = 10 and Ns = 1. The homogeneity of B1-map is unacceptable. (d) Calculated B1-map
after 120-cycle iterations with Np = 10 and Ns = 10. The intensities of the B1 field at the left-bottom corner and right-top corner are higher
than those at other corners.

Table 1: The dielectric and conductivity of tissues inside a human
head at 128 MHz.

Tissue type εr σ (s/m)

Skin 63 0.86

Skull 25 0.05

CSF 103 0.7

Brain 70 0.57

compared with that loaded with homogeneous phantom
increased by 1.4%. These changes in both the Q-factor
and deviation of the B1 field were caused by differences in
heterogeneity of the phantom rather than by the PML used
in the computations. Thus, we believe that the parameters of

a PML optimized for homogeneous phantoms also apply to
heterogeneous phantoms.

4. CONCLUSION

We have explored the role of Berenger’s PML as an absorbing
boundary condition in the computational characterization of
RF coils for MRI at 3 T. We presented a method that evaluates
the accuracy and efficiency of the PML for computing the
resonance patterns and B1 fields of RF coils using FDTD. We
defined three criteria to evaluate the PML: (1) the deviation
of the frequencies of the resonance mode for the calculated
and the measured data, (2) the maximum relative deviation
of the calculated B1 field inside the coil, and (3) the numerical
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stability of the calculated B1 field of the coil. The results
demonstrated that the accuracy and efficiency of the PML as
an absorbing boundary condition closely depend on both the
thickness of the PML and the space between the PML and the
coil surface. For computation of the coil’s resonance patterns,
a poor choice of PML parameters can produce either a split
in the resonance modes or a resonance that occurs only
at a single mode. For the computation of B1 field, a poor
choice of PML parameters can produce a large fluctuation
of the B1 field. Additionally, PML parameters that yield good
computational accuracy for a specified number of time steps
can also yield inaccurate results with an excessive number of
time steps, implying the excess accumulation of reflections of
the RF wave on the PML. Taking into account both accuracy
and efficiency for specified spatial and temporal steps, we
found that an optimal PML for both the computation of the
resonance pattern and the 40-cycle B1 field of a 3 T head coil
loaded with a phantom has a thickness of at least 8 layers and
a distance of 5 grids from the PML to the closest point on
the coil’s geometry. Furthermore, the thickness will increase
to at least 10 layers and the distance to at least 12 grids for
computations of more than 40 cycles of the B1 fields.
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