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1. Introduction

5G is the next technological marvel enabling ubiquitous
portable systems for the realization of Internet of Things
(IoT). Millimeter-wave frequency range is a prestandard-
ization favorite for the portable 5G applications. High
performing millimeter-wave devices require efficient low-
profile antennas to ensure reliable and interference-free
communications. Requirements for increased power, larger
bandwidth, higher gain, and insensitivity to the human user
presence further complicate the antenna and propagation
aspects. Enhanced techniques for multiplexing, interference
mitigation, scheduling, and radio resource allocation work
alongside the antenna design to realize efficient millimeter-
wave systems delivering seamless and optimal performance.
Being a newly developed area, simulation techniques also
need to be revisited to ensure high level of accuracy of
millimeter-wave antennas and systems. It solicits novel ideas
and innovative solutions for the antenna design and system
development.

This special issue is intended to reflect current research
trends and novel approaches to address the issues of antenna
design and propagation for 5G enabled millimeter-wave
applications. Particular emphasis has been put in the antenna
design and measurement methods, MIMO antenna sys-
tems, and beamforming techniques; solutions for advanced
millimeter-wave operational scenarios including device-to-
device communications, multiplexing, spectrum cognition,

and interference mitigation have also received particular
emphasis.

2. Contributions

The special issue consists of 7 contributions covering a variety
of antenna design and MIMO techniques.

In “Multiband Split-Ring Resonator Based Planar
Inverted-F Antenna for 5G Applications” by M. K. Ishfaq
et al., the authors present design and realization of a novel
multiband antenna for 5G applications. The antenna is
composed of a PIFA, an inverted-L parasitic element,
a rectangular shaped parasitic element, and a split-ring
resonator etched on the top plate of the PIFA. The antenna
covers three frequency bands at 6GHz (5–7GHz), 10GHz
(9–10.8GHz), and 15GHz (14-15GHz), each with more
than 1GHz impedance bandwidth. It exhibits peak gains
of 3.4 dBi, 4.9 dBi, and 5.85 dBi, respectively, at the three
bands.

In “Millimeter-Wave Microstrip Antenna Array Design
and an Adaptive Algorithm for Future 5G Wireless Com-
munication Systems” by C.-N. Hu et al., the authors present
a high gain millimeter-wave Low-Temperature Cofired
Ceramic microstrip antenna array having a compact, simple,
and low-profile structure. Significant level of interference
mitigation is achieved by incorporating minimum mean
square error adaptive algorithm with the proposed antenna.
The simulated antenna performance is validated through
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measurements and demonstrates a return loss of ≥15 and a
peak gain of ≥6.5 dBi at 37.5–39GHz frequency band.

In “Enhanced Next Generation Millimeter-Wave Multi-
carrier System with Generalized Frequency Division Mul-
tiplexing” by H. Shimodaira et al., the authors discuss a
new Generalized Frequency Division Multiplexing frame
to comply it with IEEE 802.11ad standard and extend the
intercarrier interference reduction technique to be used
for the wireless systems using this standard. The proposed
method exhibits good Peak-to-Average Power Ratio and
throughput performance simultaneously while reducing the
computational costs by 83%. This method is applicable to
other mmWave standards in IEEE 802.11ay and 5GmmWave
cellular networks as well.

In “Pilot Contamination Mitigation via a Novel Time-
Shift Pilot Scheme in Large-Scale Multicell Multiuser MIMO
Systems” by Z. Luo et al., the authors propose a novel time-
shift pilot scheme with asymptotic channel orthogonality
to mitigate the pilot contamination in Large-Scale Multicell
Multiuser MIMO systems. The proposed method considers
the users within a cell to transmit the same pilot sequence
in a time-shift manner enabling channel state information
to be estimated without contamination. For different cells,
pilot sequences are considered to be mutually orthogonal.
Analysis of channel coefficient estimation, uplink data detec-
tion, and downlink data transmission steps shows that the
proposed method alleviates the pilot contamination problem
and improves the performance of the system significantly
compared with the popular orthogonal pilots.

In “Connectivity Analysis of Millimeter-Wave Device-to-
Device Networks with Blockage” by H. Jung and I.-H. Lee,
the authors analyse the impact of blockage of the LoS on
the direct and indirect device-to-device (D2D) communica-
tions in millimeter-wave cellular networks. The connectivity
performance in terms of the probability to achieve a fully
connected network and average number of reliably connected
devices is evaluated. It is observed that both connectivity
performance metrics decrease with an increase in network
size and the blockage.The authors recommenduse of a hybrid
of direct and indirect communication to improve the two
parameters by 35% based on simulation results.

In “Joint User Scheduling andMU-MIMOHybrid Beam-
forming Algorithm for mmWave FDMA Massive MIMO
System” by J. Jiang and D. Kong, the authors propose a joint
user scheduling and multiuser hybrid beamforming algo-
rithm for downlink massive MIMO Orthogonal Frequency
Division Multiple Access (OFDMA) system. The users with
identical optimal beams form an OFDMA user group and
multiplex the entire frequency resource. The base station
then allocates the frequency resources to each member of
the group. Each of the user groups is regarded as a virtual
user enabling support of arbitrary MU-MIMO user selection
and beamforming algorithms. In the proposed technique,
the analog beamforming vectors employ the best beam of
each selected MU-MIMO user and the digital beamforming
algorithm is solved byweightMMSE to acquire themaximum
gain and mitigate interuser inference.

In “A Novel Simulator of Nonstationary RandomMIMO
Channels in Rayleigh Fading Scenarios” by Q. Zhu et al.,

the authors propose a new model for simulations of non-
stationary MIMO Rayleigh fading channels in time-variant
scattering environments. The simulator is based on the
sum-of-sinusoids method to achieve low complexity and
implementation simplicity. In order to reproduce realistic
time varying statistics for dynamic channels, an efficient
method to update frequency parameters is also proposed.
Comparative analysis with theoretical models indicates that
the proposed method generates channel statistics with good
level of accuracy.

These papers provide a good overview of current research
and development activities going on in the selected areas of
millimeter-wave systems. The editors hope that this special
issue will benefit the scientific community and contribute to
the knowledge base.

Acknowledgments

The editors would like to take this opportunity to applaud the
contribution of the authors to this special issue. Efforts of the
reviewers to enhance the quality of the manuscripts are also
much appreciated.

Masood Ur-Rehman
Qammer Hussain Abbasi

Atiqur Rahman
Imdad Khan

Hassan Tariq Chattha
Mohammad Abdul Matin



Research Article
Multiband Split-Ring Resonator Based Planar
Inverted-F Antenna for 5G Applications

Muhammad Kamran Ishfaq,1,2 Tharek Abd Rahman,1

Hassan Tariq Chattha,3 andMasood Ur Rehman4

1Wireless Communication Centre, Universiti Teknologi Malaysia, Johor, Malaysia
2Department of Electrical Engineering, Government College University, Faisalabad, Pakistan
3Department of Electrical Engineering, Faculty of Engineering, Islamic University in Madinah, Al-Madinah, Saudi Arabia
4Department of Computer Science and Technology, University of Bedfordshire, Luton, UK

Correspondence should be addressed to Muhammad Kamran Ishfaq; kamranzarrar@gmail.com

Received 9 September 2016; Revised 1 January 2017; Accepted 2 March 2017; Published 21 March 2017

Academic Editor: Renato Cicchetti

Copyright © 2017 Muhammad Kamran Ishfaq et al. This is an open access article distributed under the Creative Commons
Attribution License, which permits unrestricted use, distribution, and reproduction in any medium, provided the original work is
properly cited.

5G, the fifth generation of wireless communications, is focusing on multiple frequency bands, such as 6GHz, 10GHz, 15GHz,
28GHz, and 38GHz, to achieve high data rates up to 10Gbps or more. The industry demands multiband antennas to cover these
distant frequency bands, which is a task much more challenging. In this paper, we have designed a novel multiband split-ring res-
onator (SRR) based planar inverted-F antenna (PIFA) for 5G applications. It is composed of a PIFA, an inverted-L parasitic element,
a rectangular shaped parasitic element, and a split-ring resonator (SRR) etched on the top plate of the PIFA.The basic PIFA structure
resonates at 6GHz. An addition of a rectangular shaped parasitic element produces a resonance at 15GHz. The introduction of
a split-ring resonator produces a band notch at 8GHz, and a resonance at 10GHz, while the insertion of an inverted-L shaped
parasitic element further enhances the impedance bandwidth in the 10GHz band. The frequency bands covered, each with more
than 1GHz impedance bandwidth, are 6GHz (5–7GHz), 10GHz (9–10.8GHz), and 15GHz (14-15GHz), expected for inclusion
in next-generation wireless communications, that is, 5G. The design is simulated using Ansys Electromagnetic Suite 17 simulation
software package. The simulated and the measured results are compared and analyzed which are generally in good agreement.

1. Introduction

5th-generation wireless systems, abbreviated as 5G, are the
proposed next wireless communication standards beyond
the current 4G/IMT-advanced standards. 5G will increase
the user capacity up to many billion and the data rate up
to 10Gbps. It will support a real-time wireless control, the
device-to-device communication, allowing a reduction of
power consumption by a factor of 1000 [1–4]. This next gen-
eration of wireless communications is focusing on multiple
bands in the frequency range from 6GHz to 100GHz [2, 5].
For 5G, the antennas for handheld devices will need to oper-
ate within multiple frequency bands, while being low-profile
and compact. Hence, there is a need for compact multi-
band antenna design approach to cover these several fre-
quency bands. Planar inverted-F antenna (PIFA) has been

a popular candidate in portable wireless systems due to its
appealing features, such as low-profile, ease of fabrication,
and robustness [6, 7], and it does not require any match-
ing network when connected with the 50Ω coaxial input
[8]. A wide range of multiband PIFA designs for wireless
applications is found in the literature [9–14]. Over the last
decade, themultiband antennas used in cellular devices cover
frequency bands which are comparatively closer to each
other, that is, 900MHz, 1.8 GHz, 2.45GHz, and so forth. The
design of a multiband antenna for covering the far away
frequency bands such as 6GHz, 10GHz, 15GHz, 28GHz, and
38GHz expected for 5G [5] is a task much more challenging.
Therefore, in this paper, we have designed a multiband
split-ring resonator (SRR) based modified PIFA with the
additions of a rectangular shaped and an inverted-L shaped
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Figure 1: Geometry of an SRR based PIFA. (a) Top view; (b) side view.

parasitic element. It covers 6GHz, 10GHz, and 15GHz,
distant frequency bands, simultaneously, expected for 5G.

2. Antenna Configuration

The assembly of the designed PIFA is shown in Figure 1.
It is composed of a radiating top plate of width 𝑊 and
length 𝐿 and the ground plane of width 𝑊𝐺 and length 𝐿𝐺.
The height of the top plate above the substrate is ℎ, filled
with air. The sizes of the feeding and the shorting plates are
𝑊𝑓 × ℎ and 𝑊sh × (ℎ + 𝑡), respectively, where 𝑊𝑓 is the
width of the feeding plate, 𝑊sh is the width of the shorting
plate, and 𝑡 is the thickness of the substrate. The separation
between the feeding plate and the shorting plate is 𝐿𝑏. The
substrate used is FR4, with a relative permittivity of 4.4 and a
thickness 𝑡 = 1mm. An inverted-L shaped parasitic element
is introduced at a separation of 𝐷𝑐1 from the feeding plate,
whereas a rectangular shaped parasitic element is inserted
at a distance, 𝐷𝑐, from the shorting plate. The heights and
the widths of both the inverted-L and rectangular shaped
parasitic elements are identical and equal to (ℎ−𝑑)+ 𝑡 and 𝑡𝑐,
respectively, where 𝑑 is the vertical gap between the top plate
and the parasitic elements.

The top plate incorporates a split-ring resonator (SRR)
introduced at a distance,𝑋𝑆, from the horizontal edge and at a

distance, 𝑌𝑆, from the vertical edge of the radiating top plate.
𝑊𝑆 is the width of the SRR and 𝐿𝑋 and 𝐿𝑌 are the lengths
of the SRR along the horizontal and vertical sides of the top
plate, respectively. The gap slot of the SRR is present at a
distance,𝐷𝑔, from the vertical side of the SRR.The fabricated
prototype of the SRR based PIFA, for the measurement
purpose, is shown in Figure 2. The antenna is excited by
a semirigid cable in such a way that the braided outer
conductor is shorted to the ground and the inner conductor is
soldered to the feeding plate of the SRR based PIFA, as shown
in Figure 2 [15]. An SMA connector is connected to the other
end of the semirigid cable. This feeding mechanism reduces
the coupling between the antenna and the SMA connector.

3. Design Approach and Parametric Study

For this multiband split-ring resonator based PIFA, a step
by step design approach is adopted to attain the desired
goals. Initially, a simple wideband PIFA is designed for 6GHz
frequency band.Thewide bandwidth is achieved by adjusting
the widths of the feeding and the shorting plates [16]. Further,
an inverted-L shaped parasitic element is introduced towards
the right side of the feeding plate so to shift the resonance
at about 8GHz. Next, a rectangular shaped parasitic element
is inserted towards the right side of the shorting plate. The
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(a) (b)

Figure 2: Fabricated SRR based PIFA for measurements. (a) Top view; (b) 3D view.
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Figure 3: Magnitude of the simulated reflection coefficient of the PIFA with and without the inverted-L and rectangular shaped parasitic
strips.

insertion of this parasitic element produces an additional res-
onance at around 15GHz band.The optimized parameters up
to this point of our step by step design approach are as follows:
𝑊𝐺 = 12mm, 𝐿𝐺 = 18.4mm,𝑊sh= 0.5mm,𝑊 = 12mm, 𝐿 =
6mm, ℎ = 3mm,𝑊𝑓 = 5.5mm, 𝐿𝑏 = 2.7mm, 𝐷𝑐 = 0.3mm,
𝐶𝐿 = 1.4mm, 𝑑 = 0.4mm and 𝑡𝑐 = 0.5mm, and𝐷𝑐1 = 1.4mm.
Figure 3 shows the results for the above-mentioned design.
To produce the required resonance at 10GHz band, the study
was started, initially, with the insertion of a slot at the top
plate, which further led us to the design of a multiband PIFA
with a split-ring resonator etched on its top plate.This design
not only produces a required resonance at 10GHz but also
offers a band rejection at 8GHz band.

To study the response of the split-ring resonator, an
extensive parametric study is conducted in order to achieve
the aforementioned design.The horizontal length of the SRR,
𝐿𝑋, is varied from 4.5mm to 7.5mm and all other parameters
are held constant at 𝐿𝑌 = 3.5mm,𝑊𝑆 = 0.5mm, 𝑋𝑆 = 3mm,

𝑌𝑆 = 2mm, 𝐺𝑆 = 0.5mm, and 𝐷𝑔 = 3.5mm. Figure 4 shows
that by varying 𝐿𝑋, the notched frequency band is varied. An
increment in 𝐿𝑋 decreases the notched frequency. On further
investigations, a length 𝐿𝑋 = 6.6mm is chosen to obtain the
required stop and pass frequency bands at around 8 and
10GHz, respectively.

Similarly,𝐷𝑔, the distance of the gap slot of the SRR from
the vertical side of the SRR, is varied from 1.5mm to 5.5mm,
while all other parameters are held constant at 𝐿𝑋 = 6.6mm,
𝐿𝑌 = 3.5mm,𝑊𝑆 = 0.5mm, 𝑋𝑆 = 3mm, 𝑌𝑆 = 2mm, and 𝐺𝑆
= 0.5mm. It is observed that the notch band does not vary
significantlywith the variations in𝐷𝑔; however, the variations
in the level of reflection coefficient 𝑆11 are important in pass-
band near 10GHz as shown in Figure 5. An increment in 𝐷𝑔
slightly increases the second resonant frequency; however,
after the value of 𝐷𝑔 = 3.5mm, a further increase in its value
deteriorates 𝑆11 at that particular frequency. Therefore, the
optimized value chosen for𝐷𝑔 is 3.5mm.
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Figure 4: Magnitude of the simulated reflection coefficient of the PIFA versus frequency for different values of the geometrical parameter
𝐿𝑥.

Freq (GHz)
4 6 8 10 12 14 16

Re
fle

ct
io

n 
co

effi
ci

en
t,
S 1

1
(d

B)

0

−10

−20

−30

−40

Dg = 1.5mm
Dg = 2.5mm

Dg = 4.5mm
Dg = 5.5mm

Dg = 3.5mm

Figure 5: Magnitude of the simulated reflection coefficient of the PIFA versus frequency for different values of the geometrical parameter
𝐷𝑔.

Similarly, by increasing𝑊𝑆 the notch band and the second
resonant frequency move towards a higher value as shown
in Figure 6. This behaviour is due to the reason that an
increase in the value of𝑊𝑆 decreases the current path length
inside SRR and hence increases the rejection and passband
frequency.Therefore, the final optimized design values for the
SRR, chosen after extensive parametric study, are as follows:
𝐿𝑋 = 6.6mm, 𝐿𝑌 = 3.5mm,𝑊𝑆 = 0.5mm, 𝑋𝑆 = 3mm, 𝑌𝑆 =
2mm, 𝐺𝑆 = 0.5mm, and𝐷𝑔 = 3.5mm.

As discussed in [17], the surface current distribution is
helpful towards explaining the phenomenon occurring due
to the SRR.Therefore, the surface current distributions on the
top plate of the SRR based PIFA excited at 8GHz and 10GHz

are shown in Figure 7. Figure 7(a) shows a strong surface cur-
rents distribution excited at 8GHz causing an antiresonance
at this frequency resulting in a band notch. Figure 7(b) shows
a weaker surface current distribution excited at 10GHz that
results in a resonance at about 10GHz.

We have observed that the insertion of a split-ring
resonator with an inner perimeter of about 18mm introduces
a band rejection at a frequency around 8GHz and further
yields a resonance at 10GHz. A highly sharp antiresonance
occurs when the perimeter of the loop is about 𝜆/2 [18].
Impedance results in Figure 8 show that an antiresonance
occurs at around 8GHz band. This is the reason towards the
band notching at 8GHz where the SRR perimeter is about
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Figure 6: Magnitude of the simulated reflection coefficient of the PIFA versus frequency for different values of the geometrical parameter
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Figure 7: Surface current distribution on the top plate at (a) 8GHz and (b) 10GHz.

𝜆/2. And it starts resonating at around 10GHz where its
perimeter > 0.6𝜆. It is observed that the inverted-L and the
SRR together provide a resonance at 10GHz band.

4. Results and Discussion

The split-ring resonator based PIFA design has been simu-
lated and optimized using Ansys Electromagnetics Suite 17.0
simulator package.The final optimized design parameters are
as follows: 𝑊𝐺 = 12mm, 𝐿𝐺 = 18.4mm, 𝑊sh = 0.5mm, 𝑊
= 12mm, 𝐿 = 6mm, ℎ = 3mm,𝑊𝑓 = 5.5mm, 𝐿𝑏 = 2.7mm,
𝐿𝑋 = 6.6mm, 𝐿𝑌 = 3.5mm,𝑊𝑆 = 0.5mm, 𝑋𝑆 = 3mm, 𝑌𝑆 =
2mm,𝐺𝑆 = 0.5mm,𝐷𝑔 = 3.5mm,𝐷𝑐 = 0.3mm,𝐶𝐿 = 1.4mm,
𝑑 = 0.4mm and 𝑡𝑐 = 0.5mm, and 𝐷𝑐1 = 1.4mm. Figure 9
shows the simulated and the measured results for reflection

coefficient 𝑆11. The 𝑆11 results show that the antenna covers
simultaneously the 6GHz band (4.8GHz to 7GHz), the
10GHz band (9.5 to 10.8 GHz), and the 15GHz band (14-
15GHz). The simulated and the measured results show gen-
erally a very good agreement. Figure 10 shows the simulated
and the measured radiation patterns of this antenna at 𝜙 =
0∘ and 𝜙 = 90∘. The radiation patterns of this antenna are
measured in an anechoic chamber. The maximum gains of
this antenna at the frequencies 6GHz, 10GHz, and 15GHz
are 3.4 dBi, 4.9 dBi, and 5.85 dBi, respectively.

5. Conclusion

A novel multiband SRR based modified PIFA design has
been proposed. The antenna operated at the frequency
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bands located at 6GHz, 10GHz, and 15GHz, expected to be
included in the upcoming 5G wireless communication stan-
dards. It was observed that an SRR with a width of 0.5mm,
etched on the top plate of the PIFA, having a perimeter, 𝜆/2,
provided a band rejection around 8GHz. It also provided a
resonance around 10GHzband,where the SRRperimeterwas
greater than or equal to about 0.6𝜆.The SRR based PIFAwith
the parasitic elements radiated at 6GHz, 10GHz, and 15GHz
bands in such a way that the basic PIFA structure radiated
at 6GHz, whereas the inclusion of an SRR etched on the
top plate, and inverted-L parasitic element together caused a
radiation at 10GHz band. Further, an insertion of a rectangu-
lar parasitic element caused the antenna to radiate at 15 GHz
band. When the perimeter of the SRR became equal to 𝜆/2
at 8GHz, the antenna radiated poorly causing a sharp gain
drop. This happened because an antiresonance occurred at
this particular frequency. For the resonant frequency bands
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Figure 10: Simulated and measured 2D radiation patterns of SRR
based PIFA for 6GHz at (a) 𝜙 = 0∘ and (b) 𝜙 = 90∘.

of 6, 10, and 15GHz, the peak gains were 3.4 dBi, 4.9 dBi, and
5.85 dBi, respectively.
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This paper presents a high gain millimeter-wave (mmW) low-temperature cofired ceramic (LTCC)microstrip antenna array with a
compact, simple, and low-profile structure. Incorporating minimummean square error (MMSE) adaptive algorithms with the pro-
posed 64-elementmicrostrip antenna array, the numerical investigation reveals substantial improvements in interference reduction.
A prototype is presented with a simple design for mass production. As an experiment, HFSS was used to simulate an antenna with
a width of 1mm and a length of 1.23mm, resonating at 38GHz. Two identical mmWLTCCmicrostrip antenna arrays were built for
measurement, and the center element was excited. The results demonstrated a return loss better than 15 dB and a peak gain higher
than 6.5 dBi at frequencies of interest, which verified the feasibility of the design concept.

1. Introduction

The growing demands on data traffic are propelling the evo-
lution of wireless standards. Soon after the first forzon release
in December 2008, commercial development of the 3rd-
Generation Partnership Project (3GPP) Long-Term Evolu-
tion (LTE) systembegan. To increase capacity, LTE-Advanced
was launched in March 2011, rendering LTE formally com-
pliant with the International Telecommunication Union’s
definition of the fourth generation of wireless technology,
termed IMT-Advanced [1, 2]. However, new traffic types
and data services are emerging, notablymachine-to-machine
communications to support applications such as smart grid,
smart homes and cities, and e-health. With the development
of new applications, as many as 50 billion devices may be
connected by 2020 according to one estimate [3].The growing
annual traffic demands (conservative estimates range from
40% to 70% [4–6]) imply that cellular networks may need to
deliver as much as 1000 times their current capacity within
the next decade.The challenging task ofmeeting this demand

impels the development of future wireless networks, called
beyond fourth-generation (4G) and fifth-generation (5G)
cellular systems, offering peak throughputs of multigigabits
per second (Gb/s) and cell edge rates in tens of megabits per
second (Mb/s) [7].

In addition to offering greater performance than LTE-
Advanced, future networks must be much more energy
efficient than current networks for 5G technology to be
sustainable in the long term.Millimeter-wave (mmW) beam-
forming technology is a key enabling factor for the data
capacity improvement that is essential for 5G networks
to be commercially successful. This technology employs a
massive multi-input multioutput (MIMO) system operating
between 30 and 300GHz, where the available bandwidths are
much wider than current cellular networks [8–11]. The new
spectrum released by the Federal Communications Commis-
sion features bandwidth up to 11 GHz, including 3.8GHz of
licensed spectrum from 27.5 to 28.35GHz and 37 to 40GHz
and 7GHz of unlicensed spectrum from 64 to 71GHz. The
available spectrum of the mmW band can achieve data rates
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Figure 1: The functional block diagram of an adaptive antenna array for massive MIMO systems.

200 times greater than those realized by current cellular
systems under 3GHz [8, 10]. Furthermore, the relatively short
wavelength of an mmW signal, which incorporates leading
radiofrequency integrated circuit technologies, renders the
implementation of an antennawith numerous (≥32) elements
with small dimension possible. Consequently, future wireless
networks can be equipped with massive MIMO systems
to provide an extremely high gain, electrically steerable
array, and adaptive beamforming arrays. Furthermore, these
systems can be built in the base station, on the terminal
device, or within a chip [8, 12].

Despite the benefits of using the mmW band, numerous
substantial challenges must be addressed before the wireless
systems in these bands can be realized, especially for the array
antenna design.

(1) In the mmW region, designing electromagnetic cir-
cuit elements is difficult because of the sensitivity
in fabrication requirements and the high insertion
loss in wave propagation. Slight misalignments of
parameters on the order of 0.1mm can change the
characteristics of the circuit element and cause unex-
pected consequences.

(2) Greater antenna gain for the same physical antenna
size is attained because of the smaller wavelength of
the mmW signal. However, the reliance on highly
directional transmissions necessitates design changes
to current cellular systems [13].

(3) Fabricating structures and fixing connectors when
transitioning to the other transmission lines require
care. The fringing fields over the transition region
on the panel launch transmission line feed have
capacitive or inductive input impedance resulting in
distortion and poor matching performance.

This paper reports on the recent progress in design-
ing a prototype mmW antenna array for massive MIMO
applications; the array involves a 64-element microstrip
antenna array operating at 38GHz. In Section 2.1, the system

configuration of the proposed mmW microstrip antenna
array is discussed in detail. This section also outlines
the minimum mean square error [14, 15] and least mean
squares (LMS) [14] adaptive algorithms, which show great
improvement in signal-to-noise ratio (SNR) by placing nulls
in interference directions. Section 2.2 presents the design
of a prototype mmW antenna array using a microstrip
patch antenna printed on a low-temperature cofired ceramic
(LTCC) substrate. Section 3 describes the experimental study
of the mmW microstrip antenna arrays, namely, 64-element
microstrip patch antennas and a reference antenna for
self-calibration [16]. Concluding remarks are provided in
Section 4.

2. Analysis and Design

2.1. System Configuration. The functional block diagram of
an 𝑀-element massive MIMO system for future networks
is depicted in Figure 1. During transmission, the optimal
weighting vector (Wopt) is computed to generate high gain
radiation fields along the signal directions (𝜃0, 𝜙0) and syn-
thesize nulls on other unlined user equipment (UE) direc-
tions (𝜃𝑗, 𝜙𝑗); this minimizes channel interference.Therefore,
when the SNR increases, a high-quality signal is achieved
in the radio line between BS and UE for high-throughput
performance. Similarly, the incoming signal and interference
in the directions received by the array are amplified, down-
converted, and transformed to the baseband signal from
analog to digital format. While the radiation pattern is syn-
thesized with the high gain in the signal direction and nulls in
the interference directions, a closed-loop adaptive processor
modifies the received signals in a fading environment by
computing the optimal weighting vector (Wopt). An equally
spaced 𝑑-space𝑀-element antenna array is subjected to this
process.

Figure 2 illustrates the design concept of the proposed
mmW active antenna array for massiveMIMO systems, indi-
cating that it comprises the following components: (1) 64-
elementmicrostrip patch antennas; (2) 16 front-endmodules;
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Figure 2: (a) Design concept of the mmW active antenna array for massive MIMO systems, comprising (1) 64-element microstrip patch
antennas, (2) 16 front-end modules, (3) eight T-R modules, (4) an eight-channel digital beamforming network and power distribution
network, and (5) a reference antenna integrated with a T-R module. (b) Schematic of the front-end module on one channel. (c) Schematic of
the T-R module on one channel.

(3) eight transmitter-receiver (T-R) modules; (4) a power
distribution network; and (5) a reference antenna integrated
with a T-R module, which is applied to the system self-
calibration using the phase-match method [16].

The antenna array comprises a set of polarized elements
in the position vector (D = [d1, d2, . . . , dm, . . . , dM]),
where dm denotes the location of the 𝑚th antenna element.
For plane waves that propagate in a locally homogeneous
medium, the wave K is defined as

K = 2𝜋
𝜆 [sin 𝜃 cos𝜙 sin 𝜃 sin𝜙 cos 𝜃]𝑇 , (1)

where 𝜆 represents the wavelength at frequency 𝑓; 𝜃 and 𝜙
are the azimuthal angle and angle of elevation of the far-field
source, respectively; and 𝑇 denotes the matrix transpose.

When the time phase factor 𝑒𝑗2𝜋𝑓𝑡 is omitted, the far-field
pattern of the simultaneously excited adaptive antenna array
becomes

𝑓 (𝜃, 𝜙) =W𝐻 ⋅ 𝑒−𝑗K𝑇⋅D𝜉 (𝜃, 𝜙) =W𝐻 ⋅ E (𝜃, 𝜙) , (2)

where
W = [𝑤1, 𝑤2, . . . , 𝑤𝑀]𝑇 ,

E (𝜃, 𝜙) = e−jK
T ⋅D𝜉 (𝜃, 𝜙) .

(3)
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The polarized element pattern function for an individual
element is denoted by 𝜉(𝜃, 𝜙), and 𝑤𝑖 (𝑤𝑖 = 𝑐𝑖𝑒𝑗𝜓𝑖) represents
the complex weighting coefficient with an amplitude of 𝑐𝑖
and phase of Ψ𝑖 at the 𝑖th element of the weight vector W,
which is generated by the adaptive algorithm.The Hermitian
transpose, which combines transposition and conjugation,
is denoted by H, and the radiation pattern of the array is
denoted by 𝑓(𝜃, 𝜙). For a given radial vector (defined by
angles 𝜙 and 𝜃), 𝑓(𝜃, 𝜙) yields the magnitude of the array
response in the �̂� and �̂� directions.

The system performance enhancement of the massive
MIMO system was assessed using adaptive algorithms in a
noisy environment.The received signal of a single antenna in
an additive white Gaussian noise channel is represented by
𝑥(𝑡) = 𝑆(𝑡) + 𝑛(𝑡), where 𝑆(𝑡) denotes the received signal in
the direction (𝜃0, 𝜙0) and 𝑛(𝑡) denotes the noise.The adaptive
beamformerwith the selected algorithm is then derived using
the conventional phased array approach at radiofrequency
(RF) or intermediate frequency (IF) [14, 15]. The signals
collected from each of the antenna elements are processed
and summed in the analog devices and downconverted to
the baseband. The weighting process in the RF and IF analog
domains is relatively inflexible and can become complex
as the number of space-division multiple-access channels
increases.Thedigital-domain, or digital beamforming (DBF),
approach has numerous advantages [17, 18] but is also
disadvantaged by its unavailability, high cost, increased signal
bandwidth, and the dynamic range of characteristics of
analog-to-digital and digital-to-analog converters.

In this paper, themean squared error (MSE) isminimized
by using the LMS algorithm [14, 19, 20] as an example of
selected adaptive DBF. In discrete time, at time index 𝑘 and
period𝑇𝑠, 𝑡 = 𝑘𝑇𝑠, the input signal vector of an equally spaced𝑀-element array (Figure 1) is

X𝑘 = [𝑥1,𝑘, 𝑥2,𝑘, . . . , 𝑥𝑚,𝑘, . . . , 𝑥𝑀,𝑘] , (4)

where 𝑥𝑚,𝑘 is the transmitted narrowband signal in a complex
envelope and 𝑚 is the number of antenna elements at 𝑘.
Moreover,W𝑘 is the weight vector at 𝑘, which can be applied
in the analog portion of the receiver using phase shifters
and attenuators, or in the digital domain after digitizing and
filtering the signal. For narrowband arrays, the output is the
linear combination of the sampled inputs that are multiplied
with complex weights:

𝑦𝑘 = X𝑘
𝐻 ⋅W𝑘. (5)

The optimal solution that minimizes MSE leads to the
Wiener–Hopf solution [14] and is given by

W𝑘 = R𝑥𝑥
−1 ⋅ r𝑥𝑑, (6)

whereR𝑥𝑥 denotes the input correlation or covariancematrix
and r𝑥𝑑 is the cross-correlation vector between the received
and training (or desired) signals.

For stationary input data, the process requires only the
time to yield adequate estimates of R𝑥𝑥 and r𝑥𝑑. R𝑥𝑥−1 is
then computed and the optimal weight vector is determined.
However, because matrix inversion is nontrivial, particularly
when conducted using a digital signal processor, iterative
techniques easily yield the optimal solution in a limited
time. The updated equation of these iterative approaches is
generally expressed by the LMS algorithm [18] given by

Wk+1 =Wk − Δ (Gk) , (7)

where Δ represents the step-size value and is allowed to
change at every iteration and Gk denotes the gradient or
derivative of the MSE with respect to the weight vector (W𝑘):

Gk = −2rxd + 2RxxWk. (8)

Stochastic gradient algorithms attempt to determine the
optimal solution by continually stepping in the negative
direction of the gradient. Thus, the weight vector is adjusted
toward the minimum optimal MSE surface. Therefore, the
adaptive weighting vector can be computed with the DBF
unit (Figure 1) by using (7); the adaptive weighting vector is
then fed into transceivers to adjust the amplitude and phase
of each patch antenna through the automatic gain controller
and phase shifter. Consequently, the far-field pattern of
the simultaneously excited adaptive antenna array can be
achieved and the SNR can be maximized to optimize the
system performance under fading environments.

Figure 3(a) indicates that the computed element gain of
a single patch antenna of 6.86 dBi, which is achieved using
HFSS and the theoretical directivity gain improvement for
a massive MIMO system with a 64-element array antenna
and element spacing of 𝑑𝑥 = 5.5mm and 𝑑𝑦 = 8.5mm, is
18 dB according to (2). The beamwidth of the array pattern
is approximately 5∘ and 6∘ on the Az- and El-planes (𝑥-𝑧
and 𝑦-𝑧 planes), respectively, and ±25∘ beams are capable
of electronic steering in the coverage region. Furthermore,
when the MSE adaptive algorithms in (5) and (6) are applied,
the massive MIMO can synthesize the radiation pattern with
nulls in the interference directions (i.e., (𝜃∘, 𝜙∘) = (13∘, 0∘),
(30∘, 0∘), (50∘, 0∘)) to increase the system SNR (Figure 3(b)).
Figures 3(c) and 3(d) illustrate plots of the 3D and 2D contour
radiation patterns of the array, respectively.

2.2.Microstrip AntennaArrayDesign. Considering the draw-
backs of working at the Ka band frequencies discussed in
Section 1, we employed the microstrip antennas for this
prototype study because the manufacturing process for
microstrip type antenna, with the help of modem-printed
circuit technology adapted to testing and constructing pur-
poses, is simpler, less expensive, and faster than that of other
types of antennas. Moreover, if manufactured carefully, the
products are almost identical, implying that verification of the
design microstrip prototype antenna will also be satisfactory
for other copies of the antenna. However, the microstrip
antennas have notable disadvantages, such as low power
handling and narrow frequency bandwidth.
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Figure 3: (a) Comparison of the simulated radiation patterns of a single antenna using HFSS and a 64-element array antenna with element
spacing of 𝑑𝑥 = 5.5mm and 𝑑𝑦 = 8mm through (2) in E- andH-planes (𝑥-𝑧 and 𝑦-𝑧 planes). (b) Comparison of theH-plane radiation pattern
with and without the adaptive algorithm, demonstrating the nulls on the interference directions (𝜃∘ and 𝜙∘) of 13∘ and 0∘, 30∘ and 0∘, and 50∘
and 0∘, respectively. (c) 3D radiation pattern of the array. (d) 2D contour of the radiation patterns.

Many feeding design methods can be applied to excite
microstrip patch antennas, but a perpendicular coaxial tran-
sition is the most suitable for mmW applications, because
this method’s measurements indicate a return loss better
than 14 dB and an insertion loss better than 0.4 dB from
DC to 40GHz [21, 22]. Therefore, we proposed the mmW
antenna array comprising 64-element perpendicular coax-
fed microstrip patch antennas that resonate at 38GHz
(Figure 4). The mmW microstrip patch array is integrated
with eight subarrays, each comprising eight microstrip
patches printed on the RF substrate with a thickness of 15mil.
The element spacing of the array is arranged in a triangular
lattice (𝑑𝑥 = 5.5mm; 𝑑𝑦 = 8.5mm) to obtain a beam
scanning azimuth angle of ±25∘ whenmaintainingmaximum
room to allocate the modified k-connector.

A key parasite of perpendicular transition is the induc-
tance triggered by ground currents that must flow around
the circumference of the coax outer conductor to reach

the underside of the microstrip section. Therefore, in each
subarray, substrates with the printed microstrip patches were
soldered on amodified k-connector with four ground pins on
the four corners of the connector base to secure the antenna
(Figure 5(a)). After all of the subarrays were integrated, nine
screws were used to fix the RF substrate of each subarray onto
the back plane of the array (Figure 5(b)). Subsequently, the
array was placed in a tin stove for wave soldering reflow. After
all subarrays were soldered on the back plane of the array, all
of the screws were removed.

3. Numerical and Experimental Study

The design approach of the microstrip patch printed on the
LTCC substrate with a dielectric constant of 5.9 and thickness
of 15mil was verified using HFSS (Figure 6). The transition
effects of the coaxially fed launcher were considered in the
simulation.
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k-connector

Figure 4: Design concept of the proposed mmWmicrostrip antenna array.
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Figure 5: (a) Design of a single microstrip patch. (b) Close look of the assembled array.
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Figure 6: Simulated 𝑆11 of a single microstrip antenna patch; inset shows the simulation layout.

The simulation results (Figure 6) showed a return loss of
less than 10 dB at the frequencies of interest ranging from
37.34 to 38.89GHz. To experimentally verify this design
approach, two identical mmW microstrip patch antenna
arrays were built for testing (Figure 7). The measurement
setup was established by connecting one patch with two
mmW microstrip patch arrays, which were placed face-to-
face 19.5 cm apart (Figure 8).

Two-port 𝑆-parameters were measured using the Rohde
& Schwarz ZVA40 vector network analyzer (Figure 9). The
simulated 𝑆11 (solid line in Figure 9) was computed using
a single microstrip patch to reduce computing time but the
measured 𝑆11 (the solid line with diamond shapes) and 𝑆22
(the solid line with rectangular shapes) corresponded to the
center element of two microstrip antenna arrays (Figure 8).
Thus, the discrepancy between the measured and simulated
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Figure 7: Photograph of two identical mmWmicrostrip arrays for testing.

Figure 8: Measurement setup established by connecting one patch to two arrays, placing two arrays face-to-face at a distance of 𝑅 = 19.5 cm,
and testing the 2-port S-parameters using the Rohde & Schwarz ZVA40 vector network analyzer.
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Figure 9: Measured 𝑆-parameters of the test setup (Figure 8).

data (Figure 9) can be attributed to the reactive loading effect
caused by the mutual coupling.

Next, the Friis power transmission formula [23] was used
to calculate the maximum antenna power gain (in the central
forward direction of the antenna):

GrGt = G2 = (Pr
Pt
)(4𝜋R𝜆0 )

2

= S212 (4𝜋R𝜆0 )
2

, (9)

where Gr and Gt are the power gains of the receiving and
transmitting antennas, respectively, and Pt and Pr are the
transmitted and received powers, respectively. Because the

two antennas are identical,Gt = Gr = G, and the power ratio
Pr/Pt is the measured direct transmission coefficient |S21|2,
which was obtained using the vector network analyzer. By
substituting the measured |S21| into (9), the measured max-
imum antenna power gain was plotted against frequencies
ranging from 36.0 to 40GHz to compare with simulation
data (Figure 10); they indicated an acceptable agreement.The
measured gain of a singlemicrostrip patchwas approximately
6.8 dBi at 38GHz.

Finally, the radiation pattern at the center element of
the prototype mmW array (Figure 7) was measured at OIT
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Figure 11: Measured (a) amplitude and (b) phase of the aperture field of the mmWmicrostrip antenna array excited at the center element.

near- and far-field test ranges. The measured amplitude and
phase of the aperture field are plotted in Figures 11(a) and
11(b), respectively. Meanwhile, Figures 12(a) and 12(b) display
photographs of the tested setup, and Figure 12(c) illustrates
plots of the measured Co-Pol and Cross-Pol for the 2D
radiation pattern cuts in the 𝑥-𝑦 and 𝑥-𝑧 planes at 37.75GHz.

4. Conclusion

Our design prototype for an mmW microstrip antenna
array operating at the Ka band frequency range for 5G
communication system applications is presented using 64-
element microstrip patches printed on an LTCC substrate
with a thickness of 15mil and a dielectric constant of 5.9.

Our numerical and experimental study revealed acceptable
agreement between themeasured and simulated return losses
and antenna power gain performance. This confirms that a
microstrip patch antenna array with a high radiation gain
performance in an mmW range is feasible for future 5G
applications.
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Orthogonal FrequencyDivisionMultiplexing (OFDM) is a popularmulticarrier technique used to attain high spectral efficiencies. It
also has other advantages such asmultipath tolerance and ease of implementation. However, OFDMbased systems suffer from high
Peak-to-Average PowerRatio (PAPR) problem. Because of the nonlinearity of the power amplifiers, the high PAPR causes significant
distortion in the transmitted signal for millimeter-wave (mmWave) systems. To alleviate the high PAPR problem, this paper utilizes
Generalized FrequencyDivisionMultiplexing (GFDM)which can achieve high spectral efficiency aswell as lowPAPR. In this paper,
we show the performance of GFDM using the IEEE 802.11ad multicarrier frame structures. IEEE 802.11ad is considered one of the
most successful industry standards utilizing unlicensedmmWave frequency band. In addition, this paper indicates the feasibility of
using GFDM for the future standards such as IEEE 802.11ay. This paper studies the performance improvements in terms of PAPR
reduction for GFDM. Based on the performance results, the optimal numbers of subcarriers and subsymbols are calculated for
PAPR reduction while minimizing the Bit Error Rate (BER) performance degradation. Moreover, transmitter side ICI (Intercarrier
Interference) reduction is introduced to reduce the receiver load.

1. Introduction

The demands for wireless data communications have been
increasing year by year. Recently, transmitting pictures or
movies through a wireless channel is very popular and even
4K resolution ultra-high definition (UHD) video can be
transmitted in real-time over the wireless channel. In order
to support this kind of massive wireless data transmissions,
ultra-wide channel bandwidths are essentially required.
Among various candidates, millimeter-wave (mmWave)
wireless communication technology is one of promising
ultra-wideband wireless communication technologies in
order to realize multi-gigabit-per-second (multi-Gbps) ultra-
high speed wireless data communications. For instance,
60GHzmmWave channels have a bandwidth of 2.16GHz [1].

Among severalmmWavewireless technologies, this paper
mainly focuses on 60GHz IEEE 802.11ad as it is themost suc-
cessful standard in mmWave research societies [1, 2]. How-
ever, the proposed methodologies are applicable for other

mmWave standards including 28GHz and 38GHz mmWave
frequency bands [3–6]. The IEEE 802.11ad (hereinafter refer-
red to as 11ad) is one of themmWave wireless communication
systems which uses 60GHz ISM (Industry-Science-Medical)
band. In more detail, 57–66GHz is allocated to the 60GHz
ISM band and 11ad separates this 9GHz band into four chan-
nels of 2.16GHz bandwidth each. 11ad supports two types of
transmission schemes, Single Carrier (SC) and Orthogonal
Frequency DivisionMultiplexing (OFDM) transmission, and
theoreticalmaximum throughput reaches about 7Gbps using
the OFDM transmission scheme. OFDM efficiently utilizes
system bandwidth based on (i) subcarrier orthogonality and
(ii) intersymbol interference (ISI) mitigation due to the nar-
row band characteristics in each subcarrier. However, parallel
transmission using large number of subcarriers increases
Peak-to-Average Power Ratio (PAPR) [7–9]. In 60GHz com-
munication systems, the demand for power amplifier is more
severe than that of microwave systems and hence high PAPR
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is undesirable. In order to tackle this problem there are two
major approaches: (i) applying PAPR reduction techniques
for OFDM and (ii) introducing new waveforms.

The first approach, that is, the PAPR reduction techniques
for OFDM, has been studied extensively in the literature. One
such PAPR reduction technique is transmit signal clipping
[10–12]. This technique sets a threshold value and just clips
the high amplitudes. Since some transmit signals are distorted
and undesired signals are radiated by clipping, the clipped
signals are filtered before transmission. The other commonly
used PAPR reduction technique is signal companding. This
technique applies nonlinear compression to the transmit sig-
nals to suppress the signal peak values [13–15]. Partial Trans-
mit Sequences (PTS) technique [16–18] divides subcarriers
into segments and modulates each block. After modulation,
phase rotation factor is applied to each partial sequence in
time domain, and the subsegments are combined. Selected
Mapping (SLM) technique makes several OFDM modulated
signals where each OFDM modulation has its own different
phase weight and chooses the best one from candidates [19–
21].

The second approach, that is, new waveform design for
the next generation wireless systems, has been currently inve-
stigated actively. From the view point of PAPR reduction, Fil-
ter Bank Multicarrier (FBMC) is one of the well-investigated
waveforms [22]. FBMC applies pulse shaping filter to each
subcarrier. The filter bank structure can be adapted to the
clipping technique [23, 24].However since clipping technique
induces not only the out-of-band radiation but also the in-
band distortion, the system becomesmore complicated. Gen-
eralized FrequencyDivisionMultiplexing (GFDM) [25, 26] is
also one of the new waveform candidates and it can reduce
PAPR efficiently utilizing more straightforward methods.
GFDMcan flexibly configure the symbol structure; that is, the
number of subcarriers can be configured by introducing time
domain slicing. Since GFDM can have the characteristics of
both single carrier and multicarrier transmission, low PAPR
and high spectral efficiency can be achieved simultaneously
by applying appropriate configuration.

This paper focuses on GFDM and proposes GFDM frame
design for 11ad to be fully in compliance with standards. The
validity of the proposed frame structure is shown through
intensive numerical simulations. Based on the PAPR and Bit
Error Rate (BER) simulation results, the best GFDM configu-
ration for 11ad system is determined.The computational com-
plexity of GFDM is analyzed and a low complexity modula-
tor/demodulator is proposed. Using the scheme proposed in
this paper, the performance of current multicarrier mmWave
standards can be improved in terms of the throughput for
various mmWave systems such as backhaul in line-of-sight
(LOS), fronthaul in LOS, and access networks in both LOS
and non-LOS (NLOS).

The remaining sections are organized as follows. Section 2
explains OFDM and GFDM briefly and introduces the
11ad OFDM structure. Section 3 proposes a new GFDM
frame structure for 11ad. Section 4 introduces a novel low
complexity interference canceller for GFDM. PAPR and BER
comparison is shown in Section 5. Section 6 analyzes the

computational complexity of modulation/demodulation arc-
hitectures. Finally, conclusion and future work are provided
in Section 7.

2. System Overview

In this section, we first discuss the OFDM and GFDM
symbol structures and then describe the 11ad OFDM system
architecture.

2.1. Overview of OFDM. OFDM is one of the well-known
multicarrier transmission schemes [27–31]. It is widely emp-
loyed by several wireless systems including Digital Terrestrial
Television Broadcasting, LTE (Long Term Evolution), and
IEEE 802.11a/g/n/ac/ad. Since OFDM transmits signals in
parallel utilizing many subcarriers, each subcarrier band-
width becomes narrow and thus the ISI is mitigated. More-
over, thanks to the FFT (Fast Fourier Transform) algorithm in
OFDM structures, computational and implementation costs
can be reduced.

The mathematical expression of an OFDM transmission
symbol is as follows;

𝑥 [𝑛] = 𝑁−1∑
𝑘=0

𝑑𝑘 exp(𝑗2𝜋𝑛𝑘𝑁 ) , (1)

where 𝑥[𝑛] is the transmission symbol of 𝑛th time sample and𝑘 and 𝑁 are the subcarrier index and the total number of
subcarriers, respectively. 𝑑𝑘 in (1) is the QAM (Quadrature
Amplitude Modulation) modulated symbol transmitted on
the 𝑘th subcarrier. Equation (1) describes parallel transmis-
sion of 𝑁 modulated symbols (𝑑0, 𝑑1, . . . , 𝑑𝑁−1) using 𝑁
orthogonal subcarriers. Please note that (1) is equivalent to
the definition of IDFT (Inverse Discrete Fourier Transform),
and hence the transmitted data symbols in (1) can be
rewritten as follows:

x = FHd

x = [𝑥 [0] 𝑥 [1] ⋅ ⋅ ⋅ 𝑥 [𝑁 − 1]]T ∈ C
𝑁

F =
[[[[[[[
[

𝑤0⋅0𝑁 𝑤0⋅1𝑁 ⋅ ⋅ ⋅ 𝑤0⋅(𝑁−1)𝑁

𝑤1⋅0𝑁 𝑤1⋅1𝑁 ⋅ ⋅ ⋅ 𝑤1⋅(𝑁−1)𝑁... ... d
...

𝑤(𝑁−1)⋅0𝑁 𝑤(𝑁−1)⋅1𝑁 ⋅ ⋅ ⋅ 𝑤(𝑁−1)⋅(𝑁−1)𝑁

]]]]]]]
]

∈ C
𝑁×𝑁

d = [𝑑0 𝑑1 ⋅ ⋅ ⋅ 𝑑𝑁−1]T ∈ C
𝑁,

(2)

where 𝑤𝑁 = exp(−𝑗(2𝜋/𝑁)) is a primitive 𝑁th root of unity.(⋅)T and (⋅)H represent transpose and conjugate transpose,
respectively. Figure 1 shows how to map modulated symbols
on the time-frequency resource grid in OFDM.

On the receiver side, received signals can be demodulated
using DFT operation.

2.2. Overview ofGFDM. As the name suggests, GFDMgener-
alizes the multicarrier modulation schemes, SC and OFDM,
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by controlling the system design parameters. In GFDM, a
time-frequency resource grid is sliced in both frequency and
time domains. QAMmodulated symbols aremapped on each
time-frequency resource block. Figure 2 shows the mapping
illustration of GFDM where 𝐾 and 𝑀 stand for the number
of subcarriers and number of subsymbols, respectively. Each
resource block has𝐾×𝑀 sample points.Therefore if𝐾×𝑀 =𝑁 is satisfied, the amount of transmission data with GFDM
will be equivalent to the amount of transmission data with
OFDM during same symbol duration in same bandwidth. In
order to localize each resource block, pulse shaping filter is
applied.

The mathematical expression of GFDM transmission
signal is as follows:

𝑥 [𝑛] = 𝐾−1∑
𝑘=0

𝑀−1∑
𝑚=0

(𝑑𝑘,𝑚𝛿 [𝑛 − 𝑚𝐾])
∗ 𝑔 [𝑛 mod 𝑁] exp(𝑗2𝜋𝑛𝑘𝐾 )

= 𝐾−1∑
𝑘=0

𝑀−1∑
𝑚=0

𝑑𝑘,𝑚�̃� [𝑛 − 𝑚𝐾]⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟
𝑥𝑘[𝑛]

exp(𝑗2𝜋𝑛𝑘𝐾 )

= 𝐾−1∑
𝑘=0

𝑥𝑘 [𝑛] exp(𝑗2𝜋𝑛𝑘𝐾 ) ,

(3)

where (∗) represents the convolution operation. In (3),�̃�[𝑛 − 𝑚𝐾] ≜ 𝑔[(𝑛 − 𝑚𝐾) mod 𝑁] is the pulse shaping
filter with 𝑚𝐾 time shifting. The modulo operation in (3)
is equivalent to the tail biting process which makes filter
convolution circular [32]. The GFDMmodulation procedure
is enumerated below and also shown in Figure 3.

(1) Symbol sequence is divided into 𝐾 parallel blocks,
with each containing 𝑀 QAMmodulated symbols.

(2) The QAM modulated symbol 𝑑𝑘,𝑚 is upsampled by a
factor 𝑁.

(3) Pulse shaping filter is applied and the subsymbols are
summed up in time domain.

(4) Filtered symbols are upconverted to the correspond-
ing subcarrier frequency.

(5) All symbols are summed up.

In case of 𝑀 = 1 and rectangular pulse shaping filter,
(3) reduces to (1). In case of 𝐾 = 1, (3) is equivalent to
SC transmission. For this reason, this scheme is denoted as
GFDM.

Equation (3) can be rewritten as a linear equation x = Ad.
The matrix A and vector d are as follows:

A = [G0 ∘ W𝐾 ⋅ ⋅ ⋅ G𝑀−1 ∘ W𝐾] ∈ C
𝑁×𝐾𝑀

G𝑚 = [g̃𝑚 g̃𝑚 ⋅ ⋅ ⋅ g̃𝑚]⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟
𝐾

∈ C
𝑁×𝐾

g̃𝑚 = [�̃� [−𝑚𝐾] �̃� [1 − 𝑚𝐾] ⋅ ⋅ ⋅ �̃� [(𝑁 − 1) − 𝑚𝐾]]T
∈ C
𝑁

W𝐾 =
[[[[[[[
[

𝑤0⋅0𝐾 𝑤0⋅1𝐾 ⋅ ⋅ ⋅ 𝑤0⋅(𝐾−1)𝐾

𝑤1⋅0𝐾 𝑤1⋅1𝐾 ⋅ ⋅ ⋅ 𝑤1⋅(𝐾−1)𝐾... ... d
...

𝑤(𝑁−1)⋅0𝐾 𝑤(𝑁−1)⋅1𝐾 ⋅ ⋅ ⋅ 𝑤(𝑁−1)⋅(𝐾−1)𝐾

]]]]]]]
]

∈ C
𝑁×𝐾

d = [dT0 ⋅ ⋅ ⋅ dT𝑚 ⋅ ⋅ ⋅ dT𝑀−1]T ∈ C
𝐾𝑀

d𝑚 = [𝑑0,𝑚 𝑑1,𝑚 ⋅ ⋅ ⋅ 𝑑𝐾−1,𝑚]T ∈ C
𝐾,

(4)

where the operation (∘) represents the Hadamard product.
This paper assumes that the receiver employs correlation

detector. The correlation receiver is realized by multiplying
AH to the received GFDM symbols. Since A contains upcon-
version term for each subcarrier, downconversion can be
performed throughAH operation. Figure 4 shows normalized
absolute value of AHA. As shown in the figure, intercarrier
interference (ICI) appears due to the nonorthogonality of
subcarriers.

2.3. WiGig/IEEE 802.11ad OFDM Frame Structure. The 11ad
OFDM frame is composed of five fields as defined in the stan-
dard, that is, Short Training Field (STF), Channel Estimation
Field (CEF), Header, OFDM symbols, and optional training
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Figure 4: ICI effect of the GFDM (Root Raised Cosine filter with
roll-off factor 0.1. 𝐾 = 6, 𝑀 = 4).

fields. Since the header and optional training fields do not
impact the performance, these fields are ignored in this paper.

The STF is used for the carrier frequency offset (CFO)
estimation and autogain control (AGC) configuration. After
CFO compensation and AGC, propagation channels are esti-
mated using CEF.These two fields use Golay complementary
sequence with 𝜋/2-shift BPSK modulation [33]. Figure 5
shows the STF andCEF structures of control PHY (for control
signal transmission), SC PHY, and OFDM PHY.

Ga128 and Gb128 in Figure 5 stand for 128-bit Golay com-
plementary sequences. Gu512 and Gv512 are not the 512-bit
Golay complementary sequences; however they are construc-
ted with the concatenation of Ga128 andGb128.The 11ad recei-
ver can distinguish each frame due to the difference between
STF and CEF.The last −Ga128 in STF indicates the end of STF
or the start point of CEF.

The OFDM symbol follows these preamble fields. The
number of OFDM symbols within one packet varies accord-
ing to the transmitted data and MCS (Modulation and

Table 1: WiGig/IEEE 802.11ad OFDM parameters.

Parameter Value
Number of IDFT/DFT
points 512

Number of data
subcarriers 336

Number of pilot
subcarriers 16 (±10, 30, 50, 70, 90, 110, 130, 150)
Number of DC
subcarriers 3 (−1, 0, 1)
Number of guard band
subcarriers 157 (−256∼−178, 178∼255)
Subcarrier frequency
spacing 5.15625MHz (2640MHz/512)

OFDM sample rate 2640MHz
OFDM symbol period 0.194 usec
Cyclic prefix duration 48.4 ns = 0.194 usec × 25%

Coding Scheme). Table 1 shows important parameter config-
urations and corresponding values of 11ad OFDM.This paper
proposes the GFDM frame structure for 11ad based on these
parameters.

3. GFDM for IEEE 802.11ad Systems

GFDM has a potential to reduce the PAPR while achieving
high throughput performance. However, in order to utilize
GFDM in 11ad, transmission system has to be in compliance
with the standard. This section proposes the designs of
GFDM spectrum and pilot symbols.

3.1. GFDM DC Null and Guard Band Design. If there are
no constraints, multicarrier transmission systems use entire
bandwidth by separating several subcarriers. However if
the “transmission system” is considered, DC subcarrier and
guard band subcarrier have to be nullified to avoid DC offset
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Figure 5: WiGig/IEEE 802.11ad preamble structure.
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Figure 6: GFDM spectrum with DC nulling (𝐾 = 8, 𝑀 = 64).

and interference for other channels or other systems. Based
on Table 1, the GFDM transmission system for 11ad is
designed.

Since GFDM uses small number of subcarriers to reduce
PAPR, the subcarrier bandwidth becomes larger than that of
OFDM. In the case of OFDM, DC nulling and guard band
insertion are just setting zero to the corresponding subcar-
riers. In the GFDM case, this method results in the waste of
frequency resources. Figure 6 shows the spectrum of conven-
tional DC nulling and guard band insertion in the case
of 𝐾 = 8. Since the subcarrier spacing in this case is
330MHz (2640MHz/8), DC null is very wide, and therefore
fine-adjustment of guard bands is impossible. In addition,
additional guard band insertion is required because this
spectrum cannot satisfy 11ad requirement. Consequently,
frequency resources are wasted.

This paper proposes subcarrier upshifting/downshifting
methods to avoid the wasting of resources. As shown in
Figure 3, GFDM modulation has upconversion blocks at
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Figure 7: GFDM spectrum with DC nulling and frequency shift
(𝐾 = 8, 𝑀 = 64).

the last part. By introducing additional frequency shifting
block, wide DC null can be shrunk. This can be done by
downshifting the lower side (𝑘 = 0, 1, . . . , 𝐾/2) and upshift-
ing the higher side (𝑘 = 𝐾/2 + 1, 𝐾/2 + 2, . . . , 𝐾). Figure 7
shows the result of this process. As evident from the figure,
the DC null is reduced. Moreover, this frequency shifting
enables the fine-adjustment of guard bands.

In the case of OFDM, the number of guard band sub-
carriers is 157; therefore GFDM system should employ the
equivalent bandwidth corresponding to guard bands. The
bandwidths corresponding to the guard band and the number
of guard band subcarriers forGFDMare computed as follows:

𝐵g = 157 × 2640MHz512
𝑁g,GFDM = [ 𝐵g2640MHz/𝐾] ,

(5)
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where 𝐵g and 𝑁g,GFDM are the bandwidths corresponding to
the guard band and the number of guard band subcarriers for
GFDM, respectively. The operation [⋅] represents rounding
function. The proposed 11ad GFDM system employs these
values.

The mathematical expression of GFDM modulation
matrix, A, including the frequency shifting is given below:

A = [G0 ∘ W̃𝐾 G1 ∘ W̃𝐾 ⋅ ⋅ ⋅ G𝑀−1 ∘ W̃𝐾]
∈ C
𝑁×𝐾𝑀

W̃𝐾 =
[[[[[[[
[

𝑤0⋅0𝐾 V0Δ𝑓0 ⋅ ⋅ ⋅ 𝑤0⋅(𝐾−1)𝐾 V0Δ𝑓𝐾𝑤1⋅0𝐾 V1Δ𝑓0 ⋅ ⋅ ⋅ 𝑤1⋅(𝐾−1)𝐾 V1Δ𝑓𝐾... d
...

𝑤(𝑁−1)⋅0𝐾 V𝑁−1Δ𝑓0 ⋅ ⋅ ⋅ 𝑤(𝑁−1)⋅(𝐾−1)𝐾 V𝑁−1Δ𝑓𝐾

]]]]]]]
]

∈ C
𝑁×𝐾

VΔ𝑓𝑘 = exp(sgn(𝑘 − 𝑁g,GFDM2 ) 𝑗2𝜋Δ𝑓) ,

(6)

where sgn(⋅) is sign function which returns the sign of the
argument. Δ𝑓 is the frequency shift.

3.2. GFDM Pilot Symbol Design. In 11ad OFDM PHY, pilot
symbols are mapped onto the specific subcarriers over all
time. The pilot symbols are used for the phase derotation at
the receiver side. The pilot symbols have to be inserted since
received signals cannot be demodulated under existence of
the phase rotation. However, in the case of GFDM, if the pilot
symbol is transmitted using specific subcarrier over all time,
it results in the waste of resources due to the wide subcarrier
bandwidth. This paper introduces a scattered pilot structure
similar to the one in LTE packet. Figure 8 shows the time-
frequency grid of one GFDM symbol. The yellow symbol
represents the pilot symbol. The number of pilot symbols is
16 (same as OFDM) and they are mapped onto the lowest
subcarrier and the highest subcarrier in a zigzag manner to
avoid the ICI effect. Time domain spacing is ⌊𝑀/16⌋ to be
widely scattered. The phase tracking performance is shown
in Figure 9. The upper plot corresponds to OFDM and the
lower plot corresponds to GFDM. As expected, there is no
significant difference between these two results.

4. Interchannel Interference Cancellation

As described in Section 2.2, the received GFDM symbol can
be demodulated by multiplying AH. However as shown in
Figure 4, the ICI effect is significant and it degrades the Bit
Error Rate (BER) performance. The ICI reduction schemes
for GFDM have been studied and the algorithm named
Double Sided Serial Interference Cancellation (DSIC) [34]
shows good performance results. However, this ICI reduction
scheme is affected by channel equalization errors and noise
effects. Moreover, the special blocks for ICI reduction are
needed because ICI estimation is done per subcarrier. This
complexity comes from the assumption that ICI should be
mitigated at the receiver side.The ICI of GFDM is completely
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Figure 8: Pilot symbol insertion for GFDM symbol (𝐾 = 8, 𝑀 =64).
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Figure 9: Phase tracking performance comparison.

different from the problem in OFDM. This ICI in GFDM
is self-interference arose due to subcarrier nonorthogonality.
Therefore, the transmitter should be able to estimate the ICI
values before the wireless transmission without any noise
effects.This paper introduces a transmitter side ICI reduction
scheme for GFDM. The proposed ICI reduction block is
illustrated as shown in Figure 10.

d andd are originalQAMmodulated symbol and ICI sub-
tracted symbol, respectively. In addition, iterative calculation
is desired in order to reduce ICI effects effectively because
ICI subtraction leads to another ICI.This ICI reduction block
is constructed with GFDM modulator, GFDM demodulator,
and adder. According to the fact that the device which has
GFDM should have both modulator and demodulator, this
ICI reduction block does not require special additional block.

5. Simulation Study

5.1. Deriving 𝑀 and 𝐾 for Improved Performance. As pre-
sented in previous sections, 11ad GFDM system performance



International Journal of Antennas and Propagation 7

Symbol sequence d

ICI

GFDM modulation

GFDM demodulation

Tx sequence x

𝐝 + ICI

−

−
+

+

𝐝

𝐝

Figure 10: Transmitter side ICI reduction brock diagram.

Table 2: IEEE 802.11ad GFDM parameters.

Parameter Value
Number of subcarriers 𝐾 4, 6, 8, 16, 32, 128
Number of subsymbols𝑀 ⌊512/𝐾⌋
Number of pilot symbols 16
Number of DC
subcarriers 1

Number of guard band
subcarriers 𝑁g,GFDM

GFDM sample rate 2640MHz

GFDM symbol period (𝐾 × 𝑀)/2640 usec
Cyclic prefix duration 48.4 ns + (512 − 𝐾 × 𝑀)/2640MHz

Channel model 11ad cubicle LOS/NLOS (far laptop) [35]

Carrier frequency offset 0–10MHz (random generated)

Pulse shaping filter Root Raised Cosine

Roll-off factor 𝛼 0.1, 0.2, 0.3, 0.4
Modulation and coding
scheme 11ad MCS 16, 20, 24 [33]

Number of ICI canceler
iterations 1–4

is evaluated in terms of PAPR and BER.The simulation para-
meters are provided in Table 2. The second term of the cyclic
prefix is for the symbol length adjustment when𝐾×𝑀 ̸= 512.
For the simple derivation, GFDM with 𝐾 subcarriers and 𝑀
subsymbols is derived as (𝐾, 𝑀)-GFDM hereafter.

5.1.1. PAPR Comparison. Figure 11 shows the complementary
cumulative distribution function (CCDF) of PAPR. This
simulation assumes QPSK transmission with the roll-off
factor 𝛼 = 0.1. Although the PAPR value changes if other
modulation schemes are employed, relativity is not changed.
In the view point of PAPR, (4, 128)-GFDM achieves the best
performance due to the small number of subcarriers. How-
ever, in this case, the number of guard band subcarriers is 1;
that is, 𝑁g,GFDM = 1. Therefore, the effective number of sub-
carriers is only two. It means that one (4, 128)-GFDM symbol
can only transmit 2 × 128 = 256 symbols. To make matters
worth, it contains pilot symbols. Consequently, (4, 128)-
GFDM can only transmit 240 data symbols with one GFDM
symbol. Therefore (4, 128)-GFDM degrades throughput per-
formance. On the other hand, in (6, 85)-GFDM and (8, 64)-
GFDM case, they still show good PAPR performance. From
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Figure 11: PAPR comparison between OFDM and GFDM (QPSK,𝛼 = 0.1).

the throughput point of view, 324 and 240 data symbols
can be transmitted using (6, 85)-GFDM and (8, 64)-GFDM,
respectively. Therefore (6, 85)-GFDM can achieve the best
PAPR performance while it maintains throughput perfor-
mance. If there is no guard band insertion, it is obvious that
the throughput performances are samebetween all configura-
tions and PAPR performance can be improved by decreasing
the number of subcarriers. Therefore only from the view
point of PAPR, SC is the best solution. However, SC is
strongly affected by the multipath effect. Based on these
issues, this paper concludes that (6, 85)-GFDM is the best
in order to maintain high throughput as well as good PAPR
performance. Hereafter, performance evaluation focuses the
(6, 85)-GFDM.

Figure 12 shows PAPR dependency on roll-off factor 𝛼.
As shown in Figure 12, 16QAM and 64QAM show no signif-
icant difference, while QPSK shows remarkable performance
improvement. If 𝛼 = 0.4 is considered, PAPR performance
reaches the performance of (4, 128)-GFDM.

5.1.2. BER Performance Comparison. Figure 13 compares the
BER performance of OFDM and several GFDM configura-
tion systems in LOS environment. As shown in Figure 13,
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Figure 12: PAPR dependency on roll-off factor.

there is no significant difference in the BER values for dif-
ferent iterations. Two iterations are sufficient to achieve good
BER performance. In addition, the OFDM and GFDM show
similar BER performances in the best case. These perfor-
mance results indicate that (6, 85)-GFDM can reduce PAPR
up to 3 dB without compromising the system throughput.

Figure 14 shows the BER performance in NLOS environ-
ment. It can be seen that the GFDM is significantly better
than theOFDM system.This is because of the channel equali-
zation error effect becoming more dominant in NLOS con-
ditions. This error causes frequency selectivity. Since OFDM
uses narrow band subcarriers, this effect degrades BER per-
formance.On the other hand,GFDMis relativelymore robust

to this effect because of the wide bandwidths of the subcarri-
ers.

6. Computational Complexity

Theoretically, GFDM modulation and demodulation can be
realized by simply multiplying the modulation matrix A
as described in Section 2.2. However this simple approach
requires high computational costs, that is, the large number of
complex multiplications. In addition, constructing modula-
tion matrixA also requires high computational costs because
it is constructed with the Hadamard product of complex
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Figure 13: BER comparison between OFDM and GFDM (MCS 16,
20, and 24, 𝛼 = 0.1, LOS).

matrix. In order to reduce the number of complex multi-
plications, modulation and demodulation blocks should be
reconfigured so that FFT can be used. Equation (3) can be
rewritten as follows:

𝑥 [𝑛] = 𝐾−1∑
𝑘=0

𝑀−1∑
𝑚=0

𝑑𝑘,𝑚�̃� [𝑛 − 𝑚𝐾] exp(𝑗2𝜋𝑛𝑘𝐾 )

= 𝑀−1∑
𝑚=0

�̃� [𝑛 − 𝑚𝐾] 𝐾−1∑
𝑘=0

𝑑𝑘,𝑚 exp(𝑗2𝜋𝑛𝑘𝐾 )⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟
IDFT

= 𝑀−1∑
𝑚=0

�̃� [𝑛 − 𝑚𝐾] 𝐷𝑚 [𝑛 mod 𝐾] ,

(7)

where 𝐷𝑚[𝑛 mod 𝐾] is IDFT of 𝑑𝑘,𝑚. Since 𝑛 = 0, 1, . . . ,𝐾𝑀 − 1, 𝐷𝑚[𝑛] becomes circular repetition sequence. Equa-
tion (7) shows that 𝑥[𝑛] can be computed using IDFT and
summing up the filtered 𝑀 sequences. The total number of
the complex multiplications involved in GFDMmodulator is(𝐾 log𝐾(IFFT) + 𝑀𝐾(Filtering)) × 𝑀 = (log𝐾 + 𝑀)𝑀𝐾.

Similarly, GFDM demodulation can be described as
follows:

�̂�𝑘 ,𝑚 = 𝐾𝑀−1∑
𝑛=0

�̃� [𝑛 − 𝑚𝐾] 𝑥 [𝑛] exp(−𝑗2𝜋𝑛𝑘𝐾 )

= 𝑀−1∑
𝑙=0

(𝑙+1)𝐾−1∑
𝑛=𝑙𝐾

�̃� [𝑛 − 𝑚𝐾] 𝑥 [𝑛] exp(−𝑗2𝜋𝑛𝑘𝐾 )

= 𝑀−1∑
𝑙=0

𝐾−1∑
𝑛=0

�̃� [𝑛 + 𝑙𝐾 − 𝑚𝐾] 𝑥 [𝑛 + 𝑙𝐾] exp(−𝑗2𝜋
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Figure 14: BER comparison between OFDM and GFDM (MCS 16,
20, and 24, 𝛼 = 0.1, NLOS).

⋅ 𝑘 (𝑛 + 𝑙𝐾)
𝐾 )

= 𝑀−1∑
𝑙=0

�̃� [𝑛 + 𝑙𝐾 − 𝑚𝐾] 𝑥 [𝑛 + 𝑙𝐾]⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟
Correlation receiver

𝐾−1∑
𝑛=0

exp(−𝑗2𝜋

⋅ 𝑘𝑛𝐾 ) = 𝐾−1∑
𝑛=0

𝐷𝑚 [𝑛] exp(−𝑗2𝜋𝑘𝑛𝐾 )⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟
DFT

.
(8)

Thus, the total number of the complex multiplica-
tions involved in GFDM demodulator is (𝐾 log𝐾(FFT) +𝑀𝐾(Filtering)) × 𝑀 = (log𝐾 + 𝑀)𝑀𝐾.

The modified modulation and demodulation blocks
according to these equations are as illustrated in Figure 15.

Originally, the computational costs of matrix multipli-
cation are 𝑀2𝐾2. Therefore, the computational cost of this
modulation/demodulation blocks becomes (log𝐾 + 𝑀)𝑀𝐾/𝑀2𝐾2 = (log𝐾 + 𝑀)/𝑀𝐾 = 0.17 for (𝐾, 𝑀) = (6, 85). Thus,
the proposed structure can reduce about 83% of the compu-
tational cost. In [36], the proposed GFDM transceiver archi-
tecture cannot apply the FFT/IFFT blocks. In contrast, our
proposed architecture can utilize the FFT/IFFT blocks and it
can drastically reduce the computational cost.

7. Concluding Remarks and Future Work

This study has investigated the methodology for adapting
GFDM to one of the most successful standards, that is, IEEE
802.11ad. It shows that the proposed GFDM frame structure
is fully in compliance with the existing IEEE 802.11ad.
Moreover, this study extends the ICI reduction technique to
be suitable for IEEE 802.11ad wireless systems. The intensive
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Figure 15: GFDMmodulator and demodulator block.

performance evaluation results in this paper reveal that
(6, 85)-GFDM could achieve good PAPR and throughput
performance simultaneously. The proposed efficient GFDM
modulation/demodulation block can reduce computational
costs by about 83%. The proposed method is applicable for
other mmWave standards in IEEE 802.11ay and 5G mmWave
cellular networks.

As a future research direction, it is possible to conduct
more intensive performance evaluation considering the radio
frequency (RF) impairments including power amplifier non-
linearity, IQ imbalance, phase noises, and so forth.

Competing Interests

The authors declare that they have no competing interests.

Acknowledgments

This work was supported by Intel Next Generation and Stan-
dards (NGS) funds and also byNational Research Foundation
of Korea (NRF Korea) under Grant 2016R1C1B1015406.

References

[1] J. Kim, Y. Tian, S. Mangold, and A. F. Molisch, “Joint scalable
coding and routing for 60 GHz real-time live HD video stream-
ing applications,” IEEETransactions on Broadcasting, vol. 59, no.
3, pp. 500–512, 2013.

[2] J. Kim, Y. Tian, S. Mangold, and A. F. Molisch, “Quality-aware
coding and relaying for 60 GHz real-time wireless video broad-
casting,” in Proceedings of the IEEE International Conference on
Communications (ICC ’13), pp. 5148–5152, Budapest, Hungary,
June 2013.

[3] Y. Azar, G. N.Wong, K. Wang et al., “28 GHz propagation mea-
surements for outdoor cellular communications using steerable
beam antennas in New York city,” in Proceedings of the IEEE
International Conference on Communications (ICC ’13), pp.
5143–5147, Budapest, Hungary, June 2013.

[4] H. Zhao, R. Mayzus, S. Sun et al., “28 GHz millimeter wave cel-
lular communicationmeasurements for reflection and penetra-
tion loss in and around buildings in New York city,” in Proceed-
ings of the IEEE International Conference on Communications
(ICC ’13), pp. 5163–5167, Budapest, Hungary, June 2013.

[5] T. S. Rappaport, F. Gutierrez, E. Ben-Dor, J. N. Murdock, Y.
Qiao, and J. I. Tamir, “Broadband millimeter-wave propagation



International Journal of Antennas and Propagation 11

measurements and models using adaptive-beam antennas for
outdoor urban cellular communications,” IEEE Transactions on
Antennas and Propagation, vol. 61, no. 4, pp. 1850–1859, 2013.

[6] W. Roh, J.-Y. Seol, J. Park et al., “Millimeter-wave beamforming
as an enabling technology for 5G cellular communications: the-
oretical feasibility and prototype results,” IEEECommunications
Magazine, vol. 52, no. 2, pp. 106–113, 2014.

[7] S. Shepherd, J. Orriss, and S. Barton, “Asymptotic limits in peak
envelope power reduction by redundant coding in orthogonal
frequency-division multiplex modulation,” IEEE Transactions
on Communications, vol. 46, no. 1, pp. 5–10, 1998.

[8] T. Jiang, M. Guizani, H.-H. Chen, W. Xiang, and Y. Wu, “Deri-
vation of PAPR distribution for OFDM wireless systems based
on extreme value theory,” IEEE Transactions on Wireless Com-
munications, vol. 7, no. 4, pp. 1298–1305, 2008.

[9] T. Jiang and Y. Wu, “An overview: peak-to-average power ratio
reduction techniques for OFDM signals,” IEEE Transactions on
Broadcasting, vol. 54, no. 2, pp. 257–268, 2008.

[10] J. Armstrong, “Peak-to-average power reduction for OFDM by
repeated clipping and frequency domain filtering,” Electronics
Letters, vol. 38, no. 5, pp. 246–247, 2002.

[11] H. Ochiai and H. Imai, “On clipping for peak power reduction
ofOFDMsignals,” inProceedings of the IEEEGlobal Telecommu-
nications Conference (GLOBECOM ’00), San Francisco, Calif,
USA, December 2000.

[12] Y.-C.Wang and Z.-Q. Luo, “Optimized iterative clipping and fil-
tering for PAPR reduction ofOFDMsignals,” IEEETransactions
on Communications, vol. 59, no. 1, pp. 33–37, 2011.

[13] X. Wang, T. T. Tjhung, and C. S. Ng, “Reduction of peak-to-
average power ratio of OFDM system using a companding tech-
nique,” IEEE Transactions on Broadcasting, vol. 45, no. 3, pp.
303–307, 1999.

[14] X. Huang, J. Lu, J. Zheng, K. B. Letaief, and J. Gu, “Companding
transform for reduction in peak-to-average power ratio of
OFDM signals,” IEEE Transactions on Wireless Communica-
tions, vol. 3, no. 6, pp. 2030–2039, 2004.

[15] T. Jiang, Y. Yang, and Y.-H. Song, “Exponential companding
technique for PAPR reduction in OFDM systems,” IEEE Trans-
actions on Broadcasting, vol. 51, no. 2, pp. 244–248, 2005.

[16] S. H. Müller and J. B. Huber, “OFDM with reduced peak-to-
average power ratio by optimum combination of partial trans-
mit sequences,” Electronics Letters, vol. 33, no. 5, pp. 368–369,
1997.

[17] S.-J. Ku, C.-L. Wang, and C.-H. Chen, “A reduced-complexity
PTS-based PAPR reduction scheme for OFDM systems,” IEEE
Transactions on Wireless Communications, vol. 9, no. 8, pp.
2455–2460, 2010.

[18] L. Yang, R. S. Chen, Y. M. Siu, and K. K. Soo, “PAPR reduction
of an OFDM signal by use of PTS with low computational
complexity,” IEEE Transactions on Broadcasting, vol. 52, no. 1,
pp. 83–86, 2006.
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We propose a novel time-shift pilot scheme to mitigate the pilot contamination in large-scale multicell multiuser MIMO (LS-
MIMO) systems. In the proposed scheme, the length of the uplink training pilot sequence is equal to the cell number; that is to
say, the same pilot sequence is used within a cell, while for different cells, pilot sequences are mutually orthogonal. Moreover,
users within a cell transmit the same pilot sequence in a time-shift manner during the channel estimation stage and in this way
all user terminals’ channel state information can be estimated without contamination. The asymptotic channel orthogonality is
studied in the LS-MIMO system, with which the mutual interference among cells caused by data and pilot sequences can be
cancelled with the successive interference cancellation (SIC)method.We explore the superiority of the proposed scheme in channel
coefficient estimation, uplink data detection, and downlink data transmission steps. Theoretical analysis and simulation results
demonstrate that the proposed time-shift pilot design can alleviate the pilot contamination problem and improve the performance
of the considered system significantly compared with the popular orthogonal pilots.

1. Introduction

Large-scale multicell multiuserMIMO (LS-MIMO) system is
a novel and a promising network architecture, which provides
breakthrough data rate by using a large excess of service-
antennas over user terminals (UTs). Indeed, adding more
antennas is always helpful for increasing throughput, reduc-
ing radiated power, offering uniformly great service every-
where in the cell, and simplifying signal processing [1–5].

For the LS-MIMO system, channel state information
(CSI) estimation is a challenging issue for achieving mul-
tiantenna gain. Generally, uplink training is often used to
obtain CSI in time-division duplex (TDD) systems due
to channel reciprocity. However, the required resource for
orthogonal pilot sequences increases dramatically as the
user number grows large. Besides, as the number of base
station (BS) antennas tends to infinite, additive Gaussian
noise and uncorrelated interferences vanish, and the only
remaining is the correlated intercell interferences caused by
users having the samepilot sequences in other cells [5]. Under
the limitation of finite pilot sequence length, it is inevitable to

reuse the same set of orthogonal pilot sequences in adjacent
cells, which causes the pilot contamination and brings a
quick saturation to the system’s performance. Thus, pilot
contamination is a bottleneck which limits the performance
advantages LS-MIMO can offer [6, 7].

Recent studies make an effort to address this problem
[8–12]. Although they tried to alleviate the pilot contamina-
tion between multiple cells, they still used orthogonal pilot
sequences in a signal cell which means a large pilot resource
consumption especially when coherence interval is short and
the user number is large in LS-MIMO systems [13].

Inspired by the idea in [13], in this paper, we propose a
novel time-shift pilot scheme to mitigate the pilot contam-
ination while considering the pilot resource consummation
in the LS-MIMO system. As we know, in [13], the pilot
sequence is transmitted in a time-shift manner to save more
resource. Here, we extend this technology to the LS-MIMO
system to deal with the pilot contamination problem. The
main aspect of this extension is the proposal and analysis of
the performance of the pilot scheme that alleviates the pilot
contamination. In the proposed pilot scheme, the number of
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Figure 1: Conventional pilot scheme.

mutually orthogonal pilot sequences is equal to the number of
cells and users within a cell transmit the same pilot sequence
in a time-shift manner. In this way, all BSs can estimate
the channel coefficients at the same time. Furthermore, the
interference caused by data and pilot sequences can be
cancelled by exploiting the asymptotic channel orthogonality
combined with the SIC method in LS-MIMO systems [13].
We explore the superiority of the proposed scheme in channel
coefficient estimation, uplink data detection, and downlink
data transmission. Simulation results demonstrate that the
proposed pilot scheme can alleviate the pilot contamination
and achieve a high data rate. Moreover, the achievable rate
grows with the BS antenna number with the proposed pilot
scheme, while the achievable rate saturates rapidly with the
conventional scheme.

This paper is organized as follows. In Section 2, we
describe the system model and the conventional pilot
sequence scheme. Then in Section 3, we study the problem
of the proposed pilot scheme including channel coefficient
estimation and data detection in uplink and downlink data
transmission stage. In Section 4, we analyze the performance
of the proposed method in terms of the achievable rate.
In Section 5, we present numerical simulation results and
show that the proposed pilot scheme can solve the pilot
contamination and achieve a much better performance than
the conventional pilot scheme.

2. System Model

We consider a cellular system composed of 𝐿 cells, each
consisting of 𝐾 served signal-antenna users and one BS with𝑀 antennas. Let𝑝𝑝,𝑝𝑢, and𝑝𝑑 be the pilot sequence SNR, the
uplink data SNR, and the downlink data SNR, respectively.
Denote the channel coefficient from the 𝑘th user in the𝑙th cell to the 𝑖th cell as g𝑙𝑘𝑖 = √𝛽𝑙𝑘𝑖h𝑙𝑘𝑖, 𝑖 = 1, 2, . . . ,𝐿, 𝑘 = 1, 2, . . . , 𝐾, where the small-scale fading vector
h𝑙𝑘𝑖 ∼ CN(0, I𝑀) is statistically independent across users
and 𝛽𝑙𝑘𝑖 models the large-scale fading, which is assumed to
be constant and known as a priori.

We assume a block fading model, where the small-scale
fading vector remains constant during a coherence block of𝑇 symbols and is independent in different coherence blocks.
In TDD systems, the channel coefficients are the same for
both uplink and downlink data transmission in a coherence
interval.

The conventional transmission system with orthogonal
pilot sequences is shown in Figure 1. We give a coherence
block for analysis, as the remaining coherence blocks can be
analyzed in the sameway. Each coherence interval is assumed

Cell 1

Cell 2

Cell 3

Pilot sequence

Uplink data

Downlink data

Null

1 4 32

Figure 2: Proposed pilot scheme.

to be organized in three phases: 𝑈 symbol periods for uplink
data transmission,𝐷 symbol periods for downlink data trans-
mission, and 𝐶 symbol periods for uplink pilot sequences
transmission.Therefore, the length of one coherence interval
is 𝑇 = 𝐷 + 𝐶 + 𝑈.

In conventional transmission system, orthogonal pilot
sequences are assigned to each user to prevent pilot con-
tamination within one cell, while they cannot prevent pilot
contamination between cells. On the other hand, the length
of pilot sequence is 𝐶 (𝐶 > 𝐾), which is too large when 𝐾 is
large in LS-MIMO system. In such case, a lot of resource is
consumed by transmitting pilot sequences.

Now,we give somenotational definitions.𝑥 represents the
index of the coherence interval.

y𝑚𝑖 [𝑥] ∈ C𝑀×𝐿 denotes the data received by the 𝑖th BS
when the𝑚th UTs of all cells transmit pilot sequences.

z𝑚𝑖 [𝑥] ∈ C𝑀×𝐿 denotes the additive noise received by the𝑖th BS when the𝑚th UTs of all cells transmit pilot sequences.𝜑𝑙 ∈ 1 × 𝐿 denotes the pilot sequence used in the 𝑙th cell.
q𝑚𝑙𝑡𝑖[𝑥] ∈ C1×𝐿 denotes the data transmitted by the 𝑡th

user in the 𝑙th cell to the 𝑖th cell when the𝑚th UTs of all cells
transmit pilot sequences.

q𝑙𝑡𝑖[𝑥] ∈ C1×𝐿 denotes the data transmitted by the 𝑡th user
in the 𝑙th cell to the 𝑖th cell when all channel coefficients have
been estimated.

g𝑙𝑘𝑖[𝑥] denotes the channel coefficient between the 𝑘th
user in the 𝑙th cell and the BS of the 𝑖th cell.

s𝑙𝑡[𝑥] ∈ C1×𝐿 denotes the data transmitted by the 𝑙th BS
to the 𝑡th user in the same cell.𝜎2𝑙𝑘𝑖,𝑥 denotes the variance of the channel coefficient
between the 𝑘th user in the 𝑙th cell and the BS of the 𝑖th cell.

3. Time-Shift Orthogonal Pilot Scheme

To alleviate the problem of pilot contamination and the waste
of resources, a novel time-shift orthogonal pilot scheme is
proposed in this section, which reduces the length of pilot
sequence for each UT and guarantees the system perfor-
mance due to the merit of asymptotic channel orthogonality
when the number of BS antennas is large. The proposed
scheme is shown in Figure 2, obviously, the length of pilot
sequence is equal to the cell number and for UTs in one
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cell, the same pilot sequence is transmitted in a time-shift
manner. We assume that all cells transmit all kinds of data
synchronously.

In the first coherence interval, the first UTs of each cell
transmit the pilot sequencewhile otherUTsmute so that each
cell can estimate their first UTs’ channel coefficients g𝑖𝑘𝑖, 𝑖 =1, 2, . . . , 𝐿, 𝑘 = 1, 2, . . . , 𝐾, without contamination. At the
same time, cross channel coefficients g𝑙𝑘𝑖, 𝑖, 𝑙 = 1, 2, . . . ,𝐿, 𝑖 ̸= 𝑙, 𝑘 = 1, 2, . . . , 𝐾, can also be estimated, which can
be used later for interference cancellation. When the second
UTs of each cell transmit their pilot sequences, the first UTs
transmit uplink data and other UTs still mute. In short, when
the 𝑘th UTs of each cell transmit pilot sequences, the UTs
whose index is less than 𝑘 transmit the uplink data. Besides,
the interference from other users can be cancelled by using
SIC method with the estimated channel coefficients, which
will be described later.

Then the estimated channel coefficients within one cell or
between cells are used in the following uplink data reception,
downlink data transmission, and interference cancellation
steps. After the first coherence interval, UTs in all cells
transmit uplink data except the ones that transmit pilot
sequence to update their channel coefficients during the CSI
estimation stage.

It is clear that, for all UTs, the length of the pilot sequence
depends on the cell number𝐿, and pilot sequences in different
cells are mutually orthogonal to guarantee there is no pilot
contamination among cells. Within a cell, UTs transmit
the same pilot sequence in a time-shift manner so that we
can conduct the channel coefficient estimation one by one
without contamination.

3.1. Uplink Data Transmission in the First Interval. When
the first UTs in all cells transmit pilot sequences in the first
coherence interval, the 𝑀 × 𝐿 vector received by the 𝑖th 𝑖 =1, 2, . . . , 𝐿, BS is

y1𝑖 [1] = √𝑝𝑝 𝐿∑
𝑙=1

g𝑙1𝑖 [1] 𝜑𝑙 + z1𝑖 , (1)

where z𝑖 ∈ 𝑀×𝐿 is the additive noise and the entries of z𝑖 are
i.i.d.CN(0, 1) random variables and that all gains are scaled
accordingly. The 𝑖th BS estimates the channel coefficients by
using MinimumMean Squared Error (MMSE) as

ĝ𝑙1𝑖 [1] = √𝑝𝑝𝛽𝑙1𝑖1 + ∑𝐿𝑙
1
=1 𝑝𝑝𝛽𝑙11𝑖 y

1
𝑖 [1] 𝜑𝑙𝐻, (2)

where 𝑖, 𝑙 = 1, 2, . . . , 𝐿. According to MMSE estimation,𝑔𝑙1𝑖[1] = �̂�𝑙1𝑖[1] + �̃�𝑙1𝑖[1], ĝ𝑙1𝑖[1] ∼ CN(0, 𝜎2𝑙1𝑖,1I𝑀), and g̃𝑙1𝑖 ∼
CN(0, 𝜀2𝑙1𝑖,1I𝑀) are the estimation errors which are indepen-
dent of �̂�𝑙1𝑖[1], where 𝜀2𝑙1𝑖,1 = 𝛽𝑙1𝑖−𝜎2𝑙1𝑖,1 and𝜎2𝑙1𝑖,1 = 𝑝𝑝𝛽2𝑙1𝑖/(1+∑𝐿𝑙
1
=1 𝑝𝑝𝛽𝑙11𝑖). Once each BS obtains the first UTs’ channel

coefficients to its cell, the first UTs transmit the uplink data,
while the next UTs transmit pilot sequences.

We describe the data revived at the 𝑖th BS when the 𝑚th
UTs (𝑚 > 1) transmit pilot sequences as

y𝑚𝑖 [1] = √𝑝𝑝 𝐿∑
𝑙=1

g𝑙𝑚𝑖 [1] 𝜑𝑙 + √𝑝𝑢 𝐿∑
𝑙=1

𝑚−1∑
𝑡=1

g𝑙𝑡𝑖 [1] q𝑚𝑙𝑡𝑖 [1]
+ z𝑚𝑖 [1] .

(3)

Then the estimated channel coefficients are applied to the
detection of the first UTs’ uplink data as

q̂𝑚𝑙1𝑖 [1] = ĝ𝐻𝑙1𝑖 [1]√𝑝𝑢 ĝ𝑙1𝑖 [1]2 y
𝑚
𝑖 (4a)

= ĝ𝐻𝑙1𝑖 [1]ĝ𝑙1𝑖 [1]2 ĝ𝑙1𝑖q
𝑚
𝑖1𝑖 [1] + ĝ𝐻𝑙1𝑖 [1]ĝ𝑙1𝑖 [1]2 g̃𝑙1𝑖q

𝑚
𝑙1𝑖 [1]

+ √𝑝𝑝√𝑝𝑢
𝐿∑
𝑙=1

ĝ𝐻𝑙1𝑖 [1] g𝑙𝑚𝑖 [1]ĝ𝑙1𝑖 [1]2 𝜑𝑙
+ 𝐿∑
𝑙=1

𝑚−1∑
𝑡=2

ĝ𝐻𝑙1𝑖 [1] g𝑙𝑡𝑖 [1]ĝ𝑙1𝑖 [1]2 q𝑚𝑙𝑡𝑖 [1]
+ ĝ𝐻𝑙1𝑖 [1] z𝑚𝑖√𝑝𝑢 ĝ𝑙1𝑖 [1]2

(4b)

= q𝑚𝑙1𝑖 [1] , (4c)

where ‖ ⋅ ‖ denotes the 2-norm.
According to the properties of MMSE estimation, the

estimated channel coefficient ĝ𝑙1𝑖[1] is independent of g̃𝑙1𝑖[1],
g𝑙𝑡𝑖[1], and z𝑚𝑖 . We divide both the numerators and the
denominators in (4b) by 𝑀 and we get (4c) by applying
Lemma 1 which describes the limit results of random vectors
[14].

Lemma 1. Let p and q be two mutually independent vectors
whose elements are i.i.d. zero-mean random variables with𝐸{|𝑝𝑖|2} = 𝜎2𝑝 and 𝐸{|𝑞𝑖|2} = 𝜎2𝑞 and then lim𝑀→∞(p𝐻p/𝑀)
𝑎.𝑠.→ 𝜎2𝑝 and lim𝑛→∞(p𝐻q/𝑀) 𝑎.𝑠.→ 0, where 𝑎.𝑠.→ denotes
almost sure convergence.

When all channel coefficients have been estimated, the
data received at the 𝑖th BS is

y𝑢𝑖 [1] = √𝑝𝑢 𝐿∑
𝑙=1

𝐾∑
𝑡=1

g𝑙𝑡𝑖 [1] q𝑙𝑡𝑖 [1] + z𝑖 [1] . (5)

Then we can use the similar method as in (4a), (4b), and
(4c) to get the first UTs’ uplink data

q̂𝑙1𝑖 [1] = ĝ𝐻𝑙1𝑖 [1]√𝑝𝑢 ĝ𝑙1𝑖 [1]2 y
𝑢
𝑖 = q𝑙1𝑖 [1] . (6)

It is clear that, with the proposed pilot scheme, we get
the first UTs’ data of all cells without contamination. As for
the other UTs in the first coherence interval, we combine the
SIC method with the MMSE method to conduct the channel
coefficient estimation. Then next, the 𝑚th UTs’ channel
coefficients estimations are taken for an example.
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We assume that the data q̂𝑙𝑡𝑖[1] estimated by the way
in (6) is accurate and can replace the real q𝑙𝑡𝑖[1]. Then, the
interference caused by the other UTs’ data when the𝑚th UTs
transmit pilot sequences can be removed by q̂𝑙𝑡𝑖[1] and ĝ𝑙𝑡𝑖[1]
(𝑡 < 𝑚 ≤ 𝐾), which are obtained before the present period
[13]. The data received by the 𝑖th BS after processing is

𝑓𝑚𝑖 [1] = (y𝑚𝑖 [1] − √𝑝𝑢 𝐿∑
𝑙=1

𝑚−1∑
𝑡=1

ĝ𝑙𝑡𝑖 [1] q̂𝑚𝑙𝑡𝑖 [1])𝜑𝑛𝐻

= (√𝑝𝑝 𝐿∑
𝑙=1

g𝑙𝑚𝑖 [1] 𝜑𝑙)𝜑𝑛𝐻

+ (√𝑝𝑢 𝐿∑
𝑙=1

𝑚−1∑
𝑡=1

g̃𝑙𝑡𝑖 [1] q𝑚𝑙𝑡𝑖 [1] + z𝑚𝑖 [1])𝜑𝑛𝐻
= √𝑝𝑝g𝑛𝑚𝑖 [1] + o𝑚𝑖 [1] ,

(7)

where 𝑛 = 1, 2, . . . , 𝐿, 𝑚 = 2, 3, . . . , 𝐾, and o𝑚𝑖 [1] denotes
the interference consisting of the estimation error and noise
item. Obviously, by changing 𝑛, we can estimate the channel
coefficients of the 𝑚th UTs in different cells to the 𝑖th
cell. Based on the assumption that q𝑚𝑙𝑡𝑖[1] is an independent
Gaussian sequence and g̃𝑙𝑡𝑖[1] ∼ CN(0, 𝜀2𝑙𝑡𝑖,1I𝑀), we get

𝐸 [(o𝑚𝑖 [1]) (o𝑚𝑖 [1])𝐻] = (𝑝𝑢 𝐿∑
𝑙=1

𝑚−1∑
𝑡=1

𝜀2𝑙𝑡𝑖,1 + 1) I𝑀. (8)

Note that o𝑚𝑖 [1] is independent of g𝑛𝑚𝑖[1], and then we
get the MMSE estimation of g𝑛𝑚𝑖[1] as

ĝ𝑛𝑚𝑖 [1] = √𝑝𝑝𝛽𝑛𝑚𝑖𝑝𝑝𝛽𝑛𝑚𝑖 + 𝑝𝑢∑𝐿𝑙=1∑𝑚−1𝑡=1 𝜀2
𝑙𝑡𝑖,1

+ 1𝑓𝑚𝑖 [1] . (9)

In the same way, the estimated channel coefficient can
be decomposed as g𝑛𝑚𝑖[1] = ĝ𝑛𝑚𝑖[1] + g̃𝑛𝑚𝑖[1]. From the
properties of MMSE estimation, g̃𝑛𝑚𝑖[1] ∼ CN(0, 𝜀2𝑛𝑚𝑖,1I𝑀),
where 𝜀2𝑛𝑚𝑖,1 = 𝛽𝑛𝑚𝑖 − 𝜎2𝑛𝑚𝑖,1 and

𝜎2𝑛𝑚𝑖,1 = 𝑝𝑝𝛽2𝑛𝑚𝑖𝑝𝑢∑𝐿𝑙=1∑𝑚−1𝑡=1 𝜀2
𝑙𝑡𝑖,1

+ 1 + 𝑝𝑝𝛽𝑛𝑚𝑖 . (10)

Next step, we use the estimated channel coefficients to
detect the 𝑘th UTs’ uplink data when the 𝑚th (𝑚 > 𝑘) UTs
transmit pilot sequences. As the estimated channel coefficient
ĝ𝑛𝑘𝑖[1] is independent of g𝑛𝑘𝑖[1] and similar to the steps in
(4a), (4b), and (4c), at the 𝑖th BS, the detected data of the 𝑘th
UT in the 𝑛th cell is

q̂𝑚𝑛𝑘𝑖 = ĝ𝐻𝑛𝑘𝑖 [1] y𝑚𝑖 [1]
√𝑝𝑢 ĝ𝐻𝑛𝑘𝑖 [1]2 = q𝑚𝑛𝑘𝑖. (11)

Similar results can be gottenwhenUTs of all cells transmit
uplink data

q̂𝑛𝑘𝑖 = ĝ𝐻𝑛𝑘𝑖 [1] y𝑢𝑖 [1]
√𝑝𝑢 ĝ𝐻𝑛𝑘𝑖 [1]2 = q𝑛𝑘𝑖. (12)

From above equations, each BS can get all UTs’ CSI
and detect their uplink data in the first coherence interval.

Besides, the estimated channel coefficients can be used for the
following downlink data precoding and interference cancella-
tion.

In the next part, we will study the downlink data trans-
mission with the proposed pilot scheme.

3.2. Downlink Data Transmission in the First Interval. With
the estimated channel information, each BS calculates the
beamforming vector to its 𝑘th UT in the normalized version
that

w𝑖𝑘 [1] = ĝ𝑖𝑘𝑖 [1]√𝐾 ĝ𝑖𝑘𝑖 [1] . (13)

The data received by the 𝑘th UT in the 𝑖th cell is

𝑦𝑑𝑖𝑘 [1] = √𝑝𝑑 𝐿∑
𝑙=1

𝐾∑
𝑡=1

g𝐻𝑖𝑘𝑙 [1]w𝑙𝑡 [1] s𝑙𝑡 [1] + k𝑖𝑘 [1] , (14)

where k𝑖𝑘[1] is the unit variance additivewhiteGaussian noise
in the downlink data transmission.

Note that the beamforming vector ĝ𝑖𝑘𝑖[1] is independent
of g̃𝑖𝑘𝑖[1] and g𝑙𝑡𝑖[1] ((𝑙, 𝑡) ̸= (𝑖, 𝑘)), and we rewrite the norm
of the estimated channel information as ‖ĝ𝑖𝑘𝑖[1]‖ = 𝑎𝑖𝑘𝑖,1√𝑀.
The scalar 𝑎𝑖𝑘𝑖,1 = ‖ĝ𝑖𝑘𝑖[1]‖/√𝑀; we can derive the asymptotic
behavior of 𝑎2𝑖𝑘𝑖,1 that lim𝑀→∞𝑎2𝑖𝑘𝑖,1 𝑎.𝑠.→ 𝜎2𝑖𝑘𝑖,1 [12] and then

lim
𝑀→∞

ĝ𝑖𝑘𝑖 [1] 𝑎.𝑠.→ √𝑀𝜎𝑖𝑘𝑖,1. (15)

Then the downlink data estimation at the 𝑘th UT in the𝑖th cell is

ŝ𝑖𝑘 [1] = √𝐾𝑦𝑑𝑖𝑘 [1]√𝑝𝑑 ĝ𝑖𝑘𝑖 [1] (16a)

= 𝐿∑
𝑙=1

𝐾∑
𝑡=1

g𝐻𝑖𝑘𝑙 [1] ĝ𝑙𝑡𝑙 [1]ĝ𝑙𝑡𝑙 [1]2 s𝑙𝑡 [1]
+ √𝐾√𝑀𝑝𝑑 k𝑖𝑘 [1]

= ĝ𝐻𝑖𝑘𝑖 [1] ĝ𝑖𝑘𝑖 [1]ĝ𝑖𝑘𝑖 [1]2 s𝑖𝑘 [1]
+ g̃𝐻𝑖𝑘𝑖 [1] ĝ𝑖𝑘𝑖 [1]ĝ𝑖𝑘𝑖 [1]2 s𝑖𝑘 [1]
+ 𝐿∑
𝑙=1

𝐾∑
𝑡=1

(𝑙,𝑡) ̸=(𝑖,𝑘)

g𝐻𝑖𝑘𝑙 [1] ĝ𝑙𝑡𝑙 [1]ĝ𝑙𝑡𝑙 [1]2 s𝑙𝑡 [1]

+ √𝐾√𝑀𝑝𝑑 k𝑖𝑘 [1]

(16b)

= s𝑖𝑘 [1] , (16c)

where we divide both the numerators and denominators in
(16b) by 𝑀, and when 𝑀 → ∞, according to (15), the only
left is the desired signal. In later intervals, we have the similar
analytical approach for downlink data transmission.
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3.3. Data Transmission in Later Intervals. Coherence inter-
vals after the first one have the same transmission pattern dur-
ing channel coefficient estimation stage. When the 𝑚th UTs
of all cells transmit pilot sequences, all the other UTs transmit
uplink data, which is different from the channel coefficient
estimation in the first coherence interval.However, the uplink
and downlink data transmission can be analyzed similarly
to the first coherence interval after the channel coefficient
estimation stage. Without loss of generality, the 𝑚th UTs’
channel coefficients estimations are taken for an example, and
the data received at the 𝑖th BS in the 𝑗th coherence interval
can be expressed as

y𝑚𝑖 [𝑗] = √𝑝𝑝 𝐿∑
𝑙=1

g𝑙𝑚𝑖 [𝑗] 𝜑𝑙
+ √𝑝𝑢 𝐿∑

𝑙=1

𝐾∑
𝑡=1,𝑡 ̸=𝑚

g𝑙𝑡𝑖 [𝑗] q𝑚𝑙𝑡𝑖 [𝑗] + z𝑚𝑖 [𝑗] .
(17)

On a similar plan, following the steps of (7) and (8),
we can get the channel coefficients of the 𝑚th UTs of each
cell to the 𝑖th cell by using pilot sequences corresponding to
different cells. Generally, we choose 𝜑𝑛 as an example, and the
estimated channel coefficients are
𝑓𝑚𝑖 [𝑗] = y𝑚𝑖 [𝑗] 𝜑𝑛𝐻

− √𝑝𝑢 𝐿∑
𝑙=1

(𝑚−1∑
𝑡=1

ĝ𝑙𝑡𝑖 [𝑗] q̂𝑚𝑙𝑡𝑖 [𝑗] + 𝐾∑
𝑡=𝑚+1

ĝ𝑙𝑡𝑖 [𝑗 − 1] q̂𝑚𝑙𝑡𝑖 [𝑗])
⋅ 𝜑𝑛𝐻ĝ𝑛𝑚𝑖 [𝑗]
= √𝑝𝑝𝛽𝑛𝑚𝑖𝑝𝑝𝛽𝑛𝑚𝑖 + 𝑝𝑢∑𝐿𝑙=1 (∑𝑚−1𝑡=1 𝜀2𝑛𝑚𝑖,𝑗 + ∑𝐾𝑡=𝑚+1 𝜀2𝑛𝑚𝑖,𝑗−1) + 1
⋅ 𝑓𝑚𝑖 [𝑗] .

(18)

Again, the channel coefficient can be decomposed as
g𝑛𝑚𝑖[1] = ĝ𝑛𝑚𝑖[1]+ g̃𝑛𝑚𝑖[1]. From the properties ofMMSE es-
timation, ĝ𝑛𝑚𝑖[𝑗] ∼ CN(0, 𝜎2𝑛𝑚𝑖,𝑗I𝑀) and g̃𝑛𝑚𝑖[𝑗] ∼ CN(0,𝜀2𝑛𝑚𝑖,𝑗I𝑀), where 𝜀2𝑛𝑚𝑖,𝑗 = 𝛽𝑛𝑚𝑖 − 𝜀2𝑛𝑚𝑖,𝑗 and
𝜎2𝑛𝑚𝑖,𝑗
= 𝑝𝑝𝛽2𝑛𝑚𝑖𝑝𝑢∑𝐿𝑙=1 (∑𝑚−1𝑡=1 𝜀2𝑛𝑚𝑖,𝑗 + ∑𝐾𝑡=𝑚+1 𝜀2𝑛𝑚𝑖,𝑗−1) + 1 + 𝑝𝑝𝛽𝑛𝑚𝑖 .

(19)

Equations from (17) to (19) can be applied to all coherence
intervals except the first one. In this way, all BSs can
obtain the UTs’ channel coefficients of all cells without pilot
contamination, which is important for the following uplink
and downlink data transmission.

In the next section, we investigate the achievable rate that
can be attained using our proposed scheme and compare the
results to that obtained by the conventional scheme.

4. Performance Evaluation

With the proposed pilot scheme, both BSs and UTs can
detect the desired signals during every symbol time without

contamination. Besides, as 𝐾 grows large, the length of
the pilot sequence in the proposed pilot scheme does not
become long, which saves more resource for data transmis-
sion compared with the conventional pilot scheme. However,
estimation errors are inevitable because the time-shift pilot
design combined with the SIC method is adopted, which
limited the performance of the proposed pilot scheme to a
certain extent.

In this section, four parts (1, 2, 3, and 4) are divided for
simplifying performance evaluation as depicted in Figure 2.
In the LS-MIMO system, for both the uplink and downlink
data transmission, the 𝑘th user achievable rate in the 𝑖th cell
is defined as

𝑅𝑢𝑖𝑘 = log (1 + 𝜍𝑖𝑘) , (20)
where 𝜍𝑖𝑘 is the signal to interference-plus-noise ratio (SINR).
Next, the performance analysis will be mainly focused on the
SINR calculation during each part to investigate the potential
benefits that our proposed scheme can provide.

4.1. Uplink Data Transmission in the First Part. For the first
part, assume that the 𝑘th UTs are of interest, the BS applies
the Maximal Ratio Combining (MRC) by multiplying the
received data with the estimated channel coefficient, and
based on (3), during a symbol time, we get

y𝑚𝑖𝑘 [1] = √𝑝𝑢ĝ𝐻𝑖𝑘𝑖 [1] ĝ𝑖𝑘𝑖 [1] q𝑚𝑖𝑘𝑖 [1]
+ √𝑝𝑢ĝ𝐻𝑖𝑘𝑖 [1] g̃𝑖𝑘𝑖 [1] q𝑚𝑖𝑘𝑖 [1]
+ √𝑝𝑝ĝ𝐻𝑖𝑘𝑖 [1] 𝐿∑

𝑙=1

g𝑙𝑚𝑖 [1] 𝜑𝑙
+ √𝑝𝑢 𝐿∑

𝑙=1

𝑚−1∑
𝑡=1

(𝑙,𝑡) ̸=(𝑖,𝑘)

ĝ𝐻𝑖𝑘𝑖 [1] g𝑙𝑡𝑖 [1] q𝑚𝑙𝑡𝑖 [1]

+ ĝ𝐻𝑖𝑘𝑖 [1] z𝑚𝑖 [1] .

(21)

The first term is the desired signal and the others are
interference and noise terms. According to Khintchine’s law
of large numbers and some basic manipulations [15], we can
have the approximation of (22b) for a large𝑀, and the power
of the desired signal in (21) is

𝑃𝑚𝑖𝑘,1 = 𝑝𝑢 ĝ𝐻𝑖𝑘𝑖 [1] ĝ𝑖𝑘𝑖 [1]2 (22a)

= 𝑝𝑢𝐸 [ĝ𝐻𝑖𝑘𝑖 [1] ĝ𝑖𝑘𝑖 [1]2] (22b)

= 𝑝𝑢 (𝑀2 + 𝑀)𝜎4𝑖𝑘𝑖,1, (22c)

where 𝐸[⋅] is the expectation operation. (22c) is approached
by using Lemma 2 [13].

Lemma 2. Let x, y ∈ 𝑀 × 1 be two mutually independent
vectors with elements distributionCN(0, 𝜎2), and we get

𝐸 [x𝐻x2] = (𝑀 + 𝑀2) 𝜎4,
𝐸 [x𝐻y2] = 𝑀2𝜎4. (23)



6 International Journal of Antennas and Propagation

The power of the interference plus noise is

𝐼𝑚𝑖𝑘,1
= 𝑝𝑢 ĝ𝐻𝑖𝑘𝑖 [1] g̃𝑖𝑘𝑖 [1]2 + 𝑝𝑢 𝐿∑

𝑙=1

𝑚−1∑
𝑡=1

(𝑙,𝑡) ̸=(𝑖,𝑘)

ĝ𝐻𝑖𝑘𝑖 [1] g𝑙𝑡𝑖 [1]2

+ 𝑝𝑝 𝐿∑
𝑙=1

ĝ𝐻𝑖𝑘𝑖 [1] g𝑙𝑚𝑖 [1]2 + ĝ𝐻𝑖𝑘𝑖 [1] z𝑖𝑘 [1]2

= 𝑀𝜎2𝑖𝑘𝑖,1(𝑝𝑢 𝐿∑
𝑙=1

𝑚−1∑
𝑡=1

𝛽𝑙𝑡𝑖 − 𝑝𝑢𝜎2𝑖𝑘𝑖,1 + 1 + 𝑝𝑝 𝐿∑
𝑙=1

𝛽𝑙𝑚𝑖) .

(24)

According to (20), the achievable uplink rate is

𝑅𝑚𝑖𝑘,1 = log(1

+ 𝑝𝑢 (𝑀 + 1) 𝜎2𝑖𝑘𝑖,1𝑝𝑢∑𝐿𝑙=1∑𝑚−1𝑡=1 𝛽𝑙𝑡𝑖 − 𝑝𝑢𝜎2𝑖𝑘𝑖,1 + 1 + 𝑝𝑝∑𝐿𝑙=1 𝛽𝑙𝑚𝑖) .
(25)

4.2. Uplink Data Transmission in the Second Part. After the
channel coefficient estimation stage, all UTs transmit uplink
data and this part exists in every coherence interval. Without
loss of generality, we take the 𝑗th coherence interval for an
example. The data of the 𝑘th UT received at the 𝑖th BS can be
represented as

y𝑢𝑖𝑘 [𝑗] = √𝑝𝑢ĝ𝐻𝑖𝑘𝑖 [𝑗] ĝ𝑖𝑘𝑖 [𝑗] + √𝑝𝑢ĝ𝐻𝑖𝑘𝑖 [𝑗] g̃𝑖𝑘𝑖 [𝑗]
+ √𝑝𝑢 𝐿∑

𝑙=1

𝐾∑
𝑡=1

(𝑙,𝑡) ̸=(𝑖,𝑘)

ĝ𝐻𝑖𝑘𝑖 [𝑗] g𝑙𝑡𝑖 [𝑗] q𝑙𝑡𝑖 [𝑗]

+ ĝ𝐻𝑖𝑘𝑖 [𝑗] z𝑖 [𝑗] .
(26)

The power of the desired signal is

𝑃𝑢𝑖𝑘,𝑗 = 𝑝𝑢 (𝑀2 + 𝑀)𝜎4𝑖𝑘𝑖,𝑗. (27)

The power of the interference plus noise is

𝐼𝑢𝑖𝑘,𝑗 = 𝑀𝜎2𝑖𝑘𝑖,𝑗(1 + 𝑝𝑢 𝐿∑
𝑙=1

𝐾∑
𝑡=1

𝛽𝑙𝑡𝑖 − 𝑝𝑢𝜎2𝑖𝑘𝑖,𝑗) . (28)

Then, the achievable uplink rate is

𝑅𝑢𝑖𝑘,𝑗 = log(1 + 𝑝𝑢 (𝑀 + 1) 𝜎2𝑖𝑘𝑖,𝑗1 + 𝑝𝑢∑𝐿𝑙=1∑𝐾𝑡=1 𝛽𝑙𝑡𝑖 − 𝑝𝑢𝜎2𝑖𝑘𝑖,𝑗) . (29)

4.3. Uplink Data Transmission in the Third Part. In this part,
channel coefficient estimation is contaminated by all the
other UTs’ uplink data. When the 𝑚th UTs transmit pilot
sequences, the data detection of the 𝑘th (𝑘 > 𝑚) UTs
should use the estimated channel coefficients in the previous

coherence interval. For example, the data of the 𝑘th UT
received at the 𝑖th BS can be represented as

y𝑚𝑖𝑘 [𝑗] = √𝑝𝑢ĝ𝐻𝑖𝑘𝑖 [𝑗1] ĝ𝑖𝑘𝑖 [𝑗1] q𝑚𝑖𝑘𝑖 [𝑗]
+ √𝑝𝑢ĝ𝐻𝑖𝑘𝑖 [𝑗1] g̃𝑖𝑘𝑖 [𝑗1] q𝑚𝑖𝑘𝑖 [𝑗]
+ √𝑝𝑝 𝐿∑

𝑙=1

g𝑙𝑚𝑖 [𝑗] 𝜑𝑙
+ √𝑝𝑢 𝐿∑

𝑙=1

𝑚−1∑
𝑡=1

(𝑙,𝑡) ̸=(𝑖,𝑘)

g𝑙𝑡𝑖 [𝑗] q𝑚𝑙𝑡𝑖 [𝑗]

+ √𝑝𝑢 𝐿∑
𝑙=1

𝐾∑
𝑡=𝑚+1
(𝑙,𝑡) ̸=(𝑖,𝑘)

g𝑙𝑡𝑖 [𝑗 − 1] q𝑚𝑙𝑡𝑖 [𝑗] + z𝑚𝑖 [𝑗] ,

(30)

where 𝑗1 = (𝑗, 𝑗 < 𝑚; 𝑗−1, 𝑗 > 𝑚).The power of the desired
signal is

𝑃𝑚𝑖𝑘,𝑗 = 𝑝𝑢 (𝑀2 + 𝑀)𝜎4𝑖𝑘𝑖,𝑗. (31)

The power of the interference plus noise is

𝐼𝑚𝑖𝑘,𝑗 = 𝑀𝜎2𝑖𝑘𝑖,𝑗(1 + 𝑝𝑝 𝐿∑
𝑙=1

𝛽𝑙𝑚𝑖 + 𝑝𝑢 𝐿∑
𝑙=1

𝐾∑
𝑡=1,𝑡 ̸=𝑚

𝛽𝑙𝑡𝑖
− 𝑝𝑢𝜎2𝑖𝑘𝑖,𝑗) .

(32)

The achievable uplink data rate is

𝑅𝑚𝑖𝑘,𝑗 = log(1

+ 𝑝𝑢 (𝑀 + 1) 𝜎2𝑖𝑘𝑖,𝑗1 + 𝑝𝑝∑𝐿𝑙=1 𝛽𝑙𝑚𝑖 + 𝑝𝑢∑𝐿𝑙=1∑𝐾𝑡=1,𝑡 ̸=𝑚 𝛽𝑙𝑡𝑖 − 𝑝𝑢𝜎2𝑖𝑘𝑖,𝑗) .
(33)

4.4. Downlink Data Transmission in the Fourth Part. After
uplink data transmission stage, BSs transmit data to UTs with
the estimated channel coefficients. According to (13) and (14),
the data received by the 𝑘th UT of the 𝑖th cell can be rewritten
as

y𝑑𝑖𝑘 [𝑗] = √𝑝𝑑 𝐿∑
𝑙=1

𝐾∑
𝑡=1

g𝐻𝑖𝑘𝑖 [𝑗]w𝑙𝑡 [𝑗] s𝑙𝑡 [𝑗] + k𝑖𝑘 [𝑗]

= √𝑝𝑑 (ĝ
𝐻
𝑖𝑘𝑖 [𝑗] + g̃𝐻𝑖𝑘𝑖 [𝑗]) ĝ𝑖𝑘𝑖 [𝑗]√𝐾 ĝ𝑖𝑘𝑖 [𝑗] s𝑖𝑘 [𝑗]

+ √𝑝𝑑 𝐿∑
𝑙=1

𝐾∑
𝑡=1

(𝑙,𝑡) ̸=(𝑖,𝑘)

g𝐻𝑖𝑘𝑖 [𝑗] ĝ𝑙𝑡𝑙 [𝑗]√𝐾 ĝ𝑙𝑡𝑙 [𝑗] s𝑙𝑡 [𝑗] + k𝑖𝑘 [𝑗] .
(34)
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Applying similar analytical procedures for the uplink, it is
not hard to get the UT’s downlink achievable rate

𝑅𝑑𝑖𝑘,𝑗 = log(1 + 𝑝𝑑 (𝑀 + 1) 𝜎2𝑖𝑘𝑖,𝑗𝐾𝑝𝑑∑𝐿𝑙=1 𝛽𝑖𝑘𝑙 − 𝑝𝑑𝜎2𝑖𝑘𝑖,𝑗 + 𝐾) . (35)

4.5. Conventional Transmission as a Benchmark. For data
transmission with the conventional pilot scheme, as shown
in Figure 1, it is obvious that the transmit pattern is the same
during every coherence interval. Hence, the uplink data of the𝑘th UTs received at the 𝑖th BS is [12]

y𝑢𝑖𝑘 = g𝐻𝑖𝑘𝑖(√𝑝𝑢 𝐿∑
𝑙=1

𝐾∑
𝑡=1

g𝑙𝑡𝑖𝑞𝑙𝑡 + k𝑖𝑘)

= (√𝑝𝑝 𝐿∑
𝑙=1

g𝑙𝑘𝑖 + z𝑖𝑘)
𝐻(√𝑝𝑢 𝐿∑

𝑙=1

𝐾∑
𝑡=1

g𝑙𝑡𝑖𝑞𝑙𝑡 + k𝑖𝑘)
= 𝐿∑
𝑙
1
=1

𝐿∑
𝑙
2
=1

𝐾∑
𝑡=1

√𝑝𝑢𝑝𝑝g𝐻𝑙
1
𝑘𝑖g𝑙2𝑡𝑖𝑞𝑙2𝑡 + √𝑝𝑝 𝐿∑

𝑙=1

g𝐻𝑙𝑘𝑖k𝑖𝑘

+ √𝑝𝑢 𝐿∑
𝑙=1

𝐾∑
𝑡=1

z𝐻𝑖𝑘g𝑙𝑡𝑖𝑞𝑙𝑡 + z𝐻𝑖𝑘k𝑖𝑘.

(36)

Then the power of the received signal is

𝑃𝑢𝑖𝑘 = 𝑝𝑢𝑝𝑝 g𝐻𝑖𝑘𝑖g𝑖𝑘𝑖2} desired signal

+ 𝑝𝑢𝑝𝑝 𝐿∑
𝑙
1
=1

𝐿∑
𝑙
2
=1

𝑙
1
̸=𝑙
2

𝐾∑
𝑡=1

g𝐻𝑙1𝑘𝑖g𝑙2𝑘𝑖

+ 𝑝𝑢𝑝𝑝 𝐿∑
𝑙=1,𝑙 ̸=𝑖

𝐾∑
𝑡=1,𝑡 ̸=𝑘

g𝐻𝑙𝑘𝑖g𝑙𝑡𝑖2 + 𝑝𝑝 𝐿∑
𝑙=1

g𝐻𝑙𝑘𝑖k𝑖𝑘2

+ 𝑝𝑢𝑝𝑝 𝐾∑
𝑡=1,𝑡 ̸=𝑘

g𝐻𝑖𝑘𝑖g𝑖𝑡𝑖2 + 𝑝𝑢𝑝𝑝 𝐿∑
𝑙=1,𝑙 ̸=𝑖

g𝐻𝑙𝑘𝑖g𝑙𝑘𝑖2

+ 𝑝𝑢 𝐿∑
𝑙=1

z𝐻𝑖𝑘g𝑙𝑡𝑖2 + z𝐻𝑖𝑘k𝑖𝑘2 .

(37)

According to Lemma 2, we get the achievable rate of the𝑘th UT

𝜍𝑢𝑖𝑘
= (𝑀 + 1) 𝛽2𝑖𝑘𝑖(∑𝐿𝑙

1
=1∑𝐿𝑙

2
=1,𝑙
2
̸=𝑙
1

∑𝐾𝑡=1 𝛽𝑙1𝑘𝑖𝛽𝑙2𝑡𝑖 + ∑𝐾𝑡=1,𝑡 ̸=𝑘 𝛽𝑖𝑘𝑖𝛽𝑖𝑡𝑖 + ∑𝐿𝑙=1,𝑙 ̸=𝑖 (𝑀 + 1) 𝛽2𝑙𝑘𝑖 + ∑𝐿𝑙=1,𝑙 ̸=𝑖∑𝐾𝑡=1,𝑡 ̸=𝑘 𝛽𝑙𝑘𝑖𝛽𝑙𝑡𝑖 + (1/𝑝𝑢)∑𝐿𝑙=1 𝛽𝑙𝑘𝑖 + 1/𝑝𝑝𝑝𝑢𝐾 + (1/𝑝𝑝)∑𝐿𝑙=1∑𝐾𝑡=1 𝛽𝑙𝑡𝑖) ,
𝑅𝑢𝑖𝑘 = log (1 + 𝜍𝑢𝑖𝑘) .

(38)

For conventional downlink data transmission, consider
the pilot contamination and the data received by the 𝑘th UT
in the 𝑖th cell is

y𝑑𝑖𝑘 = √𝑝𝑑 𝐿∑
𝑙=1

𝐾∑
𝑡=1

g𝐻𝑖𝑘𝑙w𝑙𝑡𝑙s𝑙𝑡 + k𝑖𝑘 = √𝑝𝑑√𝐾
⋅ 𝐿∑
𝑙=1

𝐾∑
𝑡=1

g𝐻𝑖𝑘𝑙
ĝ𝑙𝑡𝑙ĝ𝑙𝑡𝑙 s𝑙𝑡 + k𝑖𝑘 = √𝑝𝑑√𝐾

𝐿∑
𝑙=1

𝐾∑
𝑡=1

g𝐻𝑖𝑘𝑙ĝ𝑙𝑡𝑙
⋅ (√𝑝𝑝 𝐿∑

𝑙
1
=1

g𝑙
1
𝑡𝑙 + z𝑙) s𝑙𝑡 + k𝑖𝑘

= √𝑝𝑑𝑝𝑝√𝐾 (g𝐻𝑖𝑘𝑖g𝑖𝑘𝑖s𝑖𝑘ĝ𝑖𝑘𝑖 + 𝐿∑
𝑙=1

𝐾∑
𝑡=1

𝐿∑
𝑙
1
=1,𝑙
1
̸=𝑖

g𝐻𝑖𝑘𝑙
g𝑙
1
𝑡𝑙ĝ𝑙𝑡𝑙 s𝑙𝑡

+ 𝐿∑
𝑙=1,𝑙 ̸=𝑖

g𝐻𝑖𝑘𝑙
g𝑖𝑘𝑙ĝ𝑖𝑘𝑙 s𝑙𝑘 +

1√𝑝𝑝
𝐿∑
𝑙=1

𝐾∑
𝑡=1

g𝐻𝑖𝑘𝑙z𝑙s𝑙𝑡ĝ𝑙𝑡𝑙
+ 𝐿∑
𝑙=1

𝐾∑
𝑡=1,𝑡 ̸=𝑘

g𝐻𝑖𝑘𝑙
g𝑖𝑡𝑙ĝ𝑖𝑡𝑙 s𝑙𝑡) + k𝑖𝑘.

(39)

Similar analytical procedures are applied and the achiev-
able rate can be represented as

𝜍𝑑𝑖𝑘
= (𝑀2 + 𝑀)𝛽2𝑖𝑘𝑖(∑𝐿𝑙=1,𝑙 ̸=𝑖 (𝑀2 + 𝑀)𝛽2

𝑖𝑘𝑙
+ ∑𝐿𝑙=1∑𝐾𝑡=1,𝑡 ̸=𝑘 𝛽2𝑖𝑘𝑙 + ∑𝐿𝑙=1∑𝐾𝑡=1∑𝐿𝑙

1
=1,𝑙
1
̸=𝑖 (𝛽2𝑖𝑘𝑙𝛽2𝑙

1
𝑡𝑖
/𝛽2
𝑙𝑡𝑙
) + (1/𝑝𝑝)∑𝐿𝑙=1∑𝐾𝑡=1 (𝛽2𝑖𝑘𝑙/𝛽2𝑙𝑡𝑙) + 𝐾/𝑝𝑝) ,

𝑅𝑑𝑖𝑘 = log (1 + 𝜍𝑑𝑖𝑘) .
(40)
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For further comprehension, we divide both the numera-
tors and denominators in (40) by 𝑀, and when 𝑀 → ∞, we
get

𝜍𝑑𝑖𝑘 = 𝛽2𝑖𝑘𝑖∑𝐿𝑙=1,𝑙 ̸=𝑖 𝛽2𝑖𝑘𝑙 (41)

which is the same as the result in [13].
Comparing (25), (29), and (33) with (38) and (35) with

(40), the achievable rate in the conventional pilot scheme has
large denominators due to pilot contamination, which is not
the case in the proposed pilot scheme. Therefore, from all
the above theoretical analysis, the proposed pilot scheme can
achieve a better tradeoff between pilot resource consumption
and CSI estimation accuracy and it outperforms the conven-
tional one in many scenarios. In the next section, we will
show the superiority of the proposed pilot scheme by some
numerical results.

5. Numerical Results

In this section, some numerical results are shown about
the proposed pilot scheme. The achievable rate of uplink
and downlink data transmission are added up for better
performance comparison and the average achievable rate
of each cell is used as a performance indicator. Besides,
the overall power of the conventional pilot scheme and the
proposed pilot scheme is set to be the same.

The scenarios simulated here consist of a cellular system
with 𝐾 users uniformly distributed in each cell and the cell
number is set to 3. Without loss of generality, assume that
large-scale fading coefficients from the BS to the UTs in the
same cell are 1 and each BS is equipped with 𝑀 = 128
antennas. For simplicity, we set 𝑝𝑢 = 𝑝𝑝 = 𝑝𝑑.

First, we calculate the average achievable rate of each cell
and compare our proposed pilot scheme with the conven-
tional one under different coherence intervals Nc when SNR
varies from −40 dB to 60 dB. In this simulation, the cross
large-scale fading coefficients which are the coefficients from
the BS to the UTs in other cells are all set to 0.5 (𝛽𝑐 = 0.5).
The result is shown in Figure 3.

The simulation result in Figure 3 shows the superiority of
the proposed pilot scheme in mitigating the pilot contamina-
tion.The average achievable rate of the proposed schemewith
different Nc surpasses the conventional one when SNR varies
from −8 dB to 60 dB and still grows with SNR, while that of
the conventional pilot design tends to saturate in a low SNR.
Besides, a larger Nc brings more CSI estimation error which
leads to a smaller average achievable rate. However, Nc does
not impact more on the comparison.

Then we set Nc = 3 and compare the performance
between two pilot scheme under different cross large-scale
fading coefficients 𝛽𝑐.

Figure 4 shows the average achievable rate for 𝛽𝑐 from
0.4 to 0.7 under varying SNR condition. Obviously, from (9)
and (10), a large 𝛽𝑐 brings more CSI estimation error for the
proposed pilot scheme which has a negative effect on the
average achievable rate, while that of the conventional one
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Figure 3: Average achievable rate comparison versus different Nc
(𝑇 = 15, 𝐷 = 3, and 𝐾 = 3).
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Figure 4: Average achievable rate comparison versus different 𝛽𝑐
(𝑇 = 15, 𝐷 = 3, and 𝐾 = 3).

suffers from the pilot contamination and achieves a much
lower average achievable rate than the proposed one.

In Figure 5, we investigate the influence of the antenna
number on the average achievable rate. It can be observed that
the proposed pilot scheme clearly outperforms conventional
one over the whole range of antenna number. It is also
evident that the average achievable rate of the proposed
pilot scheme grows with the antenna number while that of
the conventional one does not change. This strengthens the
superiority of the proposed pilot scheme.

6. Conclusion

This paper proposes a novel time-shift pilot scheme in TDD
large-scale multicell multiuser MIMO system, in which, UTs
within a cell transmit the same pilot sequence in a time-
shift manner while pilot sequences assigned to different cells
are mutually orthogonal. By using this pilot scheme, we
can effectively alleviate the pilot contamination. Simulation
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results show that the performance of the proposed scheme
outperforms the conventional one under several different
scenarios and particularly the proposed pilot is more poten-
tial when the antenna number is large. However, a large
coherence intervalNc and cross large-scale fading coefficients𝛽𝑐 will bringmoreCSI estimation errors which is not good for
the overall achievable rate. Our next work will focus on this
problem to investigate a higher performance method.
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We consider device-to-device (D2D) communications in millimeter-wave (mmWave) for the future fifth generation (5G) cellular
networks. While the mm Wave systems can support multiple D2D pairs simultaneously through beamforming with highly
directional antenna arrays, the mmWave channel is significantly more susceptible to blockage compared to microwave; mmWave
channel studies indicate that if line-of-sight (LoS) paths are blocked, reliable mmWave communications may not be achieved for
high data-rate applications. Therefore, assuming that an outage occurs in the absence of the LoS path between two wireless devices
by obstructions, we focus on connectivity of the mmWave D2D networks. We consider two types of D2D communications: direct
and indirect schemes. The connectivity performances of the two schemes are investigated in terms of (i) the probability to achieve
a fully connected network 𝑃FC and (ii) the average number of reliably connected devices 𝛾. Through analysis and simulation, we show
that, as the network size increases, 𝑃FC and 𝛾 decrease. Also, 𝑃FC and 𝛾 decrease, when the blockage parameter increases. Moreover,
simulation results indicate that the hybrid direct and indirect scheme can improve both 𝑃FC and 𝛾 up to about 35% compared to
the nonhybrid scheme.

1. Introduction

With rapidly growing volume of mobile devices, the demand
for capacity in mobile broadband communications increases
dramatically. As a result, wireless industry is required to
seek greater capacity and find new wireless spectrum beyond
fourth generation (4G) standards. For this reason, fifth gen-
eration (5G) is envisioned to have significantly greater spec-
trum allocations at millimeter-wave (mm Wave) frequency
bands, highly directional antenna arrays, larger coverage
area, lower infrastructure costs, and higher aggregate capac-
ity for many simultaneous users [1, 2]. While microwave
communication systems suffer from the limited spectrum,
the bandwidths of several gigahertz could be available at mm
Wave frequencies for 5G communication systems.

Moreover, instead of the complete control at the infras-
tructure side, 5G systems will exploit intelligence at the
device side within different layers of the protocol stack
by allowing device-to-device (D2D) connectivity [3]. The

direct communications between nearby mobile devices can
provide higher spectrum utilization, enhanced throughput,
and better energy efficiency, while facilitating new peer-
to-peer applications and location-based services such as
3GPP Proximity Services (ProSe) [4] and IEEE 802.15 Peer-
Aware Communications (PAC) [5]. Along the lines of the
increasing demand of such high-rate local services, local D2D
communications have been studied as underlay to Long Term
Evolution-Advanced (LTE-A) 4G cellular networks [6]. As
highlighted in [6, 7], the main challenge of a D2D-enabled
air interface for the cellular networks is how to share wire-
less resources between cellular and D2D communications.
For instance, the local D2D communications should use
orthogonal channels or opportunistically access the spectrum
occupied by cellular communications.

In this context, we consider D2D communications in the
mm Wave frequency bands for the future cellular network,
because the mmWave can aid a resource sharing scheme be-
tween theD2D and cellular communications, which supports

Hindawi Publishing Corporation
International Journal of Antennas and Propagation
Volume 2016, Article ID 7939671, 9 pages
http://dx.doi.org/10.1155/2016/7939671

http://dx.doi.org/10.1155/2016/7939671


2 International Journal of Antennas and Propagation

noninterfering concurrent links. To be specific, directional
antenna arrays in mm Wave can reduce cochannel interfer-
ence and improve spatial reuse of communication systems
through large beamforming gain. This characteristic of mm
Wave systems is also desirable to guarantee connectivity
between a huge number of devices in the future wireless
networks [8]. In other words, thanks to highly directional
beam inmmWave, a user equipment (UE) can communicate
with another UE in proximity over a D2D link, which
enables multiple D2D pairs to use the same radio resources
simultaneously.

However, compared to microwave, an mm Wave com-
munication channel experiences higher path-loss and is
susceptible to blockage such as walls, trees, or even human
bodies, as revealed in [2, 9, 10]. Hence, the mm Wave com-
munication channel is a nearly bimodal channel depending
on the existence of line-of-sight (LoS) path [11]. Based on
this property of the mm Wave propagation, a new channel
model is introduced in [12], which characterizes large-scale
blockage effects using random shape theory [13]. The model
proposed in [12] shows that the probability of a blockage event
between two radios increases exponentially, as the separation
between the two increases. This propagation model has
been applied to analyze various wireless communication
systems using mm Wave. The author of [14] derives the
outage probability improved by macrodiversity with multi-
ple base stations (BSs), assuming the outage event occurs
when the LoS path is blocked. The authors in [15] analyze
the coverage and rate performance in mm Wave cellular
networks. Moreover, [16] presents the outage performance
of the mm Wave wireless backhaul link between a 5G
macro base station (MBS) and small-cell base stations (SBSs).
Assuming Poisson point process (PPP) on the plane, the
stochastic geometry used in these studies is known to be an
effective tool to evaluate system performances in the cellular
networks [17].

In this paper, based on the framework in [12, 14], we
consider D2D connectivity in mm Wave networks. Reliable
D2D connections are required for D2D data transmissions as
well as cellular data offloading onto D2D connections, which
can provide considerable wireless capacity gains [18]. In mm
Wave 5G cellular networks, two kinds of D2D communi-
cations can be enabled: direct communications between two
wireless devices in proximity and indirect communications,
which connect two devices through base station(s) [8]. In this
paper, we investigate both types of the D2D communications
assuming a network consisting of one mm Wave BS and
multiple wireless devices distributed according to a two-
dimensional Poisson point process (PPP).

The contributions of this paper are fourfold. First, we
derive the probability distribution, mean, and variance of the
interdevice distance (i.e., the distance between two randomly
located devices). Second, we derive the probability that the
D2D network is fully connected, which means that all the
wireless devices have reliable communication links to each
other [19]. Third, we also quantify the D2D connectivity
in terms of the average number of reliable connections (or
communication links) both for the direct and indirect D2D

communication systems. Lastly, we consider a hybrid scheme,
in which both the direct and indirect communications can be
selectively used and present the simulation results to compare
the performances of the direct and indirect schemes.

This paper is organized as follows. The system model
is introduced in Section 2. The direct and indirect D2D
communication systems are analyzed in Sections 3 and 4,
respectively. Numerical results are presented in Section 5.
Conclusions are provided in Section 6.

2. System Model

We consider a 5G cellular network enabled with D2D com-
munications with two tiers: the cell tier and the device tier.
The conventional cellular communications are supported by
the cell (macro or small-cell) tier, while D2D communica-
tions are covered by the device tier. The BS may have a full
or partial control over the D2D communications depending
on the system architecture to establish and manage the D2D
links. In this paper, we focus on the connectivity of the D2D
links, which indicates the potential extent of cellular data
offloading onto D2D connections. Thus, the analysis in this
paper does not depend on specific design aspects of the
network architecture. Based on [12], we focus on outdoor
environments.

We assume mm Wave 5G communication systems as
shown in Figures 1(a) and 1(b), which illustrate direct and
indirect D2D communications, respectively. In both cases,
we assume 𝑁 devices are uniformly distributed over Area
S (i.e., the area of the gray circle with radius 𝑅) with
intensity 𝜆, which means the average number of devices
per unit area (i.e., devices/m2), according to homogeneous
PPP [20]. We assume a quasi-stationary scenario, where the
network topology is stationary while D2D communications
are performed.

For the indirect D2D communications in Figure 1(b),
at the center of the circle, there exists a single mm Wave
BS, which can be a small-cell BS with low power and low
cost in heterogeneous networks. We note that we do not
consider indirect (multihop) communications via devices
as relays, because of the complexity to build a multihop
route with directional antennas in the mobile scenario. In
both types of D2D networks, the number of the devices
in the network is assumed to be 𝑁, which is a random
variable following Poisson probability distribution as𝑃𝑁(𝑛) =((𝜆𝜋𝑅2)𝑛/𝑛!)𝑒−𝜆𝜋𝑅2 , where 𝑃𝑁(𝑛) is the probability that there
are 𝑛 devices in Area S, and 𝑛 is a nonnegative integer.
Therefore, the average number of the devices is given by
E{𝑁} = 𝜆𝜋𝑅2, where E{⋅} is the expectation operator.

As in [15], for analytical tractability, we assume the
sectored antenna model, which characterizes key features of
an antenna pattern. As noted in [8], the interference issue by
concurrent cochannel links with omnidirectional antennas
is of little concern in the mm Wave communications with
highly directional antenna arrays.We assume that directional
beamforming is performed at devices as well as the mm
Wave BS. We note a half-duplex system is assumed. There-
fore, instead of the interference-limited performance metric
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Figure 1: Two types of mmWave D2D communications: (a) direct D2D communications and (b) indirect D2D communications.

(e.g., signal-to-noise-plus-interference ratio), the blockage
problem of line-of-sight (LoS) paths may induce an outage
event in mm Wave communications, especially for high-
speed data transfer in multimedia or interactive applications.
As in [12, 14, 16], blockages are assumed to be impenetrable.
Also, following [12, 14, 16], we define an outage event as the
case that the LoS path is blocked by obstacles.

In case of the direct D2D communications, suppose 𝑑𝑖,𝑗
is the distance between devices 𝑖 and 𝑗. As in [12, 14–16],
the probability of no blockage in the LoS path between the
two devices is 𝑃LoS:𝑖,𝑗 = 𝑒−𝛽𝑑𝑖,𝑗 , where 𝛽 is the parameter
that captures density and size of obstacles, which cause an
outage due to blockage. The greater 𝛽 means obstacles with
higher density and larger sizes, which results in lower 𝑃LoS:𝑖,𝑗
[12]. In this paper, we assume 𝑃LoS:𝑖,𝑗 can be interpreted
as the probability that the communication link between
devices 𝑖 and 𝑗 is reliable. In other words, if the LoS path is
blockage-free, we declare the corresponding communication
(or connection) is reliable.

As in [12, 14, 15], for analytical tractability, we assume
the blockage events on different mm Wave links are mutu-
ally independent. For example, if there are three wireless
terminals 1, 2, and 3, where they can be either the mm
Wave BS or a device, the three possible communication links
(i.e., 1-2, 1-3, and 2-3) have independent outage events. In
general, depending on the location of wireless terminals,
blockage events are not independent. For example, if the
angle between two links with a common end-point or start-
point (e.g., 1-2 and 1-3) is narrow enough, the two D2D links
might experience the same blockage effect. Therefore, the
probability of a fully connected D2D network derived in this
paper may be an upper bound as the references of system
design and analysis. Moreover, we note that the numerical
results in [12] show that the error caused by the independent
link assumption is minor and acceptable in accuracy.

3. Direct D2D Communications

In this section, we consider direct D2D communications,
which do not require infrastructure such as BSs. With
directional antenna arrays in mm Wave, noninterfering
concurrent D2D pairs are able to share radio resources,
which significantly enhances network capacity. Assuming the
spatially uniform distribution of the devices, we will explore
various aspects of the direct D2D communications.

3.1. Probability Distribution of 𝑑𝑖,𝑗. To investigate the per-
formance of the mm Wave communications between two
devices, we first consider the probability distribution function
(PDF) of 𝑑𝑖,𝑗, since 𝑃LoS:𝑖,𝑗 is a function of 𝑑𝑖,𝑗, which is
a random variable. Using Crofton’s fixed point theorem in
[21], we derive the PDF of 𝑑𝑖,𝑗. Fixed point theorem permits
the evaluation of some definite integrals without directly
performing the integrations, which is especially useful to
derive geometric probability distributions. Suppose that there
are 𝑛 points 𝜉1, 𝜉2, . . . , 𝜉𝑛, which are randomly distributed on
a domain S. Let 𝑄 be an event that depends on the position
of the 𝑛 points, and let 𝑑𝑆 be an infinitesimal boundary of
S. Then, Crofton’s fixed point theorem gives the following
formula:

𝑑Pr [𝑄] = 𝑛 (Pr [𝑄 | 𝜉1 ∈ 𝑑S] − Pr [𝑄])
S

𝑑S, (1)

where Pr[𝑄 | 𝜉1 ∈ 𝑑S] is the probability that 𝑄 occurs when
one of the random points 𝜉1 is on the boundary 𝑑S of S.

To derive the PDF of 𝑑𝑖,𝑗, suppose that𝑄 is the event that
two points (i.e., 𝑛 = 2) in the circle with the radius 𝑅 (i.e.,
S = 𝜋𝑅2) are separated by a distance between 𝑥 and 𝑥 + 𝑑𝑥,
as shown in Figure 2. Also, let 𝐶 be the event that one point
is on the circumference 𝑑S. The probability of the event 𝑄 is
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Figure 2: Illustration to derive the PDF of 𝑑𝑖,𝑗.

denoted by Pr[𝑄], and the conditional probability of𝑄 given𝐶 is denoted by Pr[𝑄 | 𝐶]. From (1), we have

𝑑Pr [𝑄] = 2 (Pr [𝑄 | 𝐶] − Pr [𝑄])
S

𝑑S
= 2 (Pr [𝑄 | 𝐶] − Pr [𝑄])𝜋𝑅2 2𝜋𝑅𝑑𝑅
= 4 (Pr [𝑄 | 𝐶] − Pr [𝑄])𝑅 𝑑𝑅,

(2)

where Pr[𝑄 | 𝐶] is given by

Pr [𝑄 | 𝐶] = 2𝑥𝑑𝑥 cos−1 (𝑥/2𝑅)𝜋𝑅2 . (3)

Therefore, when plugging (3) into (2), it gives

𝑅𝑑Pr [𝑄] + 4Pr [𝑄] 𝑑𝑅 = 8𝑥𝑑𝑥 cos−1 (𝑥/2𝑅)𝜋𝑅2 𝑑𝑅. (4)

Multiplying both sides by 𝑅3, we obtain
𝑅4𝑑 Pr [𝑄] + 4𝑅3 Pr [𝑄] 𝑑𝑅
= 8𝑅𝑥𝑑𝑥 cos−1 (𝑥/2𝑅)𝜋 𝑑𝑅. (5)

Thus, if we integrate both sides, it gives

𝑅4 Pr [𝑄] = 4𝑥2𝑑𝑥𝜋 ∫ 2𝑅𝑥 cos−1 ( 𝑥2𝑅)𝑑𝑅
= 𝑥𝑑𝑥𝜋 (4𝑅2 cos−1 ( 𝑥2𝑅) − 2𝑥𝑅√1 − 𝑥24𝑅2) + 𝐾,

(6)

where the constant 𝐾 = 0, because Pr[𝑄] = 0 when 𝑅 = 𝑥/2.
Hence, the PDF of 𝑑𝑖,𝑗 is expressed as

𝑓𝑑𝑖,𝑗 (𝑥) = Pr [𝑄]𝑑𝑥
= 2𝑥𝜋𝑅2 (2 cos−1 ( 𝑥2𝑅) − 𝑥𝑅√1 − 𝑥24𝑅2) ,

(7)

where 0 < 𝑥 < 2𝑅.The derived PDF in (7) is the same as [22].
Themean and variance of𝑑𝑖,𝑗 are given byE{𝑑𝑖,𝑗} = 128𝑅/45𝜋
and VAR{𝑑𝑖,𝑗} = 𝑅2 − (128𝑅/45𝜋)2, respectively.
3.2. Fully Connected Network via Direct D2D Communica-
tions. In this section, we derive the probability that all the
wireless devices are interconnected via direct D2D commu-
nications in mmWave. Suppose a Bernoulli random variable𝑈𝑖,𝑗 is defined as

𝑈𝑖,𝑗 = {{{
1, w.p. 𝑃LoS:𝑖,𝑗 = exp (−𝛽𝑑𝑖,𝑗) ,
0, w.p. 1 − 𝑃LoS:𝑖,𝑗 = 1 − exp (−𝛽𝑑𝑖,𝑗) , (8)

where if 𝑈𝑖,𝑗 = 1, it means that the mm Wave link
between devices 𝑖 and 𝑗 is reliable. In other words, following
assumption of impenetrable blockage in [12, 14], we declare an
outage event of the direct D2D transmission between devices𝑖 and 𝑗, when 𝑈𝑖,𝑗 = 0. If there are𝑁 (≥ 2) devices, there can
exist (𝑁2 ) = 𝑁(𝑁 − 1)/2 possible mm Wave links between
any two devices as in [19] (with 𝑁 devices or nodes in a
network, the maximum number of concurrent “active” D2D
links (or pairs) is𝑁/2. However, we consider all the possible
link combinations among 𝑁 devices (𝑁2 ) = 𝑁(𝑁 − 1)/2
to check if the network is fully connected). When all of the𝑁(𝑁 − 1)/2 direct D2D links are reliable, we assume that the
network is fully connected [19], which can be regarded as a
fully meshed network [23].

Therefore, the probability to achieve the fully connected
network can be represented as

𝑃FC = ∑∞𝑛=2 Pr [all 𝑈𝑖,𝑗’s are one | 𝑁 = 𝑛]Pr [𝑁 = 𝑛]
Pr [𝑁 ≥ 2] , (9)

where 1 ≤ 𝑖, 𝑗 ≤ 𝑛, where 𝑖 ̸= 𝑗. With the independent link
assumption as in [12, 14], the conditional probability in (9)
can be simplified as

Pr [all 𝑈𝑖,𝑗’s are one | 𝑁 = 𝑛] = (E {𝑒−𝛽𝑑𝑖,𝑗})𝑛(𝑛−1)/2 , (10)

where the distance 𝑑𝑖,𝑗 between devices 𝑖 and 𝑗 follows the
PDF in (7). Suppose A = E{𝑒−𝛽𝑑𝑖𝑗}, which can be calculated
by Taylor expansion as follows:

A = ∫2𝑅
0
𝑒−𝛽𝑥𝑓𝑑𝑖,𝑗 (𝑥) 𝑑𝑥

≈ [1 + 𝛽22 (𝑅2 − (128𝑅45𝜋 )2)] exp(−𝛽128𝑅45𝜋 ) .
(11)
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Thus, 𝑃FC in (9) can be simplified as

𝑃FC = E {A𝑁(𝑁−1)/2 | 𝑁 ≥ 2}
= ∑∞𝑛=2A𝑛(𝑛−1)/2 ⋅ Pr [𝑁 = 𝑛]

Pr [𝑁 ≥ 2]
= ∑∞𝑛=2A𝑛(𝑛−1)/2 ⋅ ((𝜆𝜋𝑅2)𝑛 /𝑛!) 𝑒−𝜆𝜋𝑅21 − exp (−𝜆𝜋𝑅2) (1 + 𝜆𝜋𝑅2) .

(12)

3.3. Ratio of Reliable Direct D2D Connections. If the fully
connected network cannot be achieved, we can estimate the
average number of reliably connected devices through direct
D2D communications. If we define a set 𝑇dir := {𝑈𝑖,𝑗 | 𝑈𝑖,𝑗 =1}, its cardinality |𝑇dir| is the number of the reliable direct
D2D links. Thus, for 𝑁 ≥ 2, the ratio of the reliable D2D
connections to all of the possible D2D pairs in the network
can be derived as

𝛾dir = 1
Pr [𝑁 ≥ 2]

∞∑
𝑛=2

E {𝑇dir | 𝑁 = 𝑛}𝑛 (𝑛 − 1) /2 Pr [𝑁 = 𝑛]
= A,

(13)

where E{|𝑇dir| | 𝑁 = 𝑛} is in fact the mean of binomial
distribution 𝐵(𝑛(𝑛 − 1)/2, 𝑝 = A), which gives E{|𝑇dir| | 𝑁 =𝑛} = A𝑛(𝑛−1)/2. As a result, 𝛾dir = A, and it is not a function
of the device density 𝜆.
3.4. Impacts of System Parameters. In this section, we con-
sider the impacts of the network size 𝑅 and the blockage
parameter 𝛽 on 𝑃FC and 𝛾dir. The analysis in this section
will be verified by comparing with the simulation results in
Section 5.

3.4.1. Radius 𝑅. To analyze the impact of the network size
indicated by 𝑅, we first need to investigate the derivative of
A in (11) in terms of 𝑅 as below:

𝑑A𝑑𝑅 = −𝛽𝑒−128𝛽𝑅/45𝜋91125𝜋3 [(8𝛽√2025𝜋2 − 16384𝑅
+ 737280𝜋 − 91125𝜋316√2025𝜋2 − 16384)

2 259200𝜋2

− ( 737280𝜋 − 91125𝜋316√2025𝜋2 − 16384)
2] ,

(14)

which satisfies 𝑑A/𝑑𝑅 < 0 for any 𝛽 and 𝑅. Therefore, 𝛾dir =
A is a decreasing function of 𝑅. Moreover, we can find that𝑃FC → 0 as 𝑅 → ∞.

3.4.2. Blockage Parameter 𝛽. As in the previous section
regarding 𝑅, we find the derivative of A in terms of 𝛽 to
investigate the impact of 𝛽 as

𝑑A𝑑𝛽 = −𝑅𝑒−128𝛽𝑅/45𝜋91125𝜋3 [(8𝑅√2025𝜋2 − 16384𝛽

+ 737280𝜋 − 91125𝜋316√2025𝜋2 − 16384)
2 259200𝜋2

− ( 737280𝜋 − 91125𝜋316√2025𝜋2 − 16384)
2] ,

(15)

which satisfies 𝑑A/𝑑𝛽 < 0 for any 𝛽 and 𝑅. Therefore, 𝛾dir =
A is a decreasing function of 𝛽. Also, when 𝛽 → 0, A → 1.
Consequently, 𝑃FC → 1 as 𝛽 → 0. On the other hand, as𝛽 → ∞,A→ 0, which results in 𝑃FC → 0.
4. Indirect D2D Communications via

mm Wave Base Station

In this section, we investigate indirect D2D communications
hopping via the mm Wave BS, where it is assumed that
direct D2D links are unavailable. If we have an indirect D2D
communication pair, two consecutive LoS links “from one
device to the mm Wave BS” and “from the mm Wave BS to
the other device” are required to be reliable.

4.1. Fully Connected Network via Indirect D2D Communica-
tions. For the indirect D2D communication from devices 𝑖
to 𝑗 via the BS, both “device 𝑖 to BS” and “BS to device 𝑗”
links should have blockage-free LoS paths.Therefore, to have
a fully connected network with 𝑁 ≥ 2 hopping over the BS,
all the LoS links between the mm Wave BS and 𝑁 devices
should not have blockage. As in the previous section, suppose
a Bernoulli random variable𝑊𝑖 is defined as

𝑊𝑖 = {{{
1, w.p. 𝑃LoS:𝑖 = exp (−𝛽𝑟𝑖) ,
0, w.p. 1 − 𝑃LoS:𝑖 = 1 − exp (−𝛽𝑟𝑖) , (16)

where if𝑊𝑖 = 1, the mm Wave communication between the
mmWave BS and device 𝑖 is successful.

Also, 𝑟𝑖 is the distance between the mm Wave BS and
device 𝑖, which follows the PDF of 𝑓𝑟𝑖(𝑥) = 2𝑥/𝑅2 for 0 ≤𝑥 ≤ 𝑅. Therefore, the probability to create a fully connected
network is given by

𝑃FC = ∑∞𝑛=2 Pr [all 𝑊𝑖’s are one | 𝑁 = 𝑛]Pr [𝑁 = 𝑛]
Pr [𝑁 ≥ 2]

= ∑∞𝑛=2 (E {𝑒−𝛽𝑟𝑖})𝑛 Pr [𝑁 = 𝑛]
Pr [𝑁 ≥ 2] ,

(17)

where 1 ≤ 𝑖 ≤ 𝑛. IfB = E{𝑒−𝛽𝑟𝑖}, it gives
B = ∫𝑅

0
𝑒−𝛽𝑥𝑓𝑟𝑖 (𝑥) 𝑑𝑥 = 2𝛽𝑅2 [ 1𝛽 − (𝑅 + 1𝛽) 𝑒−𝛽𝑅] . (18)



6 International Journal of Antennas and Propagation

Hence, 𝑃FC is obtained as

𝑃FC = ∑∞𝑛=2B𝑛Pr [𝑁 = 𝑛]
Pr [𝑁 ≥ 2]

= ∞∑
𝑛=2

B𝑛 (𝜆𝜋𝑅2)𝑛 ⋅ 𝑒−𝜆𝜋𝑅2
Pr [𝑁 ≥ 2] ⋅ 𝑛!

= 𝑒B𝜆𝜋𝑅2 −B𝜆𝜋𝑅2 − 1𝑒𝜆𝜋𝑅2 − 𝜆𝜋𝑅2 − 1 .
(19)

4.2. Ratio of Reliable Indirect D2D Connections. If we define
a set 𝑇ind := {𝑊𝑖 | 𝑊𝑖 = 1}, its cardinality |𝑇ind| is the
number of reliable “device to themmWaveBS” links. Because
any devices connected to the mm Wave BS can indirectly
communicate with each other, for |𝑇ind| ≥ 2, there are|𝑇ind|(|𝑇ind| − 1)/2 reliable D2D connections. For a given𝑁 =𝑛 ≥ 2, |𝑇ind| follows a binomial distribution 𝐵(𝑛, 𝑝 = B),
whereB is derived in (18). Therefore, the ratio of the reliable
indirect D2D connections is given by

𝛾ind = 1
Pr [𝑁 ≥ 2]

⋅ ∞∑
𝑛=2

E {𝑇ind (𝑇ind − 1) /2 | 𝑁 = 𝑛} ⋅ Pr [𝑁 = 𝑛]𝑛 (𝑛 − 1) /2
= 1
Pr [𝑁 ≥ 2]

⋅ ∞∑
𝑛=2

(E {𝑇ind2 | 𝑁 = 𝑛} − E {𝑇ind | 𝑁 = 𝑛}) /2
𝑛 (𝑛 − 1) /2

⋅ Pr [𝑁 = 𝑛] = 1
Pr [𝑁 ≥ 2]

∞∑
𝑛=2

𝑛2B2 − 𝑛B2𝑛 (𝑛 − 1)
⋅ Pr [𝑁 = 𝑛] =B

2.

(20)

As 𝛾dir in (13), 𝛾ind is not a function of the device density 𝜆,
either.

4.3. Impacts of System Parameters. As in the previous section
about the direct D2D communications, we analyze the
impacts of 𝑅 and 𝛽 on 𝑃FC and 𝛾dir.
4.3.1. Radius 𝑅. We first consider howB changes as 𝑅 varies
by considering two extreme cases. For𝑅 → 0 and∞, we have

lim
𝑅→0

B = lim
𝑅→0

1/𝛽 − 𝑒−𝛽𝑅 (1/𝛽 + 𝑅)𝛽𝑅 = 𝛽𝛽 = 1,
lim
𝑅→∞

B = lim
𝑅→0

2𝛽2𝑅2 = 0.
(21)

Thus, 𝛾ind = B2 → 1 as 𝑅 → 0. On the other hand, 𝛾ind =
B2 → 0 as𝑅 → ∞. Furthermore, lim𝑅→0𝑃FC = lim𝑅→0B

2 =1. In contrast, 𝑃FC → 0 as 𝑅 → ∞.
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Figure 3: Direct D2D: 𝑃FC versus 𝑅 with 𝜆 = {0.001, 0.0005} and𝛽 = {0.001, 0.005}.

4.3.2. Blockage Parameter 𝛽. We can readily find thatB→ 1
and 0, as 𝛽 → 0 and ∞, respectively. Therefore, 𝛾ind = B2

has the same limiting values. Also, it gives 𝑃FC → 1 and 0, as𝛽 → 0 and∞, respectively.

5. Numerical Results

In this section, we present numerical results of the mmWave
D2D communication systems via both the direct and indirect
communications.

5.1. Direct D2D Communications. Figure 3 shows the prob-
ability to achieve a fully connected D2D network using the
direct D2D communications. The horizontal axis 𝑅 repre-
sents the radius of Area S in Figure 1(a). The solid, dashed,
and dotted lines represent 𝑃FC in (12) obtained numerically
with different combinations of 𝜆 and 𝛽. Moreover, the
symbols indicate the corresponding Monte Carlo simulation
results, which are consistent with the numerical results. All
the three graphs decrease, as the radius 𝑅 increases. Also,
comparing the solid and dashed lines (𝜆 = 0.0005 and 0.001
with the same 𝛽), the higher 𝜆 gives the lower likelihood of
the fully connected network. Similarly, as 𝛽 increases (the
dashed and dotted lines), 𝑃FC decreases. In other words, the
probability 𝑃FC is a decreasing function of both the device
density 𝜆 and the blockage parameter 𝛽.

Figure 4 shows the ratio of the reliable direct D2D
connections 𝛾dir in (13).The three curves denoted by the solid,
dashed, and dotted lines correspond to 𝛽 = {0.001, 0.01, 0.1},
respectively. Also, the simulation results indicated by the
symbols are in line with the numerical results. As𝑅 increases,𝛾dir decreases. Furthermore, the ratio of the reliable D2D con-
nections decreases, as 𝛽 increases, because of higher blockage
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Figure 4: Direct D2D: 𝛾dir = A versus 𝑅 with 𝛽 = {0.001, 0.01, 0.1}.
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Figure 5: Indirect D2D: 𝑃FC versus 𝑅 with 𝜆 = {0.001, 0.0005} and𝛽 = {0.001, 0.005}.

effects. These observations about the system parameters 𝑅
and 𝛽 are consistent with our analysis in Section 3.4.

5.2. Indirect D2D Communications. Figure 5 shows the
results of 𝑃FC for the indirect D2D communications in
(19). The three (solid, dashed, and dotted) lines indicate
different 𝜆 and 𝛽 combinations, while the symbols represent
the corresponding simulation results. As in the direct D2D
communication case, the probability 𝑃FC decreases, as 𝑅
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Figure 6: Indirect D2D: 𝛾ind = B2 versus 𝑅 with 𝛽 = {0.001, 0.01,0.1}.

increases. We can observe that 𝑃FC is a decreasing function
of 𝜆. Also, 𝑃FC decreases, as 𝛽 increases. The same trends can
be observed in Figure 6, which is in line with our analysis in
Section 4.3.

Compared to the direct communication case, for the same
parameters 𝜆, 𝛽, and 𝑅, 𝑃FC is significantly higher with the
D2D communication hopping via the mmWave BS, because
the possible distance of the indirect D2D links, that is, 0 ≤𝑟𝑖 ≤ 𝑅, is shorter than that of the direct D2D links; that
is, 0 ≤ 𝑑𝑖,𝑗 ≤ 2𝑅. Also, for the average separation between
two terminals (which are one device and the mm Wave BS
for the indirect D2D, but two devices in the direct D2D
transmissions), E{𝑑𝑖,𝑗} ≈ 0.91𝑅 > E{𝑟𝑖} ≈ 0.67𝑅, which
implies a higher probability of blockage in the direct D2D
compared to the indirect D2D communications.

In contrast, when it comes to the average ratios of the
reliable D2D connections, 𝛾ind is smaller than 𝛾dir. This can
be explained by comparing the exponential terms, which
dominate the polynomial terms for large enough 𝛽 and 𝑅, of
the two ratios as

𝛾dir = A ∝ exp(− 12845𝜋𝛽𝑅) ≈ exp (−0.9𝛽𝑅) ,
𝛾ind =B

2 ∝ [exp (−𝛽𝑅)]2 ≈ exp (−2𝛽𝑅) . (22)

Therefore, for large enough 𝛽 and 𝑅, 𝛾dir > 𝛾ind.
5.3. HybridD2DCommunications. In this section, we present
the D2D connectivity with both the direct and indirect com-
munications jointly exploited. In other words, we consider
a hybrid scheme, where all the devices are permitted to use
both direct and indirect links to communicate with each
other. Therefore, for a D2D pair, we assume their D2D link
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Table 1: 𝑃FC for direct, indirect, and hybrid (direct + indirect) D2D
communications.

Parameters 𝑃FC Change (%)(𝜆, 𝛽) 𝑅 Direct Indirect Hybrid

(0.0005, 0.001) 10 0.9992 0.9863 1.0000 0.08
50 0.7417 0.8687 0.9722 11.9
100 0.0063 0.3646 0.4828 32.4

(0.001, 0.001) 10 0.9983 0.9859 1.0000 0.17
50 0.3479 0.7715 0.9241 19.8
100 0.0000 0.1329 0.1563 17.6

(0.001, 0.005) 10 0.9913 0.9315 0.9918 0.05
50 0.0595 0.2990 0.4026 34.6
100 0.0000 0.0002 0.0002 —
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Figure 7: Hybrid D2D: 𝑃FC versus 𝑅 with 𝜆 = {0.001, 0.0005} and𝛽 = {0.001, 0.005}.

is reliable as long as one of the two (direct or indirect links) is
reliable.

Table 1 and Figure 7 show 𝑃FC with the hybrid (direct +
indirect) D2D communications. Also, Table 2 and Figure 8
present the ratio of the reliable D2D connections using the
hybrid scheme. In the two tables, the last column indicates
the performance improvements in percentage by using the
hybrid scheme compared to the nonhybrid case assuming
that we pick the one with the better performance between the
direct and indirect connections. As shown in the tables and
figures, when the two communication links are jointly used,
both 𝑃FC and 𝛾 could be improved significantly. For example,
in Table 1, 𝑃FC becomes almost one with the small 𝑅 for the
given 𝜆 and 𝛽. Also, Table 2 shows the increase in 𝛾 up to
35.5%.

Table 2: 𝛾 for direct, indirect, and hybrid (direct + indirect) D2D
communications.

Parameters 𝛾 Change (%)𝛽 𝑅 Direct Indirect Hybrid

0.001
10 0.9909 0.9866 0.9999 0.09
50 0.9559 0.9355 0.9972 4.3
100 0.9143 0.8757 0.9893 8.2

0.01
10 0.9134 0.8745 0.9891 8.3
50 0.6497 0.5201 0.8319 28.0
100 0.4408 0.2793 0.5970 35.4

0.1
10 0.4376 0.2759 0.5928 35.5
50 0.0349 0.0059 0.0406 16.3
100 0.0012 0.0004 0.0016 33.3
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Figure 8: Hybrid D2D: 𝛾 versus 𝑅 with 𝛽 = {0.001, 0.01, 0.1}.

6. Conclusion

In this paper, we consider D2D communications in mm
Wave, where a device can communicate with another device
directly or via the mmWave BS. Assuming uniform distribu-
tion of devices according to PPP and the blockage model, we
derive the probability of the fully connected network for both
direct and indirect communications. Moreover, we analyze
the ratio of the reliable D2D connections with the two types
of communications. Through analysis and numerical results,
we observe that both connectivity performance metrics
decrease, as the network size and the blockage parameter
increase. Also, the simulation results show that if the hybrid
direct and indirect schemes are used, both connectivity
performances can be enhanced up to about 35% compared
to the nonhybrid case.
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The large bandwidth and multipath in millimeter wave (mmWave) cellular system assure the existence of frequency selective
channels; it is necessary thatmmWave system remainswith frequency divisionmultiple access (FDMA) anduser scheduling. But for
the hybrid beamforming system, the analog beamforming is implemented by the same phase shifts in the entire frequency band, and
the wideband phase shifts may not be harmonious with all users scheduled in frequency resources.This paper proposes a joint user
scheduling andmultiuser hybrid beamforming algorithm for downlinkmassivemultiple inputmultiple output (MIMO) orthogonal
frequency division multiple access (OFDMA) systems. In the first step of user scheduling, the users with identical optimal beams
form an OFDMA user group andmultiplex the entire frequency resource.Then base station (BS) allocates the frequency resources
for each member of OFDMA user group. An OFDMA user group can be regarded as a virtual user; thus it can support arbitrary
MU-MIMO user selection and beamforming algorithms. Further, the analog beamforming vectors employ the best beam of each
selected MU-MIMO user and the digital beamforming algorithm is solved by weight MMSE to acquire the best performance gain
and mitigate the interuser inference. Simulation results show that hybrid beamforming together with user scheduling can greatly
improve the performance of mmWave OFDMAmassive MU-MIMO system.

1. Introduction

Millimeter wave (mmWave) communication will unleash the
30–300GHz new spectrum and enabled gigabit-per-second
data rates for the next generation mobile cellular systems
[1–3]. Massive MIMO is an essential part of mmWave com-
munication to combat the stringent constraints imposed by
the high propagation loss. A beneficial feature of millimeter
wave is that large-scale antenna arrays can be packed into
small dimensions thanks to the very small wavelength [4, 5].
However, the digital processing in traditional MIMO system
requires dedicated baseband and RF hardware for every
antenna element. With the large-scale antenna, the high cost
and power consumption of mmWave RF hardware preclude
such a transceiver architecture at present. In mmWave mas-
sive MIMO system, the trade-off between performance and
simplicity drives the need to deploy beamforming at both the
digital and analog domains, that is, hybrid beamforming.

Most current hybrid beamforming algorithms [6–8]
assume user scheduling based on STDMA that a single user

or multiple spatial multiplexing users are scheduled in the
entire frequency band at a given time slot. Actually, the large
bandwidth and multipath nature of mmWave channels in
a cellular system assure the existence of frequency selec-
tive channels; it is necessary that mmWave communication
remainswith frequency divisionmultiple access (FDMA) and
user scheduling. OFDMA provides a natural multiple access
method by assigning different users with orthogonal subcar-
riers, and multiuser diversity gain in frequency domain can
be exploited by multiuser subcarrier scheduling [9, 10]. But
for the hybrid beamforming system, the analog beamforming
is implemented by the phase shifts which are constant in
the entire frequency band. There are multiple frequency
multiplexing users in the entire frequency band; they will
experience the same analog beamforming processing. Thus
it needs a joint optimization of user scheduling and the
wideband processing of the analog beamforming. On the
other hand, mmWave links are inherently directional, and
the antenna array steers its beam towards any direction
electronically and to achieve a high gain at this direction,
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while offering a very low gain in all other directions. It
is beneficial for MU-MIMO because the RF beams have
sufficient degrees of freedom to be optimized for MU-
MIMO. In this paper, we will design the joint user scheduling
and MU-MIMO hybrid beamforming scheme for mmWave
massive MIMO-OFDMA system.

References [11, 12] have meaningful researches on
OFDMA scheduling for the hybrid beamforming system.
Reference [11] computes the analog beamforming matrix as
the first 𝑁𝑎 eigenvectors of the left singular value decompo-
sition (SVD) of the combined digital precoding matrices of
subcarriers having the highest sum rate (𝑁𝑎 is the amount
of RF chains). Then, for fixed A, the digital beamforming
matrix is computed and its corresponding users are scheduled
such that the total sum rate is maximized for each subcarrier.
Reference [12] enables users with high cochannel interference
to be scheduled in different frequency channels in the same
time slot while sharing the same RF chain and analog
beam.

For MU-MIMO hybrid beamforming algorithms, [13]
considers the zero forcing (ZF) hybrid beamforming which
essentially applies phase-only control at the RF domain and
then performs a low-dimensional baseband ZF precoding
based on the effective channel seen from baseband. Refer-
ence [14] designs the hybrid beamforming by considering
a weighed sum mean-square error (WSMSE) minimization
problem incorporating the solution of the detected signals
which is obtained from the block diagonalization technique.
The resulting WSMSE problem is solved by applying the
orthogonal matching pursuit algorithm. Reference [15] ana-
lyzes a low complexity hybrid precoding algorithm for down-
link multiuser mmWave system, which configures the hybrid
precoder at the transmitter and analog combiners at multiple
receivers with a small training and feedback overhead. For
this algorithm, a lower bound on the achievable rate for
the case of single-path channels is derived. Reference [16]
designs a hybrid block diagonalization scheme to approach
the capacity performance of the traditional BD processing
method, aiming to harvest the large array gain through the
phase-only RF precoding and combining.

In [11], the analog beamforming matrix is acquired from
SVD or QR decomposition, so it is hard to implement
with the phase shift of the traditional analog beamforming.
Reference [12] considers that the base station applies only one
RF chain to transmit signals to users scheduled in different
frequency channels. Actually there will be several RF chains
in mmWave communication; the scheduled user in multiple
subbands could transmit signals from different RF chains.
Considering the contradiction between the optimization
of the wideband analog beamforming and multiple users
scheduled in different frequency subbands, we propose a
joint user scheduling and MU-MIMO hybrid beamforming
scheme for mmWave OFDMA system. The contribution of
this paper can be summarized as follows:

(i) User scheduling algorithm achieves frequency re-
source allocation and MU-MIMO user selection.
Firstly the users with identical optimal beams are
defined as an OFDMA user group. For an OFDMA

user group, all members multiplex the entire fre-
quency band and the one with the best channel gain
is assigned in the corresponding frequency resources.
Then the frequency domain channel of each OFDMA
user group is defined as an integrated channel, which
is regarded as a virtual user in MU-MIMO user selec-
tion and analog beamforming design. Finally MU-
MIMO users are selected to maximize the mmWave
system throughput.

(ii) An OFDMA user group can be regarded as a vir-
tual user that the RF beam of every member is
the same; thus the hybrid beamforming could not
only coordinate the contradiction of the wideband
analog beamforming and multiple users scheduled
in frequency resource, but also support arbitrary RF
number and MU-MIMO algorithms.

(iii) For the proposed hybrid beamforming, the analog
beamforming vectors adopt the optimal beam of each
scheduled user, since the performance of each user is
sensitive to beam direction. The digital beamforming
algorithm is solved by weight MMSE, which not only
achieves the optimal performance for the single user,
but also mitigates the residual interuser interference.

(iv) Evaluate the sum rate of the existing and the proposed
MU-MIMO hybrid beamforming under different
number of BS antenna and scheduling users. In the
simulation, the proposed user scheduling algorithm
in this paper is based on FDMA, whereas other
reference algorithms are based on TDMA. Simulation
results show that hybrid beamforming together with
user scheduling can greatly improve the performance
of mmWave OFDMAmassive MU-MIMO system.

The rest of this paper is organized as follows. Sections
2 and 3 introduce the system model and channel model.
In Section 4, the proposed user scheduling algorithm is
provided. In Section 5, the proposed hybrid beamforming
algorithm is presented, and computer simulation results
are shown in Section 6. Finally, conclusions are drawn in
Section 7.

Notations. In this paper, upper-case/lower-case boldface let-
ters denotematrices/column vectors.X𝑇 ,X𝐻,X−1, andX(𝑖, 𝑗)
denote transpose, conjugate transpose, inversion, and the(𝑖, 𝑗)th element of X, respectively. [X]𝑚𝑚 denotes the 𝑚th
diagonal element of X. E(X) denotes the expected value of
X. tr(X) denotes the trace of X. We define ‖X‖2𝐹 as tr(X𝐻X)
and ‖X‖2 as the square root of the maximum eigenvalue of
X𝐻X. I is an identity matrix with appropriate size; C𝑀×𝑀
represent spaces of𝑀×𝑀matrices with complex entries. The
acronyms s.t and i.i.d denote “subject to” and “independent
and identically distributed,” respectively.

2. System Model

In this paper, we will consider downlink OFDMA MU-
MIMO mmWave system as shown in Figure 1. The BS with𝑁𝑡 transmit antennas communicates 𝑁𝑠 data streams to 𝐾
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Figure 1: Block diagram of mmWave MU-MIMO system based on frequency domain user scheduling.

MU-MIMO spatialmultiplexing users, which are selected out
from all 𝐾all users; every user has 𝑁𝑟 antennas. To enable
multistream communication, the transmitter is equipped
with 𝑁RF transmit chains such that 𝑁𝑠 ≤ 𝑁RF ≤ 𝑁𝑡.
We employ resource block based OFDMA transmission
where each block occupies 𝑁𝑓 adjacent subcarriers and 𝑁𝑜

consecutive OFDM symbols. At each time slot of duration 𝑇,
the transmitter broadcasts𝑁𝑏 blocks and𝑁𝑏 is the amount of
resource blocks [17, 18].

The transmitted data streams at the BS are assumed to
be processed by a digital beamformer W in the baseband,
followed by an analog beamformer F before transmission.
Notably, F can realize only phase changes (phase-only con-
trol), since it is implemented using analog phase shifters;
each entry of F is constrained to satisfying ‖F𝑖,𝑗‖ = 1/√𝑁𝑡.
Furthermore, the total power constraint is enforced by letting‖FW‖2𝐹 = 𝑁𝑠. For simplicity, we will describe the system
model in frequency domain. Analog beamforming vector f
in time domain will be transformed to F in frequency domain
just by employing fast Fourier transform (FFT) operation. At
the MS, a digital combiner B is used to process the received
signal.

Assume the transmitted signals of different users are
independent from each other and from noises, the received
signal Y𝑛,𝑘 ∈ C𝑁𝑡×1 of the 𝑘th user scheduled in the 𝑛th block
can be written as

Y𝑛,𝑘 = B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘s𝑛,𝑘 + 𝐾∑
𝑗=1,𝑗 ̸=𝑘

B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑗s𝑛,𝑗

+ B𝐻𝑛,𝑘n𝑛,𝑘,
(1)

where s𝑛,𝑘 ∈ C𝑁
𝑛,𝑘
𝑠 ×1 denotes the transmitted signal vector

for 𝑘th user in the 𝑛th block, satisfying E[s𝐻𝑛,𝑘s𝑛,𝑘] = I,
E[s𝐻𝑛,𝑘s𝑛,𝑗] = 0, (𝑘 ̸= 𝑗), E[s𝐻𝑛,𝑘n𝑛,𝑘] = 0, and 𝑁𝑛,𝑘

𝑠 represents
the number of the 𝑘th user’s data streams scheduled in the𝑛th block. W𝑛,𝑘 ∈ C𝑁RF×𝑁

𝑛,𝑘
𝑠 denotes the transmitting digital

beamformer for the 𝑘th user in the 𝑛th block, and F ∈
C𝑁𝑡×𝑁RF denotes the transmitting analog beamformer in the
frequency domain which is FFT transformed by time domain
f, f = [f1, f2, . . . , f𝑁RF

]. B𝑛,𝑘 ∈ C𝑁𝑟×𝑁
𝑛,𝑘
𝑠 denotes linear receive

beamforming vectors to detect the transmit signals. H𝑛,𝑘 ∈
C𝑁𝑟×𝑁𝑡 denotes the MIMO channel of the 𝑘th user. n𝑛,𝑘 is

the vector of i.i.d additive complex Gaussian noise with zero-
mean and variance 𝜎2.
3. Channel Model

Since mmWave channels are expected to have limited scatter-
ing, we adopt a geometric channel model with 𝐿𝑘 rays for the
channel of user 𝑘 in block 𝑛. Under this model, the channel
H𝑛,𝑘 can be expressed as [12, 13]

H𝑛,𝑘 = √𝑁𝑟𝑁𝑡𝐿 𝑠𝜌𝑘
𝐿𝑠∑
𝑙=1

a𝑅 (𝜑𝑅𝑙 , 𝜃𝑅𝑙 ) 𝛽𝑙a𝑇𝑇 (𝜑𝑇𝑙 , 𝜃𝑇𝑙 ) , (2)

where 𝛽𝑙 is the channel impulse response of the 𝑙th path
with E[|𝛽𝑙|2] = 1 and 𝜌𝑘 is the path loss between BS and
users. Considering the azimuth and elevation angles, the
vectors a𝑇(𝜑𝑇𝑙 , 𝜃𝑇𝑙 ) and a𝑅(𝜑𝑅𝑙 , 𝜃𝑅𝑙 ) represent the normalized
transmit and receive array response vectors at an azimuth
(elevation) angle of departure 𝜑𝑇𝑙 (𝜃𝑇𝑙 ) and that of arrival𝜑𝑅𝑙 (𝜃𝑅𝑙 ), respectively.

For a uniform planar array (UPA) in the 𝑥𝑦-plane with𝑁row and𝑁col elements on the 𝑥- and 𝑦-axes, respectively, the
array response vector at the BS is given by [19]

a𝑇 (𝜑𝑇𝑙 , 𝜃𝑇𝑙 ) = vec (a𝑁row
(𝜇) a𝑁𝑇col (]))

= 1√𝑁row𝑁col
[1, 𝑒𝑗], . . . , 𝑒𝑗(𝑁col−1)], 𝑒𝑗(𝜇+]), . . . ,

𝑒𝑗(𝜇+(𝑁col−1)]), . . . , 𝑒𝑗(𝑁row−1)𝜇, . . . , 𝑒𝑗(𝑁row−1)𝜇+(𝑁col−1)]]𝑇 ,
(3)

𝜇 = 2𝜋𝑑𝑥 cos 𝜑 sin 𝜃/𝜆, ] = 2𝜋𝑑𝑦 sin 𝜑 sin 𝜃/𝜆, where 𝜆 is
the wavelength and 𝑑𝑥 and 𝑑𝑦 are the distances between two
adjacent antenna elements in the 𝑥- and 𝑦-axes, respectively.
vec(⋅) denotes the matrix of dimension 𝑁row × 𝑁col stretches
to the column vector of dimension 𝑁𝑡 × 1. The antenna array
at the user side utilizes a uniform linear array (ULA); thus
array response vectors at the user side are given by

a𝑅 (𝜃𝑅𝑙 )
= 1√𝑁𝑟

[1, 𝑒𝑗(2𝜋/𝜆)𝑑 sin(𝜃), . . . , 𝑒𝑗(𝑁𝑟−1)(2𝜋/𝜆)𝑑 sin(𝜃)]𝑇 , (4)

where a𝑅(𝜃𝑅𝑙 ) is the column vector of dimension 𝑁𝑟 × 1.
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4. User Scheduling Scheme

This section discusses the proposed user scheduling algo-
rithm and MU-MIMO user selection to maximize the total
sum rate of all subcarriers, which can be treated as a stage
prior to the hybrid beamforming design. This section is
divided into three subsections. In the first subsection, we
define OFDMA user groups that the users in a same group
have identical RF beam and multiplex the whole frequency
resource. In the second subsection, we allocate the frequency
resource for each member and define each OFDMA group
as a virtual user. In the last subsection, we select several
MU-MIMO users which can maximize the mmWave system
throughput.

4.1. OFDMA Group Selection. Firstly, users transmit uplink
sounding signals, and BS uses the sounding results to select
the strongest beam for every downlink user. According to the
indices of the selected beams, the users which have identical
selected beam form an OFDMA user group. OFDMA group
selection problem is mathematically formulated as follows:

User𝑖,User𝑗 ∈ Ω𝑙OFDMA

s.t. 𝑓opt
User𝑖 = 𝑓opt

User𝑗 , (5)

whereΩ𝑙OFDMA denotes the 𝑙th OFDMAuser group and 𝑓opt
User𝑖

denotes the strongest beam index of user 𝑖. OFDMA group
set contains 𝐿 OFDMA user groups defined as ΩOFDMA ={Ω1OFDMA, . . . , Ω𝐿OFDMA}.
4.2. Frequency Resources Allocation. The users in the same
group will multiplex the entire frequency band. BS allocates
the frequency resources for every member of OFDMA user
group. To maximize the throughput of OFDMA system, the
subcarrier or resource block is allocated to the user with the
best channel gain. The scheduling process of the 𝑛th user in
OFDAM user group Ω𝑙OFDMA is defined as

User𝑛𝑙 = max
User𝑖∈Ω𝑙OFDMA

(SNR𝑛,𝑖)
= max

User𝑖∈Ω𝑙OFDMA

(H𝑛,𝑖2𝜎2 ) , (6)

where SNR𝑛,𝑖 is the signal noise ratio for user 𝑖 in the 𝑛th
block.

After the frequency resource scheduling, the users in this
group are sorted as follows:

Ω𝑙OFDMA = {User1𝑙 , . . . ,User𝑁𝑏𝑙 } . (7)

For the 𝑙th OFDAM user group Ω𝑙OFDMA, the frequency
channels of all members are merged into an integrated
channel which represents the spatial characters of the users
multiplexed in different frequency resources. The integrated
channel of OFDAM user group Ω𝑙OFDMA is defined as

H𝑙 = [H1𝑙 | H2𝑙 | ⋅ ⋅ ⋅ | H𝑁𝑏
𝑙

]
𝑁𝑟×𝑁𝑡

, (8)

whereH𝑛𝑙 represents the channel of the user scheduled in the𝑛th resource block for the 𝑙th OFDMA user group and so on.

4.3. MU-MIMO User Selection. Every integrated channel
associated with an OFDMA user group is regarded as a
virtual user.The virtual users and other users to be scheduled
constitute the candidate user set Ω𝐶. Specially, MU-MIMO
channels of all spatial multiplexing users are defined as
H1, . . . ,H𝐾. For OFDMA user group, H𝑖 is the integrated
channel associated with this OFDMA user group. For other
users which independently occupy the entire frequency
resource,H𝑗 is the channel of the 𝑗th MU-MIMO user.

This section discusses the proposed MU-MIMO user
selection tomaximize the total sum rate.Thedetailed solution
can be given by two steps.

Firstly, to decrease the complexity of searching MU-
MIMO user, the user with best channel gain is given a high
priority in MU-MIMO user selection. Thus, the user with the
maximum SNR is selected as the leader of MU-MIMO user
selection. The leader is formulated as

Leader = max
User𝑖∈Ω𝐶

(SNR𝑖) = max
User𝑖∈Ω𝐶

(H̃𝑖2𝜎2 ) , (9)

where H̃𝑖 is the equivalent channel considering beamforming
gains. As is known, an upper bound on the performance
of hybrid beamforming approximates to that of full digital
beamforming for any design criteria [14], and SVD is a
typical beamforming method in numerous beamforming
algorithms. Thus we utilize SVD as full digital beamforming
weighting vectors when calculating SNR of the target user
[20, 21]. The MIMO channel of the 𝑖th user H𝑖 can be
decomposed by SVD as H𝑖 = U𝑖Λ 𝑖V𝐻𝑖 and the equivalent
channel H̃𝑖 is defined as H̃𝑖 = U𝐻𝑖 H𝑖V𝑖.

At the second step, the objective function of the other
MU-MIMO user selection is defined as follows:

max
User𝑘∈Ω𝑆

𝑅𝑘sum, (10)

where 𝑅𝑘sum is the sum rate when user 𝑘 is scheduled as
expressed in (11).

𝑅𝑘sum = log2(1 + U𝐻𝑘 H𝑘V𝑘2∑𝑗∈Ω𝑆,𝑘∈Ω𝐶 U𝐻𝑗 H𝑘V𝑗2 + 𝜎2
+ ∑
𝑗∈Ω𝑆

U𝐻𝑗 H𝑗V𝑗2∑𝑖∈Ω𝑆,𝑖 ̸=𝑗 U𝐻𝑖 H𝑗V𝑖2 + U𝐻𝑘 H𝑗V𝑘2 + 𝜎2) .
(11)

The MU-MIMO user selection process continues until
iterating 𝐾 − 1 times with employing exhaustive search and
composes the selected user set Ω𝑆, Ω𝑆 = {Ω1𝑆, . . . , Ω𝐾𝑆 },𝐾 ≤ 𝑁RF. Note that the maximum number of multiplexed
multiusers is equal to the number of RF links.

Outline of user scheduling algorithm is described as
shown in Algorithm 1.
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Initialization: OFDMA group setΩOFDMA = Φ, the candidate user set Ω𝐶 = Φ, the selected user setΩ𝑆 = Φ
Step 1. Select the users with same optimal beams to form OFDMA group set ΩOFDMA.

User𝑖,User𝑗 ∈ Ω𝑙
OFDMA

s.t. 𝑓opt
User𝑖 = 𝑓opt

User𝑗𝑙 = 1, . . . , 𝐿ΩOFDMA = Ω1
OFDMA, . . . , Ω𝐿

OFDMA
Step 2. BS allocates the corresponding frequency resource to the user with the best channel gain for each OFDMA user group.

Then the frequency channels of all members of OFDMA user groupΩ𝑙
OFDMA are merged into the integrated channelH𝑙

Loop 1: 𝑙 = 1, . . . , 𝐿
Loop 2: 𝑛 = 1, . . . ,𝑁𝑏

User𝑛𝑙 = max
User𝑖∈Ω𝑙OFDMA

(SNR𝑛,𝑖) = max
User𝑖∈Ω𝑙OFDMA

(H𝑛,𝑖
2𝜎2 )

End Loop 2
H𝑙 = [H1

𝑙 | H2
𝑙 | ⋅ ⋅ ⋅ | H𝑁𝑏

𝑙
]

End Loop 1
Step 3. The candidate user set Ω𝐶 consists of virtual users and other users to be scheduled. Select the user with the maximum

SNR as the leader fromΩ𝐶.

Leader = max
User𝑖∈Ω𝐶

(SNR𝑖) = max
User𝑖∈Ω𝐶

(H̃𝑖

2𝜎2 )
Step 4. Select the other MU-MIMO spatial multiplexing users with employing exhaustive search that can achieve the maximal

sum rate of the system.
max

User𝑘∈Ω𝑆
𝑅𝑘sum

Repeat Step 4 until selecting𝐾 − 1 spatial multiplexing users.
Finally obtain the selected user setΩ𝑆,Ω𝑆 = {Ω1

𝑆, . . . , Ω𝐾
𝑆 }.

Algorithm 1: User scheduling scheme.

5. Hybrid Beamforming Designs in Massive
MIMO Systems

In this section, we design a hybrid beamforming algorithm
for mmWave OFDMA massive MIMO system as illustrated
in Figure 1. For the hybrid beamforming system, the analog
beamforming is implemented by the phase shifts which are
constant in the entire frequency domain. Considering the
contradiction between the optimization of wideband analog
beamforming and multiple users scheduled in OFDMA
system, an effective solution is that every user or virtual user
of MU-MIMO selected user set maps its own transmitting
signals to a unique RF chain.That is, the analog beamforming
vector for a RF chain will be optimized based on the
channel character of only one user or the virtual user with
same optimal beam. Because the integrated channel can be
treated as a virtual user with similar optimal beam in the
entire frequency band, the hybrid beamforming could not
only reconcile the contradiction of the wideband analog
beamforming and multiple users scheduled in frequency
resource, but also support arbitrary user scheduling band and
MU-MIMO algorithms.

In what follows, we split the proposed hybrid beamform-
ing design into two steps: Firstly, for analog beamforming
design, we adopt the optimal beam of each scheduled user.
Then, we focus on digital beamforming design. The digi-
tal beamforming algorithm not only achieves the optimal

beamforming gains for every user allocated in its own block,
but also mitigates the interuser interference in the same
block. Further, the digital beamforming is formulated by the
weighted MMSE.

5.1. Analog Beamformer Design. Firstly, MU-MIMO channel
matrixH in frequency domain is transformed to timedomain
h just by employing inverse fast Fourier transform (IFFT);
that is h1, . . . , h𝐾 = ifft[H1, . . . ,H𝐾].

Consider the analog beamformer design, the achievable
rate is𝑅sum = log2(1+‖h𝑙f𝑙‖2/𝜎2) for 𝑙thMU-MIMOuser and
we seek to design the analog beamformer f𝑙 to maximize sum
rate by scanning a codebookF𝑡 [22], which can be expressed
as

max
f𝑙∈F𝑡

𝑅sum = max
f𝑙∈F𝑡

log2(1 + h𝑙f𝑙2𝜎2 ) . (12)

Since every RF chain corresponds to one MU-MIMO user,
then f = [f1, f2, . . . , f𝑁RF

] is the selected time domain beam
vectors from the predefined RF beamforming codebook F𝑡.
F𝑡 is specified in a quantized matrix a𝑇(2𝜋𝑖𝜑/𝑀𝜑, 2𝜋𝑗𝜃/𝑀𝜃),
where each column is a weight vector corresponding to
one beam pattern, for the variable 𝑖𝜑 taking the values0, 1, 2, . . . ,𝑀𝜑 − 1 and 𝑗𝜃 taking the values 0, 1, 2, . . . ,𝑀𝜃 − 1,
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and 𝑀𝜑 and 𝑀𝜃 denote the quantized precision of azimuth
and elevation angles, respectively.

Note that the objective function ofMU-MIMOuser selec-
tion is similar to that of analog beamforming. The difference
is that onlyMU-MIMOuser selection considers the interuser
interference. An enormous amount of simulation results indi-
cates that the analog beamforming performance obviously
decreases while the optimal beam direction of the target
user is slightly changed. Thus for the analog beamforming,
we still apply the optimal beam for each selected user. The
interuser interference can be further mitigated by the digital
beamforming.

5.2. Digital Beamformer Design. In this stage, we design the
digital beamformer by the weightedMMSE approach [23, 24]
to mitigate multiuser mutual interference. Assume g𝑛,𝑘 ≥ 0
be a weight matrix for user 𝑘, and the weighted sum-MSE
minimization used to deal with the problem is formulated as

min
g,W,B

𝑁𝑏∑
𝑛=1

𝐾∑
𝑘=1

tr (g𝑛,𝑘𝜉𝑛,𝑘) − log det (g𝑛,𝑘)
s.t.

𝑁𝑏∑
𝑛=1

𝐾∑
𝑘=1

tr (FW𝑛,𝑘W
𝐻
𝑛,𝑘F

𝐻) = 𝑃,
(13)

where 𝑃 denotes the power budget, and the mean-square
estimation error matrix 𝜉𝑛,𝑘 can be written as

𝜉𝑛,𝑘 = E [(Y𝑛,𝑘 − s𝑛,𝑘) (Y𝑛,𝑘 − s𝑛,𝑘)𝐻]
= E[

[(B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘s𝑛,𝑘

+ 𝐾∑
𝑗=1,𝑗 ̸=𝑘

B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑗s𝑛,𝑗 + B𝐻𝑛,𝑘n𝑛,𝑘 − s𝑛,𝑘)

× (B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘s𝑛,𝑘 + 𝐾∑
𝑗=1,𝑗 ̸=𝑘

B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑗s𝑛,𝑗

+ B𝐻𝑛,𝑘n𝑛,𝑘 − s𝑛,𝑘)
𝐻]] = (I − B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘) (I

− B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘)𝐻
+ 𝐾∑
𝑗=1,𝑗 ̸=𝑘

B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑗W
𝐻
𝑛,𝑗F

𝐻H𝐻𝑛,𝑘B𝑛,𝑘

+ 𝜎2B𝐻𝑛,𝑘B𝑛,𝑘.

(14)

It follows

𝜉𝑛,𝑘 = tr {𝜉𝑛,𝑘}
= 𝐾∑
𝑗=1

H𝑛,𝑘FW𝑛,𝑗W
𝐻
𝑛,𝑗F

𝐻H𝐻𝑛,𝑘tr (B𝐻𝑛,𝑘B𝑛,𝑘)
− tr (B𝐻𝑛,𝑘)H𝑛,𝑘FW𝑛,𝑘 −W𝐻

𝑛,𝑘F
𝐻H𝐻𝑛,𝑘tr (B𝑛,𝑘)

+ 𝜎2tr (B𝐻𝑛,𝑘B𝑛,𝑘) .
(15)

For fixed allW𝑛,𝑘, MMSE receive beamforming B𝑛,𝑘 at user 𝑘
is given as

Bmmse
𝑛,𝑘 = H𝑛,𝑘FW𝑛,𝑘∑𝑁𝑏𝑛=1∑𝐾𝑗=1H𝑛,𝑘FW𝑛,𝑗W𝐻

𝑛,𝑗F𝐻H𝐻𝑛,𝑘 + 𝜎2I
= J−1𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘.

(16)

Let J−1𝑛,𝑘 = ∑𝑁𝑏𝑛=1∑𝐾𝑗=1H𝑛,𝑘FW𝑛,𝑗W𝐻
𝑛,𝑗F

𝐻H𝐻𝑛,𝑘 + 𝜎2I. Then, the
corresponding MSE error matrix for user 𝑘 applying the
receive beamforming Bmmse

𝑛,𝑘 can be written as

𝜉mmse
𝑛,𝑘 = I − W𝐻

𝑛,𝑘F
𝐻H𝐻𝑛,𝑘J

−1
𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘. (17)

Because the object function of (13) is convex in each of the
optimization variables g,W,B, the block coordinate descent
method is adopted to solve (13). Specifically, the weighted
sum-MSE object function is minimized by sequentially fixing
two of the three variables g,W,B and updating the third
variable. While the update of receiver beamforming B𝑛,𝑘 is
expressed by (16), the update of the weight variable g𝑛,𝑘 is in
closed form that can be written as

gopt𝑛,𝑘 = 𝜉−1𝑛,𝑘. (18)

The update of transmit digital beamforming W𝑛,𝑘 can
also be decoupled through transmitters, causing the following
optimization problem:

min
𝐾∑
𝑘=1

tr (g𝑛,𝑘 (I − B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘) (I − B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘)𝐻)
+ 𝐾∑
𝑘=1

tr(∑
𝑗 ̸=𝑘

g𝑛,𝑘B
𝐻
𝑛,𝑘H𝑛,𝑘FW𝑛,𝑗W

𝐻
𝑛,𝑗F

𝐻H𝐻𝑛,𝑘B𝑛,𝑘)
s.t. 𝐾∑

𝑘=1

tr (FW𝑛,𝑘W
𝐻
𝑛,𝑘F

𝐻) ≤ 𝑃.
(19)

We can exploit standard convex optimization approaches to
solve this convex quadratic optimization problem. Mean-
while, we can also apply the Lagrange multipliers method
to get a closed form solution. In particular, assuming a
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Input: Multi-user frequency channelsH1,H2, . . . ,H𝐾, analog beamforming F, and power constraint 𝑃 > 0
Initialization:W𝑛,𝑘 such that tr(FW𝑛,𝑘W𝐻

𝑛,𝑘F
𝐻) = 𝑃/𝐾

For 𝑛 = 1, 2, . . . ,𝑁𝑏

While | ∑𝐾
𝑘=1 log det g̃𝑛,𝑘 − ∑𝐾

𝑘=1 log det g𝑛,𝑘| ≥ 𝜁
g̃𝑛,𝑘 = g𝑛,𝑘
Update B𝑛,𝑘 = H𝑛,𝑘FW𝑛,𝑘/(∑𝑁𝑏𝑛=1∑𝐾

𝑗=1 H𝑛,𝑘FW𝑛,𝑗W𝐻
𝑛,𝑗F

𝐻H𝐻
𝑛,𝑘 + 𝜎2I),𝑘 ∈ 𝐾

g𝑛,𝑘 = (I − B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘)−1.
W𝑛,𝑘 = ( 𝐾∑

𝑗=1

F𝐻H𝐻
𝑛,𝑘B𝑛,𝑗g𝑛,𝑗B

𝐻
𝑛,𝑗H𝑛,𝑘F + 𝜆𝑘F𝐻F)−1 F𝐻H𝐻

𝑛,𝑘B𝑛,𝑘g𝑛,𝑘

EndWhile
End For

Algorithm 2: WeightedMMSE approach.

Lagrange multiplier 𝜆𝑘 ≥ 0 to the power budget constraint
of transmitter, the Lagrange function is given by

𝑓 ({W𝑛,𝑘}𝐾𝑘=1 , 𝜆𝑘) = 𝐾∑
𝑘=1

tr (g𝑛,𝑘 (I − B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘)
⋅ (I − B𝐻𝑛,𝑘H𝑛,𝑘FW𝑛,𝑘)𝐻)
+ 𝐾∑
𝑘=1

tr(∑
𝑗 ̸=𝑘

g𝑛,𝑘B
𝐻
𝑛,𝑘H𝑛,𝑘FW𝑛,𝑗W

𝐻
𝑛,𝑗F

𝐻H𝐻𝑛,𝑘B𝑛,𝑘)
+ 𝜆𝑘( 𝐾∑

𝑘=1

tr (FW𝑛,𝑘W
𝐻
𝑛,𝑘F

𝐻) − 𝑃) .

(20)

𝜕𝑓({W𝑛,𝑘}𝐾𝑘=1, 𝜆𝑘)/𝜕W𝑛,𝑘 = 0 and then the first-order opti-
mality condition of 𝑓({W𝑛,𝑘}𝐾𝑘=1, 𝜆𝑘) in regard to each W𝑛,𝑘

yields

Wopt
𝑛,𝑘 = ( 𝐾∑

𝑗=1

F𝐻H𝐻𝑛,𝑘B𝑛,𝑗g𝑛,𝑗B
𝐻
𝑛,𝑗H𝑛,𝑘F + 𝜆𝑘F𝐻F)

−1

⋅ F𝐻H𝐻𝑛,𝑘B𝑛,𝑘g𝑛,𝑘.
(21)

Let W𝑛,𝑘(𝜆𝑘) be the right-hand side of (21). When the
matrix ∑𝐾𝑗=1 F𝐻H𝐻𝑛,𝑘B𝑛,𝑗g𝑛,𝑗B𝐻𝑛,𝑗H𝑛,𝑘F + 𝜆𝑘F𝐻F is invertible
and ∑𝐾𝑘=1 tr(FW𝑛,𝑘(0)W𝐻

𝑛,𝑘(0)F𝐻) ≤ 𝑃, then Wopt
𝑛,𝑘

= W𝑛,𝑘(0);
otherwise we must have

𝐾∑
𝑘=1

tr (FW𝑛,𝑘 (𝜆𝑘)W𝐻
𝑛,𝑘 (𝜆𝑘) F𝐻) = 𝑃, (22)

which is equivalent to

tr ((Σ + 𝜆𝑘Γ)−2Θ) = 𝑃, (23)

where QΣQ𝐻 is the eigendecomposition of∑𝐾𝑗=1 F𝐻H𝐻𝑛,𝑘B𝑛,𝑗g𝑛,𝑗B𝐻𝑛,𝑗H𝑛,𝑘F and Γ = Q𝐻F𝐻FQ, Θ =

Q𝐻(∑𝐾𝑘=1 F𝐻H𝐻𝑛,𝑘B𝑛,𝑘g2𝑛,𝑘B𝐻𝑛,𝑘H𝑛,𝑘F)Q; then (23) can be
simplified as

𝑁RF∑
𝑚=1

[Θ]𝑚𝑚([Σ]𝑚𝑚 + 𝜆𝑘 [Γ]𝑚𝑚)2 = 𝑃. (24)

Notably the optimum 𝜆𝑘 (denoted by𝜆∗𝑘)must be positive
in this case and the left-hand side of (24) is a decreasing
function in 𝜆𝑘 for 𝜆𝑘 > 0.Therefore (24) can be easily worked
out by employing one-dimensional search techniques. Even-
tually, by plugging 𝜆∗𝑘 in (24), we can achieve the solution for
W𝑛,𝑘(𝜆∗𝑘), 𝑘 = 1, 2, . . . , 𝐾, 𝑛 = 1, 2, . . . , 𝑁𝑏.

The digital beamforming algorithm for the mmWave
massive MIMO is summarized in Algorithm 2.

The optimization problem (13) has a differentiable objec-
tive function and a constraint set that is separable in the vari-
ables g,W,B.TheWMMSE algorithm is the block coordinate
descent method applied to (13) and converges to a stationary
point of (13), which is any limit point g∗ ,W∗,B∗ of the iterates
generated by the WMMSE algorithm.

6. Simulation Results

In this section we present simulation results to character-
ize the performance of the proposed algorithm presented
in Sections 4 and 5. The simulated channel is mmWave
MIMO multiantennas channel model [25] extended from
IEEE 802.11ad channel model [26]. We consider a single-cell
MIMO-OFDMA system consisting of BS and 𝐾all users, and
the cell radius at the BS is the typical value for a microcellular
system.The propagation environment is modeled as a 𝐿𝑘 = 8
ray channel with uniformly random azimuth and elevation
AoAs/AoDs distributed in [0, 2𝜋] and [0, 𝜋]. We assume that
the Channel State Information (CSI) is updated once per
frame and group 5 OFDM symbols into a frame. One OFDM
symbol has 512 subcarriers including 352 data subcarriers.
The transmitter is assumed to employ a UPA antenna and the
UE is assumed to have 𝑁𝑟 = 2 antennas. The interelement
spacing in both BS and UE antenna arrays is set to half a
wavelength. The other simulation parameters are shown in
Table 1.
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Table 1: Simulation parameter.

Parameter Value
System bandwidth 𝐵 2560MHz
Subcarrier frequency spacing 5MHz
Number of subcarriers𝑁𝑓 512

Resource block size 128 subcarriers × 5 OFDM
symbols

Channel coding method Turbo coding with 1/2
code-rate

Modulation/demodulation mode 64QAM
Number of transmit antennas𝑁𝑡 128, 256, 512 UPA
Number of resource blocks𝑁𝑏 4
Number of simulation frames 5000
Total users𝐾all 16
Number of spatial multiplexing
users𝐾 2, 4
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Figure 2: Sum rates versus SNR using the proposed hybrid
beamforming, full digital beamforming, analog beamforming, and
existing OMP + BD hybrid beamforming algorithms when 𝐾 = 2
and𝑁𝑡 = 512.

First, we compare the sum rates of different algorithms
when 𝐾 = 2 and 𝑁𝑡 = 512 in Figure 2, where we consider
the system model in Section 2. The rate achieved by the
proposed hybrid beamforming algorithm is compared with
the full digital beamforming, analog beamforming, and
existing OMP + BD hybrid beamforming algorithm [14, 27].
To evaluate the proposed hybrid beamforming algorithm, we
assume azimuth and elevation angles of the phase shifters
at the BS to be quantized with 𝑀𝜑 = 20 and 𝑀𝜃 = 20.
As can be seen from Figure 2, as expected the rate achieved
by the proposed hybrid beamforming is higher than that
of the analog beamforming, and superior performance is
achieved by the digital beamforming approach. Meanwhile,
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Figure 3: Sum rate versus SNR using the proposed hybrid beam-
forming when𝐾 = 2, 4 and𝑁𝑡 = 512.
the performance of hybrid beamforming is very close to the
digital beamforming from the low to moderate SNR regions,
and small performance gap is observed at SNR regions within−22∼−10 dB. When SNR increases to more than −10 dB,
the proposed hybrid beamforming algorithm will achieve
the same saturation value as digital beamforming. And the
proposed hybrid beamforming yields a large improvement
over the existing OMP + BD hybrid beamforming.

Secondly, we examine and compare the performance of
the proposed hybrid beamforming with different number
of scheduled users per block. We set the same number of
transmit antennas in Figure 2 as𝑁𝑡 = 512 and varymaximum
number of scheduled users in different blocks as 𝐾 = 2, 4.
As can be seen from Figure 3, increasing the number of MU-
MIMOusersmultiplexing in each block can improve the sum
rate (for SNR values) due to canceling the residual multiuser
interference. The sum rate with 𝐾 = 4 has risen sharply at
SNR = −30∼−14 dB. When the value of SNR approaches to−12 dB, it approximately tends to bemaximumvalue and then
starts to level off as SNR exceeds −12 dB, while the sum rate
with 𝐾 = 2 will also achieve the same maximum value as the
value of SNR exceeds −10 dB.

Finally, we discuss the performance of hybrid beamform-
ing with different number of transmit antennas. The sum
rate is achieved by the hybrid beamforming with 𝑁𝑡 =128, 256, 512 antennas with 𝐾 = 4. The SNR ranges from−30 dB to −10 dB. It can be found in Figure 4 that as the
number of transmit antennas increases, the performance of
system enhances significantly from the low to moderate SNR
regions. When the SNR approaches to −12 dB, the sum rate
with 𝑁𝑡 = 512 approximately tends to be stable. And it
saturates after a certain SNR which is around −12 dB. As the
value of SNR continues to increase, the sum rate of other cases
will also achieve the same maximum value.
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Figure 4: Sum rates versus SNR using the proposed hybrid beam-
forming algorithms when𝐾 = 4 and 𝑁𝑡 = 128, 256, 512.

7. Conclusions

In this paper, we propose a joint user scheduling and
MU-MIMO hybrid beamforming algorithm for mmWave
FDMAmassive MU-MIMO system.The users with the same
strongest beams direction form an OFDMA user group. For
the sameOFDMAuser group, BS allocates the corresponding
frequency resources to the member with the best channel
gain. Then, to maximize the mmWave system throughput,
MU-MIMOusers are selected fromOFDMAuser groups and
other users to be scheduled. For the proposed hybrid beam-
forming, the analog beamforming vectors apply the optimal
beam of each MU-MIMO user. The digital beamforming
algorithm is solved byweightMMSE,whichnot only achieves
the optimal performance for each user, but also mitigates the
residual interuser interference.

Simulation results show that the performance of hybrid
beamforming is very close to the full digital beamform-
ing. Thus hybrid beamforming jointly designing with user
scheduling can greatly improve the performance of mmWave
OFDMA massive MU-MIMO system. Our further work
will focus on reducing the complexity of the proposed
hybrid beamforming algorithm and increasing the function
of adaptive power allocation.
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For simulations of nonstationary multiple-input multiple-output (MIMO) Rayleigh fading channels in time-variant scattering
environments, a novel channel simulator is proposed based on the superposition of chirp signals. This new method has the
advantages of low complexity and implementation simplicity as the sum of sinusoids (SOS) method. In order to reproduce
realistic time varying statistics for dynamic channels, an efficient parameter computation method is also proposed for updating the
frequency parameters of employed chirp signals. Simulation results indicate that the proposed simulator is effective in generating
nonstationary MIMO channels with close approximation of the time-variant statistical characteristics in accordance with the
expected theoretical counterparts.

1. Introduction

Multiple-input multiple-output (MIMO) technologies are
widely used to improve the channel capacity and frequency
utilization ratio without increasing system bandwidth or
transmitting power.The traditional MIMO channels are usu-
ally modeled as wide-sense stationary (WSS) Rayleigh fading
processes [1, 2]. However, the WSS assumption is not always
satisfied, because the time-variant scattering environments,
such as vehicle-to-vehicle (V2V) channel [3] and high-speed
train channel [4], will change the statistical properties of
MIMO channel over time. This kind of non-WSS channel,
also called no-stationary channel, plays an important role in
designing, validating, and optimizing the performance of real
world wireless communication systems [3–6].

Based on the modeling methodologies adopted, channel
models can be classified into geometrically based stochastic
models (GBSMs) and correlation-based stochastic models
(CBSMs) [7]. The nonstationary MIMO channels based on
GBSMs have been investigated in [8–10]. Xiao et al. [8] were
concerned with the time-variant parameters such as angles-
of-arrival (AoA) and angles-of-departure (AoD) irrespective

of the scattering environment or clusters, while Wu et al. [9]
focused on modeling the appearance and disappearance of
clusters byMarkov process or birth-death process. Moreover,
Borhani and Pätzold [10] introduced a spatial Brownian path
model to generate realisticmoving trajectories of transceivers
and employed it to model the time-variant channel by
deriving the analytical expressions of AoA and angles-of-
motion (AOM). Researches have showed that GBSMs are
suitable for modeling nonstationary MIMO channels; how-
ever, the complexity increases significantly when the number
of clusters increases dramatically.

On the other hand, CBSMs are usually used to evaluate
the performance of MIMO systems due to their low com-
plexity and have been applied in MIMO channel models [11],
as well as standard channel models such as IEEE 802.11 TGn
channel [12] and LTE-A channel [13]. When adopting the
conventional CBSMs in nonstationary cases, it is a prereq-
uisite to know the variation of the statistical properties of
channel with respect to the time and frequency [14, 15], in
order to construct a channel simulator generating non-
stationary fading channel realizations. The simulation of
CBSMs always requires generating multiple independent and
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identically distributed (i.i.d.) Rayleigh fading processes. In
the past three decades, a large number of researches have
showed that this simulation can be efficiently performed by
a finite sum of sinusoids (SOS) or cisoids (SOC) [16–25].
The mathematical reference model for this SOS method was
initially proposed in [16] as Clarke’s model, and the famous
simulator, namely, Jakes’ model, was developed in [17]. Pop
and Beaulieu [18] suggested an improved Jakes’ model by
applying random phase shifts to optimize the WSS property.
Xiao and Zheng [19, 20], as well as Zajić and Stüber [21],
introduced some random simulation parameters to enhance
the performance.

The aforementioned simulation models are all noner-
godic models, which need the arithmetic average over a large
amount of simulation trails (snapshots) in order to approxi-
mate the desired properties [22]. To overcome this shortcom-
ing, Pätzold and Wang [22–25] developed deterministic SOS
simulators with low complexity. At the same time, the sum-
of-cisoids (SOC) simulators are found to bemore flexible and
suitable for channel simulation in the nonisotropic scattering
environments [26–29]. The accuracy of statistical channel
properties obtained with both SOS and SOC simulators
greatly depends on the simulation parameters computation
method. The 𝐿𝑝-norm method [23, 26] owns high accu-
racy of statistical properties but requires a time-consuming
progress of parameter optimization. The method of equal
area (MEA) and its derivatives [24, 27, 28] can reduce the
computation complexity but demand plenty of cisoids to
emulate the correlation properties precisely. Recently, the
Riemann sum method (RSM) was proposed by Gutiérrez et
al. in [29] to generate channels with accurate autocorrela-
tion. However, this method fails to generate channels with
desirable envelope distribution when the number of cisoids is
small.

It should be noted that all above existing SOS or SOC
simulators are only designed for stationary channels with
constant statistical characteristics. For simulating nonstation-
ary channels, the conventional Kronecker model is extended
in this paper for reconstructing correlated nonstationary
MIMO Rayleigh fading channel observed in time-variant
scattering environments. In addition, we propose a new SOC
simulator based on the sum of chirp signals to generate
multiple independent identically distributed (i.i.d.) Rayleigh
fading channels of time-variant statistical characteristics.
By utilizing the linearly changing Doppler frequencies, the
new method is applicable to reproducing the desirable
time-variant Doppler power spectral density (DPSD), enve-
lope probability distribution function (PDF), autocorrelation
function (ACF), and cross-correlation function (CCF).

The remainder of this paper is organized as follows: in
Section 2, we give a nonstationary MIMO channel model
originating from CBSMs. The existing stationary Rayleigh
fading channel models including the reference model and
simulation model are reviewed in Section 3. The proposed
nonstationary MIMO channel simulator with a new parame-
ters computation method is presented in Section 4. Section 5
gives the performance evaluation results and analysis of
the new simulator. Finally, conclusive remarks are made in
Section 6.
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Figure 1: MIMO communication systemwith 𝑆 transmitting anten-
nas and 𝑈 receiving antennas under mobile to mobile (M2M) sce-
nario. The solid line and dash line indicate the positions of tran-
sceiver antenna arrays at two different time instances.

2. Nonstationary MIMO Channel Model

A MIMO mobile to mobile (M2M) communication system
is illustrated in Figure 1, where the solid line and dash line
indicate the positions of transceiver antenna arrays at two dif-
ferent time instances. The different scattering environments
make the MIMO channel’s characters change over time.

Assuming a frequency nonselective MIMO channel sys-
tem with 𝑆 transmitting antennas and 𝑈 receiving antennas,
the MIMO channel matrix can be expressed as

H (𝑡) = [ℎ𝑢,𝑠 (𝑡)]𝑈×𝑆
, (1)

where ℎ𝑢,𝑠(𝑡) denotes the impulse response of the subchannel
between the uth (𝑢 = 1, 2, . . . , 𝑈) receiving antenna and
the sth (𝑠 = 1, 2, . . . , 𝑆) transmitting antenna. Considering a
Rayleigh fading channel, the envelope and phase distribution
of ℎ𝑢,𝑠(𝑡) obey, respectively, the Rayleigh and uniform dis-
tributions over (0, 2𝜋], while the statistical parameters such
as variance may vary over time. The time-variant channel
correlation matrix is defined as

RH (𝑡) = 𝜌 {vec (H) vec (H)𝐻} , (2)

where vec(⋅) is the vector operator (stacking all elements of
a matrix column-wise into a single vector), (⋅)𝐻 denotes the
Hermitian transposition, and 𝜌{⋅} represents the correlation
coefficient. RH(𝑡) is a 𝑈𝑆 × 𝑈𝑆 matrix, and we can use it to
remodel the nonstationary correlated MIMO channel as

vec (H) = R1/2
H vec (G) , (3)

where (⋅)1/2 denotes any matrix square root fulfilling
R1/2
H (R1/2

H )𝐻 = RH and G is an 𝑈 × 𝑆 random matrix with
zero mean i.i.d. complex Gaussian process entries. Assuming
the scattering environments around the receiver and the
transmitter are mutually independent, the channel correla-
tion matrix can be expressed by the Kronecker product of
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the transmitter correlation matrix RTx(𝑡) and the receiver
correlation matrix RRx(𝑡),

RH (𝑡) = RTx (𝑡) ⊗ RRx (𝑡) , (4)

where ⊗ denotes the Kronecker product.

3. Multiple Stationary Rayleigh
Fading Channels

The Kronecker model for a MIMO channel is related with
the correlation matrix and complex Gaussian matrix. We can
directly obtain the lower triangular matrix L by performing
Cholesky decomposition on RH, L = R1/2

H , and RH = LL𝐻.
If RH is nonpositive definite, the eigenvalue decomposition
method [30] needs to be applied. In this section, a brief
review of the SOC-based simulation method applicable to
generating multiple i.i.d. stationary Rayleigh fading channels
is provided, and its performance is evaluated.

3.1. The Reference Model. Multiple Rayleigh fading processes
are actually equivalent to a set of complex Gaussian random
processes. Under this assumption, the kth Rayleigh fading
process can be written as

𝜇𝑘 (𝑡) = 𝜇𝑘,𝑖 (𝑡) + 𝑗𝜇𝑘,𝑞 (𝑡) , 𝑘 = 1, 2, . . . , 𝐾, (5)

where 𝑗 ≜ √−1, 𝜇𝑘,𝑖(𝑡), and 𝜇𝑘,𝑞(𝑡) are uncorrelated and
zero mean real-valued Gaussian processes. Thus, the fading
envelope 𝜁𝑘(𝑡) ≜ |𝜇𝑘(𝑡)| and phase 𝜙𝑘(𝑡) ≜ arg {𝜇𝑘(𝑡)} yield
the following PDFs, respectively:

𝑝𝜁𝑘
(𝑧) = 2𝑧𝜎2

𝜇𝑘

⋅ exp{− 𝑧2𝜎2
𝜇𝑘

} , 𝑧 ≥ 0,
𝑝𝜙𝑘

(𝜃) = 12𝜋 , 𝜃 ∈ [−𝜋, 𝜋) ,
(6)

where 𝜎2
𝜇𝑘

denotes the variance of Rayleigh distribution.
The autocorrelated Rayleigh fading process 𝜇𝑘(𝑡) can be
further characterized by its ACF 𝑟𝜇𝑘𝜇𝑘(𝜏) ≜ 𝐸{𝜇∗

𝑘 (𝑡)𝜇𝑘(𝑡 +𝜏)}, while the cross-correlated Rayleigh fading processes are
characterized by their CCF 𝑟𝜇𝑘𝜇𝑙(𝜏) ≜ 𝐸{𝜇∗

𝑘 (𝑡)𝜇𝑙(𝑡 + 𝜏)}, ∀𝑘 ̸=𝑙. Here, (⋅)∗ is complex conjugation and 𝐸{⋅} refers to the
expectation of given argument. The DPSD 𝑆𝜇𝑘𝜇𝑘(𝑓) describes
the power distribution over Doppler frequency and can be
calculated by performing the Fourier transform on the ACF;
that is, 𝑆𝜇𝑘𝜇𝑘(𝑓) = ∫∞

−∞
𝑟𝜇𝑘𝜇𝑘(𝜏)exp{−𝑗2𝜋𝑓𝜏}𝑑𝜏. Our aim is to

generate 𝐾 i.i.d. Rayleigh fading processes, which satisfy the
following conditions:

𝑟𝜇𝑘𝜇𝑘 (𝜏) = 𝜎2
𝜇𝑘

∫∞

−∞
𝑝𝑘,𝑓 (𝑓) exp {𝑗2𝜋𝑓𝜏} 𝑑𝑓,

𝑆𝜇𝑘𝜇𝑘 (𝑓) = 𝜎2
𝜇𝑘
𝑝𝑘,𝑓 (𝑓) ,

𝑟𝜇𝑘𝜇𝑙 (𝜏) = 0, ∀𝑘 ̸= 𝑙,
(7)

where 𝑝𝑘,𝑓(𝑓) is the Doppler frequency PDF of the kth
Rayleigh fading process. All elements of the antenna arrays

share a common scattering environment where the small-
scale characterization assumption applies. Thus, the 𝐾 ran-
dom processes have the same Doppler frequency PDF
denoted as 𝑝𝑓(𝑓).

The Gaussian-shaped DPSD plays an important role
for nonisotropic scattering environment as in the cases of
aeronautical channels. Specifications of frequency-shifted
Gaussian DPSD can also be found in the channel models for
pan-European, terrestrial, and cellular GSM system [28].The
theoretical expressions of Gaussian DPSD and ACF are given
as follows:

𝑆𝐺𝜇𝜇 (𝑓) = 𝜎2
𝜇𝑓𝑐 √

ln 2𝜋 𝑒−ln 2(𝑓/𝑓𝑐)2 , 𝑓 ∈ [𝑓𝑙, 𝑓𝑢] , (8)

𝑟𝐺𝜇𝜇 (𝜏) = ∫𝑓𝑢

𝑓𝑙

𝑆𝐺𝜇𝜇 (𝑓) exp {𝑗2𝜋𝑓𝜏} 𝑑𝑓, (9)

where 𝑓𝑐 denotes the 3-dB-cut-off frequency and 𝑓𝑙, 𝑓𝑢 refer
to theminimum andmaximum frequency, respectively. For a
symmetric Gaussian-shaped DPSD, the expression of (9) can
be simplified as

𝑟𝐺𝜇𝜇 (𝜏) = 𝜎2
𝜇𝑒−(𝜋(𝑓𝑐/√ln 2)𝜏)2 , (10)

where𝑓𝑙 = −𝑓max and𝑓𝑢 = 𝑓max with𝑓max = 𝑓0 ⋅V/𝑐 denoting
the maximum Doppler frequency due to the movements of
transceivers. Here 𝑐 = 3 × 108 refers to the velocity of light,
and 𝑓0 is the carrier frequency.
3.2. The SOC Simulation Model. Based on the central limit
theorem, a complex Gaussian random process can be mod-
eled as the superposition of infinite properlyweighted cisoids.
It is impossible to realize the simulationwith infinite numbers
of cisoids. Fortunately, most of statistical properties can be
approximated accurately when the number reaches a certain
threshold. The SOC simulator for the kth Rayleigh fading
process is defined as [27]

�̂�𝑘 (𝑡) = 𝑁∑
𝑛=1

�̂�𝑘,𝑛exp {𝑗 (2𝜋�̂�𝑘,𝑛𝑡 + �̂�𝑘,𝑛)} , (11)

where 𝑁 is the number of cisoids. The real-valued parame-
ters, including gains �̂�𝑘,𝑛, phases �̂�𝑘,𝑛, and discrete Doppler
frequencies, �̂�𝑘,𝑛, remain constant during one simulation
trial, which results in a deterministic channel in each snap-
shot.The gains �̂�𝑘,𝑛 are given such that𝐸{�̂�2𝑘,𝑛} = 𝜎2

�̂�𝑘
/𝑁 for 𝑛 =

1, 2, . . . , 𝑁, where 𝜎2
�̂�𝑘
is the average power of channel fading.

The phases �̂�𝑘,𝑛 are independent random variables uniformly
distributed over [−𝜋, 𝜋). The discrete Doppler frequencies�̂�𝑘,𝑛 can be characterized by either 𝑆𝜇𝑘𝜇𝑘(𝑓) or 𝑟𝜇𝑘𝜇𝑘(𝑓). How
to generate these two functions properly is the key issue.

3.3. Statistical Characteristics. From (11), we can derive the
joint distribution 𝑝�̂�𝑘,𝑖,𝑛�̂�𝑘,𝑞,𝑛

(𝑧1, 𝑧2) of two random variables�̂�𝑘,𝑖,𝑛(𝑡) and �̂�𝑘,𝑞,𝑛(𝑡) as [31]
𝑝�̂�𝑘,𝑖,𝑛�̂�𝑘,𝑞,𝑛

(𝑧1, 𝑧2) = 𝑝�̂�𝑘,𝑖,𝑛
(𝑧1) ⋅ 𝛿 (𝑧2 − 𝑔 (𝑧1)) , (12)



4 International Journal of Antennas and Propagation

where

𝑝𝜇𝑘,𝑖/𝑞,𝑛
(𝑧1/2) = 1

(𝜋√𝑐2𝑘,𝑛 − 𝑧21/2) ,

𝑔 (𝑧1) = √𝑐2𝑘,𝑛 − 𝑧21 ,
(13)

when |𝑧1/2| < 𝑐𝑘,𝑛. The join characteristic function can be
defined by the Fourier transform of joint probability density
function as

𝜓𝑥,𝑦 (V1, V2) = ∬𝑝𝑥,𝑦 (𝑧1, 𝑧2) 𝑒𝑗2𝜋(V1𝑧1+V2𝑧2)𝑑𝑧1𝑑𝑧2. (14)

Combining with following equation

𝜓𝑥,𝑦 (V1, V2) = ∏𝜓𝑥𝑛,𝑦𝑛
(V1, V2) , (15)

where 𝑥(𝑡) = ∑𝑁
𝑛=1 𝑥𝑛(𝑡), 𝑦(𝑡) = ∑𝑁

𝑛=1 𝑦𝑛(𝑡), and 𝑥𝑛(𝑡) and𝑦𝑛(𝑡) are i.i.d. random variables, we can get

𝑝�̂�𝑘,𝑖�̂�𝑘,𝑞
(𝑧1, 𝑧2) = 2𝜋∫∞

0
[ 𝑁∏
𝑛=1

𝐽0 (2𝜋 𝑐𝑘,𝑛 V)]
⋅ 𝐽0 (2𝜋V√𝑧21 + 𝑧22) V 𝑑V.

(16)

Finally, transforming the Cartesian coordination into the
polar coordination with 𝑧1 = 𝑧 cos 𝜃 and 𝑧2 = 𝑧 sin 𝜃, the
PDFs of envelope and phase can be expressed, respectively, as

𝑝�̂�𝑘
(𝑧)
= 𝑧 (2𝜋)2 ∫∞

0
[ 𝑁∏
𝑛=1

𝐽0 (2𝜋 �̂�𝑘,𝑛 V)] 𝐽0 (2𝜋𝑧V) V 𝑑V,
𝑧 ≥ 0,

(17)

𝑝�̂�𝑘
(𝜃) = 12𝜋 , 𝜃 ∈ [−𝜋, 𝜋) (18)

when �̂�𝑘,𝑛 = 𝜎�̂�𝑘/√𝑁 and 𝑁 → ∞ are considered; (17) is the
same as the Rayleigh PDF.

As a deterministic simulation model, the statistical prop-
erties of output fading processes should be calculated by using
time average instead of statistical average. According to the
definitions of ACF, CCF, and DPSD, we can calculate the
time-averaged functions as follows:

𝑟�̂�𝑘�̂�𝑘 (𝜏) =
𝑁∑
𝑛=1

�̂�2𝑘,𝑛exp {𝑗2𝜋�̂�𝑘,𝑛𝜏} ,

𝑆�̂�𝑘�̂�𝑘 (𝑓) = 𝑁∑
𝑛=1

�̂�2𝑘,𝑛𝛿 (𝑓 − �̂�𝑘,𝑛) ,

𝑟�̂�𝑘�̂�𝑙 (𝜏) =
𝑁∑
𝑛=1

𝑁∑
𝑚=1

{{{{{{{

𝛿 (�̂�𝑘,𝑛 − �̂�𝑙,𝑚)
exp (−𝑗2𝜋�̂�𝑙,𝑚𝜏)

exp [−𝑗 (�̂�𝑘,𝑛 − �̂�𝑙,𝑚)]
}}}}}}}

.

(19)

To satisfy with the requirements of (7), the following con-
ditions for discrete Doppler frequency parameter should be
fulfilled [29]:

𝑓𝑘,𝑛 ̸= 0,
𝑓𝑘,𝑛 ̸= 𝑓𝑘,𝑚,
𝑓𝑘,𝑛 ̸= 𝑓𝑙,𝑚,

∀𝑘, 𝑛, 𝑙, 𝑚, 𝑘 ̸= 𝑙, 𝑚 ̸= 𝑛.
(20)

4. Nonstationary Channel Simulator

4.1. A New Simulation Model. The issue at hand is that the
existing SOC simulator only applies to the stationary channel.
To overcome this disadvantage, we propose a new simulator
based on the sum of chirp signals as follows:

�̃�𝑘 (𝑡) = 𝑁∑
𝑛=1

�̃�𝑘,𝑛exp{𝑗(2𝜋∫𝑡

0
�̃�𝑘,𝑛 (𝑡) 𝑑𝑡 + �̃�𝑘,𝑛)} , (21)

where the discrete frequency parameters are changed over
time and characterized by the time-variant DPSD. It can be
observed that our model will reduce to the original SOC
model if �̃�𝑘,𝑛(𝑡) is time-invariant. The flow chart of the
proposed simulation model is illustrated in Figure 2, which
also shows the signal of each branch is a frequencymodulated
signal.

The envelope andphase PDFs are independent ofDoppler
frequencies according to (12)–(18). Thus, the simulated enve-
lope and phase PDFs based on the proposed model are the
same as those for the conventional SOC model. Because the
conventional definition of DPSD is invalid for nonstationary
processes, we redefine the DPSD as the short-time DPSD
which can be calculated by the squared amplitude of signal’s
short-time Fourier transform (STFT)

𝑇�̃�𝑘�̃�𝑘
(𝑡, 𝑓) ≜ ∫∞

−∞
�̃�𝑘 (𝜏) 𝑒−𝑗2𝜋𝑓𝜏𝑤∗ (𝑡 − 𝜏) 𝑑𝜏, (22)

where𝑤(𝑡−𝜏) is an analysis timewindow,which is sufficiently
short such that the process can be considered to be stationary.
Now we can redefine the time-variant ACF as the inverse
Fourier transform of 𝑇�̃�𝑘�̃�𝑘

(𝑡, 𝑓)
𝑟�̃�𝑘�̃�𝑘 (𝑡, 𝜏) = ∫∞

−∞
𝑇�̃�𝑘�̃�𝑘

(𝑡, 𝑓) exp {𝑗2𝜋𝑓𝜏} 𝑑𝑓. (23)

Similarly, the CCF of a nonstationary process can be defined
as

𝑟�̃�𝑘�̃�𝑙 (𝑡, 𝜏) ≜ 𝐸⟨�̃�∗
𝑘 (𝑡 + 𝜏2) �̃�𝑙 (𝑡 − 𝜏2)⟩ (24)

and only consider the cases with 𝜏 = 0.
4.2. Parameters Computation. The time-variant discrete fre-
quency parameters will increase the complexity and uncer-
tainty of our model, so it is very important to find an efficient
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Figure 2: Simulation model for nonstationary Rayleigh fading by a finite sum of frequency modulated signals. |�̃�𝑘(𝑡)| and arg {�̃�𝑘(𝑡)} are the
amplitude and phase of the simulated fading process, respectively.

parameter computation method to update the value of fre-
quency for each branch over time.

Assuming that the 𝐾 Rayleigh fading channels have the
same time-variant DPSD, we sample the continuous DPSD

with a short-time interval 𝑇𝑢 (namely, channel updating
interval).The updating interval is short enough, so the DPSD
is approximately constant provided 𝑆𝑢𝜇𝜇(𝑓) is within the
uth interval. In addition, we propose the discrete frequency
parameters following the linear change, which is

�̃�𝑢

𝑘,𝑛 (𝑡) = 𝑏𝑢𝑘,𝑛 + 𝑠𝑢𝑛𝑡, 𝑡 ∈ [(𝑢 − 1) 𝑇𝑢, 𝑢𝑇𝑢) , 𝑛 = 1, 2, . . . , 𝑁, 𝑘 = 1, 2, . . . , 𝐾, 𝑢 = 1, 2, . . . , (25)

where 𝑏𝑢𝑘,𝑛 means the initial value of the 𝑘th Rayleigh fading
channel and the 𝑛th branch of signal and 𝑠𝑢𝑛 indicates the slope
of the 𝑛th branch for𝐾 fading channels.

The slope 𝑠𝑢𝑛 is calculated as

𝑠𝑢𝑛 = 𝑁𝑠𝑓

(𝐹𝑢
𝑛 − 𝐹𝑢

𝑛−1) + (𝐹𝑢+1
𝑛 − 𝐹𝑢+1

𝑛−1 )2𝑇𝑢

, (26)

where𝐹𝑢
𝑛 is the computation result ofMEA [28], whichmakes

the area under the DPSD curve within the range [𝐹𝑢
𝑛−1, 𝐹𝑢

𝑛 )
equal to 𝜎2

�̃�/𝑁
∫𝐹𝑢𝑛

𝐹𝑢𝑛−1

𝑆𝑢�̃��̃� (𝑓) 𝑑𝑓 = 𝜎2
�̃�𝑁 , 𝑛 = 1, 2, . . . , 𝑁. (27)

For the special case of a symmetric DPSD, we have 𝐹𝑢
0 =−𝑓𝑢

max and 𝐹𝑢
𝑁 = 𝑓𝑢

max with 𝑓𝑢
max being the maximumDoppler
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frequency. 𝑁𝑠𝑓 refers to the approximate number of peri-
ods for the Doppler frequency parameters linearly varying
between the upper and lower boundaries. In this paper, we
propose𝑁𝑠𝑓 ≈ 10 to ensure the mutual independence among
𝐾 fading channels. When the value of �̃�𝑢

𝑘,𝑛(𝑡) exceeds the
upper boundary or reduces below the lower boundary, the
updating direction will be reversed. This step keeps the value
of Doppler frequency confined within the upper and lower
boundaries.We set the upper boundary𝐵𝑢

𝑛(𝑡) as a straight line
connecting 𝐹𝑢

𝑛 and 𝐹𝑢+1
𝑛 ; that is,

𝐵𝑢
𝑛 (𝑡) = 𝐹𝑢+1

𝑛 − 𝐹𝑢
𝑛𝑇𝑢

(𝑡 − 𝑡𝑢) + 𝐹𝑢
𝑛 , 𝑛 = 1, 2, . . . , 𝑁, (28)

where 𝑡𝑢 is the start time of 𝑢th interval. Similarly, the lower
boundary expression can be obtained by setting 𝑛 = 𝑛 − 1.

Finally, we set the initial value 𝑏𝑢𝑘,𝑛 of the𝑢th interval equal
to the end frequency in the last time interval

𝑏𝑢𝑘,𝑛 = {{{
𝑈[𝐹𝑢

𝑛−1, 𝐹𝑢
𝑛 ) 𝑢 = 1

�̃�𝑢−1

𝑘,𝑛 𝑢 = 2, 3, . . . ,∞. (29)

For the case of 𝑢 = 1, 𝑏1𝑘,𝑛 is specified as a random variable
uniformly distributed over the range of [𝐹1

𝑛−1, 𝐹1
𝑛 ).

By applying the aforementioned computation method of
(25)–(29), we can observe that the discrete frequency param-
eters generated are continuous and meet the requirements of
(20). Additionally, our computation method will make the
signal of each branch in (21) as a chirp signal, which arewidely
adopted in radar systems [32].

5. Simulation and Validation

In this section, we investigate the performance of the pro-
posed simulation model by generating a 2 × 2MIMO chan-
nel with center frequency 𝑓0 = 5GHz. Assuming that there
are many scatters around the receiver but few scatters around
the transmitter, the typical averaged correlation matrixes are
[33]

RRx (𝑡) = [ 1 0.3
0.3 1 ] ,

RTx (𝑡) = [ 1 0.91
0.91 1 ] .

(30)

The time-variant DPSD showed in Figure 3 is assumed to be
symmetric Gaussian DPSD with 𝑓𝑐 = 𝑓maxln 2.

According to the proposed simulationmethod, we should
generate 𝐾 = 4 i.i.d. Rayleigh fading processes firstly. Then,
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Figure 3: Time-variant Gaussian-shaped DPSD used to verify the
performance of proposed simulator. This DPSD corresponds to the
scenario of mobile receiver starting acceleration.
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Figure 4: Calculated discrete frequency parameters for each branch
(𝑁 = 16). These results are calculated from (25)–(29) and (31) with
the DPSD given in Figure 3 and they will be used in (21) to generate
the nonstationary Rayleigh fading.

with the given Gaussian DPSD, we get the area under the 𝑢th
DPSD curve over [−∞, 𝐹𝑢

𝑛 ] as
𝐺 (𝐹𝑢

𝑛 ) = ∫𝐹𝑢𝑛

−∞
𝑆𝑢�̃��̃� (𝑓) 𝑑𝑓

= 𝜎2
�̃�2 [1 + erf (𝐹𝑢

𝑛𝑓𝑐 √ln 2)] ,
𝑛 = 1, 2, . . . , 𝑁.

(31)

So the values of 𝐹𝑢
𝑛 can be obtained by applying a proper

numerical root-finding technique on (31). Using 𝑁 = 16,𝑁𝑠𝑓 = 10, and 𝑇𝑢 = 10ms as an example, we can get
the time-variant discrete frequency parameters from (25) to
(29). Figure 4 illustrates the computation results of frequency
parameters for 16 branches in solid lines, and the upper and
lower boundaries of each branch are showed in dash lines.



International Journal of Antennas and Propagation 7

Theory
Simulation

0
0.1
0.2
0.3
0.4
0.5
0.6
0.7
0.8
0.9

En
ve

lo
pe

 P
D

F

0 1 1.5 2 2.5 3 3.5 40.5
Envelope level

Figure 5: Time-averaged envelope PDF of generated fading chan-
nel. The simulation time and channel updating interval are 200ms
and 10ms, respectively. The Rayleigh fading channels during all
intervals are assumed to have normalized power. The dotted line
denotes the averaged envelope PDF for all time intervals.
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Figure 6: Time-variant DPSD of generated fading channel. The
dotted line denotes the outline of desired Gaussian-shaped DPSD
in Figure 3.

The four independent Rayleigh fading processes gener-
ated by using the proposed simulation model exhibit similar
statistical properties for the envelopes PDF, ACF, and DPSD.
Figure 5 illustrates the simulated envelope PDF of the first
Rayleigh fading process. Here, we assume the Rayleigh fading
channel with normalized power, and as a result, �̃�𝑘,𝑛 = 1/16 is
used, and the time-averaged PDF for all time intervals is given
by dotted line depicted in Figure 5. The figure demonstrates
that the simulation result provides a good approximation to
the theoretical Rayleigh PDF. We also use (22) and (23) to
calculate the time-variant short-time DPSD and ACF, which
are showed, respectively, in Figures 6 and 7. For comparison
purposes, we also highlight the edge lines of desired DPSD
from Figure 3 and plot the calculated theoretical ACF with
dotted line. It is apparent that the simulated channel’s DPSD
and ACF change over time and fit well with the desired
graphs. Figures 5–7 also showed that the statistical results
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Figure 7: Magnitude of time-variant ACF of generated fading
channel.The dotted line denotes the theoretical ACF corresponding
to the Gaussian-shaped DPSD in Figure 3.
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Figure 8: Envelopes of four subchannels generated by using the
proposed simulation model.

obtained in each interval are very close to the theoretical
value, which implies that our simulation model is applicable
to reproducing the dynamic channels in the real world with
tractable computational complexity.

Then, the four resultant i.i.d. Rayleigh fading processes
are combined into the matrix G. The channel correlation
matrix and the lower triangular matrix can be calculated by
applying the Kronecker product and Cholesky decomposi-
tion as, respectively,

RH = [[[[[
[

1 0.3 0.91 0.273
0.3 1 0.273 0.91
0.91 0.273 1 0.3
0.273 0.91 0.3 1

]]]]]
]

, (32)

L = [[[[[
[

1 0 0 0
0.3 0.954 0 0
0.91 0 0.415 0
0.273 0.868 0.124 0.396

]]]]]
]

. (33)

Inserting the matrix G and (33) into (3), we can finally get
the nonstationarymutual correlatedMIMOchannel. Figure 8
gives the varying fading envelopes of all subchannels within
200ms. The simulation accuracy for the MIMO channel is
determined by the statistical properties of its subchannels.
According to the theory of random process, the linear
combination of four i.i.d. complex Gaussian processes will
not change the characteristics of the envelopes PDF, ACF, and



8 International Journal of Antennas and Propagation

RH (1, 2)
RH (1, 3)
RH (1, 4)

RH (2, 3)
RH (2, 4)
RH (3, 4)

0.2
0.3
0.4
0.5
0.6
0.7
0.8
0.9

1

M
ag

ni
tu

de
 o

f t
he

 C
CF

20 40 60 80 100 120 140 160 180 2000
Time (ms)

Figure 9: Magnitude of time-variant CCF between individual pairs
out of four subchannels.

DPSD. So we only need to evaluate the performance of cross-
correlation between individual pairs of subchannels. Figure 9
depicts the absolute value of the CCF over time.

Furthermore, the average of varying CCF can be calcu-
lated to get the correlation matrix of the simulated MIMO
channel as

R̃H = [[[[[
[

1.0000 0.3003 0.9102 0.2753
0.3003 1.0000 0.2748 0.9099
0.9102 0.2748 1.0000 0.3034
0.2753 0.9099 0.3034 1.0000

]]]]]
]

(34)

which also exhibits good approximation to the desired one
as (32), and the mean of simulation errors is merely 0.46%.
Themaximum of error is about 1.13%, while the minimum of
error is less than 0.01%.

6. Conclusion

In this paper, a new simulation model originating from
SOC method has been proposed to generate multiple non-
stationary Rayleigh fading processes, which are very useful
for the simulation of MIMO channel in time-variant rich-
scattering environments as in V-V communication scenarios.
Meanwhile, we assume that the frequency parameters of our
model change linearly over time, which makes the signal of
each branch (or subchannel) in the form of chirp signals.
Under this assumption, an efficient updating method for the
frequency parameters is proposed, which ensures that the sta-
tistical properties of simulated channel fading coincide with
the desired ones. Simulation results demonstrate that our
proposed simulator is able to generate nonstationary MIMO
channels with time-variant statistical characteristics, such as
the envelopes PDF, ACF,DPSD, andCCF approximatingwith
their theoretical counterparts accurately.
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