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1. Introduction

With the advent of high data rate 3G and 4G wireless
communication systems and the app-based use paradigm,
wireless connectivity through multiple air interfaces has
become a common requirement in the RF architecture of
mobile communication devices. Modern wireless handsets
frequently incorporate three or more antennas to enable cel-
lular voice and data,Wi-Fi, andGPS connectivity, acrossmul-
tiple bands.Multiple antenna systems are frequently designed
to implement diversity or spatial multiplexing schemes, as
in the case of WCDMA and LTE, to increase resiliency and
capacity of wireless links and to operate multiple voice/data
links simultaneously. Concurrently, ultrawideband (UWB)
systems used in short range communications, remote sens-
ing, and through-the-wall radar imaging have introduced a
new paradigm in the antenna design where the mitigation
of pulse distortion is of the essence, thus requiring a shift
in antenna design approach and the introduction of novel
radiating systems.

This special issue is intended to reflect current R&D
trends and novel approaches in the analysis and synthesis
of antenna systems and associated RF front-ends for next
generation mobile communication devices, applicable to
various device form factors such as smartphones, tablets,
laptops and wearable computers as well as for UWB com-
munication systems and radars. A particular emphasis has
been paid to the analysis anddesign of broadband,multiband,

and reconfigurable antennas for wireless and UWB appli-
cations, as well as to the identification of special materials
and integration techniques with the host platform. Important
efforts have been devoted to the characterization of the radio
channel as well as to the most innovative near-field-far-
field transformation techniques employed to determine the
radiation properties of the antennas employed in the modern
wireless communication systems.

The special issue is composed of 19 contributions that can
be divided into the following 9 clusters.

2. Contributions to Broad- and
Multibanding Techniques

In “Dual-Feed Small-Size Penta-Band PIFA for LTE/WWAN
Mobile Handset Applications” by M. Liu and B. Zhao, the
authors present a dual-feed small-size penta-band PIFA for
LTE/WWAN mobile handset applications. The proposed
antenna is composed of a simple U-shaped patch with dual-
shorting pins connected to the ground plane. The antenna is
excited at one arm of the U-shaped radiating patch to cover
the higher band of GSM1800/1900/UMTS2100/LTE2300/
2500, while it is excited at the other arm to realize the
GSM900.

In “A Butterfly-Shaped Wideband Microstrip Patch
Antenna for Wireless Communication” by L. Sun et al.,
the authors present a butterfly-shaped patch antenna for
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wideband wireless communications and radio-frequency
identification (RFID) systems. The antenna, having a band-
width of about 40%, can serve simultaneously most of the
modern wireless communication standards.

In “A Multiband Printed Log-Periodic Dipole Array for
Wireless Communications” by G. A. Casula and P. Maxia, the
authors present a compact multiband printed Log-periodic
dipole array antenna for wireless communications. The pro-
posed antenna can be used for wireless communications both
in the S (2.4–3GHz) and in the C (5.2–5.8GHz) frequency
bands, with very good input matching and a satisfactory end-
fire radiation pattern. In addition, it presents an excellent out-
of-band rejection, without the use of stop-band filters, thus
avoiding interference out of its operating frequency band.

In “Bandwidth Enhancement Technique of the Mean-
dered Monopole Antenna” by C.-J. Wang and D.-H. Hsieh,
the authors present a small dual-band monopole antenna
with coplanar waveguide feeding structure. The antenna is
composed of ameanderedmonopole, an extended conductor
tail, and an asymmetrical ground plane which confer to the
radiating structure the ability to cover the GSM900, the DCS,
the IMT-2000, the UMTS, theWLAN, the LTE 2300, and the
LTE 2500, wireless communication standards.

In “Novel Cross-Type Network for Wide-Tuning-Range
Reconfigurable Multiband Antennas” by C.-S. Lee et al., the
authors presents a cross-type network design with a novel
reconfigurable functionality to realize a tunable multiband
antenna. It is shown that by attaching a reconfigurable
network at the feeding port of a broadband antenna, the
multi-input impedance adjustment enables the production
of multimatching operating bands. So, the proposed novel
cross-type network can be used successfully in tunable dual-
band functions to decrease the processing time and the
analytical complexity of tunable-frequency devices.

In “A Compact Wideband Dual-Polarized Antenna with
Harmonic Suppression Using Nonuniform Defected Ground
Structure” by L. Damaj et al., the authors present an inter-
esting dual-polarized wideband bowtie CPW-fed antenna
having wideband harmonic suppression obtained by means
of three nonuniform cascaded bowtie Defected Ground
Structure (DGS) unit cells. The antenna has an omnidi-
rectional dipole-type radiation pattern over the operating
frequency band 2.7–5.9GHz. These characteristics allow the
proposed structure to cover theUWB (lower band in Europe)
and IEEE 802.16 (WiMAX) frequency bands.

In “Design of Compact Trapezoidal Bow-Tie Chipless
RFID Tag” by L. Xu and K. Huang, the authors present a
novel compact design of a low-cost fully printable slot-loaded
bowtie chipless RFID tag. The tag, used as an ultrawideband
structure, consists of two trapezoidal metallic patches loaded
with multiple slot resonators. Due to high data capacity and
low cost, and since it needs only one conductive layer, it can
be directly printed on personal ID, credit cards, papers, and
textile fabrics.

In “A DR Loaded Substrate Integrated Waveguide
Antenna for 60GHz High Speed Wireless Communication
Systems” by N. Ashraf et al., the authors present an array of
dielectric resonator antennas, excited by a compact feeding
line formed by a substrate integrated waveguide, suitable to

operate at 60GHz. In particular, an impedance bandwidth
of 10.70% with a gain up to 11.20 dBi is found for an array
composed of four resonator antennas.

3. Contributions to Antennas for
UWB Applications

In “Two-Step BeveledUWBPrintedMonopole Antennawith
Band Notch” by Y. Xiao et al., the authors present a compact
printed monopole antenna for ultra-wideband applications.
Symmetrical slots, integrated along the microstrip line are
employed to realize a frequency stop band, so to avoid elec-
tromagnetic interference with the WLAN communication
systems, while those integrated on the ground plane are
adopted to improve the antenna radiation patterns.

In “ACPW-FedDual-Band-NotchedAntennawith Sharp
Skirt Selectivity for UWB Applications” by D. Dong et al.,
the authors present a coplanar waveguide-fed dual-band-
notched antenna with sharp skirt selectivity for ultrawide-
band applications. The antenna, composed of a radiant patch
with a C-shaped slot and a C-shaped stub integrated on the
back surface of the substrate, presents dual-band-notched
characteristics which can reject the interference between the
IEEE 802.11a bands (5.15–5.35GHz and 5.725–5.825GHz)
and the UWB systems.

4. Contributions to Wearable/Flexible
Antennas

In “Design of a Circularly Polarized Galileo E6-Band Textile
Antenna by Dedicated Multiobjective Constrained Pareto
Optimization” by A. Dierck et al., the authors present a
strategy, incorporating a multiobjective constrained Pareto
optimization, to the design of a wearable Galileo E6-band
antenna with optimal return loss and wide-band axial ratio
characteristics.The realized antenna prototypes show that the
proposed optimization strategy is able to take into account
the variations of the antenna substrate materials.

In “Novel Multiband Metal-Rimmed Antenna for Wear-
able Applications” by B. Liu et al., the authors present a
novel multiband antenna with an unbroken metal rim for
wearable applications. The proposed antenna is composed of
a radiating metal rim and a novel feeding structure which
allows obtaining a compact antenna suitable to cover the
frequency band between 1500 and 2350MHz, ensuring at
the same time SAR values lower than that indicated by the
specific standard concerning the protection of the human
being by the exposure to electromagnetic fields.

5. Contributions to Substrates, Special
Materials, and Fabrication Techniques

In “Beam Scanning Properties of a Ferrite LoadedMicrostrip
Patch Antenna” by S. S. I. Mitu and F. Sultan, the authors
present an axially magnetized ferrite loaded microstrip patch
antenna with tunable beam scanning properties. In partic-
ular, ferrite rods are placed in the radiation region of the
antenna to perturb the 𝐸-field phase distribution resulting in
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beam scan.The realized prototype shows a beam scan ranging
from 28∘ up to −26∘.

In “Design Variations on Planar Differential Antenna
with Potential for Multiple, Wide, and Narrow Band Cover-
age” by D. Pepe et al., the authors show how by modifying
the topology of an antenna it is possible to obtain a behavior
presenting wide, narrow, ormultiple bands. To this end, three
practical antenna implementations, based on variations of
one general planar differential antenna topology, originally
proposed for ultrawideband applications, are presented and
discussed in detail.

6. Contributions to Reconfigurable and
Multiband Antenna Technology

In “Design of a Smart Antenna for Mobile Ad Hoc Net-
work Applications” by M. Di Filippo et al., the authors
present a smart antenna capable of producing multiple, high-
gain, electronically steered independent beams, made of a
cylindrical array of metal patches suitable for mobile ad
hoc networks. These networks are particularly important in
several environments where the fixed infrastructure is not
available, not trusted, too expensive, or unreliable.

7. Contributions to MIMO Antenna Systems
and Channel Modeling for Wi-Fi and LTE

In “Polarized Uniform Linear Array System: Beam Radia-
tion Pattern, Beamforming Diversity Order, and Channel
Capacity” by X. Su and K. Chang, the authors derive the
channel capacity of polarized uniform linear array (PULA)
systems using the beamforming technique in a realistic
scattering environment. The numerical results show that, for
PULA systems, the channel capacity, which is boosted by the
beamforming diversity, can be determined using the channel
gain, the beam radiation pattern, and the beamforming
diversity order (BDO), where the BDO is dependent on the
antenna characteristics and array configurations.

8. Contributions to Wireless Systems for
Remote Control of Vital Parameters

In “An EM Modeling for Rescue System Design of Buried
People” by A. De Leo et al., the authors present an analytical
model developed to get some a priori design characteristics
of a rescue system, based on a R.F. detector, useful to identify
the breathing activities of buried persons in case of occur-
rence of natural disasters such as earthquake, landslides, or
avalanches. To validate the model, a system prototype was
built using laboratory equipment, and some experiments
were carried out in a realist scenario to confirm the perfor-
mance offered in the detection of respiratory activities by
means of a R.F system.

9. Contribution to Antenna Performance
Measurement Techniques

In “Near-Field to Far-Field Transformation Techniques with
Spiral Scannings: A Comprehensive Review” by R. Cicchetti
et al., the authors present an overview of the most innova-
tive spiral scanning near-field-far-field transformation tech-
niques useful to derive the radiation patterns of the antennas
commonly employed in themodern wireless communication
systems. In particular, a unified theory of the spiral scannings
for quasi-spherical and nonspherical antennas is described,
and an optimal sampling interpolation expansion useful to
evaluate the probe response on a quite arbitrary rotational
surface fromanonredundant number of its samples, collected
along a proper spiral wrapping it, is presented. Due to
the intrinsic characteristics of the technique, a remarkable
reduction of the measurement time is achieved.

10. Contributions to Evaluation of the RF
Exposure to Wireless Communication
Devices and Infrastructures

In “CultureMediumGeometry:TheDominant Factor Affect-
ing In Vitro RF Exposure Dosimetry” by A. Paffi et al.,
the authors analyze the distribution of the electromagnetic
field and SAR in test tubes and Petri dishes used for the
exposure of cells and/or biological samples to the RF energy.
In particular, they show that the RF energy distribution
within the samples is entirely determined by exposure vessel
geometry, orientation to the incident RF flux, frequency, and
dielectric properties of the medium. The results reported in
the paper are particularly useful for those researchers who are
called to carry out experimental measurements on biological
samples exposed to electromagnetic fields.
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The development of a rescue system for buried persons is a subject of growing importance in case of occurrence of natural disasters
such as earthquake, landslides, or avalanches. In this paper a fully analytical model has been developed to get some fundamental a
priori design characteristics.The proposed system is based on the detection of the victimmovements due to its respiratory activity:
in particular, when an electromagnetic (EM) wave impinges on a human body, the analysis of the reflected wave parameters such
as amplitude, frequency, phase, or delay time allows for the detection of the breathing frequency. The model is simple on purpose
because the great uncertainty concerning the characterization of many environmental parameters of a general situation makes a
very detailed model useless. However, it is accurate enough to provide useful information about system design, filling the gap in the
literature concerning the electromagnetic formulation of such kinds of problems. A system prototype was built using laboratory
equipment to experimentally validate the model, and subsequently breathing frequency measurements were carried on, both in a
lossless laboratory environment and in a lossy realistic scenario.

1. Introduction

Noncontact detection of vital signs is gaining a growing
importance for its applications in many practical contests [1,
2], and in particular this work describes an electromagnetic
system for the detection of buried human subjects by sensing
their breathing activity. The working principle is based on
probing the environment with electromagnetic waves and
processing the echo signals: change of amplitude and phase of
the reflected waves due to the fact that the respiratory activity
allows for localizing the victim under debris or landslide.

Radio frequency (RF) systems for the detection of phys-
iological activities can be grouped into two main families,
Doppler radars and UWB systems.

Historically, Doppler systems for the detection of vital
signs were first proposed. The idea consists in revealing tho-
rax movements to obtain the respiratory frequency using
radar techniques in the microwave region [3–6].

Most of the researches are related to the signal processing
of the electromagnetic signal reflected by the human body
and several techniques to enhance the extraction of vital signs

were described and implemented [7, 8]. More recent papers
are essentially addressed to overcome existing difficulties
concerning the applications to realistic environments, intro-
ducing effective processing strategies [9, 10], whereas other
works deal with practical aspects related to the electronic
device fabrication [11–13].

A different choice was offered by the capability of UWB
radar pulses to pass through obstacles, due to their high
resolution, low energy consumption, and immunity against
multipath interference: these features were also exploited
to extract human vital signs in complex environments [14–
16], including space scenarios [17, 18]. Specific UWB radar
systems [19–22] were designed for the rescue of victims
trapped in rubble.

In this paper a new approach based on an electromagnetic
point of view is proposed. In fact, in spite of many examples
of RF systems for breathing and heart beat detection reported
in the literature, the lack of an electromagnetic model, to
describe the backscattering of a victim embedded in the
surrounding environment, stands out.
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Figure 1: Scenario of the human body illuminated by an aperture
antenna (dimensions are in mm). The respiratory activity is simu-
lated by a volume variation of 1 liter of the grey region.

The aim of the paper is to show that even a simple electro-
magnetic model is capable of providing useful information to
address the systemdesign, as operating conditions, the choice
of the most suitable frequencies, and the sensitiveness.

In particular an analytical model for the scattering prob-
lem of a human body buried into a homogenous lossy me-
dium will be presented. The approach is simplified, because
a full wave solution of the electromagnetic problem does
not seem to be necessary for our purposes and it would
require a super computer to account for a detailed scenario.
Moreover, a realistic environment is characterized by a great
uncertainty related to geometrical and material parameters,
so amore accuratemodelling does not providemore accurate
results. It must be remarked that we are mainly interested
in the variations of the electromagnetic field due to the
thorax respiratory movements rather than in the complete
electromagnetic backscattering of the human body. However,
this scenario is a good approximation of the situation of aman
buried by a landslide or avalanche.

The model has been validated and the results compared
with measurements both in a controlled environment and in
a realistic scenario, as a road construction site.

2. Electromagnetic Model

The model is based on the evaluation of the current density
induced by an electromagnetic wave impinging the human
body.The knowledge of the body current allows for the com-
putation of the backscattered signal.

For convenience the human body is replaced by a phan-
tom with simplified human features (Figure 1). The different
parts of the body are very close to each other but not
electrically connected. The validity of these assumptions
was demonstrated comparing the model prediction and the

result of full wave numerical simulation [23]. In fact the
current distribution inside all the parts of the human body
is minimally affected by the electrical connections between
two parts of the body, because in the operating frequency
range the wavelength inside the human body is much smaller
than the dimensions of the parts of the body. From a practical
point of view this geometrical approximation allows us to
treat each part separately providing a closed form solution for
the electromagnetic problem.

The geometry of the problem and the reference system are
shown in Figure 1. An aperture antenna of dimensions (𝑎×𝑏)
radiates an electromagnetic field in a homogeneous medium
1, having electric characteristics (𝜎

1
, 𝜀
1
). The wave impinges

on a human body composed by 𝑁
𝑃
= 6 homogeneous

parallelepipeds,medium#2,whose electric characteristics are
(𝜎
2
, 𝜀
2
). The grey part of the thorax is supposed to vary its

thickness (𝑧 dimension) ofΔ𝑧±5mmaround its rest position
to simulate a volume of 1 liter of air flowing during each
respiratory act.

The electric field distribution →𝐸ap on the aperture of the
antenna is assumed to be uniform and polarized in the 𝑦-
direction.

A good approximation [23] for the current density dis-
tribution →𝐽eq to describe the thorax illumination due to an
electromagnetic wave having the electric field 𝐸inc 𝑦 and
propagating along the �̂� direction is

⃗𝐽
(𝑖)

eq = (𝜎2 − 𝜎1) 𝜏𝐸inc𝑒
−((1+𝑖)/𝛿)(𝑧−𝑧

(𝑖)
1 )𝑦, (1)

𝑧
(𝑖)

1

being the coordinate of the front surface of the 𝑖th body
part, 𝜏 the transmission coefficient at the interface between
medium 1 and medium 2, approximated as an indefinite
interface, and 𝛿 is the penetration depth of the field in
medium 2.

The backscattered field can be easily calculated from the
current density distribution →𝐽eq:

⃗𝐸back = 𝜂𝐻back × 𝑟 = 𝜂(
−𝑗𝛽𝑟 × ⃗𝐴

𝜇
) × 𝑟, (2)

where 𝛽 is the wavenumber, using the far field approximation

⃗𝐴 =
𝜇

4𝜋

𝑁𝑝

∑
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where ⃗𝑟 is the position vector of a point of the infinitesimal
element of the integration volume and ⃗𝑟 is the position vector
of the observation point.

In (3) 𝑥(𝑖)
1

, 𝑦
(𝑖)

1

, 𝑧
(𝑖)

1

and 𝑥(𝑖)
2

, 𝑦
(𝑖)

2

, 𝑧
(𝑖)

2

are the Cartesian
coordinates that define the 𝑖th body element and 𝑟

𝑖
is the

distance between the center of the 𝑖th body element and
the antenna. It is worth mentioning that the choice of the
geometry and the electromagnetic model was due to the
possibility of achieving closed form expressions, nevertheless
retaining a sufficient accuracy for the purpose of the paper.

The reflection coefficient 𝑆
11

measured at the antenna
input port is the sought physical quantity because its time
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variations reveal the occurrence of a respiratory act of a
buried subject.

Assuming the impedance matching between the genera-
tor and the transmission line, the reflection coefficient 𝑆

11
can

be written as [24]

𝑆
11
=
𝑉rec + 𝑉

−

𝑉+
=

⃗𝐸back ⋅
⃗𝑙eff

𝑉
𝑔

𝑍
𝑔
+ 𝑍
0

𝑍
0
+ 𝑍ant

+ Γant, (4)

where 𝑉rec is the received voltage at the antenna connector,
𝑉
− is the voltage reflected by the antenna and due to

mismatching, 𝑉+ is the voltage incident at the antenna input
port, ⃗𝑙eff and Γant are the effective length and the reflection
coefficient of the antenna, respectively, 𝑉

𝑔
and 𝑍

𝑔
are the

generator voltage and impedance, and𝑍
0
is the characteristic

impedance of the line connecting generator and antenna.

3. Model Validation

The aim of this section is to compare the levels of the
backscattered signal measured and predicted using the ana-
lyticalmodel.The intensity of the received signal as a function
of the distance between the subject and the antenna provides
a constraint in terms of system sensitivity.

The experimental setup consists of a double ridge horn
antenna connected to a Vectorial Network Analyzer (VNA)
located at a distance 𝐷 = 3m from the obstacle. The half
power beamwidth of the actual antenna was used to set the
aperture dimensions of the antenna used in the simulation.
A Personal Computer (PC) acquired the VNA samples of the
reflection coefficient and stored data for an offline processing.
The obstacle, representing a human thorax, was a 400mm ×
400mm × 50mm Plexiglas box filled with salt water and
placed at a distance of 2.5meter from the antenna. To simulate
themovement relatedwith breathing activity the box position
was changed of 1 cm in five steps of 2.5mm.

The VNA performed a frequency sweep from 1 to 9GHz,
because this is the maximum available range in our lab setup.
The actual antenna impedance was measured at all the fre-
quencies, and these values were used in the analytical model
to determine the simulated reflection coefficient through (4).

In Figure 2 the comparison between the amplitude of
the measured and the modeled 𝑆

11
is reported; in this case

the comparison is made only at the distance of 2.5 meter
because the amplitude variation of the reflected signal while
shifting the obstacle of 1 cm is very small and all curves appear
overlapped at a visual inspection. It can be observed that the
model satisfactorily predicts the order of magnitude and the
frequency dependence of the amplitude of the backscattered
signal; random oscillations in the measured response are due
to the multiple reflections of the environment and are not
accounted by the model.

As regards the validation of themaximumphase variation
prediction, themeasurement procedure was carried out shift-
ing the Plexiglas box of 1 cm (from 2.50m to 2.51m) in order
to simulate the movement related with breathing activity.
Figure 3 shows the comparison between themeasured and the
calculated values for the maximum variation of the 𝑆

11
phase

due to the target displacement. Comparing the two curves it
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Figure 2: Comparison between the model prediction and the
measurement for the module of the reflection coefficient.

1 2 3 4 5 6 7 8 9
0
2
4
6
8

10
12
14
16
18

Model
Measurement 

f (GHz)

M
ax

 d
elt

a p
ha

se
(∘

)

Figure 3: Comparison between the model prediction and the
measurement for the maximum phase excursion of 𝑆

11

during a
simulated respiratory act.

is possible to point out an appreciable agreement between the
prediction of the model and the measured results.

As expected the higher the frequency is the greater the
phase variation is with a maximum excursion of 16∘ at about
7.3 GHz. However, it is worth noting that the choice of the
working frequency seems to be critical, because maxima and
minima of phase sensitivity are very close to each other.

4. System Specifications

The scenario of Figure 1 was implemented: the aperture
antenna dimensions are 𝑎 = 150mm and 𝑏 = 100mm and it
is placed at 3 meters of distance, facing the phantom thorax.
The surrounding medium is a wet soil that according to [25]
can be modeled as a homogenous dielectric having 3 ≤ 𝜀

𝑟1
≤

24 and 0.01 ≤ tan(𝛿) = 𝜀
𝑖1
/𝜀
𝑟1
≤ 0.05, where 𝜀

𝑖1
and 𝜀
𝑖𝑟
are the

imaginary part and the real part of the electric permittivity
of the medium surrounding the victim. The human body is
assumed to be a lossy dielectric with 𝜀

𝑟2
= 70 and 𝜎

2
= 1 S/m.
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Figure 4(a) shows the |𝑆
11
| for different values of tan(𝛿),

setting 𝜀
𝑟1
= 6, whereas Figure 4(b) shows the |𝑆

11
| for

different values of 𝜀
𝑟1
, fixing tan(𝛿) = 0.01. It can be observed

that in both cases the frequency range 1-2GHz allows the
system to have the maximum sensitiveness in amplitude. It is
well evident that the soil attenuation at high frequencies and
low antenna efficiency at low frequencies strongly dominate
the |𝑆
11
| behavior.

Summarizing the results predicted by the analytical
model, it is possible to identify three different a priori system
requirements: (a) an optimal frequency range from 1 to
2GHz; (b) a frequency sweep analysis, more suitable than a
continuous wave based system; (c) an antenna well matched
with respect to the medium surrounding the buried victim.

Requirement (a) is related to the system maximum sen-
sitivity (Figure 4). Requirement (b) is necessary because
phase behavior is a rapidly oscillating function, and therefore

Absorber

Absorber

Absorber
VNA

PC

Figure 5: Experimental setup for breathing measurement.

the system has to sample the subject at different frequencies
to avoid the occurrence of blind frequencies (Figure 3).
Requirement (c) is related to (4) that clearly shows how the
antenna mismatching is a noise superimposed to the useful
signal: obviously the matching condition has to be realized
in working situation, with the antenna radiating the lossy
medium.

5. Breathing Detection

Using the a priori system specifications predicted by the ana-
lytical model, a system prototype was built upwith laboratory
equipment to measure the breathing frequency of a human
subject.

Themeasurements were carried out firstly in a controlled
environment in our laboratory, in order to check the system
functionalities, and subsequently in a realistic situation.

Concerning the laboratory measurements, whose set up
is depicted in Figure 5, a person was placed on the floor
and the antenna was hanged up by a dielectric structure
at the height 𝐷 = 2m. The antenna was placed so as to
radiate an electric field parallel to the main dimension of the
man. The first measurement was carried out in free space.
Then, in each of the three next measurements, an absorbing
panel was added, placing it above the victim, in order to
simulate the losses of the medium that surrounds the victim.
It was experimentally measured that the insertion of three
absorbing panels introduces a total attenuation of about 20 dB
corresponding to a depth of 5m in case of dry soil [25].

The PC connected to the VNA stores the complex reflec-
tion coefficient for each frequency scanned, performing the
measurements in𝑁

𝑓
= 71 frequency samples. Each scan lasts

for 340ms and during this time the subject can be considered
still. A total number of 𝑁

𝑠
= 120 scans are acquired

for a measuring time of about 40 s; in this way a matrix
of values 𝑠

11
(𝑓
𝑖
, 𝑡
𝑗
) is stored into the PC memory, where
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) is the 𝑖th frequency sample and 𝑡
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(𝑡)] .

(5)

Each column of the matrix 𝑠
11
(𝑓
𝑖
, 𝑡
𝑗
) represents the time

variation of the complex reflection coefficient, due to breath-
ing activity, measured at the frequency 𝑓

𝑖
. Performing a

Fourier Transform (FT) of the 𝑠
11
values of each column, the

𝑁
𝑓
frequency spectra 𝑆

11
(𝐹) are obtained, where 𝐹 is a fre-

quency in the breathing frequency range, typically 0.1–1Hz.
As the spectral content related to the breathing activity

of each column is the same, an average value is evaluated to
achieve a unique reconstructed signal: this simple technique
allows us also to avoid the problem of the frequencies with
very low sensitiveness.

Figure 6 reports the reconstructed spectra when none,
one, two, or three absorbing panels are inserted. It can be
observed that the sensed breathing frequency is about 𝐹 =
0.25Hz; this frequency can be detected alsowhen all the three
absorbing panels are inserted, even if the amplitude of the
harmonics decreases as the losses increase. The lower part of
the spectrum represents the effect of the very slow (and not
related to the respiration) movements of the body during the
40 s measurement.

Concerning the breathing detection in a realistic scenario,
a man buried by a landslide of excavated soil during the
construction of a road was considered.

At first, we carried out the 𝑠
21

measurement to evaluate
the path loss between points A, B, and C and the place where
the victimwas buried, inside a PVCpipe, Figure 7. In position
A the antenna is at 2m of distance from the victim, and in

A

B

C

Figure 7: Test scenario: a victim is buried by 2m of excavated
ground.
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Figure 8: |𝑆
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| measurement when the transmitting antenna is
placed at positions A, B, and C.

position B this distance is 1m, whereas the C position is just
over the PVC pipe where the victim is placed.

The measurements were performed in November, and
the excavated soil was very wet, a worst-case scenario for
breathing detection.

Figure 8 shows the |𝑆
21
| between the receiving antenna

placed on the victim’s chest and the transmitting antenna at
positions A, B, and C, respectively.

It can be noticed that in position A the value is between
−80 and −100 dB, highlighting a too high attenuation to
detect the victim respiration; at position B, from 1 to 2GHz,
sensitivity is higher, so the breathing measurement can be
performed. The same measurements were also performed at
position C where the attenuation is due to the PVC pipe only.

Figure 9 (blue line) reports the breathing frequencymon-
itored at position B.The fundamental respiration frequency is
0.2Hz but higher harmonics can be observed at 0.4, 0.6, and
0.8Hz.

Since, for safety reasons, all persons who access the site
must wear a high visibility jacket, an aluminum sheet was
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Figure 9: Breathing frequency detection at position B without (blue
line) and with (red line) the insertion of an aluminum sheet in the
high visibility jacket.

introduced in the jacket, improving the capability of the
system to detect the thorax movements (red line).

6. Discussion

In this work an electromagnetic model to assess the design
criteria for a rescue system has been presented; the model
has been validated and finally the performances of a system,
built up with laboratory equipment and designed according
to the defined criteria, were tested to search a victim in a
realistic scenario, as a road construction site. It is worth
noting that during the study we realized that this system can
be potentially used for other applications besides detecting
the breathing activity of a victim. In fact the received signal
can be processed in real time, and performing an Inverse
Fourier Transform of the whatever column of (5), the subject
position can be also retrieved. In case of multiple victims it
is therefore possible to detect how many persons are buried
under the landsleight and the rescue team would be able to
assign the intervention priority depending on the vital signs
of each victim.

The system could be also used in rescuing activities after
other natural disasters as earthquake or avalanches, where the
lossy medium is the rubble of the collapsed building and the
snow, respectively. In this case further studies are required to
analyze the signal propagation through a medium of random
and inhomogeneous characteristics. In particular the antenna
and the frequency range have to be finalized for the specific
environment.

The capability of the system to sense the breathing
activity could be also useful in many hospital applications;
however, the patient must be monitored remotely without
using sensors directly applied on the patient skin. Due to this
characteristic and its possibility to monitor dressed patients
or covered by blankets, the device could find its optimal
applications in hospital departments such as burnt wards or
the neonatal divisions.

The proposed system could also be used in Ambient
Assist Living applications thanks to its capability to sense
remotely human vital signs without compromising user pri-
vacy; the device seems to be particularly suitable to monitor
domestic activity of elderly people because it requires neither
interactions with themonitored subject nor training sessions.

7. Conclusions

In this work the usefulness of an EM model to assess the
design constraints of a rescue system able to detect the
breathing activities of buried victims was shown.

The model is analytical and simple, but effective and
flexible. It was developed to simulate the behavior of an
electromagnetic wave impinging on a human body buried
under a lossy medium. The model allows us to determine
some system design characteristics: (a) the optimal frequency
range is 1-2GHz, a tradeoff between the need for frequencies
as high as possible to maximize the phase variations due
to a respiratory act and the effect of soil attenuation; (b)
a frequency sweep analysis in the optimal range is more
suitable than a CW based system to avoid frequencies with
a very low sensitiveness because of multiple reflections of
the surrounding environment. On the other hand a UWB
pulse could be characterized by a spectrum having most of
its components strongly attenuated in case of lossy media; (c)
the antennawould be well matched to reduce the 𝑆

11
term not

correlated to the victim breath (4). This condition should be
verified considering the antenna imbedded into the medium
where the victim is buried.
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A novel butterfly-shaped patch antenna for wireless communication is introduced in this paper. The antenna is designed for
wideband wireless communications and radio-frequency identification (RFID) systems. Two symmetrical quasi-circular arms and
two symmetrical round holes are incorporated into the patch of a microstrip antenna to expand its bandwidth. The diameter and
position of the circular slots are optimized to achieve a wide bandwidth. The validity of the design concept is demonstrated by
means of a prototype having a bandwidth of about 40.1%. The return loss of the butterfly-shaped antenna is greater than 10 dB
between 4.15 and 6.36GHz. The antenna can serve simultaneously most of the modern wireless communication standards.

1. Introduction

Microstrip patch antennas have found many applications in
wireless communication systems because of their properties
as low profile, light weight, low cost, and easy fabrication [1].
These applications include UMTS (Universal Mobile Tele-
phone System), synthetic aperture radar (SAR), and radio-
frequency identification (RFID) systems [2–4].However, typ-
ical microstrip patch antennas present a narrow bandwidth.
Various methods have been accomplished to improve the
bandwidth of microstrip antennas. These methods include
the adoption of thick substrates, the employment of parasitic
elements, either in coplanar or stack configuration, the
shaping of the radiant patch, or the inclusion of suitable
slots. This last approach is particularly attractive because it
can provide excellent bandwidth improvement maintaining
a single-layer radiating structure to preserve the antenna’s
low characteristic profile. The successful examples include E-
shaped patch antennas [5–7], U-slot patch antennas [8–10],
V-slot patch antennas [11, 12], and L-probe patch antennas
[13–15]. By using these methods, the bandwidth of these
microstrip antennas could exceed 30%.

Recently, high-speed wireless computer networks have
attracted the attention of researchers, especially in the 5-
6GHz band. This band can cover the frequencies of the
high-speed wireless computer networks (e.g., IEEE 802.11a)
[16] and the RFID UHF band in North America [17]. Such
networks have the ability to provide high-speed connectiv-
ity (>50Mb/s) among notebook computers, PCs, personal
organizers, and other wireless digital appliances. Although
current 5GHz wireless computer network systems operate
in the 5.15–5.35GHz band, future systems may make use of
the 5.725–5.825GHz band in addition to the 5.15–5.35GHz
band, for even faster data rates. Furthermore, an antenna
with a wider operating band is more suitable to operate in
complex environments, such as buildings, factories, hospitals,
railway stations, and airports, where the field propagation
is dominated by many scattering processes due to obstacles
(furniture, walls, openings, etc.) [18]. Therefore, further
enhancement of the performance of microstrip antennas to
cover the demanding bandwidth is necessary.

Hence, this work presents a novel single-patch wideband
microstrip antenna with air gap for the requirement of
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Figure 1: Schematic representation of the proposed butterfly-shaped patch antenna. (a) Top view, (b) lateral view.
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RFID systems (5.8GHz) and high-speed wireless computer
networks (5GHz). The patch geometry is cut into a butterfly
shape which offers satisfactory performances by only adjust-
ing the diameter of the radiant arms and the position of
the circular slots. In addition, the frequency band and the
return loss can be adjusted by these parameters indepen-
dently.The numerical simulations are performed using HFSS
software. A comprehensive parametric study has been carried
out to understand the effects that the different geometrical
parameters have on the electromagnetic performance of the
proposed antenna. Using the parametric study, a wideband
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= 3.85mm, 𝑅in1 = 15.29mm, 𝑅in2 =
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Figure 7: Frequency behavior of the magnitude of the reflection
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butterfly-shaped antenna with 40.1% bandwidth, having a
return loss greater than 10 dB in the frequency band between
4.15 and 6.36GHz, has been designed. These characteristics
are very desirable for RFID systems and high-speed wireless
computer networks.

The paper is organized as follows. Section 2 details the
structure and the characteristics of the proposed butterfly-
shaped patch antenna. In Section 3, numerical and experi-
mental results, which demonstrate the performance advan-
tages of the proposed butterfly-shaped patch antenna, are
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Figure 9: Current distribution of the proposed antenna at different frequencies.

presented. Finally, the conclusion is drawn in Section 4,
which also summarizes the main contributions of this work.

2. Antenna Geometry

The geometry of the proposed patch antenna is shown in
Figure 1. The antenna consists of a butterfly-shaped metallic
patch suspended, by means of a 5.5mm thick air gap (𝜀

𝑟
= 1),

over an 80 × 80mm2 ground plane. The patch is centered
at the middle of the ground plane. The antenna is fed with

a coaxial probe at position 𝑃
𝑥
from the geometric center of

the microstrip line.The feed point is welded at the 50Ω SMA
coaxial connector.The butterfly-shaped patch consists of two
symmetric small loops and of 3/4 loops linked together (see
Figure 1). Moreover, the width 𝑊 and the length 𝐿 of the
microstrip line exciting the antenna, the inner radii𝑅in1,𝑅in2,
and the outer radii 𝑅out1, 𝑅out2 of both metallic loops forming
the radiating arms have to be optimized. An interconnecting
line of length 𝐿 andwidth𝑊, excited at a distance𝑃

𝑥
from the

origin, is employed to match the antenna input impedance



International Journal of Antennas and Propagation 5

Figure 10: Photograph of the proposed antenna.
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Figure 11: Measured and simulated frequency behavior of the
magnitude of the reflection coefficient.

to the coaxial feeding line, resulting in a return loss greater
than 10 dB in a wide frequency band (over 5-6GHz). The
geometrical dimensions of the antenna (see Figure 1) are𝑊 =
2.35mm, 𝐿 = 21.79mm, 𝑃

𝑥
= 3.85mm, 𝑅in1 = 15.29mm, 𝑅out1

= 20.22mm, 𝑅in2 = 8.70mm, and 𝑅out2 = 10.09mm.

3. Results and Discussion

In this section, a comprehensive parametric study and a
comparison between the numerical and experimental results,
including the antenna radiation patterns, are provided and
discussed in detail.
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3.1. Parametric Study. For a better understanding of the
electromagnetic behavior of the proposed butterfly-shaped
patch antenna, a parametric analysis with respect to some
antenna geometrical parameters has been performed. To
do that, the High Frequency Structure Simulator (HFSS)
software was employed.

Figures 2–8 show the frequency behavior of the magni-
tude of the reflection coefficients as a function of the length
𝐿, the width𝑊, the outer diameters 𝑅out1 and 𝑅out2, the inner
diameters𝑅in1 and𝑅in2, and the feed position𝑃𝑥, respectively.
As shown in Figures 2, 3, and 4, the length𝐿, thewidth𝑊, and
the feed position 𝑃

𝑥
can reasonably modify the impedance

matching. Among the four parameters of the inner and outer
diameters, namely, 𝑅in1, 𝑅in2, 𝑅out1, and 𝑅out2, 𝑅in1 and 𝑅out2
play a vital role in determining the resonant frequency as well
as the bandwidth of the antenna, as shown in Figures 5 and 8,
while the parameters 𝑅out1 and 𝑅in2 can effectively adjust the
return loss, as depicted in Figures 6 and 7.

Figure 9 depicts the surface current distribution excited
on the butterfly-shaped antenna at the frequencies of
4.4GHz, 5.5 GHz, and 6.2GHz, respectively. In particular,
from Figure 9(a), it appears that, at 4.4GHz, the current
distribution concentrates on the radiating arms close to the
exciting microstrip line. This current behavior is due to the
increment of the current path caused by the removal of the
inner circles of the 3/4 loops forming the radiating arms
while, at 5.5 GHz, a typical 𝜆/2 resonant antenna current
distribution is excited in the radiating arms (see Figure 9(b)).
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Figure 14: Simulated and measured radiation patterns of the antenna at 4.4GHz, 5.5 GHz, and 6.2GHz in the 𝑥𝑦-planes.

Finally, at 6.6GHz all the metallic surfaces of the antenna are
affected by the surface current as it appears from Figure 9(c).

3.2. Measurement Results. The photograph of the antenna
prototype is shown in Figure 10. The butterfly-shaped patch
and the extended ground plane have been manufactured
using conductive copper tape with 1mm thickness. The
simulated andmeasured reflection coefficients of the antenna
are shown in Figure 11. The measurements are performed
using an Agilent E5071C network analyzer. Considering a
bandwidth of −10 dB, the experimental value of the relative
bandwidth to the center frequency (5.5 GHz) is 40.1%, while
the corresponding value obtained by numerical simulation

is of about 41.7%. A good agreement between the simulated
and experimental results is observed. It addition, it can be
noticed that the antenna has sufficient bandwidth to cover the
requirement of the RFID systems and the wireless computer
networks.

3.3. AntennaRadiation Pattern. Thetridimensional radiation
pattern of the proposed antenna, computed at 5.8GHz, is
shown in Figure 12. The antenna radiates nearly unidirec-
tionally from the top side of the ground plane. Figure 13
shows the simulated antenna gain for frequencies across the
operating bands.The range of the antenna gain is 4.0–8.6 dBi.
In particular, at 5.8 GHz the corresponding gain is 8.3 dBi,
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Figure 15: Simulated and measured radiation patterns of the antenna at 4.4GHz, 5.5 GHz, and 6.2GHz in the 𝑥𝑧-planes.

while at 5.0GHz it is 4.4 dBi. Therefore, the antenna has a
good performance in this frequency band.Themeasured and
simulated radiation patterns in the 𝑥𝑧-plane (𝐸-plane) and
𝑦𝑧-plane (𝐻-plane) are shown in Figures 14 and 15. It can be
seen that there is a good agreement between the measured
and simulated results. Themeasured and simulated radiation
patterns in these three frequencies within the bandwidth are
approximately stable.

4. Conclusion

A wideband butterfly-shaped microstrip patch antenna for
RFID systems and high-speed wireless computer networks

has been presented. The return loss is greater than 10 dB
from 4.15 to 6.36GHz (40.1% bandwidth). The performance
is more than that required tomeet the demanding bandwidth
specifications useful to cover the 5-6GHz frequency band.
At the same time, using an air gap, the antenna offers a
wide band and presents limited dielectric losses. All these
features are very useful for worldwide portability of wireless
communication equipment. The comprehensive parametric
study provides a good insight into the effects that the
geometrical parameters have on the behavior of the proposed
antenna.This analysis can provide the guidance on the design
and optimization of the novel butterfly-shaped microstrip
patch antenna, whose bandwidth can be easily tuned by
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properly adjusting the position and the diameter of the
circular slots. Excellent agreement between the experimental
measurements and the numerical results has been obtained.
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A small dual-band monopole antenna with coplanar waveguide (CPW) feeding structure is presented in this paper. The antenna is
composed of ameanderedmonopole, an extended conductor tail, and an asymmetrical ground plane. Tuning geometrical structure
of the ground plane excites an additional resonant frequency band and thus enhances the impedance bandwidth of the meandered
monopole antenna. Unlike the conventional monopole antenna, the new resonant mode is excited by a slot trace of the CPW
transmission line. The radiation performance of the slot mode is as similar as that of the monopole. The parametrical effect of the
size of the one-side ground plane on impedance matching condition has been derived by the simulation.Themeasured impedance
bandwidths, which are defined by the reflection coefficient of−6 dB, are 186MHz (863–1049MHz, 19.4%) at the lower resonant band
and 1320MHz (1490–2810MHz, 61.3%) at the upper band. From the results of the reflection coefficients of the proposed monopole
antenna, the operated bandwidths of the commercial wireless communication systems, such as GSM 900, DCS, IMT-2000, UMTS,
WLAN, LTE 2300, and LTE 2500, are covered for uses.

1. Introduction

Because of the recent demand to incorporate more commu-
nication services, multiband antennas that are designed with
sufficient bandwidths to cover operating bands are presently
very important topics of research. Among these antennas, the
monopole antenna, especially theCPW feeding structure, has
received much attention owing to its attractive advantages
such as lowprofile, lightweight, broad impedance bandwidth,
and easy fabrication [1–6]. A compact rectangularmeandered
monopole, which has a dual-frequency bandwidth operation,
is proposed to work at GSM 900 and DCS 1800 systems
[1]. The utilization of the meandered topology results in
the reduction of the operated frequencies, including the
fundamental band and harmonics. However, due to a high
quality factor resulting from the meandered topology, the
impedance bandwidth is quite narrow. A novel single-layer
planar monopole for dual-band operation is shown in [3].
The effect of the impedance matching condition on size vari-
ation of the ground plane has been extensively investigated.

In [5], a dual-band CPW-fed monopole antenna with an
asymmetrical ground plane structure is presented. By tuning
the width of the CPW ground plane, it is found that the
impedance bandwidth with dual-band operation is achieved.
A triple-band antenna with a LI-shaped radiating topology
and coplanar waveguide (CPW) feeding is presented in [6].
Both resonance numbers and impedance bandwidths are
easily improved by utilizing the monopole structure.

In this study, a dual-band meandered monopole antenna
with the CPW feeding structure is fabricated and shown.The
use of the meander-shaped topology reduces the operated
frequency so that the antenna dimension can be miniatur-
ized. By tuning the geometrical parameters of one side of
the CPW ground plane, an additional resonance appears.
An extended conductor tail is added at the end of the
meandered monopole antenna so that the lower resonant
band around 900MHz is excited. Furthermore, the har-
monics of the meandered monopole antenna also shifts
down. The antenna’s performance is simulated using com-
mercial simulation software prior to its fabrication. Details of
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Figure 1: Geometry of the proposed antenna with asymmetrical
ground plane.

the antenna design are studied, and the proposed antenna
is experimentally examined to demonstrate the antenna
performance. The radiation mechanism of the proposed
antenna is also explained by the distribution of the electric
and magnetic current distributions.

2. Antenna Design

The schematic diagram of the proposed CPW-fed mean-
dered monopole antenna is shown in Figure 1. The pro-
posed antenna is composed of a meandered monopole, an
extended conductor tail, and a CPW feeding structure with
the asymmetrical ground plane.The geometric parameters of
the antenna are listed in Table 1. This antenna is fabricated
on one side of the FR4 substrate with a dielectric constant
𝜀
𝑟
of 4.4, thickness of 1.6mm, and no metallization on the

other side. The width and gap of the CPW feed line are
determined to be 2mm and 0.2mm, which corresponds
to the characteristic impedance of 50Ω. The meandered
monopole, which is a basis of the antenna structure, has
the dimensions of 15mm in width and 37mm in height. A
conductor tail of length 20mm is connected to the end of
the meandered monopole. This conductor tail is adjacent
to the meandered monopole, where the space between the
tail and meandered trace is 1.5mm. In order to improve
the impedance matching condition, the width of the top
segment of themeandered trace is varied. Very different from
a conventional structure, the CPW structure of the proposed
antenna has two asymmetrical ground plane segments. As
depicted in Figure 1, the arrangement of different size of
the ground planes results in a new current path and thus
excites a new resonant mode. These techniques enhance the
impedance bandwidth of the meandered monopole antenna.
The simulation andmeasurement results are given in the next
section.

Table 1: Geometric parameters of proposed antenna.

Parameter 𝑊
𝑔1

𝐻
𝑔2

𝐿
𝑚3

𝑔
𝑚2

Unit: mm 9.5 30 13 6
Parameter 𝑊

𝑔2

𝐿
𝑓

𝐿
𝑚4

𝑔
𝑚3

Unit: mm 27.5 7 20 1.5
Parameter 𝑊

𝑓

𝐿
𝑚1

𝑔
𝑚1

𝑔
𝑓

Unit: mm 2 4.5 2 0.2
Parameter 𝐻

𝑔1

𝐿
𝑚2

𝐻 𝑊

Unit: mm 13 9 67 38
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Figure 2: Simulated and measured reflection coefficients of the
proposed antenna.

3. Results and Discussion

In our experiment, the design and simulation of the proposed
CPW-fed monopole antenna were conducted by using the
EM software ANSYS High Frequency Structure Simulator
(HFSS). With the assistance of this commercial software, the
expected characteristics of the antenna can be fully achieved.
A comparison of the simulated and measured reflection
coefficients of the proposed meandered monopole antenna is
shown in Figure 2. In order to clarify the difference, the sim-
ulated reflection coefficient of the conventional meandered
monopole with the symmetrical ground plane is also added
into the figure. In the following discussion, the impedance
bandwidth is defined by the reflection coefficient smaller than
−6 dB, which is enough to receive and transmit the signal
power for commercial wireless communication systems. For
the conventional antennawith the symmetrical ground plane,
there are three resonant frequencies, radiated by the funda-
mental mode and first harmonic and second harmonic of
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Figure 3: Simulated current distribution of the proposed antenna. (a), (b), and (d) electric current. (c) magnetic current.

the meandered monopole trace. Their corresponding reso-
nant lengths are 1/4, 3/4, and 5/4 wavelengths long.The oper-
ated frequency bands are at 0.93, 1.62, and 2.98GHz. From the
results of this figure, the measured impedance bandwidths
of the proposed antenna are 186MHz (0.863 to 1.049GHz,
19.4%) and 1320MHz (1.490∼2.810GHz, 61.3%) correspond-
ing to the simulated impedance bandwidths which are
94MHz (0.848 to 0.942GHz, 10.5%) and 1317MHz (1.432∼
2.749GHz, 62.9%). The discrepancies between the simulated
andmeasured results might be attributed to fabrication toler-
ances and material parameter uncertainty. To compare with
the frequency-characteristics performance of the conven-
tional monopole antenna, it is seen that enhancement of the
impedance-matching condition and bandwidth is achieved.
The simulated result shows that four resonant frequencies of
the proposed meandered monopole antenna are excited at
0.92, 1.57, 2.02, and 2.51 GHz, and merging of three upper
resonant frequencies causes the broadband operation. A new
resonant band around 2.02GHz is excited and the resonance

frequencies of the harmonic modes decrease. The design
of utilizing an asymmetrical ground plane does not only
increase the resonances but also significantly improve the
impedance bandwidth at the high frequency band.The reason
will be explained by the surface electric current distribution.

Figure 3 presents the simulated surface current distribu-
tions of the proposed meandered monopole antenna for the
four resonant modes. In Figure 3(a), the simulation result
shows that the first resonant mode (𝑓

1
) of the proposed

antenna is mainly dominated by a quarter-wavelength path
along themeanderedmonopole with the extended conductor
tail. In Figure 3(b), owing to a current null on the meandered
trace, it is determined that this resonant mode (𝑓

2
) is the

first harmonic of the meandered monopole. Observing the
distribution of the equivalentmagnetic current in Figure 3(c),
it is seen that the third resonant mode (𝑓

3
) is excited by

the right-side slot of the CPW transmission line. Compared
to the symmetrical-ground plane topology with cancellation
of the opposite slot current components, the antenna with
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the asymmetrical ground plane can excite one quarter-
wave slot mode, which is not cancelled by the other slot
component. The distribution of the surface electric current
in Figure 3(d) shows that the forth resonant frequency (𝑓

4
) is

the second harmonic of first resonantmode (𝑓
1
). Two current

nulls are observed along the meandered path.
A parametric study of the proposed monopole antenna

is accomplished for understanding the mechanism of the
asymmetric ground plane.The geometrical dimensions of the
left side of the ground plane are varied in order to analyze the
frequency characteristics of the proposed antenna. Figure 4
shows the dependence of the reflection coefficients on the
height (𝐻

𝑔1
) of the left ground patch varied from 13 to 25mm.

It can be found that when the height increases, the lower
three resonances shift down, and the fourth resonancemoves
up. The reason of frequency reduction may be attributed to
increase of the capacitance caused by the separation between
the left ground patch and the feed line. On the contrary, the
resonant path at the fourth resonance shortens, thus giving
frequency increase. Figure 5 exhibits the effects of adjusting
the width (𝑊

𝑔1
) of the left ground patch on the frequency

characteristics.Theoperated frequency of the third resonance
mode shifts down because of the enhancement of the inner
capacitance, resulting from increase of the ground width.
However, the impedancematching condition of the proposed
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Figure 5: Comparison of simulated reflection coefficients of the
proposed antenna with various𝑊
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antenna is deteriorated so that the impedance bandwidth
decreases.

Due to the limit of the measurement system for our
chamber below 1GHz, the radiation patterns of the proposed
antenna at 900MHz will be not presented. The other radia-
tion patterns above 1 GHz will be shown in simulation and
measurement. Figure 6 is the comparison of the radiation
patterns of the proposed meandered monopole antenna in
the 𝑥𝑧 and 𝑦𝑧 planes. Although the excitation at 1.57GHz
and 2.51 GHz (see Figures 6(a) and 6(c)) is the higher order
mode, the 𝐸

𝜙
and 𝐸

𝜃
radiation patterns in the 𝑥𝑧 and 𝑦𝑧

planes are similar to those of the fundamental mode. The
horizontal components of the current are mutually cancelled
owing to the meandered topology, where only the vertical
components exist. Figure 6(b) is the comparison of simulated
and measured radiation patterns of the proposed antenna at
2.02GHz. In Figure 3(c), it is known that the power radiation
is dominated by the magnetic current inside the slot between
the feed line and the right part of the ground plane. Since the
direction of the magnetic current is the same as the electric
current of the monopole trace, the radiation patterns of the
slot mode are as similar as those of the monopole mode,
shown in Figures 6(a) and 6(c).
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Figure 6: Comparison of the simulated and measured radiation patterns of the proposed antenna in the 𝑥𝑧 and 𝑦𝑧 planes at (a) 1.57GHz,
(b) 2.02GHz, and (c) 2.51 GHz.

4. Conclusion

In this paper, we successfully demonstrate a compact mean-
dered monopole antenna with coplanar-waveguide feeding
structure. By eliminating the geometric dimension of one

side of the ground plane, a wide impedance bandwidth
with dual-band operation is provided. To compare with the
conventional meandered monopole antenna, one additional
resonance band by a slot path is excited and observed. This
proposed antenna may be a candidate for an RX/TX element
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of the commercial wireless communication systems, such as
GSM 900 (at 0.9GHz), DCS (at 1.8 GHz), PSC (at 1.9 GHz),
IMT-2000 (at 2.1 GHz), WLAN (at 2.4GHz), and LTE (at
2.3 GHz and 2.6GHz).
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Designing textile antennas for real-life applications requires a design strategy that is able to produce antennas that are optimized over
a wide bandwidth for often conflicting characteristics, such as impedance matching, axial ratio, efficiency, and gain, and, moreover,
that is able to account for the variations that apply for the characteristics of the unconventional materials used in smart textile
systems. In this paper, such a strategy, incorporating a multiobjective constrained Pareto optimization, is presented and applied to
the design of a Galileo E6-band antenna with optimal return loss and wide-band axial ratio characteristics. Subsequently, different
prototypes of the optimized antenna are fabricated and measured to validate the proposed design strategy.

1. Introduction

With the advent of ubiquitous computing, the need for
ever smaller, cheaper, and more powerful electronic devices
has increased significantly. Smart fabrics and interactive
textiles (SFIT) offer great potential to increase the func-
tionality in a wide gamut of applications at a low cost,
both in terms of price and space. From healthcare to civil
services, by using suitable materials such as (conductive)
textiles, foams, and 3D fabrics to realize active circuits and
antennas, electronic systems can be unobtrusively integrated
into clothing, implementing features that would otherwise
require additional, often cumbersome, devices that have to
be carried around [1–8]. For rescue workers, having access
to services such as positioning, victim localization, vital
signs monitoring, and environmental hazard sensing can
mean the difference between life and death. Replacing the
traditional, rigid, hand-held devices by electronics directly
integrated into the wearer’s garment, however, does not come
without specific design challenges. The placement of the
wearable systems inside of a garment makes them susceptible
to influences of the proximity of the body. Moreover, the

foam and fabric substrates give rise to additional losses and
their flexibility, while being indispensable for a conformal
integration into clothing makes the antennas vulnerable
to bending, potentially affecting their performance [9, 10].
Additionally, the off-the-shelf foam/textile materials, which
have not been specifically designed and fabricated as radio
frequency (RF) substrates, can exhibit high variations on
their RFpropertieswhen looking at different product batches.
These variations can cause an unwanted shift in the antenna
frequency response, which can reduce performance in the
required frequency range. As wearable applications often
require a low-profile antenna, the antenna thickness, mainly
determined by the height of the antenna substrate, is a key
aspect in the design process. A thinner antenna substrate
offers amore comfortable integration into the garment but, at
the same time, limits the margins the designer can introduce
to ruggedize the antenna to material variations by increasing
the antenna bandwidth. In order to meet the stringent
requirements for modern applications, in terms of both
performance and wearability, it is important not only to base
the design on a suitable antenna topology that is subsequently
optimized in view of the different design objectives, but also
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to be able to cope with the potentially large variations of the
used foam/textile materials.

Aperture-coupled circularly polarized patch antennas
provide a versatile topology for wearable, robust user-
terminal antennas for satellite communications [1, 2]. The
intricate effect of the different design parameters on the
antenna performance, combined with the variations on the
applied substrate materials, demands a dedicated design
strategy, employing a multiobjective optimization approach
in tandem with a final postoptimization step to accommo-
date for potential variations in the foam/textile substrates.
Multiobjective optimization has been successfully applied to
several areas of electromagnetic design, such as antennas
[11, 12], antenna arrays [13, 14], and filters [15, 16]. Here, we
propose a novel dedicated textile antenna design strategy
applied to a Galileo E6-band antenna. The method is
based on a multiobjective constrained Pareto optimization
that is able to combine resources from suitable simulators
and databases to achieve a design that is jointly opti-
mized for different, often conflicting, objectives, followed
by a final postoptimization to accommodate for unexpected
deviations in the substrate characteristics. The presented
Galileo E6-band antenna takes as a starting point the
GPS E1-Iridium antenna topology presented in [1], which
is then optimized in terms of wearability, by applying a
substrate that is almost 50% thinner and a significantly
smaller discrete hybrid coupler. Despite the reduced thick-
ness of the antenna substrate, the Galileo E6-band antenna
has to cover a frequency range from 1.26 to 1.3 GHz, which
amounts to a fractional bandwidth of 3.1%, hardly less than
the fractional bandwidth of 3.3% that is covered by the
GPS-Iridium antenna. Therefore, to enhance the antenna
for Galileo E6-band reception, the feed circuit has been
redesigned. This large bandwidth, required in terms of both
antenna impedance and axial ratio, poses a heavy challenge,
especially for circular polarization of the antenna. Indeed,
in [17] it is stated that conventional single-feed designs [18]
on thick substrates achieve simultaneous impedance and
AR bandwidth between 1% and 2%. To cover the complete
Galileo E6-band, a simultaneous impedance/AR bandwidth
of at least 3.1% is required. Moreover, a low-profile textile
antenna is needed, in order to avoid compromising its
wearability. Reference [17] realizes a bandwidth of 12.6%,
albeit on a 10mm thick substrate at 2.45GHz, corresponding
with 𝑑/𝜆 = 8%. In our paper, the antenna covers the
3.1% bandwidth with a 3.94mm thick antenna substrate at
1.28GHz, which corresponds with 𝑑/𝜆 = 1.7%.This antenna
is optimized using the proposed strategy to jointly take into
account the antenna impedance matching and its circular
polarization, expressed by the axial ratio (AR). Afterwards,
different antenna prototypes are fabricated using a foam
antenna substrate with variable dielectric properties and
subsequently optimized to accommodate for the substrate
deviations.

This paper is organized as follows. In Section 2, the
Galileo E6-band antenna and its requirements are described.
In Section 3, the proposed dedicated design strategy is
sketched.

2. Aperture-Coupled Galileo E6-Band Antenna

GNSS (global navigation satellite system) services for civil
protection can benefit greatly from wearable technology. To
extend the functionality of wearable satellite based posi-
tioning systems, which usually rely on reception of E1/L1-
band signals, we propose a compact, wearable textile antenna
intended for Galileo signal reception in the E6-band. In
terms of specifications, this means that the antenna has to
cover a frequency range from 1.26 to 1.3 GHz. In this range,
an |𝑆
11
| lower than −10 dB is enforced, as well as an AR

not exceeding 3 dB, in order to ensure right-hand circular
polarization. This antenna is designed for integration into
rescue-worker garments. This requires a module that is not
only compact and flexible, minimizing hindrance of the
wearer’s range of motion, but also robust, guaranteeing stable
performance in harsh conditions. In order to achieve the
above-listed requirements, an aperture-coupled microstrip
patch topology, as shown in Figure 1, has been selected. This
topology is low profile and the ground plane shields the
antenna from the body, reducing its influence on the radiation
performance. The aperture coupling reduces the number of
vias in the design, increasing robustness to stress occurring
when the antenna is bent or compressed. To achieve circular
polarization, a Minicircuits QCN-19 [19] discrete hybrid
coupler was selected, on the one hand providing a robust
circular polarization over a wide frequency range compared
to other techniques involving deforming the feed and/or
radiating structure, and, on the other hand, leveraging a
compact feed circuit, leaving space for the integration of
additional electronics on the antenna backside and reducing
the vulnerability of the feed circuit to bending influences.
The wide-band AR characteristic makes the antenna robust
against potential frequency shifts incurred by the integration
of the antenna into a garment, exposing it to bending and
body proximity. The antenna (excluding a small part of the
feed network before the quadrature hybrid) is diagonally
symmetrical, as indicated in Figure 1. As a starting point
for the Galileo E6-band antenna, we relied on the antenna
topology described in [1]. First, the antenna dimensions
were rescaled to implement antenna operation in the 1.26
to 1.3 GHz frequency range. Next, the antenna substrate was
modified, in the process reducing the substrate height by half.
Moreover, a smaller hybrid coupler was applied, as the bulky
discrete component used in [1] easily breaks or causes abra-
sion when inside a jacket in real operating conditions. Both
measures enable easier and more comfortable integration
into a garment, but they reduce the antenna bandwidth. In
order to still meet the requirements, the antenna bandwidth
was first enlarged by extending the feed line stubs along the
diagonal. Second, the feed structure, together with the patch
dimensions, is optimized bymeans of a Paretomultiobjective
optimization to maximize the impedance and axial ratio
bandwidth, as described in the next section.

Specifically, the materials used in the construction of this
antenna are as follows: for the antenna substrate, a closed-cell
expanded rubber foam (ℎ

1
= 3.94mm, 𝜖

𝑟
= 1.56, tan 𝛿 =

0.02) that is fire-retardant; for the feed substrate, aramid
fabric (ℎ

2
= 400 𝜇m, 𝜖

𝑟
= 2.15, tan 𝛿 = 0.02), commonly
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Figure 1: Topology of the E6-band Galileo antenna.

found as an outer layer in protective garments; and for
the conductors, copper-on-polyimide (Cu-PI) film, offering
good flexibility and robustness, while allowing an accurate
manufacturing process by means of photolithography. The
Cu-PI film is a laminate of an 18 𝜇m copper layer onto a
50𝜇m polyimide carrier. This laminate is sourced and pro-
cessed by the Centre for Microsystems Technology (CMST),
Technologiepark, Zwijnaarde. Of these materials, deviations
in the dielectric properties of the antenna substrate have
the highest effect on the performance of the manufactured
prototype, inducing shifts in the antenna frequency response.
The significant geometrical parameters for optimization of
the antenna performance are the patch length 𝐿patch, the slot
width 𝑊slot, the slot length 𝐿 slot, and the stub length 𝐿 stub2.
The patch length 𝐿patch controls the resonance frequency
of the microstrip patch, the slot dimensions 𝑊slot and 𝐿 slot
are used to tune the coupling between the feed lines and
the patch, and the length of diagonal extension of the feed
stubs 𝐿 stub2 is varied to ensure good matching of the antenna
to the 50Ω hybrid coupler. Parameter sweeps, carried out
during early design space exploration, show the conflicting
nature of the optimization of the antenna bandwidth, on
the one side, and the AR, on the other side. While the
antenna patch dimensions generally determine the frequency
range in which the antenna will operate, increasing the slot
dimensions, for example, increases the bandwidth of the

antenna by providing a better coupling from the feed lines
to the patch at the lower frequencies, but, at the same
time, it decreases the AR performance at these frequencies.
Increasing the feed line stub length improves the AR perfor-
mance but, at the same time, decreases the bandwidth. The
simultaneous optimization of these parameters is necessary
to achieve a right-hand circularly polarized antenna that
optimally performs within the Galileo E6-band. In addition,
the textile antenna should exhibit sufficient antenna gain in
the broadside direction, together with a broad main beam.
Yet, the preliminary design process demonstrated that this
figure of merit does not critically depend on the antenna
design parameters, when considering antenna operation
close to an antenna resonance. Therefore, the gain was not
added as an additional objective function in the optimization
process. Instead, it was verified after the optimization process
that the antenna gain indeed exceeds 3 dBi along broadside.

3. Dedicated Multiobjective Constrained
Pareto Optimization Strategy

In Figure 2, the dedicated optimization scheme is outlined.
At the start, a genetic multiobjective optimizer [20] is used
to construct a set of Pareto-optimal solutions in terms of |𝑆

11
|

andAR, relying on a suitable combination of simulation tools.
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Figure 2: Dedicated optimization scheme for the design of the Galileo E6-band antenna.

Specifically, the SPEA2 algorithm [21] is applied, with a popu-
lation size of 600 for 200 generations. After this optimization,
a final postoptimization step is applied by measuring the
|𝑆
11
| of a first prototype, allowing a final adjustment to take

into account deviations occurring between different material
batches of the antenna’s protective foam substrate.

3.1. Genetic Multiobjective Optimization. In the first step
of the optimization strategy, a genetic optimizer is used
to avoid getting stuck in local minima in the large design
space. To calculate the fitness functions in terms of |𝑆

11
|

and AR, we rely on Agilent’s Advanced Design System
(ADS) Momentum and the ADS Momentum postprocessing
environment, respectively, using interfaces to pass the data
from and to MATLAB in a suitable format. The |𝑆

11
| and AR

cost functions are defined by

cost
|𝑆11|
= ∑

𝑖

[
𝑆11 (𝑓𝑖)
 −
𝑆11,lim
]

costAR = ∑
𝑖

∑

𝑗

[AR (𝑓
𝑖
, 𝜃
𝑗
) − ARlim] .

(1)

For the |𝑆
11
| cost function, the limit |𝑆

11,lim| was set to
−12 dB from 1.26GHz to 1.3 GHz. Since the hybrid coupler
we intend to use is matched to 50Ω over a broad frequency
range, we do not include it in the optimization of the antenna
|𝑆
11
|, because it could hide the reflection characteristics of

the antenna itself. For the AR, a limit of ARlim = 2 dB
was imposed for an elevation angle ranging from −30∘ to
30
∘ in the frequency range from 1.26GHz to 1.3 GHz, with

a 20MHz step size. To keep the simulation time low, this
step size was not chosen smaller, because every frequency
at which the AR should be calculated requires an explicit
simulation of the antenna structure. For optimization, the

antenna’s geometrical parameters are allowed to vary within
the following ranges:

80mm < 𝐿patch < 90mm 4mm < 𝑊slot < 8mm

20mm < 𝐿 slot < 30mm 10mm < 𝐿 stub2 < 25mm.
(2)

The antenna structure is simulated using the ADS
Momentum planar 3D full-wave EM-solver available in Agi-
lent’s ADS 2009.This solver allows efficient calculation of the
planar microstrip patch antenna’s characteristics, speeding
up the optimization process. For the evaluation of the AR,
the ADS Momentum postprocessor is used. Reusing the
simulation data from the ADSMomentum simulator allows a
quick calculation of the AR.The reasonwe combine twoADS
simulation tools with an external optimizer and not with the
built-in ADS optimizer is that the ADS optimizer does not
allow automatic optimization of the far-field properties of the
antenna. By using our dedicated optimization scheme, man-
ual optimization of two conflicting antenna characteristics is
circumvented, and the efficient ADSMomentum electromag-
netic full-wave field solver can be used for a comprehensive
antenna optimization, producing the Pareto front shown in
Figure 3. This Pareto front has been constrained using the
design requirements for the E6-band antenna put forward in
Section 2, being |𝑆

11
| < −10 dB andAR < 3 dB from 1.26GHz

up to 1.3 GHz. The green circles indicate the solutions for
which both the |𝑆

11
| and AR constraints are fulfilled. From

these Pareto-optimal points, we have selected the design
with the lowest AR error as the final optimal solution. It
was verified that, for the selected design, the measured and
simulated antenna gains in broadside exceed 3 dBi, with a
3 dB beamwidth larger than 60∘, in the complete band of
operation. The dimensions of the optimal antenna are given
in Table 1.
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Table 1: Dimensions of the optimized antenna.

Parameter Value [mm]
𝐿patch 84.6415
𝐿 slot 24.772
𝑊slot 5
𝐿 stub1 9.125
𝐿 stub2 18.3626
𝑊stub 1.6
𝐿 elbow 5

3.2. Postoptimization Step. The second step in the opti-
mization strategy takes into account the variations on the
characteristics of the antenna substrate materials. To this
aim, a prototype is constructed using substrate material from
a specific material batch. If the dielectric constant of the
antenna substrate material deviates from the value applied in
the design process, a shift in the antenna’s frequency response
is noticed. A cost- and time-effective postoptimization step is
implemented that takes this material variation into account.
The technique consists of slightly varying the antenna patch
size to compensate for the induced frequency shift. The
patch is a simple structure that is quickly manufactured
and replaced on an existing prototype. To illustrate this
postoptimization step, the optimized antenna was fabricated
using antenna substrate foam from two different batches.
The fabrication process for both prototypes is the same. The
feed layer conductors are defined by means of a specialized
photolithographic process for Cu-PI FCBs (flexible circuit
boards). The feed circuit is then laminated onto the aramid
fabric feed substrate and laser-cut to the desired shape.
The antenna ground plane and patch are laser-cut. Making
use of accurately defined alignment holes and a custom

Simulation
Measurement 1st prototype
Measurement 2nd prototype
Measurement 2nd prototype after postoptimization

1.1 1.2 1.26 1.3 1.4 1.5

Frequency (GHz)

0

−10

−20

−30

−40

|S
11
|

(d
B)

Figure 4: Simulated |𝑆
11

| (without hybrid coupler) of the optimized
Galileo E6-band antenna, together with the −10 dB limit specified by
the design requirements (green).

alignment fixture, the different layers are aligned and glued
together by means of a thermally activated adhesive sheet
to assemble the complete antenna. The performance of the
antenna prototypes is measured in an anechoic room by
means of an Agilent PNA-XN5242A vector network analyzer
(VNA).

In Figure 4, themeasured |𝑆
11
| of the prototypes, of which

Figure 5 presents the top and bottom views, is depicted,
together with the simulated |𝑆

11
|. Note that the |𝑆

11
| depicted

in Figure 4 is the |𝑆
11
| of the antenna without the hybrid

coupler, as pointed out earlier. The |𝑆
11
| of the first prototype

agrees well with the simulated |𝑆
11
|, whereas the |𝑆

11
| from

the second prototype differs from the simulations. Based on
this |𝑆

11
|measurement, an estimation of the deviation of the

dielectric constant of the second material batch is made, and
subsequently a new patch size is determined. Compared to
the 𝜖
𝑟
of 1.56 that was used in the first stage of the design, the

second substrate material batch exhibits an 𝜖
𝑟
of 1.46. This

is compensated by assembling the second prototype with a
patch with a size of 88.2415mm × 88.2415mm.Themeasured
|𝑆
11
| of this final optimized prototype is also depicted in

Figure 4.
The simulated and measured AR of the antenna proto-

types is depicted in Figure 6, together with the 3 dB limit
specified by the design requirements. The postoptimization
step significantly improves the performance of the second
prototype. In this way, the antennas fabricated using the
second material batch also meet the design requirements.

4. Conclusion

A flexible dedicated multiobjective computer-aided opti-
mization scheme is applied to the design of a circularly
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(a) (b)

Figure 5: Back (a) and front (b) of the manufactured Galileo E6-band antenna.

3 6 9
(dB)

−90∘

−60∘

−30∘

0∘

90∘

60∘

30∘

(a)

3 6 9
(dB)

−90∘

−60∘

−30∘
0∘

90∘

60∘

30∘

(b)

3 6 9
(dB)

−90∘

−60∘

−30∘
0∘

90∘

60∘

30∘

1.26GHz
1.28GHz
1.3GHz

(c)

3 6 9
(dB)

−90∘

−60∘

−30∘
0∘

90∘

60∘

30∘

1.26GHz
1.28GHz
1.3GHz

(d)

Figure 6: Simulated (a) and measured ((b), (c), and (d): prototype 1, prototype 2 before postoptimization, and prototype 2 after
postoptimization, resp.) AR of the Galileo E6-band antenna, together with the 3 dB limit specified by the design requirements (green).

polarized Galileo E6-band antenna, allowing a proprietary
design using a genetic multiobjective Pareto optimization
linked with appropriately selected simulation tools, together
with a material batch-specific postoptimization step con-
sisting of altering the patch size based on a prototype |𝑆

11
|

measurement, to account for variations of the unconventional

substratematerials used in the textile antenna design process.
The Galileo E6-band antenna is optimized in terms of return
loss and AR characteristics. The validity of the strategy
and the included postoptimization step is confirmed by
means of the construction of two prototypes, using two
different batches of antenna substrate material. Both antenna
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prototypes (one after applying the postoptimization step to
account for the different material batch) meet the design
requirements, showing that the proposed optimization strat-
egy is able to efficiently take into account the variations on
the antenna substrate material.

Conflict of Interests

The authors declare that there is no conflict of interests
regarding the publication of this paper.

Acknowledgment

This work was cofunded by the European Commission in
the context of the EC-FP7 Galileo.2011.3.1-2: Collaborative
Project, Grant agreement no. 287166.

References

[1] A. Dierck, H. Rogier, and F. Declercq, “A wearable active
antenna for global positioning system and satellite phone,” IEEE
Transactions on Antennas and Propagation, vol. 61, no. 2, pp.
532–538, 2013.

[2] A. Dierck, S. Agneessens, F. Declercq et al., “Active textile
antennas in professional garments for sensing, localisation
and communication,” International Journal of Microwave and
Wireless Technologies, pp. 1–11.

[3] S. Agneessens, P. van Torre, F. Declercq et al., “Design of a
wearable, low-cost, through-wall doppler radar system,” Inter-
national Journal of Antennas and Propagation, vol. 2012, Article
ID 840924, 9 pages, 2012.

[4] J. Lilja, P. Salonen, T. Kaija, and P. de Maagt, “Design and man-
ufacturing of robust textile antennas for harsh environments,”
IEEE Transactions on Antennas and Propagation, vol. 60, no. 9,
pp. 4130–4140, 2012.
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A wideband dual-polarized coplanar waveguide (CPW) fed antenna integrating a wide stop-band filter is presented. The designed
filter is based on a nonuniform defected ground structure (DGS) in order to obtain a wide stop-band and a compact size.This filter
is used to reject harmonics and spurious radiation arising from the RF front end. The complete structure (antenna and filter) has
been optimized to have a compact size of 0.6 × 0.6𝜆2

0

(𝜆
0

being the free-space wavelength at the lowest operating frequency). The
realized antenna operates in the frequency range between 2.7GHz and 5.9GHz (bandwidth of about 74%). The isolation between
feeding ports is more than 18 dB. The complete structure has a wide stop-band characteristic (103%) for harmonic rejection. The
simulated numerical results have been confirmed with measurements.

1. Introduction

An active integrated antenna (AIA) introduces nonlinear
devices directly into the radiating element. This concept was
used to design antennas including high efficiency power
amplifiers. However, these antennas exhibit high levels of har-
monic radiation, which may degrade system performances
[1]. In conventional systems, additional filters are used to
remove these harmonics. However, these filters increase the
size and the cost of radio frequency (RF) front ends and
yield additional losses. Thus, it is interesting to perform this
filtering function directly within the radiating element. This
type of antenna allows the realization of compact RF front
ends.

Several methods have been used to reject harmonics such
as the insertion of slots and short-circuits [2] and the use of
photonic band gap (PBG) [3, 4] or defected ground structure
(DGS) [5, 6]. Finally, it should be noted thatmost studies have
been carried out for narrowband structures.

A wideband antenna supporting a single field polar-
ization has been recently presented in [7, 8]. Using these
results, in this paper the design of a wideband dual-polarized

antenna, in which the matching circuit and the filter for
harmonic rejection are integrated in the radiating element, is
presented. The challenge was to reduce the isolation between
the two input ports while maintaining a wide bandwidth and
a compact size. Furthermore, a study about the radiation
characteristics of the filter has been performed. The antenna
provides wide bandwidth and dual polarization performance,
in order to cover many communication standards and to
transmit or receive any kind of field polarization (linear
or circular). In [9], it has been shown that the diffrac-
tion processes arising from the presence of furniture may
reduce the communication quality in indoor environments.
Therefore, antennas that provide dual or circular polarization
may be used to improve the service quality. On the other
hand, the filter and the matching network are integrated
parts of the radiating element. In this work, the radiating
element, the filter for harmonic rejection, and the impedance
matching network, which are traditionally separated circuits,
are incorporated into a single unit.

The configuration of the proposed filter is shown in
Section 2. Section 3 describes the design and the simulated
and the measured results of the proposed antenna. The

Hindawi Publishing Corporation
International Journal of Antennas and Propagation
Volume 2015, Article ID 505123, 7 pages
http://dx.doi.org/10.1155/2015/505123

http://dx.doi.org/10.1155/2015/505123


2 International Journal of Antennas and Propagation

6.15mm

3.1mm

(a)

2.6mm

3.65mm

(b)

6.15mm

3.1mm

(c)

Figure 1: DGS unit cells: (a) rectangular, (b) spiral, and (c) bowtie.
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Figure 2: Geometry of the DGS filter.

discussion about the filter radiation is presented in Section 4.
Finally, a conclusion of this work is given in Section 5.

2. DGS Filter Design

The filter is based on a defected ground structure (DGS)
formed by three nonuniform unit cells. A DGS is a kind of
electromagnetic band gap (EBG) structure. EBG structures
forbid the propagation of electromagnetic waves in certain
frequency bands known as band gaps. This property is used
inmany applications for the suppression of higher harmonics
and undesirable frequency bands. DGS has the same advan-
tages as the ones proposed by EBG structures in terms of
size miniaturization, suppression of surface waves, and the
ability to introduce distinctive stop-bands. The advantage of
DGS over the EBG structures is that only one or few cells
are needed instead of a periodic structure to produce the
same performances. A DGS unit cell is a defect in the ground
plane of a transmission line as that of a microstrip, coplanar,
or any structure where a reference ground plane conductor
exists. A variety of slot geometries have been proposed in
the literature for filter design [10–12]. A parametric study
has been carried out on three different compact geometries
(rectangular, spiral, and bowtie) to select the most adapted
unit useful to design the integrated filter (see Figure 1).

Table 1 summarizes the comparative study of the magni-
tude of the scattering parameter 𝑆

21
(|𝑆
21
|) of each DGS unit

cell. Simulations were performed with CST MWS (transient
solver). The rejected bandwidth refers to a |𝑆

21
| less than

Table 1: Rejected bandwidth for DGS unit cells.

Unit cells Rejected band (GHz) Bandwidth (%)
Rectangular 20.9–24.4 15.45
Spiral 7.2–8 10.5
Bowtie 9.6–12.55 26.6

−15 dB. After a comparison of the characteristics of several
cells, bowtie unit cell was chosen because it has the widest
rejected bandwidth and a compact size.

The designed filter is formed by means of three nonuni-
form cascaded unit cells, in order to obtain a wide rejected
band and a compact size, to be integrated with the antenna.
Figure 2 shows the configuration of the adopted DGS filter.

The filter is printed on a FR4 substrate (𝜀
𝑟
= 3.7, tan 𝛿 =

0.02, and ℎ = 0.8mm). The total size of the filter is 0.36 ×
0.33𝜆2
0

, where 𝜆
0
is the free-space wavelength at 5.5 GHz.The

dimensions of the unit cell have been optimized by a means
of a parametric study of the bowtie unit cell to reject the
undesired band from 7GHz up to 22GHz.

The physical parameters of the filter, shown in Figure 2,
are listed in Table 2. The simulated scattering parameters
(|𝑆
11
| and |𝑆

21
|, resp.) of the proposed filter are shown in

Figure 3. They were obtained with CST Microwave Studio.
The 3 dB cut-off frequency of the filter is 5.5 GHz and the

rejected band is between 7GHz and 22GHz (103%) for a |𝑆
21
|

less than −15 dB.



International Journal of Antennas and Propagation 3

0 2 4 6 8 10 12 14 16 18 20 22

0

Frequency (GHz)

S-
pa

ra
m

et
er

s (
dB

)
−40

−35

−30

−25

−20

−15

−10

−5

|S11|

|S21|

Figure 3: Magnitude of the filter scattering parameters versus frequency.

Lsub

wsub
h

b

a

lt

lt1

t

r

𝛼

w1

y

x

Port 1

Port 2

Figure 4: Geometry of the proposed antenna.

Vertical
polarization

po
la

riz
at

io
n

H
or

iz
on

ta
l

Figure 5: Prototype of the proposed antenna.



4 International Journal of Antennas and Propagation

0 2 4 6 8 10 12 14 16 18 20 22

0

Frequency (GHz)
S-

pa
ra

m
et

er
s (

dB
)

−60

−50

−40

−30

−20

−10

|S11| simulated
|S11| measured

|S21| simulated
|S21| measured

Figure 6: Magnitude of the antenna scattering parameters versus frequency.

Simulated copolar

Simulated xpolar

Measured copolar

Measured xpolar

3GHz

0∘

15∘

30∘

45∘
60∘

75∘90∘105∘

120∘

135∘

150∘

165∘

±180∘

−165∘

−150∘

−135∘

−120∘

−105∘ −90∘
−75∘

−60∘
−45∘

−30∘

−15∘

−25−15−5
5

(a)

Simulated copolar

Simulated xpolar

Measured copolar

Measured xpolar

4GHz

0∘

15∘

30∘

45∘
60∘

75∘90∘105∘

120∘

135∘

150∘

165∘

±180∘

−165∘

−150∘

−135∘

−120∘

−105∘ −90∘
−75∘

−60∘
−45∘

−30∘

−15∘

−25−15−5
5

(b)

Simulated copolar

Simulated xpolar

Measured copolar

Measured xpolar

5GHz

0∘

15∘

30∘

45∘
60∘

75∘90∘105∘

120∘

135∘

150∘

165∘

±180∘

−165∘

−150∘

−135∘

−120∘

−105∘ −90∘
−75∘

−60∘
−45∘

−30∘

−15∘

−25−15−5
5

(c)

Figure 7: Simulated and measured radiation pattern in the H-plane (xoz) (10 dB/div).

Table 2: Physical parameters of the filter.

Parameters Values (mm) Parameters Values (mm)
Lfsub 20 Wb1 6.15
Wfsub 18 Wb2 4.9
𝑒 0.5 Wb3 2.6
𝑔1 0.8 lb1 3.1
𝑔2 0.3 lb2 2.5
𝑏 0.3 lb3 1.36

3. The Proposed Antenna

The complete structure is composed of a dual-polarized
antenna within which the DGS filter is inserted (see
Figure 4).

The antenna is formed by two bowtie radiating elements.
One radiating element is printed on the top of the substrate
(FR4, 𝜀

𝑟
= 3.7, tan 𝛿 = 0.02, and ℎ = 0.8mm) and the

other one is rotated by 90∘ and printed on its bottom side,
without any connection between these two structures. Both
elements are fed with a coplanar waveguide (CPW) through
a wideband transition used as a matching circuit. This
transition transforms the input impedance of the antenna,
close to 160Ω, into 50Ω at the SMA connector. The filter is

Table 3: Physical parameters of the complete structure.

Parameters Values (mm) Parameters Values
𝐿 sub 67 𝑟 12mm
𝑤sub 67 𝛼 43∘

ℎ 14 𝑤
1

0.3mm
𝑏 11.8 𝑡 4.6mm
𝑎 19.4 lt1 12mm
lt 14

then integrated into the feeding system. Table 3 summarizes
all the dimensions of the radiating element shown in Figure 4.

The photograph of the realized dual-polarized antenna-
filter is shown in Figure 5.

In Figure 6, a good agreement between computed and
measured antenna scattering parameters can be observed.

From Figure 6 it appears that a bandwidth of 74% is
achieved when maintaining the |𝑆

11
| below −10 dB, which

covers the required operating frequency band from 2.7GHz
to 5.9GHz. The electrical isolation between the input ports
of the dual-polarized antenna is higher than 18 dB over
the whole antenna operating frequency band. Furthermore,
higher harmonics are effectively suppressed. The total size
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Figure 8: Simulated and measured radiation pattern in the E-plane (yoz) (10 dB/div).

Figure 9: Back-to-back configuration of the filter.

of the antenna is 0.6 × 0.6𝜆2
0

, where 𝜆
0
is the free-space

wavelength at 2.7 GHz.
Figures 7 and 8 illustrate the simulated and the measured

copolar and cross-polar realized gain radiation patterns in the
E- and H-planes at 3, 4, and 5GHz for port 1.The port 1 is fed
while the port 2 is connected to a 50Ω load.

The radiation patterns (Figures 7 and 8) show that the
radiation mechanism is similar to a conventional bowtie
antenna. If we consider that the antenna is fed at port 1,
large surface currents are located on the edges of the vertical
antenna. Due to the symmetry of each radiating element
and the low level of coupling between the two ports, the
𝑥-components of the currents are in opposite phase and
thus do not contribute significantly to the radiation. The
𝑦-components of the current are then responsible for the
radiation and are similar to that of a half-wave dipole.
This radiation mechanism occurs in the operating frequency
band of the antenna, from the lowest frequency where the
overall length is equal to a half wavelength to the highest
frequency given by the cut-off frequency of the DGS filter.
The radiation patterns in E- and H- planes (Figures 7 and 8)
confirm this behavior. In H-plane (Figure 7), antenna has an
omnidirectional dipole-type radiation pattern from 2.7GHz
to 5.9GHz. In the same bandwidth, the radiation pattern in E-
plane (Figure 8) is also close to the cardioid-shaped radiation
pattern of a dipole. The cross-polar radiation pattern level,
due to the 𝑥-components of the current, is 10 dB less than
the copolar radiation pattern level, over the whole operating
frequency band. The broadside realized gain varies between

3 dB and 5 dB. In H-plane, a good agreement between
numerical and measurement results is achieved. In E-plane,
there is a close agreement between simulated and measured
patterns except at 5GHz. This disagreement may be due to
the presence of the antenna positioning mast in the anechoic
chamber leading to a field perturbation.

4. General Discussion

The main disadvantage of a DGS filter is that it may radiate.
In fact, the DGS structures can be viewed as a slot antenna
[6]. In order to study the radiation characteristics of the DGS
filter, the back-to-back configuration, as shown in Figure 9,
has been numerically analyzed using CSTMicrowave Studio.

The comparison of the computed realized gain of the
proposed antenna and that of the filter (see Figure 9) in the
H- and E-plane are depicted in Figures 10 and 11, respectively.

As can be seen, both structures have the samepolarization
in the operating frequency band. Furthermore, Figure 12,
which represents the peak realized gain versus frequency,
shows that the realized gain of the filter is less than 0 dB until
21 GHz. Thus, it may be considered that the filter does not
radiate efficiently at and below 21GHz.

5. Conclusion

In this paper, a dual-polarized wideband bowtie CPW-fed
antenna having wideband harmonic suppression using three
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Figure 10: Simulated radiation pattern of the antenna and the filter in the H-plane (10 dB/div).
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Figure 11: Simulated radiation pattern of the antenna and the filter in the E-plane (10 dB/div).
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Figure 12: Simulated peak realized gain versus frequency of the filter
in a back-to-back configuration.

nonuniform cascaded bowtie DGS unit cells has been pre-
sented. This structure provides wide bandwidth (more than
an octave) and dual polarization performance. Furthermore,
the antenna is interrelated to the filter and the matching
circuit. The total size of the proposed structure is 0.6 ×
0.6𝜆2
0

, where 𝜆
0
is the free-space wavelength at the lowest fre-

quency. The realized dual-polarized antenna operates in the

frequency range between 2.7GHz and 5.9GHz (bandwidth
of about 74%). The harmonics are effectively rejected beyond
5.9GHz. The measured and simulated scattering parameters
are in good agreement. The antenna has an omnidirectional
dipole-type radiation pattern over the operating frequency
band 2.7–5.9GHz. These characteristics allow the proposed
structure to cover theUWB (lower band in Europe) and IEEE
802.16 (WiMAX).
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This paper presents a novel compact design of a low cost fully printable slot-loaded bowtie chipless RFID tag. The tag consists
of two trapezoidal metallic patches loaded with multiple slot resonators. Slots with similar size or adjacent frequencies are loaded
alternately on two bow-tie patches to double the number of data bits within theUWB frequency bandwithout increasing themutual
coupling between slots. A coding capacity of 12 bits is obtained with 12 slots within a reasonable size of 35mm × 33mm. RCS of
the tag has been given by simulation. Measurements have been done using a bistatic radar configuration in the frequency domain
and transmission coefficient is measured. The agreement between the simulation and measurement validates this new concept of
design.This tag has high data capacity and low cost and can be directly printed on product such as personal ID, credit cards, paper,
and textile because it needs only one conductive layer.

1. Introduction

Radio frequency identification (RFID) is an automatic iden-
tification technology that uses EM waves to extract encoded
data from remote tags [1, 2]. The RFID tag has some
advantages over the current mainstream optical barcode
[3], such as longer reading range, non-line-of-sight reading,
and automated identification and tracking, and consequently
has the potential to replace the barcode [4]. However, con-
ventional RFID tag contains silicon chip and antenna and
thus has higher cost, making it difficult to compete with
the low cost barcode technology. Therefore, research effort
has been focused on another promising candidate, that is,
chipless RFID tag, which would not require any chip nor
communication protocol and can be used like barcode. The
concept of RF barcode was firstly introduced by Jalaly and
Robertson [5], and then it was developed worldwide [6].
A chipless tag acts as a transmitting antenna, a receiving
antenna, and a filter simultaneously. However, the tagwithout
chip is inflexible to encode high density data on it. Increasing
data capacity, enhancing robustness, and reducing size and
cost are the current challenges of designing chipless tag.

At present, there are various designs of chipless RFID tags,
which can be classified according to their encoding method.
Some tags are encoded in the time domain [5, 7, 8], while

others are encoded in frequency domain [9–12]. Frequency
domain-based tags have higher data density and are more
easily to be miniaturized than time domain-based tags. A 3-
bit notched elliptical dipole tag has been presented in [13]
and the singularity based encoding is firstly applied in RFID
tag, but the coding capacity of this tag is too low to be used
outside the lab. Hybrid coding technique for chipless tag
has been presented in [14] with coding capacity up to 23
bits, but the required frequency resolution cannot be easily
implemented for data encoding. A chipless tag consisting of
multiple stopband spiral resonators and two cross polarized
UWB antennas has been presented in [15]. A 16-bit fully
printable slot-loaded dual-polarized chipless RFID tag has
been presented in [16] with improving coding efficiency with
the aid of a pair of dual-polarized antennas.

In this paper, a bow-tie chipless RFID tag is presented.
It consists of two symmetrical trapezoidal metallic patches
loaded with 12 pairs of slot resonators corresponding to 12-
bit data. High data capacity is achieved by the tapering length
of slot resonators loaded on a patch. This compact tag has a
reasonable physical size of 35mm × 33mm and it operates
within the UWB frequency band. Higher data capacity can
be obtained by adjusting the width of the slot and the metal
strip. Compared with other designs, the proposed design is
more compact and easier to be implemented.
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Figure 1: (a) Basic resonance element using slot resonator, the dimensions are 𝐿 = 8.5mm,𝑊 = 1.5mm, and 𝑔 = 0.5mm. (b) Magnitude
versus frequency response of slot resonator. (c) Phase versus frequency response of slot resonator.

The rest of the paper is organized as follows: Section 2
presents operating principle of the proposed chipless RFID
tag. Section 3 presents the design and simulation of the
tag. Section 4 presents measurement results compared to
simulations followed by conclusion in Section 5.

2. Basic Principle

2.1. Principle of the Loaded Resonator. A metallic patch
loaded with several slot resonators can create a radar cross
section (RCS) with some sharp notches or peaks at specific
frequencies in the backscattering signal, and these notches or
peaks can be used to encode data within a frequency band.

A single slot resonator used in the proposed tag, shown
in Figure 1(a), is a planar strip having a length 𝐿 and a
gap width 𝑔. One side of the slot is shorted; the other side
is open. When the guided quarter wavelength matches the
physical length 𝐿, a quarter wavelength standing wave modes
is excited by an incident vertical polarized electromagnetic
wave perpendicular to this asymmetrical slot, and a min-
imum surface current is induced on the open side of the
slot resonator and a maximum surface current is induced
on the short side. The magnitude-frequency response and
phase-frequency response are shown in Figures 1(b) and
1(c), respectively. Furthermore, the capacitive effect between
two arms of the slot resonator increases the quality of the
resonator. A narrow band resonance cannot be excited on
this tag by a horizontal polarized wave. In addition to a
resonance, there is an antiresonance which comes from the
spatial cancellation of the fields. The antiresonance relies

on the polarization and incident angle of the exciting wave
[17]. This resonator has intrinsically a resonant peak and an
antiresonant dip in its spectrum, which can be used to encode
data.

The resonant frequency of the slot resonator can be
estimated using [18]

𝑓
𝑟
=
𝑐

2𝐿
√
2

1 + 𝜀
𝑟

. (1)

Here, 𝑐 is the speed of light and 𝜀
𝑟
is the relative permittivity

of the substrate. Besides, the gap width 𝑔 also has a slight
influence on the resonance frequency. Considering these two
factors, the resonant frequency of the slot resonator depends
on the length 𝐿+𝑔/2. Quality factor of the slot is proportional
to the ratio 𝐿/𝑔. Therefore, the resonant frequency and
quality factor can be easily adjusted by the slot length 𝐿 and
gap width 𝑔, respectively. One or more slots can be loaded on
a metallic patch, and one or more slots of the resonator can
be shorted and the corresponding frequencies are thus nulled,
and a data bit 0 or 1 can be encoded according to the presence
or absence of a peak or dip in the spectrum.The encoding rule
used in this paper is very simple: the presence or absence of
the dip presents data bit 1 or 0, respectively.

2.2. Operating Principle of the Proposed Chipless RFID Tag.
Figure 2 shows the operating principle of the proposed
RFID tag. When the chipless RFID tag is impinged by a
vertically polarized EM wave from the transmitter antenna,
a unique frequency signature is excited, and the receiver
antenna receives the encoded backscattered signal.The RFID
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Figure 2: Principle of operation.

reader or measurement device records and extracts this
unique frequency signature, and the chipless RFID tag is thus
identified.

3. Design and Simulation of the Chipless Tag

The configuration of the proposed trapezoidal chipless RFID
tag I and tag II is depicted in Figure 3.

A trapezoidal metallic patch with bottom width𝑊
𝑏
, top

width 𝑊
𝑡
, and height 𝐻 acts as a carrier of slot resonators.

Six pairs of quarter-wavelength open-ended slot resonators
with different length 𝐿

𝑖
(𝑖 = 1, 2, 3, 4, 5, 6) are loaded on the

trapezoidal metallic patch.The 6 pairs of slot resonators with
different physical dimensions create 6 peaks and 6 dips in
spectrum corresponding to 6 resonant frequencies. The six
physical slots with different length from the longest to the
shortest create six quarter-wavelength resonances, and the
corresponding frequencies, from the lowest to the highest, are
4.1 GHz, 4.8GHz, 5.8GHz, 6.5 GHz, 8.3 GHz, and 10.3 GHz.
In order to facilitate the fabrication, the width 𝑠 of the slot of
these resonators keeps the same size of 0.5mm. Simulation
results are shown in Figure 4.

The coding principle used for this tag is very simple: each
resonant frequency has a peak and dip in spectrum, and the
dip is chosen to encode 1 data bit. Six dips are seen in the
magnitude response for six 1’s of the tag with ID “111111,” while
five dips are seen for five 1’s as opposed to no dip for the 0
in the magnitude response for the tag with ID “111101.” Six
phase jumps are seen in the phase response for the tag with
ID “111111,” but no phase jumps for the 0 for the tag with ID
“111101.” The phase response can double check the magnitude
response.

Although higher data capacity can be obtained by loading
more slot resonators, there exists mutual coupling of con-
siderable strength between adjacent resonators when the slot
resonators are located close to each other. Therefore, to dou-
ble the data bits without increasing mutual coupling between
adjacent slots, two identical metallic patches are placed
symmetrically on the substrate. Six pairs of slot resonators
on the right patch remain unchanged and the length of the
six pairs of slot resonators is 𝐿

𝑖
(𝑖 = 1, 2, 3, 4, 5, 6), while six

pairs of slot resonators on the left patch are integrally shifted
1mm to the top side of the trapezoid patch, and the length of
these six pairs of slot resonators is 𝐿

𝑖
(𝑖 = 7, 8, 9, 10, 11, 12).

Figure 5 shows the proposed bow-tie chipless tag III and

Table 1: Fabricated tag dimension in mm.

Tag Encoded data 𝐿 𝑊 𝐻 𝐻
0

𝐻
1

𝑊
0

𝑊
𝑡

𝑊
𝑏

𝑠

I 111111 33 18
14 2 1.5 1 6 28 0.5II 111101

III 111111111111 35 33
IV 011111111110

tag IV. The twelve physical slots with different length from
the longest to the shortest create twelve quarter-wavelength
resonances, and the corresponding frequencies, from the
lowest to the highest, are shown in Figure 6.

One bit data correspond to one frequency. Therefore,
the tag can present 12-bit data and has a unique frequency
signature. To configure the tag, each slot resonator can be
shorted or not depending on the encoded data. The presence
and absence of a given frequency band present data bits 1 and
0, respectively.

When all of these slots keep unfilled, the 12-bit tag
represents ID1: 111111111111, as shown in Figure 5(a). When
some of these slot are shorted, the relevant frequencies will
be nulled; for example, when the longest slot on the left side,
that is, 𝐿

1
, and the shortest slot on the right side, that is, 𝐿

12
,

are filled, this tag represents ID2: 011111111110, as shown in
Figure 5(b). In our case, there is no ground plane, and the
size of this structure is nearly 35mm × 33mm.

4. Fabrication and Measurements

For the measurement, four tags with different ID have been
fabricated. The fabricated tags are illustrated in Figure 7 and
the dimensions of the tags are shown in Table 1. The tags are
implemented on a FR-4 substrate with a permittivity of 4.4,
a loss tangent of 0.023, and a thickness of 0.5mm. FR-4 is a
versatile and usually a low cost substrate and the fabrication
process is based on copper etching.

The measurement may be done in anechoic chamber or
in real office environment with tables, walls, and various
wireless devices. A bistatic radar system is used to detect
data encoded in the chipless tag. The measurement system
is composed of a vector network analyzer (VNA) AV3629D
with an output power of 0 dBm in the entire measurement
frequency band, connected to two identical UWB horn
antennas having a minimum 10 dB of gain in the frequency
band from 3.1 to 10.6GHz.The two antennas are placed 10 cm
away from each other and the tag under test is placed 15 cm
from two antennas as shown in Figure 8. The transmitting
antenna excites the resonators of the tag and the receiving
antenna receives its EM signature as for a bistatic radar
system.

The transmission coefficient 𝑆
21
is measured and plotted

against frequency in Figure 9. Due to fabrication error and
measurement error, the measuring resonance frequencies are
shifted slightly from the simulating resonance frequencies.
Here, the frequency shift is within the ±200MHz band
around the designed frequency. Therefore, the binary IDs
still can be extracted from the four tags properly, and the
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Figure 3: (a) Trapezoidal tag I with ID “111111” loaded with six pairs of slot resonators. (b) Trapezoidal tag II with ID “111101” loaded with five
pairs of slot resonators.
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Figure 4: (a) RCS magnitude versus frequency simulation of tag I; (b) RCS phase versus frequency simulation of tag I; (c) RCS magnitude
versus frequency simulation of tag II; (d) RCS phase versus frequency simulation of tag II.
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Figure 5: (a) The proposed bow-tie chipless RFID tag III with ID “111111111111”; (b) the proposed bow-tie chipless RFID tag IV with ID
“011111111110.”
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Figure 6: (a) Simulation of magnitude response for tag III and tag IV. (b) Simulation of phase response for tag III and tag IV.
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Figure 7: (a) Photograph of fabricated tag I and tag II. (b) Photograph of fabricated tag III and tag IV.

agreement between measurement results and simulation
results validates this design of chipless RFID tag.

5. Conclusion

In this paper, a systematic method was presented for
assigning and recovering multibit data in metallic patch.

A planar trapezoidal bow-tie RFID chipless tag was used
as an ultrawideband structure, in which notch frequencies
were introduced by placing slot resonators. In terms of data
capacity, although 12-bit data are encoded in the proposed
tag, higher capacity data can be designed for the same size.
If the width of the slot 𝑠 is set to 0.25mm and the width
of the metal strip 𝐻

1
is set to 0.75mm, the data capacity
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Figure 8: Measurement setup using bistatic configuration.
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Figure 9: (a) The measurement results of tag I and tag II. (b) The measurement results of tag III and tag IV.

can be doubled, that is, up to be 24 bits within the same
overall dimension. The simulation results revealed that these
frequencies could be recovered in the RCS spectrum. The
measurement results have validated the simulation results
and thus validated this design. The low cost single sided
compact chipless RFID tag can be printed directly on many
items and can be used in many products such as paper and
textile.
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Axially magnetized ferrite loaded microstrip patch antenna (MPA) with tunable beam scanning properties is presented. Ferrite
cylinders are optimally positioned within the near field region of the patch to introduce 𝐸

𝑦

phase tapers needed for beam scanning.
The interaction between the radiated EM wave and the gyrotropic properties of ferrites is controlled by varying the magnetizing
fields. A beam scan of ±30∘ is achieved for a DC biasing range of 0–0.19 T. Simulated antenna properties are verified using
experimental results. Recent LTCC technology allows the biasing coils to be embedded within the ferrite material to considerably
reduce the required external magnetizing field.

1. Introduction

In recent wireless sensor and communication systems, anten-
nas with beam scanning capability are of great interest to
achieve reconfigurable coverage [1, 2]. Printed phased array
antennas (PAA) are widely used in applications like target
tracking and interference avoidance, where a costly and lossy
network of phase shifters are needed to realize externally
controllable directive beam scan [3]. The narrow half power
beam width (HPBW) of a PAA can be a limiting factor for
the beam scannable sector antennas used in RFID, GPS, and
WLAN applications. Although microstrip patch antennas
(MPA) with wider HPBW are more suited for the above
mentioned applications, they lack the capability of beam
scanning.

In the literature, beam steering of MPA is investigated
by Thongsopa et al. [4], where beam steering of a dual feed
patch antenna depends on the difference between the input
feed frequencies. Ha and Jung [5] have presented a wearable
patch antenna, where main beam can be switched between
0∘ and ±30∘. Attia et al. in [6] have achieved beam steer by
using a specially designed superstrate layer. Cao et al. in [7]
have achieved a maximum beam steer of 48∘ by introducing
complementary split ring resonators (CSRR) in the ground
plane of the MPA. Since the above techniques failed to scan

the main beam in a continuous manner, a ferrite loaded
microstrip patch antenna is proposed here with tunable beam
scanning characteristics.

When magnetized, gyrotropic properties of microwave
ferrites are expressed using tensor permeability [8]. In the
literature, ferrite phase shifters have been widely used to pro-
duce the progressive phase shift required to control the beam
steering characteristics of microstrip phased array antennas
[9]. As far as the single MPAs are concerned, interaction of
the RF signal with magnetized ferrite material has been used
for antennaminiaturization [10–13], widening the impedance
bandwidth of the antennas [14–16], and frequency tuning
[17–19]. One of the first attempts to use magnetized ferrite
for beam switching involved putting ferrite rods inside a
horn antenna [20]; the design resulted in a change in the
main beam direction by ±22∘. A number of antenna designs
based on leaky wave cavities [21] and waveguide antennas
[22] have been proposedwhere considerable beam scans have
been achieved. The comprehensive literature search did not
reveal any ferrite based beam scanning printed MPAs. A
novel beam scanning technique for a single microstrip patch
antenna (MPA) is presented here, where magnetized ferrite
rods are optimally placed in the radiation region to control
the 𝐸
𝑦
phase distribution of the radiated field. Professional
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Figure 1: (a) Top view of a 2-patch 0.5 𝜆PAA operating at 10Ghz, (b) 𝐸-field phase distribution in the radiated field region of the 2-element
PAA for different directions of the main beam.
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Figure 2: Magnitude and phase of the transmitted signal through
a ferrite cylinder when excited by plane waves in a rectangular
waveguide.

simulator (HFSS) is used to demonstrate the wide HPBW
and externally tunable scanning capabilities of the designed
antenna, ideal for sectorwise coverage of communication
devices. The optimized antenna is fabricated and tested to
verify the simulated reflection and radiation properties.

2. Beam Scan Properties of Magnetized
Ferrite Rods

Beam scanning for linear PAA is achieved by introducing a
progressive phase shift (𝛽) into the excitation signal of the
individual elements [3]. This progressive phase shift results

in a phase taper across the PAA aperture leading to a change
in the direction of the main beam. For a two-element linear
microstrip PAAwith 𝑑 = 0.5 𝜆 operating at 10GHz, the phase
distributions of the radiated 𝐸

𝑦
-fields are shown in Figure 1.

Note that Figure 1(b) plots the 𝐸
𝑦
phase distribution

resulting from a change in the direction of the main beam
(𝜃) for 𝜃 = 90∘ (broadside), 100∘, 110∘ and 120∘, realized by
selecting progressive phase excitation with 𝛽 = 0∘, 31.3∘, 61.1∘
and 90∘, respectively [3]. For a single MPA, 𝛽 does not apply;
hence, to scan the main beam, the same amount of phase
taper has to be produced in the radiated signal by some other
mechanisms.

Magnetized ferrite is known to affect the magnitude and
phase of the transmitting RF signal if properly aligned. To
understand the phase control properties of ferrite, a Y220
ferrite cylinder with 𝑟 = 6mm, 𝑙

𝑓
= 20mm, 𝜀

𝑟
= 15.4,

4𝜋𝑀
𝑠
= 1950 Gauss, and Δ𝐻 = 10Oe was placed in the

path of propagating plane waves (inside aWR110 rectangular
waveguide with a cutoff of 6.4GHz) and the properties of the
transmitted signal were observed. For an operating frequency
of 10GHz, the simulated (HFSS) magnitude and phase of the
transmitted signal as a function of the biasing (𝐻

0
) are plotted

in Figure 2. Note that as the biasing (𝐻
0
) starts to increase

the magnitude of the transmitted signal starts to increase
and becomes maximum at 0.245 T. A low attenuation oper-
ating region (yellow shaded) has been indicated in Figure 2;
changing the external magnetizing field (Δ𝐻

0
) by 0.048 T

in this low-loss operating region results in a 57∘ change
in the insertion phase (Δ𝜙) while maintaining maximum
transmission throughout.This property of the ferrite to affect
the phase of the passing RF signal can be used to create a
phase taper similar to the one shown in Figure 1(b) that would
cause beam scan. In the above resonance region, a phase
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change of nearly 100∘ can be achieved by changing 𝐻
𝑜
from

0.3147 T to 0.3513 T.

3. Design of Ferrite Loaded Patch Antenna

The schematic diagram of the designed microstrip patch
antenna (MPA) loadedwith two separatelymagnetized ferrite
rods is shown in Figure 3. In order to produce a beam scan in
the azimuth plane, a phase taper in the 𝐸-field along the 𝑥-
axis (Figure 3) has to be produced. It has been observed that
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Figure 5: Simulated impedance bandwidth (−10 dB bandwidth) and
center frequency for the ferrite loadedMPA for varying biasing𝐻

01

.

𝐸
𝑦
becomes the dominant component of the radiated field

along the 𝑥-axis and the 𝑥- and 𝑦-components of the 𝐸-field
are very low in magnitude. Thus a phase taper in the 𝐸

𝑦
is

desired for a beam scan in the 𝐸-plane. Since a phase taper in
the 𝑥-axis is needed, two ferrite rods have been placed along
the 𝑥-axis on either side of the radiating patch. As already
observed from Section 2, magnetized ferrite rod can change
the phase of the transmitting signal; hence, biasing one of the
ferrite rods at a time would decrease the phase of the signal
passing through it resulting in a phase taper across the 𝑥-axis,
leading to a beam scan.

3.1. Microstrip Patch Antenna Design. The MPA is designed
on a Duroid substrate with 𝜀

𝑟
= 2.2, 𝑡 = 1.6mm. Professional

software (HFSS) is used to optimize the designed coaxially
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Figure 6: For𝐻
01

= 0, the changes in beam scan angle (degrees) and the maximum gain are plotted for different values of (a) 𝑑
𝑓

, (b) ℎ
𝑓

, (c)
ℎ, and (d) 𝑥

𝑓

. Dotted green lines represent the gain and the solid blue lines represent the scan angle.

fed patch to resonate at 10GHz.The optimized dimensions of
the MPA are ℎsub = 1.6mm,𝑊ferr = 40mm, 𝐿 ferr = 40mm,
𝑊
𝑝
= 8.5mm, and 𝐿

𝑝
= 8.72mm. The ferrite rods are then

loaded onto the MPA to introduce beam scanning. Figure 4
plots the simulated reflection response (𝑆

11
) of the antenna,

with and without ferrite loading. The 3D directivity patterns
are also included; pattern 1 corresponds to the MPA without
ferrite loading and pattern 2 corresponds toMPAwith ferrite
loading.Note that loading ferrite rods reduced the impedance
bandwidth of the antenna by 1.2% (to 723.7MHz). Moreover,
changing the DC biasing fields (𝐻

01
or 𝐻
02
), to realize

beam scan, has no effect on the reflection characteristics as
the impedance bandwidth and the center frequency remain
unchanged. This is shown in Figure 5.

3.2. Placement andDimension of the Ferrite Rods. Theparam-
eters related to the physical dimensions of the ferrite rods,
shown in Figure 3, are discussed in this section. To facilitate
beam steer in ±𝜃∘ angles from the broad side direction, the
ferrite rods are separately biased using magnetizing fields,
𝐻
01
and𝐻

02
. With𝐻

01
= 0 or unbiased, changing𝐻

02
values

steered the main beam of the MPA towards −𝜃 angles (𝜃 =
80
∘, 70∘,. . .). Alternatively, by changing the magnetizing field
𝐻
01
, the main beam is observed to steer towards +𝜃 angles

(𝜃 = 100∘, 110∘,. . .). Selecting correct magnetizing field (𝐻
0
),

position (𝑥
𝑓
, ℎ), and the dimensions (𝑑

𝑓
, ℎ
𝑓
) of these ferrite

rods is critical to achieve optimum gain and beam scanning
properties. A professional simulator (HFSS) is used to carry
out a comprehensive parametric analysis of the four variables,
𝑥
𝑓
, ℎ, 𝑑
𝑓
, and ℎ

𝑓
.

Setting 𝐻
01
= 0, the simulated parametric sweep with

increasing values of 𝐻
02
is plotted in Figure 6. It is observed

that beam scan depended on the difference between 𝐻
01

and 𝐻
02

and remains in the broadside direction with both
ferrites unbiased (𝐻

01
= 𝐻
02
= 0). Figure 6(a) plots the

changing radiation parameters of the antenna with varying
diameter of the ferrite rods (𝑑

𝑓
). For fixed values of the height

(ℎ
𝑓
= 20mm) and separation (𝑥

𝑓
= 20mm), increasing

the diameter to 6mm changes the scan angle by Δ𝜃 = −26∘
for a differential magnetizing field of Δ𝐻

02
= 0.19T. Note

that the gain of the antenna remains constant for the whole
range of the biasing field. A further increase in 𝑑

𝑓
reduced the

antenna gain without improving the scan angle. Considering
the parametric sweep for ferrite length (ℎ

𝑓
) in Figure 6(b),

it is clear that a taller ferrite rod offers more beam scan
compared to shorter ones. However, this also increases the
antenna dimension in addition to reducing the antenna gain
for a given value of 𝐻

02
. Note that the optimum value, ℎ

𝑓
=

20mm, produces a maximum beam scan of −26∘ (𝜃 = 64∘)
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Figure 8: Fabricated 10GHzMPA loaded with ferrite rods, (a) ferrite rods with biasing coils and (b) with Styrofoam packing.

from broadside for Δ𝐻
02
= 0.19T, where the antenna gain

remains nearly constant at 7.8 dB. Figure 6(c) clearly indicates
that increasing the spacing “ℎ” between the patch surface
and the ferrite rod tends to decrease the scan angle. This is
due to the formation of the partially resonant cavity between
the substrate and the ferrite rod, which supports additional
modes. The parameter ℎ = 16mm is chosen, as it offers

a good beam scan with best antenna gain throughout the
sweep (Δ𝐻

02
). Optimum positioning of ferrite rods can facil-

itate more interaction between the ferrites and radiated EM
waves to maximize the phase taper. In Figure 6(d), it is clear
that placing the ferrite rods closer to the nonradiating edges
of MPA provides higher beam scans at the cost of reduced
antenna gain. Note that 𝑥

𝑓
= 20mm provides the best
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compromise between the scan angle and antenna gain for the
whole range of𝐻

02
. Thus, the optimized antenna parameters

that resulted in best combination of scan angle and antenna
gain are ℎ

𝑓
= 20mm, 𝑥

𝑓
= 20mm, 𝑑

𝑓
= 6mm, and

ℎ = 16mm. To achieve opposite directional beam scan,
opposite biasing scheme is needed with unbiased 𝐻

02
and

increasing values of𝐻
01
from 0 to 1.

4. Results

The simulated 𝐸
𝑦
phase distribution across the patch is

plotted in Figure 7 for 𝐻
01
= 0 and four different values of

𝐻
02
. Note that, for changing the biasing field𝐻

02
by Δ𝐻

02
=

0.225T, the 𝐸
𝑦
phase distribution changes by approximately

38∘, which steers the main beam of the MPA by Δ𝜃 =
−25
∘ (or 𝜃 = 65∘). Similarly, to scan the main beam from

broadside to 𝜃 = 120∘, the ferrite rods needed to be biased
with 𝐻

02
= 0 and Δ𝐻

01
= 0.225T. Figure 8 shows the

prototype of the fabricated antenna.The coils that use variable
DC current sources to axially magnetize the ferrite rods are
also shown in the figure. Using Tesla meter, the ferrite filled
coils are precalibrated to relate the coil currents with induced
magnetizing fields. For packaging purposes, the positions of
the ferrite rods are secured by a Styrofoam (𝜀

𝑟
≈ 1) cube,

as shown in Figure 8(b). This also allows the removal of the
plastic pipes, used to position the ferrite rods in Figure 8(a).

A vector network analyzer is used to measure the reflec-
tion response (𝑆

11
) of the ferrite loaded antenna. Figure 9

shows the simulated and experimental 𝑆
11

responses of
the ferrite loaded microstrip patch antenna (MPA). It is
observed that separately magnetizing ferrites have no effects
on the impedance bandwidth and the resonance of the
antenna. Using an antenna measurement setup, the beam

Table 1:MeasuredHPBWand directivity for designed antenna with
𝐻
01

= 𝐻
02

= 0.

HPBW (deg) Directivity (dB)
MPA without superstrate 81 6.687
MPA with ferrite superstrate,
without biasing coils 82.4 7.139

MPA with ferrite superstrate,
with biasing coils 83 7.097

scanning properties of the designed antenna are experimen-
tally observed.

A comparison of the measured and simulated radiation
patterns of the antenna with 𝐻

01
= 0 and changing values

of𝐻
02
is plotted in Figure 10. Note that maximum simulated

scan angles of ±30∘ are verified by the measured radiation
patterns at +28∘ and −26∘, respectively. Higher back lobes
and minor mismatch between simulated and experimental
patterns are due to unwanted reflections normally elimi-
nated by the anechoic chamber. It can be observed from
Figure 10(a) that, for no beam scan case, the maximum
measured directivity is 7.097 dB and the respective measured
directivities at 64∘ and 118∘ are 5.255 dB and 6.069 dB. It
must be noted that inclusion of ferrite rods and the biasing
coils has minimal effect on the radiation properties of the
designed antenna and the measured HPBW and directivity
values for the MPA without superstrate, with only ferrite,
and with ferrite and biasing coils are provided in Table 1.
When scanning the main beam to either of the maximum
scan angles, 64∘ (Figure 10(b)) and 118∘ (Figure 10(c)), the
peak directivity values measured at the respective directions
of maximum are 6.69 dB and 6.53 dB. Additionally the
directivity measured in the original direction of maximum
(90∘) during beam scanning is 3.091 dB and 5.342 dB for
64∘ and 118∘, respectively. Although this antenna may seem
bulky, using recent embedded windings technology available
for LTCC ferrite devices can reduce the height and biasing
requirement of the antenna by 95% [19].

5. Conclusion

Beam scanning characteristics of a ferrite loaded single MPA
are presented.Using this novelmethod, ferrite rods are placed
in the radiation region of the antenna to perturb the 𝐸-
field phase distribution resulting in beam scan. Parametric
analysis resulted in finding the optimumdimension, location,
and biasing requirements of the ferrite rods. A simulated
beam scan of Δ𝜃 = ±30∘ is achieved for a changing biasing
field of Δ𝐻

0
= 0.214T. The designed antenna is fabricated

to experimentally observe a beam scan of +28∘ and −26∘
for predicted changes of external magnetizing fields. Using
recent LTCC ferrite techniques, the requirements of biasing
field can be reduced by 95%.
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Figure 10: Comparison of measured and simulated 2D radiation patterns: (a) 𝜃 = 90∘ for 𝐻
01

= 𝐻
02

= 0, (b) 𝜃 = 64∘ for 𝐻
01

= 0 and
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= 0.19T, and (c) 𝜃 = 118∘ for𝐻
01

= 0.19T and𝐻
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Biological experiments that expose living cells or tissues to RF energy must have an aqueous medium to provide essential water,
ions, nutrients, and growth factors. However, as we show here, themedium inherently functions as a receiving antenna that conveys
RF energy to the biological entity in a manner entirely determined by exposure vessel geometry, orientation to the incident RF flux,
frequency, and dielectric properties of themedium.We show for two common experimental arrangements that basic antenna theory
can predict electromagnetic energy patterns that agree well with those otherwise obtained by computationally intensive methods
that require specialized resources.

1. Introduction

Over the last half century researchers have exposed cell
preparations to RF electromagnetic (EM) energy to explore
mechanisms of interaction of living cells with EM fields [1].
Early experiments frequently were conducted by exposing
biological preparations to an incident EM wave of given
power density. However, the pattern of the RF field exposure
of cells within the medium was not investigated for lack of
analytical tools, leaving investigators with little knowledge of
the distribution of energy absorbed by the cells under test.
Unless there is a clear understanding of the physics of EM
fields, it is possible to miss the overall character of RF
absorption by a biological preparation.

The last two decades [2–4] have seen substantial advance-
ments in theoretical and experimental dosimetry. Minimal
requirements for exposure systems have been established [5]
and are now widely accepted. The detailed distribution of
absorbed energy inside an exposure vessel requires computer
algorithms that accurately model the fine details of exposure
systems and exposed samples. One such numerical method

is the finite difference time domain (FDTD) algorithm based
on numerical procedures to solve the EM problem within a
region of space [6].

The FDTDmethod performs a point-by-point evaluation
of the EM fields whereas the analytical approach proceeds
from the first principle, Faraday’s law, in describing the inter-
action between the fields and the medium. Consequently,
the analytic models reveal the physical events underlying the
computational results.

This paper aims to show that the culture medium of a
biological preparation not only supports cell metabolism but
also conveys the EM energy absorbed by the tissues and cells
under test, illustrating the usefulness of the concept that the
medium is an antenna whose geometric and dielectric prop-
erties entirely determine the biologically relevant exposure.
The cells themselves have a passive role as absorbers of EM
energy from the local environment. Equivalently, the cells can
be considered as a distributed load of a dielectric antenna
consisting of the medium in which they are embedded. This
paper also presents analytical approaches that are simpler
than numerical FDTDcomputations and sufficiently accurate
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for fast, preliminary estimation of the SAR in cylindrical
vessels containing a biological preparation.

2. Exposure of Preparations in
Petri Dishes and Test Tubes

Test tubes, flasks, and dishes of various sizes are the three
vessels commonly used for the exposure of cells to RF EM
energy. We limit our considerations to Petri dishes of 34mm
inner diameter (ID) and test tubes, both of which have cylin-
drical (rotational) symmetry. Exposure systems with other
vessel geometries can be analyzed by a similar methodology.
The simplest (canonical) exposure of a cylindrical structure
to a propagating wave can be performed with the direction of
propagation either oriented along the axis of the cylinder or
orthogonal to it. Axial propagation with incidence from the
bottom or the top of the vessel is designated as 𝑘+ and 𝑘

−,
respectively. Waves with incidence orthogonal to the axis of
the cylinder have either the 𝐸- or the 𝐻-field oriented along
the axis. All other exposures are a combination of these four
conditions. For stationary waves, there are only three inde-
pendent geometric exposures: both 𝐸- and𝐻-field parallel to
the cross section plane and 𝐻 or 𝐸 parallel to the axis of the
vessel.While all four types of propagatingwave exposure have
been used in laboratory research [7–10], only the stationary
waves with 𝐸 and 𝐻 parallel to the cylindrical cross section
and the stationary 𝐻-field exposure have been employed
[11, 12].

3. RF EM Field Propagation in
Dielectric Cylinders

We focus our attention on exposures utilizing EM fields in
the band 900MHz–5GHz, the frequencies most used for
cellular communications. Our analyses of the absorption of
RF energy by cell preparations in Petri dishes and test tubes
treat the medium as if it were a simple cylindrical receiving
antenna made of a dissipative dielectric material.

Cylindrical dielectric antennas have been analyzed,
designed, and used for more than a century [13–16]. The
distribution of RF energy within dielectric cylinders depends
strictly on the boundary conditions at their surface. Conse-
quently, the field distribution differs significantly for systems
with propagation along the cylindrical axis from others with
propagation perpendicular to the axis [15–17]. RF propaga-
tion along the axis of a dielectric cylinder is presented in detail
in [16], where it is shown that there are discrete modes of
propagation. In the case of a plane wave incident normal to
the cylindrical surface with the 𝐸- or 𝐻-field parallel to the
cylindrical axis, the resulting internal fields were analyzed by
Stratton [17] and Harrington [18]. All incident directions can
be treated analytically if the dielectric cylinder is long enough
that end effects can be disregarded. While test tubes can
support axial wave propagation if the medium depth is a suf-
ficiently large part of the wavelength, this certainly is not the
case for Petri dishes, which contain only a few milliliters of
medium with a typical depth of 2–4mm, a small fraction of a
wavelength in the band of our interest. Before presenting the
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Figure 1: SAR error at the bottom of a 34mm ID Petri dish.

infinite cylinder solutions for medium in a Petri dish or test
tube, it is necessary to explore the influence on their validity
of end effects and deviations from perfect geometric form.

3.1. Meniscus and Antenna Effect in Petri Dishes, 𝐸-Polari-
zation. A concave meniscus is present for all aqueous
columns that wet their glass or plastic container. Although a
meniscus does not break the cylindrical symmetry of the ves-
sels of interest, it can cause substantial end effects if it contains
a significant fraction of the liquid volume. We analyze the
meniscus effects treating the liquid medium as an antenna.
A meniscus does not affect substantially the internal fields
of the medium-antenna for 𝑘+, 𝑘−, or𝐻-polarized waves, but
can be a significant factor for 𝐸-polarization if the meniscus
height is comparable to the liquid depth at the center of the
container, as first reported in [4]. The reason is simple: the
presence of the meniscus increases substantially the cross
sectional area of the medium/antenna that couples with the
magnetic flux from the incident 𝐻-field as compared to the
area of the cross section of the same total liquid volume
without a meniscus (Figure 7).

Appendix A presents the detailed analysis of the effect of
the meniscus on the average specific absorption rate (SAR) at
the bottom of a Petri dish exposed to the peak 𝐻-field of a
𝐸-polarized stationary wave at 1800MHz. It is the exposure
system investigated in [4] using numerical algorithms. The
antenna analysis of Appendix A is simple and direct but does
not require the computational resources needed for an FDTD
analysis as a hand calculator suffices.The results of neglecting
the meniscus effect are shown in Figure 1 for a Petri dish with
34mm ID.The “same volume” and “same height” labels stand
for the case of the dish with the same volume of liquid with
or without the meniscus and, alternatively, the same liquid
height with or without the meniscus. From Figure 1, it is
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Figure 2: SAR patterns in a liquid medium.

possible to conclude that for Petri dishes of 34mm ID with
4mm depth of medium (without counting the meniscus
height) the meniscus end effect can be neglected as the SAR
error is less than 10%.

3.2. Antenna Effects and Guided Waves in Test Tubes, 𝑘+-
Polarization. We analyzed the exposure of biological prepa-
rations in test tubes to a 10W/m2 plane wave at 837MHz
usingCSTMicrowave Studio [19] and FDTDLab, an indepen-
dently developed computational suite [20]. Both algorithms
yield similar results. The meshing size used to represent the
liquid in the computations was 0.3mm. Figure 2 shows the
SAR distribution in the medium. The depth of the biological
liquid inside the test tube is 𝐿 = 62.7mmand the radius is 𝑎 =

8.45mm. The dielectric characteristics of the medium (per-
mittivity 𝜀

𝑟
and conductivity𝜎) are given in the figure legends.

The liquid column behaves as a loop antenna in the plane
orthogonal to themagnetic field (Figure 2, left side). Applying
Faraday’s law to the outermost closed path that can be drawn
in themedium, one finds𝐸AV, the average value of the𝐸-field,
and SARAV, the average value of the SAR along the periphery
of the cross section normal to the𝐻-field. They are

𝐸AV = 𝜔𝜇
0
𝐻

2𝑎 × 𝐿 − (2 − 𝜋/2) 𝑎
2

2 (2𝑎 + 𝐿) + 𝑎 × (2𝜋 − 4)
= 6.21V/m,

SARAV = 70mW/kg.
(1)

The peak SAR can be approximated by applying Lenz’s law,
according to which minimization of magnetic flux concate-
nated with the antenna requires that current induction is
greater in the two long sides of the loop. The RF currents can
be represented roughly by a sinusoid that peaks in themiddle
of the side. This procedure yields an estimated peak SAR
value of 𝜋2/4 × 70 = 173mW/kg, which is about 0.5 dB higher
than the peak SAR value from FDTD methods shown in
Figure 2.The detailed distribution of the SAR in the medium
mass requires the use of numerical methods or a rigorous
application of Lenz’s law, a lengthy procedure involving
variational calculus. In contrast, the very simple antenna
model just described gives an acceptable approximation of
the peak value of the exposure. The 𝐸-field has negligible
coupling with the liquid column, only end effects, as expected
given the very small dimension of its diameter (≈0.05 𝜆) with
respect to wavelength.

The approach just described has limitations: the rectangu-
lar loop perimetermust be less than a half wavelength and two
sides of the loop must be much longer than the other two in
order to ignore the currents induced in the short sides.

The physical details of EM energy absorption by a cylin-
drical liquid mass can be analyzed by varying its height (or
depth) from a very small to a substantial fraction of the wave-
length. For this purpose, the absorption patterns for various
depths of a dielectric liquid exposed to a plane wave at
1.8 GHz were computed. The same computational tools dis-
cussed above were used and the incident EM fields again
propagated in the direction of the cylindrical axis. The
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Figure 3: SAR patterns in the plane orthogonal to the𝐻-field for various liquid depths with incident 1800MHz plane wave.

patterns in the planes orthogonal to the 𝐻- and 𝐸-field are
shown in Figures 3 and 4, respectively. One feature is clearly
observed comparing Figures 2 and 3: the depth of penetration
of the RF energy is much greater at the higher frequency, in
agreement with the results reported in [2]. This fact shows
that there are modal excitation and wave propagation inside
the cylindrical mass. The phenomenon is clearly visible in
Figure 4 for the higher liquid columns where end effects do
not mask the attenuated propagation of EM fields at the core
of the liquid. The theory of the modes in a dielectric rod is
found in [16], where the following equation is given for the
fundamental TM mode:

−√𝜀rc
𝐽
1
(𝑞𝑎)

𝑞𝑎𝐽
0
(𝑞𝑎)

+
𝐾
1
(𝑝𝑎)

𝑝𝑎𝐾
0
(𝑝𝑎)

= 0. (2)

In (2), 𝑞 and 𝑝 are the radial propagation constants inside
and outside the liquid, 𝜀rc is its complex relative dielectric
constant, the 𝐽’s are Bessel functions of the first kind and the
𝐾’s aremodified Bessel functions of the second kind of orders
0 and 1.

The axial propagation constant (𝛽) is given by𝛽2 = 𝜀rc(2𝜋/

𝜆)
2

− 𝑝
2, with 𝜆 = free space wavelength.

The following relation also holds: (𝑝𝑎)2 + (𝑞𝑎)2 = (𝜀rc −1)

(2𝜋𝑎/𝜆)
2. Equation (2) can be solved using MATLAB [20]

and the axial attenuation constant of the fundamental TM
mode is found to be 2𝜋/𝜆 × 1.51 per/wavelength [15]. This

value matches the axial attenuation of the SAR in the right-
most panel of Figure 4. Computations of the propagation
constant of the dielectric cylinder modes can be carried
out with readily available mathematical software. If the axial
attenuation constants of themodes are not very large, then the
simple low frequency approximation of a loop in a constant
𝐻-field is not valid because the cylindrical mass behaves like
a dielectric waveguide, a device often used as an antenna [21].

3.3. SAR in Petri Dishes,𝐻-Polarization. In our analysis, the
medium in the Petri dish is treated as a fluid column of
infinite extent in the axial direction. Clearly this is an approx-
imate model of the real situation where the liquid is only a
few mm deep. Nonetheless, as we will show below, the model
provides useful results at a sufficiently high frequency.

The magnetic field of a plane wave polarized in the
direction of the cylindrical axis (𝑧) can be represented in
terms of cylindrical functions [17]:

𝐻
𝑖

𝑧

= 𝐻
0
𝑒
−𝑗𝑘𝑥

= 𝐻
0

+∞

∑

𝑛=−∞

𝑗
−𝑛

𝐽
𝑛
(𝑘𝜌) 𝑒

𝑗𝑛𝜙

, (3)

where 𝑘 is the free space propagation constant 𝑘 = 2𝜋/𝜆,𝜌 the
radial coordinate of a cylindrical reference system with 𝑧 as
the axis, and 𝐽

𝑛
denotes a Bessel function of first kind and

order 𝑛.
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Figure 4: SAR patterns in the plane orthogonal to the 𝐸-field for various liquid depths with incident 1800MHz plane wave.

The electric field of the plane wave is found from the
equation

⃗𝐸 =
1

−𝑗𝜔𝜀
0

∇ × 𝑧
0
𝐻
0
𝑒
−𝑗𝑘𝑥 which yields:

𝐸
𝑖

𝑦

=
𝑘𝐻
𝑜

𝜔𝜀
0

𝑒
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(𝑘𝜌) 𝑒

𝑗𝑛𝜙

,

𝐸
𝑖

𝜙

=
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𝑜
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0

cos𝜙
+∞

∑

𝑛=−∞

𝑗
−𝑛

𝑒
𝑗𝑛𝜙

𝐽
𝑛
(𝑘𝜌)

= 𝑗
𝑘𝐻
𝑜

𝜔𝜀
0

+∞

∑
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𝑗
−𝑛

𝑒
𝑗𝑛𝜙

𝐽


𝑛
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sin𝜙
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𝑗
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𝐽
𝑛
(𝑘𝜌) 𝑒

𝑗𝑛𝜙
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𝑘𝐻
𝑜

𝜔𝜀
0

+∞

∑

𝑛=−∞

𝑗
−𝑛

𝑒
𝑗𝑛𝜙

𝑛
𝐽
𝑛
(𝑘𝜌)

𝑘𝜌
.

(4)

In the equation above 𝐽
𝑛

denotes the derivativewith respect to
the argument of the Bessel function of first kind and order 𝑛.

The magnetic field 𝐻
𝑠

𝑧

scattered by an infinite dielectric
cylinder can be represented by the infinite series [17]

𝐻
𝑠

𝑧

=

+∞

∑

𝑛=−∞

𝑗
−𝑛

𝑏
𝑛
𝐻
(2)

𝑛

(𝑘𝜌) 𝑒
𝑗𝑛𝜙

. (5)

In (5), 𝐻(2)
𝑛

(𝑘𝜌) is a cylindrical Bessel function of the third
kind of order 𝑛 and 𝑏

𝑛
is the space harmonic magnetic field

amplitude.
The electric field components associated with the scat-

tered magnetic field are given by

𝐸
𝑠

𝜙

=
1

𝑗𝜔𝜀
0

𝑒
𝑗𝑛𝜙

𝜕
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+∞
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𝑗
−𝑛

𝑏
𝑛
𝐻
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𝑛
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𝐸
𝑠

𝜌

=
1

−𝑗𝜔𝜀
0

𝜕

𝜌𝜕𝜙

+∞

∑

𝑛=−∞

𝑗
−𝑛

𝑏
𝑛
𝐻
(2)

𝑛

(𝑘𝜌) 𝑒
𝑗𝑛𝜙

.

(6)
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Thefields inside the cylinder can be represented as a superpo-
sition of TE (with respect to the axial direction) electromag-
netic fields [16]. Specifically

𝐻
𝑐

𝑧

(𝜌, 𝜙) =

+∞

∑

𝑛=−∞

𝑎
𝑛
𝜓
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𝐽
𝑛
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𝜌
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𝜌
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1

𝜌

+∞

∑
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𝑎
𝑛
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𝑛
(𝑘
𝜀
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,

𝐸
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𝜙
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𝑛

𝜕
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𝑍
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∑
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𝑎
𝑛
𝐽


𝑛

(𝑘
𝜀
𝜌) 𝑒
𝑗𝑛𝜙

.

(7)

In the equations above 𝑘
𝜀
is the propagation constant of the

cylindrical material, given by 𝑘
𝜀
= (2𝜋/𝜆)√𝜀

𝑟
− 𝑗(𝜎/𝜔𝜀

0
) =

(2𝜋/𝜆)√𝜀rc, where 𝜎 is conductivity and 𝜀
𝑟
is relative dielec-

tric constant.
The details for the evaluation of the coefficients 𝑎

𝑛
are

given in Appendix B, where the following equations for the
electric field inside the dielectric cylinder are established:

𝐸
𝑐

𝜌

(𝜌, 𝜙) =

+∞

∑

𝑛=−∞

𝐸
𝑐

𝜌𝑛

(𝜌, 𝜙) ;

𝐸
𝑐

𝜙

(𝜌, 𝜙) =

+∞

∑

𝑛=−∞

𝐸
𝑐

𝜙𝑛

(𝜌, 𝜙) .

(8)

The distribution of the power loss density (PLD) is the plot of
the SAR multiplied by the mass density of the medium. The
PLD in the medium is evaluated by

PLD (𝜌, 𝜙) =
𝜎

2
[



∞

∑

𝑛=−∞

𝐸
𝑐

𝜌𝑛

(𝜌, 𝜙)



2

+



∞

∑

𝑛=−∞

𝐸
𝑐

𝜙𝑛

(𝜌, 𝜙)



2

] .

(9)

Given the ID of the Petri dish (34mm), it is worth noting
that at 1 GHz 𝑘𝑎 = 0.366, so relatively few harmonics have
an amplitude of relevance (𝑛 ≈ 3-4). At 5GHz, 𝑘𝑎 = 1.83,
so a large number of harmonics (𝑛 ≈ 20–30) enter into the
computation of the PLD.Note that the PLD is symmetric with
respect to the 𝜙 coordinate, as expected.

Now, let us compare the results from (9) with the
computations using a FDTD approach. Figure 5 shows the
PLD at 0.2mm from the bottom of a 34mm ID Petri dish
containing 4mL of medium at 3, 4, and 5GHz. A plane wave
with electric field amplitude of 100V/m is incident from the 𝑥
direction. The PLD was computed using the commercial
softwareCSTMicrowave Studio 2010 considering a 34mmID
Petri dish of Perspexwith 0.5mmwall thickness (i.e., a 35mm
outside dish diameter) filled with 4mL of Dulbecco’s modi-
fied Eagle’s medium (DMEM). The model takes into account
the presence of the meniscus. The analysis domain is a cubic

box, 40 cm on the side, filled with air. The electric properties
of the culture medium are 𝜀

𝑟
= 42 and 𝜎 = 1.6 S/m and those

of the sample holder are 𝜀
𝑟
= 2.6 and 𝜎 = 0 S/m.These values

were used for all frequencies and both computational meth-
ods.

For each frequency, themodule was solved with radiation
boundary conditions and mesh of 20 lines per wavelength,
resulting in more than 3 × 10

6 mesh cells.
Figure 6 plots the PLD patterns in an infinite (in the

axial direction) cylindrical column of liquid having the same
dielectric characteristics and diameter as the medium in the
Petri dish of Figure 5, using the analytic method of (9). The
plane wave is 𝐻-polarized in the direction of the cylindrical
axis and is incident from the same direction as in Figure 5.

Comparing the plots in Figures 5 and 6, it is clear that
the infinite cylindrical model gives results that are more
similar to the FDTDcomputationswith increasing frequency,
as expected when a larger number of harmonics enter the
calculation. The analytical results present sharper contours
of the cylindrical stationary waves boundaries because of
the absence of voxel meshing and of smoothing that occurs
because of field scattering from the boundaries of a liquid of
short height. Notably, despite the absence of meshing and
scattering, the infinite model correctly predicts the radii of
curvature of the stationary cylindrical waves and the progress
from single to double focusing of the incident energy. As both
calculations show, at 5GHz, a 34mm ID Petri dish with 4mL
medium acts as a dual focus lens delivering a highly nonuni-
form exposure to a cell preparation at the bottom of the
vessel. An almost identical pattern would be obtained by a
dissipative dielectric antenna of the same diameter and infi-
nite axial length. This last example clearly illustrates that the
medium acts as a receiving antenna that delivers the incident
EM energy to the biological cells at the bottom of a Petri
dish in a pattern depending only on the geometry, frequency,
and the dielectric characteristics of the liquid.The living cells
under test are a passive load of the receiving antenna, albeit
being a load of very small mass.

4. Conclusion

This paper has shown that the details of the geometry of
the medium inside a Petri dish or a test tube are extremely
important to the determination of the SAR or the PLD in the
vessel. Based on these facts, it should be clear that themedium
acts as a dielectric receiving antenna for the incident elec-
tromagnetic energy to which the living cells are exposed. At
frequencies below 2GHz, depending on polarization and
wavelength, the liquids in Petri dishes and test tubes behave as
a loop antenna or a dielectric waveguide, which in fact is just
another type of antenna.The PLD patterns in a shallow liquid
(few mm in depth) contained in a relatively wide dish can be
modeled with good approximation as an infinitely long dis-
sipative cylindrical antenna with a diameter equal to the ID
of the vessel, provided that the liquid depth is more than
𝜆/30. Viewing the medium as the antenna of the biological
preparations has important ramifications for the results of in
vitro experiments using different vessels. The same incident
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Figure 5: PLD versus frequency at 0.2mm from the bottom of a 35mm Petri dish (FDTD).

EMfieldsmay result in very different exposure patterns to the
test cells or tissues depending on the dielectric characteristics
of the medium, its geometry (shape and size), and the
material of the vessel walls (which affect themeniscus shape).
Obviously, different spatial power absorption may cause
different biological outcomes for in vitro experiments.

Finally, the analytic methods presented here may be
valuable to research biologists for evaluating the behavior of
the medium as an antenna for fast, preliminary selection of
the best vessels for the intended research, using widely avail-
able computational tools, if FDTDsoftware and computational

power are not accessible. In future efforts, the present analyti-
cal model (an infinitely long cylinder of dissipative dielectric)
for the medium of a biological preparation exposed in a Petri
dish will be refined to a liquid disk of finite height. Such a
model could be used as a canonical model for testing FDTD
computations. The antenna models and methods presented
are not intended to replace the use of numerical algorithms
for the accurate evaluation of the EM exposure of bioprep-
arations, but they can be used for a quick, preliminary
evaluation of an exposure system and as validation of FDTD
computations.
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Figure 6: PLD versus frequency in an infinite cylindrical liquid column exposed to a plane wave (analytic method).

Appendices

A. 𝐸-Field at the Bottom of a Petri Dish from
Faraday’s Law

Faraday’s theorem is applied systematically to all the possible
paths through the meniscus that pass through the bottom
of the dish, thus forming a three-dimensional loop antenna.
As shown in Figure 7 for the central cross section of a Petri
dish, there is a double infinity of loops that contribute to the
1,800MHz 𝐸-field induced at the bottom of the dish.

It is worth noticing that the contribution to the line
integral of the induced 𝐸-field along a semicircular path 𝐿

of radius 𝐷 within the meniscus can be evaluated by the
following equation:

∫
𝐿

⃗𝐸 ⋅
→
𝑑𝑙 = ∫

𝜋

0

𝐸 (𝜃) sin 𝜃𝑅
𝑑
𝑑𝜃 = 𝐸ave × 𝐷. (A.1)

a dx

b z y

L

c

𝜃

Figure 7: Faraday paths in the meniscus forming loops along the
bottom of the dish.

The net effect of all the paths can be summed by considering
that themeniscus geometry is well approximated by a triangle
as shown in Figure 8. The 𝐸-field acts similarly to a gravity
force over the cross section of the meniscus. The highest
number (density) of paths is at the edge of the meniscus and
their number tapers linearly in the direction of the center of
the dish. All the “weights” (contributions) of the various paths
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z
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Figure 8: Details of approximate meniscus geometry.

can be collapsed at the “center of gravity” of the meniscus
cross section exactly like any distributed mechanical force.
Using (A.1), it is possible to write the expression for the
average electric field in the close path crossing the bottom of
the dish, up into themeniscus, around themeniscus, and back
down to the bottom of the dish as shown in Figure 7. If𝐷(𝑥)

denotes the path diameter and ℎ
𝑝
(𝑥, 𝑧) the height of the

integration path (see Figure 8), the equation for the average 𝐸
intensity at the bottom of the dish is

𝐸 (𝑥, 𝑧) = 𝜔𝜇𝐻

ℎ
𝑝
(𝑥, 𝑧)𝐷 (𝑥)

[2ℎ
𝑝
(𝑥, 𝑧) + 2𝐷 (𝑥)]

. (A.2)

In the previous equation ℎ
𝑝
(𝑥, 𝑧) is given by ℎ

𝑛𝑚
+𝑧, as shown

in Figure 8.
The equations for the “center of gravity” coordinates are

𝑋
𝑐
=

∬
𝐴

𝐸 (𝑥, 𝑧) 𝑥 𝑑𝑥 𝑑𝑧

∬
𝐴

𝐸 (𝑥, 𝑧) 𝑑𝑥 𝑑𝑧

= 16.18mm,

𝑍
𝑐
=

∬
𝐴

𝐸 (𝑥, 𝑧) 𝑧 𝑑𝑥 𝑑𝑧

∬
𝐴

𝐸 (𝑥, 𝑧) 𝑑𝑥 𝑑𝑧

= ℎ
𝑛𝑚

+ 1.1mm.

(A.3)

In the above equations, the domain of integration 𝐴 is the
cross sectional area of the meniscus and ℎ

𝑛𝑚
is the height of

the liquid in the middle of the dish as shown in Figure 8.
The average value of the field𝐸AV along the bottomof dish

is then

𝐸AV = 𝑋
𝑐

(𝑍
𝑐
+ ℎ
𝑛𝑚
)

[2𝑋
2
+ (ℎ
𝑛𝑚

+ 𝑍
𝑐
)]
. (A.4)

B. Calculation of the Coefficients of
the 𝐸-Field Series

The boundary conditions for the axial magnetic field and the
𝜙 component of the electric field require their continuity at
the dielectric cylindrical surface: there the scattered fields
must be equal to the sum of the incident and the transmitted
field into the cylinder for 𝜌 = 𝑎. For each harmonic of the
field it must be

𝐻
0
𝑗
−𝑛

𝐽
𝑛
(𝑘𝑎) + 𝑎

𝑛
𝐽
𝑛
(𝑘
𝜀
𝑎) = 𝑗

−𝑛
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𝐻
(2)
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(𝑘𝑎) ,

𝑘𝐻
0
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0

𝑗
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𝐽


𝑛

(𝑘𝑎) − 𝑗
𝜇𝜔

𝑘
𝜀

𝑎
𝑛
𝐽


𝑛

(𝑘
𝜀
𝑎) =

𝑘

𝑗𝜔𝜀
0

𝑗
−𝑛

𝑏
𝑛
𝐻
(2)

𝑛

(𝑘𝑎) .

(B.1)

Equations (B.1) can be recast in the form

𝐻
0

𝐽
𝑛
(𝑘𝑎)

𝐻
(2)

𝑛
(𝑘𝑎)

+ 𝑗
𝑛

𝑎
𝑛

𝐽
𝑛
(𝑘
𝜀
𝑎)

𝐻
(2)

𝑛
(𝑘𝑎)

= 𝑏
𝑛
, (B.2)

𝑗𝐻
0

𝐽


𝑛

(𝑘𝑎)

𝐻
(2)

𝑛
(𝑘𝑎)

+
𝑗
𝑛

√𝜀rc
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𝑛

(𝑘
𝜀
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𝐻
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𝑛
(𝑘𝑎)

= 𝑏
𝑛
. (B.3)

Subtracting (B.2) from (B.3), we find

𝐻
0
[

𝐽
𝑛
(𝑘𝑎)

𝐻
(2)

𝑛
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𝑛
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(B.4)

From (B.4) the 𝑎
𝑛
terms are promptly established:

𝑎
𝑛

= −𝑗
−𝑛

𝐻
0

⋅

[𝐽
𝑛
(𝑘𝑎) /𝐻

(2)

𝑛

(𝑘𝑎) − 𝐽
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𝑛
(𝑘𝑎)]

.

(B.5)

We are not interested in computing the scattered fields, so the
𝑏
𝑛
terms need not be evaluated. From (B.5), given the parity of

the ratios (𝑅
𝑛
= 𝑅
−𝑛
) of the Bessel functions, only the 𝑎

𝑛
with

positive and zero index need to be computed. The electric
field components in the dielectric can be expressed as

𝐸
𝑐

𝜌

(𝜌, 𝜙) = −
𝑍
0

𝜀rc (2𝜋/𝜆)

1

𝜌

+∞

∑

𝑛=−∞

𝑎
𝑛
𝑛𝐽
𝑛
(𝑘
𝜀
𝜌) 𝑒
𝑗𝑛𝜙

,

𝐸
𝑐

𝜙

(𝜌, 𝜙) = −𝑗
𝑍
0

√𝜀rc

+∞

∑

𝑛=−∞

𝑎
𝑛
𝐽


𝑛

(𝑘
𝜀
𝜌) 𝑒
𝑗𝑛𝜙

.

(B.6)
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A novel multiband antenna with an unbroken metal rim for wearable applications is presented. In order to achieve a wideband
behavior, minimizing at the same time the size of the clearance area on the antenna ground plane, a novel feeding structure is
proposed.This is achieved by connecting themetal rim to the groundplane thus allowing generating one lower-frequency resonance
without occupying a large area. An additional resonance is then obtained using a suitable shorting patch. In this way, the proposed
antenna presents a broadband behavior, while the width of the clearance area on the ground plane is of only 2mm. The antenna
performances in free-space and on a human phantom simulating a human body are analyzed by means of numerical simulations.
Finally, the specific absorption rate (SAR) is analyzed to establish the antenna reliability in wearable applications.The experimental
results demonstrate superior and stable performances of the metal-rimmed antenna when it is employed in wearable applications.

1. Introduction

With the increasing demands for tracking, navigation, port-
able communication, and public safety requirements, uti-
lization of wearable devices is becoming more and more
important. As a typical part of the wearable communication
systems, thewearable antennas [1–15] also present fast growth
in the last decade, which should simultaneously meet the
requirements of Bluetooth, WIFI, GPS, and personal com-
munications standards. Meanwhile, metal-rimmed wearable
devices, such as smart watches, have also been proposed to
solve the needs of the solidity and good-looking. However,
the metal rim as well as the human body exerts a great
influence on the antenna performances. Under such circum-
stances, the minimization of the antenna size becomes much
more challenging.

In the previous studies, different methods have been
proposed to reduce the antenna size for wearable applica-
tions, such as the EBG structure [6, 15], the shorted patch
method [7], and the active antennas [8]. However, when
applied to metal-rimmed wearable antennas, most of the
mentioned methods can hardly meet the required demands.

This is mainly due to the electromagnetic effects caused by
the addedmetal rim, which leads to higher Q antenna factors
and consequently to a quite narrow bandwidth. In addition,
in the past, the metal rims have been usually considered
as a negative factor; thus, design approaches to reduce the
influence of the metal rim have been adopted.

In this paper, a novel T-shaped feeding structure, used
to connect the ground plane directly to the metal rim, and
a shorting patch used to excite a second antenna resonance
are proposed and analyzed in detail. By means of the T-
shaped junction, the antenna can be easily and stably excited.
In particular, by fully exploiting the metal rim, the size of
the clearance area on the ground plane is greatly minimized,
while a wide frequency band, between 1500 and 2300MHz,
is realized. Consequently, the metal-rimmed antenna can be
usefully employed for wearable applications. The width of
the clearance area on the system ground plane is only 2mm.
In this case, more space can be left to accommodate other
components. The performance of the radiating structure in
free-space and in the presence of a human body has been ana-
lyzed by means of commercial software based on the FDTD
method (CST Microwave Studio). The analyses, validated by
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Figure 1: Configuration of the proposed metal-rimmed antenna for wearable applications. (a) Geometry of the metal-rimmed antenna. (b)
Detailed dimensions of the proposed antenna. All dimensions are in millimeters.

experimental measurements, have shown that the proposed
antenna has good electromagnetic performances. The paper
is organized in 4 sections. In Section 2, the metal-rimmed
antenna topology and the related design considerations are
discussed, while the experimental results are presented in
Section 3. Finally, in Section 4, some concluding remarks are
reported.

2. Antenna Design and Topology

Figure 1(a) shows the geometry of the proposed metal-
rimmed antenna for wearable applications. The structure of
the proposed antenna is composed of a rectangular metal
patch (dimensions of 40 × 38mm2) printed on a FR4
dielectric substrate (dimensions 40 × 40mm2 and thickness
of 0.8mm), acting as ground plane, while an unbroken metal
rim placed at some distance from the ground plane, and
grounded at two specific points, is excited by means of a
suitable T-shaped feeding line connected by means of a via
hole to an SMA connector (see Figure 4). The dimensions
of the circuit board have been chosen so as to simulate the
size of the most popular wearable devices [3, 15]. The metal
rim, consisting of a copper sheet of thickness of 0.5mm, is
kept at a distance of 2mm from the circuit board. Figure 1(b)
depicts the detailed dimensions of themetal-rimmed antenna
for wearable applications.

Different from the traditional design concept, the pro-
posed antenna employs the metal rim as radiating element
thus minimizing the clearance area on the ground plane.
Typically, the metal rim has a total length of 176mm,
which is capable of generating fundamental and high-order
resonances to achieve wide bandwidth. The shorting patch,
adopted to introduce a dual-resonance at 1570MHz and
2110MHz so as to cover the operative frequency bands of
the GNSS/DCS/PCS/UMTS2100/LTE2300 systems, is also
employed to increase the solidity of the proposed wearable
device. It should be noted that the overall size of the clearance
area is small, meaning thatmore space is left to accommodate

other components such as sensors and monitoring modules
[1–3]. Accordingly, the proposed antenna is valuable for
wearable applications, especially for metal-rimmed cases.

For a better comprehension of the physical mechanisms
responsible for the antenna behavior, the simulated surface
current distributions at the resonant frequencies of 1570 and
2110MHz are plotted in Figure 2. To better highlight the
current paths responsible for the emissive effects, lines with
arrows have been added to Figures 2(a) and 2(b). From
Figure 2(a), it can be seen that at 1570MHz the surface
current is widespread within the ground plane, presenting
a phase inversion along the secondary diagonal of the
rectangular ground plane. In this case, the upper left edge
and the lower right edge contribute to a half-wavelength
resonant mode at about 1570MHz. A higher concentration
of the surface current along the edge of the circuit board
is observed at 2110MHz (see Figure 2(b)), while the emis-
sive phenomenology is similar to that observed at lower
frequency. In particular, the upper and lower left edges of the
metal rim contribute to a half-wavelength resonant mode at
about 2110MHz, since in these regions the current exhibits
its maximum value. In conclusion, the metal rim produces a
dual resonance allowing the antenna to cover the frequency
band between 1500MHz and 2300MHz. Compared to the
traditional patch antennas, the proposed antenna takes full
advantages of the metal rim to realize a broadband frequency
behavior. Moreover, the space on the circuit board is reduced
allowing reducing the size of the antennawith respect tomore
traditional design concepts [9, 11].

The shorting patch plays an important role in improving
the antenna bandwidth and impedance matching. To better
understand the function played by the shorting patch on
the antenna performances, a parametric study has been
performed. In particular, the magnitude of the computed
antenna reflection coefficients, as a function of the distance 𝐿
between the shorting patch and the right side of themetal rim
(see Figure 1), is shown in Figure 3. From Figure 3, it appears
that when the distance 𝐿 varies in the range from 7 to 17mm,
the resonant modes move to higher frequencies. Therefore,
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Figure 2: Simulated current distributions at resonant frequencies: (a) 1570MHz, (b) 2110MHz.
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the performance of the proposed antenna can be optimized
by choosing an appropriate value of the parameter 𝐿.

3. Experimental Results

Themetal-rimmed antenna for wearable applications, whose
photo is shown in Figure 4, was fabricated and tested. The
numerical results have been performed bymeans of commer-
cial software based on the FDTD technique (CSTMicrowave
Studio), while the experimental measurements have been
carried out using an Agilent Vector Analyzer E5071B and
a SATIMO StarLab. In addition, to verify the suitability
of the metal-rimmed antenna for wearable applications,
the performances of the antenna have been also simulated
and tested when it is attached on the wrist of a human
body phantom, whose dielectric relative permittivity and
conductivity are 35 and 1.8 S/m, respectively.

3.1. S-Parameter. Figure 5 shows themeasured and simulated
antenna reflection coefficients in free-space and on the wrist
of the human body phantom. From Figure 5, it appears that
the measurements are in good agreement with the simulated
results for the two considered cases. Moreover, by comparing
the measured results for the two considered cases, it is seen
that the variations of the antenna reflection coefficients are
limited and acceptable. This demonstrates that the proposed
antenna is usable when worn on the wrist of the human
body. In particular, the measured bandwidth, based on the
−6 dB threshold level, is 1500∼2350MHz in free-space, while
the bandwidth is almost the same when a human body
phantom is considered. Therefore, the operating band is not
significantly affected and the antenna can cover the operative
bands of GNSS/DCS/PCS/UMTS2100/LTE2300 operation
for wearable applications.

3.2. Radiation Pattern. The radiation characteristics were
tested in a SATIMO StarLab. Figures 6(a) and 6(b) depict the
measured 2D radiation patterns for xoz, yoz, and xoy plane at
1700 and 2100MHz, respectively. The measurement was also
conducted considering the antenna radiating in free-space
and on the wrist of the human body phantom. It is noted that
the human body blocks the radiated signals in the xoy plane.
Meanwhile, complementary 𝐸

𝜑
and 𝐸

𝜃
are also achieved

in free-space and with the human body phantom at 1700
and 2100MHz. Consequently, the proposed metal-rimmed
antenna is valuable for practical wearable applications.

3.3. Efficiency and Gain. The antenna efficiency and gain
measured in free-space and on the wrist of the human body
phantom are depicted in Figures 7 and 8, respectively. From
Figure 7, it is observed that the measured antenna efficiency
with the human body phantom is lower than in free-space,
which is mainly due to the absorption of the human body
phantom. However, the measured antenna efficiency is still
more than 50% for all the desired bands, suggesting that the
proposed metal-rimmed antenna is applicable to wearable
applications. As expected, the measured peak gain when
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Figure 4: Fabricated metal-rimmed antenna for multiband wearable applications.
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space and on the wrist of the human phantom.

the human body phantom is considered is less than that in the
free-space (see Figure 8), while the peak gain is over 1.6 dB
in the whole operative bands, implying also that the metal-
rimmed antenna is valuable for wearable applications [3].

3.4. Specific Absorption Rate (SAR). The specific absorption
rate (SAR) is an important parameter to measure the power
deposition in a human body when it is exposed to an
electromagnetic field. Therefore, this parameter, which is
closely related to safety consideration, since low SAR means
that less electromagnetic energy is absorbed by the human
body [16, 17], can be used as a useful criterion to establish if
a wearable antenna presents suitable safety guarantees for the
user. The SAR simulation, concerning 1 g of tissue, referring
to 0.125W of transmitting power, has been carried out using

Table 1: Simulated 1 g SAR values for the wearable antenna.

Frequency (MHz) 1550 1700 1950 2100 2300

1 g SAR (W/Kg) In the front 0.78 0.65 0.62 0.58 0.55
On the wrist 0.75 0.62 0.59 0.57 0.54

Reflection
coefficient (dB)

In the front −10.1 −7.1 −10.3 −11 −6.3
On the wrist −9.8 −6.8 −9.7 −10.7 −6.2

the simulation models describing the two typical operative
scenarios reported in Figure 9. The numerical results for
a homogeneous phantom model, concerning the 1 g SAR
values, and the corresponding antenna reflection coefficients
are listed in Table 1. The peaks of the simulated SAR values
in the front and on the wrist of the human body phantom
are 0.78 and 0.75W/kg, respectively. Both of these values
are less than that required by the FCC limitation (1.6W/kg),
confirming that the metal-rimmed antenna is quite suitable
for practical wearable applications [16, 17].

4. Conclusion

A novel metal-rimmed antenna for multiband wearable
applications has been presented. The proposed antenna is
composed of a radiating metal rim and a novel feeding
structure which allows obtaining a compact antenna suitable
to cover the frequency band between 1500 and 2350MHz.
The measurements and the numerical results show that the
antenna presents good radiation characteristics in terms of
gain and efficiency in the whole operative bands. Finally, the
simulated SAR results are lower than that indicated by the
specific standard concerning the protection of the human
being by the exposure to electromagnetic fields, meaning that
the proposed metal-rimmed antenna is suitable for practical
wearable applications.
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Among the mobile ad hoc networks appealing characteristics there are network reconfigurability and flexibility. In this context a
smart antenna capable of self-configuring multiple high-directivity beams provides a major advantage in terms of power saving,
increased range, and spatial reuse of channels. In this paper a smart antenna made of a cylindrical array of patches suitable for
MANETs is presented.

1. Introduction

Mobile ad hoc networks (MANETs) are wireless networks
where nodes can communicate, either directly or indirectly,
without any fixed infrastructure (Figure 1) [1, 2].

For this reason, MANETs are particularly important in
several environments where the fixed infrastructure is not
available, not trusted, too expensive, or unreliable. Typical
applications are vehicle-to-vehicle communications, emer-
gency services in crisis scenario (earthquake, flood, or fire),
tactical communications, and sensor networks.

The lack of a centralized control leads to a self-organizing
network working in a distributed manner. Nodes that lie
within each other’s send range can communicate directly and
are responsible for dynamically discovering each other.

In order to enable communication between nodes that
are not directly within each other’s send range, intermediate
nodes act as routers that relay packets generated by other
nodes to their destination.

Furthermore, devices are free to join or leave the network
and they maymove randomly, possibly resulting in rapid and

unpredictable topology changes causing link failure and the
need of rerouting.

In addition, mobile nodes typically work on batteries,
hence have energy limitations, and exhibit great diversity in
their range capabilities.

To face these difficulties many research efforts have been
done. In particular the use of smart antennas has emerged
as an important area of research [3]. Smart antennas can
increase the network throughput allowing spatial reuse of the
wireless channel and can increase the coverage range and the
received signal quality. In addition, they can be used to reduce
power emissions thus saving battery energy. Several works in
the literature are concerned with how to modify traditional
medium access control (MAC) and routing policies to take
advantages from smart antennas capabilities.

For example, in [4] a novel MAC protocol based on the
use of smart antennas able to separate spatially the users, thus
reducing the interference while increasing the throughput,
is considered. A unified MAC framework able to operate
with different classes of smart antennas is introduced in [5].
While in [6]MACand routing problems are jointly taken into
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(a)

(b)

Figure 1: Conventional cellular network with fixed infrastructure
(a); and mobile ad hoc network (b).

account using a cross-layer approach that is able to optimally
select the communication links performing spatial multiple
access, thus enhancing the achievable system throughput.

Particularly interesting is a two-tierMANET architecture
with two types of nodes as the one presented in [7]. The
higher tier is composed by portable nodes (not mobile or
hand-held) with higher computational capabilities that are in
key positions to ease the creation and the maintaining of the
MANET. These devices are equipped with a smart antenna,
with extended range, able to bring upmost of the network for
its temporary duration, without substantial relocation, hence
reducing the issues of changing network topology.The second
tier is composed of simpler mobile hand-held devices with
single antenna (Figure 2).

Smart antennas are able to project several independent
beams, both for interconnection with other base stations and
for connection with hand-held devices, thus increasing the
spatial reuse.

Figure 2: Two-tier MANET: purple tier 1 portable nodes and blue
tier 2 mobile hand-held devices.

Figure 3: Cylindrical smart array antenna layout.

Taking into account previous considerations, the project
of the smart antenna for MANET is of paramount impor-
tance, but it has to face several constraints guaranteeing the
desired performance.

In this contribution, the design of a cylindrical smart
array antenna for a 2-tier MANET working at 5.4GHz will
be presented, focusing on the subarray unit constituting the
basic tile of the smart antenna. In particular we focus on tier 1
portable nodes that are responsible for creating the MANET
backbone. Section 2 will present the geometry of the antenna
and of the tile, while Section 3 will present numerical results.
Finally Section 4 will draw some conclusions.

2. Smart Antenna Configuration

The basic geometry of the smart array is depicted in Figure 3.
It comprises 24 vertical subarrays, each with four linearly
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(a)

7.5∘ 7.5∘ 7.5∘
7.5∘

(b)

Figure 4: Smart antenna functionality: (a) three possible virtual
arrays (black, orange, and green) two of which are largely superim-
posed; (b) required scan capability from each virtual array to fully
scan the horizontal plane.

polarized rectangular patches. At subarray level all patches
are fed in phase, leading to a broadside diagram. Phase
control of the array is limited to the subarray input line,
allowing for beam steering in azimuth.

In principle, only a limited number of subarrays, those
facing the desired direction of radiation, can effectively con-
tribute to beam creation. In this project it will be considered
that just 5 subarrays will be used at a time for creating
each single lobe (Figure 4); these will be called virtual arrays
for the given beam. Maximum flexibility would require
any group of 5 contiguous subarrays to be selectable at

any given time, with close beams being formed by virtual
arrays partially superimposing, that is, sharing some physical
subarray; hence the smart antenna feeding network needs to
provide both the correct phases and the selection of the five
subarrays of the virtual array.

Indeed, if 24 subarrays are used, then 24 partially overlap-
ping sets of 5 contiguous subarrays can be defined as the one
marked in black and the one marked in orange in Figure 4.
Each of these sets needs to scan electronically only ±7.5∘.
Figure 5 presents a conceptual scheme of the feeding network
allowing this maximum flexibility. The Tx/Rx modules are
M and each one can access independently to any single
virtual array. Feeding network complexity is quite high, and
simpler layouts can be devised, for example, if no scanning
capability of the virtual array is implemented, or if a larger
scanning capability is implemented but virtual arrays are
nonoverlapping.

To maintain mobility, the antenna is required to be
compact; hence a diameter smaller than 40 cm and a height
less than 20 cm are sought for. By choosing subarrays smaller
than 5 × 20 cm the requirement is satisfied.

The single subarray is a four-patch printed array with
nonuniform elements spacing and nonuniform feeding
amplitudes. Relative amplitudes are 1 2 2 1, attained via the
nonsymmetrical dividers shown in Figure 6, where all the
subarray dimensions are given in millimeters. Array is fed
via a coaxial cable with a connector mounted beneath the
antenna plane in the point shown in Figure 6.

Substrate is Rogers RT/duroid 5880 with relative permit-
tivity 𝜀

𝑟
= 2.2 and tan 𝛿 in the range [0.0004, 0.0009]. Sub-

strate thickness, chosen among the commercially available, is
t = 1,575mm.

Froma technological point of view, possible improvement
both in terms of polarization diversity and wide-band oper-
ation can be achieved by using radiating patches in planar
multilayer technology as presented in [8–10] and/or more
complex geometries [11, 12] but for an increased cost and
weight.

3. Numerical Results

The structure presented was simulated via finite elements
(FEM) [13] placing it in a computational box enclosed by
perfectly matched layers (PML), so as to correctly take into
account the finite ground plane. The obtained 𝑆

11
at the

coaxial feed port is reported in Figure 7. Very good isolation
between the subarrays has been attained, as Figure 8 shows.

Figure 9 shows the attained patterns for the single sub-
array, while Figure 10 shows the pattern generated by the
virtual array of 5 subarrays, in broadside direction. It is worth
noticing that in Figure 10 and subsequent figures two families
of graphs are presented. Dashed lines are relative to the
case in which the array feed has the exact theoretical value
obtained analytically to attain a given direction for the lobe.
Solid curves are relative to the realistic case in which phase
shifters can synthesize only a discrete set of phases. In this
paper phase shifters with a resolution of 45∘, hence simple
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Tx/Rx

120 phase shifters

Array 
[24 subarrays of 4 elements
each, grouped 5 by 5 in 
virtual arrays]

24 power combiners 5 to1

24 power dividers 1 to 5

Tx/Rx

24 power combiners M to 1 [24]

M switches 1 to 24

M radios

Figure 5: Smart antenna feeding network with beam synthesis capabilities.
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Table 1: Phase shifts for beam steering.

Central 
subarray

Sub 1

Sub 2

Sub −1

Sub −2

Broadside Ideal 152.28∘ 38.62∘ 0 38.62∘ 152.28∘

Discrete 135∘ 45∘ 0 45∘ 135∘

7.5∘ Ideal 244.1∘ 89.91∘ 10.1∘ 10.1∘ 89.91∘

Discrete 225∘ 90∘ 0 0 90∘

36∘ Ideal 706.9∘ 446.9∘ 235.11∘ 86.45∘ 9.7∘

Discrete 0∘
(720∘–2 × 360∘)

90∘
(460∘–360∘) 225∘ 90∘ 0

0.00

−5.00

−10.00

−15.00

−20.00

−25.00

S 1
1

(d
B)

5.00 5.20 5.40 5.60 5.80 6.00

Frequency (GHz)

Figure 7: Simulated S
11

at the subarray coaxial feed port.

5.00 5.20 5.40 5.60 5.80 6.00

Frequency (GHz)

−25.0

−35.0

−45.0

−55.0

−65.0

−75.0

S p
1

(d
B)

−1
−2

1
2

Central subarray

Figure 8: Simulated couplings within the virtual arrays, Sp1 simu-
lated at the subarray coaxial feed port. Curve colors correspond to
relative position on the subarray (above the graph) with respect to
the central (black) subarray; red curve is the first subarray to the
right, yellow curve the second to the right, and so on.

and economical, are chosen. Table 1 summarizes phase shifts,
both analytical and discretized.

Figure 11 shows the pattern for the maximum beam
steering required if virtual arrays can overlap, that is, 7.5∘. Also
in this case two sets of patterns are presented, for ideal and
discretized phases, as reported in Table 1.
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Figure 9: Simulated single subarray pattern.

Finally Figure 12 shows the pattern for the maximum
beam steering required if virtual arrays cannot overlap, that
is, 36∘. Also in this case two sets of patterns are presented,
for ideal and discretized phases, as reported in Table 1. In this
case the grating lobe appearing on the left makes the pattern
unusable; hence an overlapping of virtual arrays ismandatory.

4. Conclusion

In this contribution a possible layout of smart antenna
for MANET applications has been presented. The antenna
is capable of producing multiple, high-gain, electronically
steered independent beams and is meant to be used in a two-
tier MANET for the tier 1 nodes responsible for bringing up
and maintaining the backbone of the network.
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Figure 10: Pattern generated by a virtual array of 5 contiguous subarrays on the full cylindrical array (broadside direction). Dashed lines are
obtained with ideal phase shifts and solid lines with discretized phase shifts.
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Figure 11: Pattern steered by 7.5∘ generated by a virtual array of
5 contiguous subarrays on the full cylindrical array. Dashed lines
are obtained with ideal phase shifts and solid lines with discretized
phase shifts.

Antenna layout has been kept simple to allow for a
cheap and lightweight realization. Also to this aim, the
usage of cheap and simple phase shifter with a fairly coarse
phase discretization did not lead to sensible performance
degradation.
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Figure 12: Pattern steered by 36∘ generated by a virtual array of 5
contiguous subarrays on the full cylindrical array. Dashed lines are
obtained with ideal phase shifts, solid lines with discretized phase
shifts.
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Steffè, “Amulti-layer PCBdual-polarized antenna demonstrator
for future SAR applications,” IEEE Antennas and Wireless
Propagation Letters, vol. 13, pp. 297–300, 2014.

[9] P. Capece, L. Lucci, G. Pelosi, M. Porfilio, M. Righini, and W.
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This paper presents three practical antenna implementations based on variations of one general planar differential antenna topology
originally proposed for ultrawideband (UWB) applications. All designs were implemented on a low-cost FR4 substrate and
experimentally characterized in an anechoic chamber. The results show how the proposed design variations lead to the required
antenna performances and how they give rise to new opportunities in terms of coverage of wide, narrow, and multiple frequency
bands for communication and sensing applications below 5GHz. In particular, the results show how a significant enhancement
in bandwidth performance is achieved by folding the differential radiating elements. Moreover, they show how an agile design
strategy enables adaption of the antenna design to different requirements for covering wide, narrow, and multiple bands, making
the proposed class of antennas suitable for different wireless applications. In detail, the proposed class of antennas covers multiple
frequency bands, ranging from the 868MHz and 915MHzbands to 2.4GHz industrial scientific andmedical (ISM) bands, including
the 1.2 GHz L band for Global Positioning and Navigation Satellite Systems (GNSS) and the lower portion of the UWB band.

1. Introduction

Often, antenna designers develop novel antenna topolo-
gies, which are then optimized by hand for their specific
applications and frequency bands. After fabricating the
antenna and verifying the compliance of the performance
with the requirements, additional efforts are rarely taken
into account to exploit the full potential offered by the
intrinsic properties of the antenna topology. In this paper,
we explore the generation of novel planar antenna designs by
varying the different design parameters of a well-established
antenna topology. As a starting point, we consider a novel
planar differential antenna that was recently proposed by our
research group [1]. Such an antenna was designed to meet
the design constraints, electromagnetic performance, and
physical integration, required by the ultrawideband (UWB)
pulse radar sensor operating approximately in the frequency
band from 3 to 5GHz. The radar sensor was implemented
by cointegrating the system-on-a-chip radar transceiver with
transmitting and receiving antennas on FR4 substrate [2, 3].

In this paper, we report for the first time the design
variations of the original antenna topology, resulting in a
class of antennas that cover a variety of different wide and
narrow frequency bands, relevant to several wireless com-
munication protocols. The proposed approach is validated
by simulations and experimental characterizations, resulting
in novel antenna prototypes that were not reported in our
previous publications, which focused exclusively on the novel
antenna design targeting the cointegration with the radar
microchip [2–4]. In particular, we show how the design
variations reflect on the antenna performance, demonstrating
that the antenna topology, originated from radiating elements
with a particular shape, can be adapted to generate novel
prototypes that cover wide and narrow bands of interest for a
number of wireless communication and sensing applications,
as a consequence of variations in size and orientation of the
radiating elements. The results show also how the design
variations of the orientation of the two differential radiating
elements can lead to a significant additional contribution to
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Figure 1: Original planar differential antenna. (a) Layout drawing in which the top copper layer is in light grey and the bottom copper layer
is in dark grey. (b) Photograph of the physical implementation.

the bandwidth enhancement. This results in an additional
opportunity for obtaining ultrawideband antenna perfor-
mance, whereas conventional design efforts are traditionally
limited to ad hoc shaping of the radiating elements, be it
patches, slots, or their combinations, with circular, elliptical,
rectangular, triangular, or any other ad hoc shapes, capable of
providing wideband performance (e.g., [5–12]).

The paper is organized as follows. Section 2 describes the
novel antenna design and summarizes, for reasons of self-
consistency, the main results obtained for the original planar
differential antenna design, which serves as a useful reference
for both design andperformance. Section 3 reports the results
of simulations and measurements obtained for the design
variations of the original antenna. Finally, in Section 4, the
conclusions are drawn.

2. Planar Differential Antenna:
Original Design

The original planar differential antenna was designed on a
low-cost FR4 substrate (𝜀

𝑟
= 4.4, dielectric thickness equal

to 1.6mm, copper thickness of 35 𝜇m, and loss tangent equal
to 0.02) for a complete characterization as a stand-alone
device, as shown in Figure 1. The antenna was simulated by
means of momentum and FEM by Agilent Technologies.
Each radiating element of the antenna consists of a semicircle
and a triangle that provides a smooth transition towards
the microchip pins [1]. The antenna terminals (in

𝑝
and in

𝑚

in Figure 1) are designed in order to realize the appropriate

feeding from the transmitter and to the receiver of the radar
microchip pins [2, 3, 13, 14].

Traditionally the radiating elements of a differential
antenna are pointed towards opposite directions (i.e., antipo-
dal): here, we note that, in this novel planar differential
antenna, the two radiating elements are “folded” (i.e., rotated
on the antenna plane; 𝜌 = 45 degrees) one aside the other,
resulting adjacent. The main features of this design approach
are that it allows a compact design of both the transmitter
and receiver antennas on the same board of the radar sensor,
still maintaining good performance [1, 3]. The distance 𝑑
between the two sides of the antenna is equal to 1mm. The
diameter 𝐷 is equal to 3 cm in order to resonate at the
frequency of interest (about 3GHz). The aperture angle 𝛼
of the triangle is equal to 45 degrees. The rotation angle 𝜌
between the symmetry axes of the two radiating elements
is 45 degrees. Two microstrip feeding lines were added in
order to allow the connection to theVectorNetworkAnalyzer
(PNA-X by Agilent Technologies) by means of planar SMA
connectors (horizontal) and carry out the experimental tests.
The width of the microstrip feeding lines (𝑊

𝑃
) is equal to

3mm in order to exhibit a 50Ω characteristic impedance.The
distance 𝑑in between the two inputs of the antenna is equal
to 1 cm to allow the placement of two adjacent connectors,
as shown in Figure 1. The characteristic sizes of the UWB
antenna are reported in Table 1. Differential 𝑆

11
parameter

and gain patterns were measured in an anechoic chamber
by means of a linearly polarized UWB horn antenna and
an automated positioning system with full rotation angle
capability. The measured parameters are obtained by means
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Table 1: Folded planar differential antenna sizing (𝐷 = 3 cm).

𝐷 [cm] 𝛼 [deg] 𝜌 [deg] 𝑑 [mm] 𝑊
𝑝

[mm] 𝑑in [cm] 𝑊GND [cm] 𝐿GND [cm] 𝐿 [cm]
3 45 45 1 3 1 7.1 2.3 7.9

1 2 3 4 5 6
Frequency (GHz)
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Figure 2: Measured and simulated 𝑆
11

and VSWR versus frequency of the original planar differential antenna with folded elements (𝜌 =
45 deg;𝐷 = 3 cm).

(a) (b)

Figure 3: Measurement setup for the experimental characterization of the stand-alone antenna in anechoic chamber. (a) Linearly polarized
UWBstandard gain horn antenna. (b)Antenna under test on a rotating polystyrene arm.Measurement cableswhere coveredwithRF shielding
sheets in order to reduce possible unwanted interference.

of the balanced differential measurement capabilities of the
PNA-X [15] and the theory of combined differential and
common-mode scattering parameters [16].The experimental
setup for the antenna patterns is shown in Figure 3.

The simulated and measured differential 𝑆
11

parameter
and VSWR are reported in Figure 2. Measured 𝑆

11
exhibits

a magnitude lower than −10 dB in the band of interest, that is,
roughly from 3 to 5GHz. Figure 2 also reports the results for
the voltage wave standing ratio (VSWR), which is lower than
two over the band from 2.8 to about 4.5 GHz. The simulated
and measured differential gain patterns for the 𝑥𝑧 and 𝑦𝑧
planes, at 3, 4, (mid-point) and 5GHz are shown in Figure 4.
The gain is equal to about 2.4 dBi at 4GHz for theta equal

to 0 degrees. Figure 5 shows the near field distributions that
could be useful to gain an insight of the emission [17] in
the proposed antenna. The red zones identify the regions of
maximum emission.

3. Planar Differential Antennas:
Design Variations

The nominal antenna design summarized in the previous
section is considered as a reference for its variations. A few
effective parameter changes in the antennas topology, such as
the diameter 𝐷 and the relative rotation angle 𝜌 of the radi-
ating elements, have a direct impact on antenna frequency
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(c) 𝑓 = 5GHz (𝑥𝑧 plane)
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(d) 𝑓 = 3GHz (𝑦𝑧 plane)
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(e) 𝑓 = 4GHz (𝑦𝑧 plane)
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(f) 𝑓 = 5GHz (𝑦𝑧 plane)

Figure 4: Simulated and measured gain patterns for three different frequencies (3, 4, and 5GHz), on 𝑥𝑧 and 𝑦𝑧 planes of the original
differential antenna.
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(c) 𝑓 = 5GHz

Figure 5: Simulated total near electric field distributions in the original antenna at the interface antenna-air for three different frequencies.

coverage. In detail, it is possible to reconfigure the antenna
topology from wideband to narrowband performance, by
varying the relative orientation of the two radiating lobes
from 𝜌 = 45 degrees to 𝜌 = 180 degrees. Moreover, the
frequency band of operation can be fine-tuned by rescaling
the antenna dimensions. Such readaptation capability of
the operating performance, achievable by means of agile
topological variations of equal-shape radiating elements,
provides new potentiality for future ad hoc designs aimed
at the coverage of wide and narrow bands for some of

the most widespread unlicensed applications up to 5-6GHz.
In particular, in the sequel we report the following three
design variations:
𝜌 = 45 deg; 𝐷 = 4 cm, that is, planar differential
antenna with folded radiating elements (𝜌 = 45 deg),
as shown in Figure 1, but with an altered diameter
𝐷 = 4 cm.

(A) 𝜌 = 180 deg; 𝐷 = 3 cm, that is, planar differen-
tial antennas with antipodal radiating elements
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Figure 6: Antipodal planar differential antenna. (a) Layout drawing in which the top copper layer is in light grey and the bottom copper layer
is in dark grey. (b) Photograph of the physical implementation. The two SMA connectors (vertical) are soldered on the bottom plane.
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Figure 7: Measured and simulated differential 𝑆
11

and VSWR versus frequency of the planar differential antenna with folded radiating
elements and𝐷 = 4 cm.

(𝜌 = 180), as shown in Figure 6, and with a
diameter𝐷 = 3 cm.

(B) 𝜌 = 180 deg;𝐷 = 4 cm, that is, planar differential
antennas with antipodal radiating elements (𝜌
= 180 deg), as shown in Figure 6, but with a
diameter𝐷 = 4 cm.

3.1. Folded Radiating Elements (𝜌 = 45 deg): 𝐷 = 4 cm.
Simulated and measured differential 𝑆

11
parameters versus

frequency of the antenna with folded radiating elements (𝜌 =
45 deg;𝐷 = 4 cm) are shown in Figure 7. All the other design
parameters remain unchanged.

The measurements show a reflection coefficient 𝑆
11
lower

than approximately −7.5 dB from 2.4 to 5GHz.
In particular, |𝑆

11
| < −10 dB roughly from 2.3 to 2.7 GHz

and from 3.3 to 5.1 GHz. Figure 7 also reports the simulation
and measurement results for the VSWR, which is lower than
two over the frequency band from about 2.3 to 2.8GHz and
from 3.3 to 5.1 GHz. The simulated and measured antenna
gain patterns for 𝑥𝑧 and 𝑦𝑧 planes, at 2.5, 3.75 (mid-point),
and 5GHz are shown in Figure 8. Figure 9 reports the near
electric field distributions. As expected, the results confirm
that the bandwidth for this design variation with 𝐷 = 4 cm
is extended roughly by about 0.5GHz towards the lower

frequencies with respect to the original design with 𝐷 =
3 cm.This result shows that this design variation exhibits the
potential for the multiband operation both for the industrial
scientific medical (ISM) band at 2.4GHz [18, 19] and the
lower portion of the UWB band from about 3 to 5GHz
[2, 13, 14].

3.2. Antipodal Radiating Elements (𝜌 = 180 deg): 𝐷 =
3 cm. The design parameters are summarized in Table 2.
The differential 𝑆

11
parameter and VSWR resulting from

simulations and measurements are shown in Figure 10. |𝑆
11
|

is lower than −10 dB in the frequency band from about 1.1
to 1.44GHz. Simulated and measured antenna gain patterns
for 𝑥𝑧 and 𝑦𝑧 planes, at 1.2 GHz, are shown in Figure 11.
The measured gain amounts to about 1.2 dBi at 1.2 GHz for
theta equal to 0 degrees. Similar results were measured at
1.15 and 1.25GHz. Figure 12 reports the near electric field
distribution. A study on other 𝜌 and𝐷 variations is reported
in the Appendix.

It is also worth observing how this antenna design, gen-
erated by the radiating elements with the same shape of the
UWB antenna in Figure 1, exhibits narrowband performance
compatible with the coverage of the lower L band adopted by
satellite applications for Global Positioning and Navigation
Satellite Systems (GNSS) [20].
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(a) 𝑓 = 2.5GHz (𝑥𝑧 plane)

0
30

60

90

120

150
180

210

240

270

300

330

𝜃 (deg)

G
ai

n 
(d

Bi
)

10

0

−10

−20

−30

−40

−50

−40

−30

−20

−10

0

10

(b) 𝑓 = 3.75GHz (𝑥𝑧 plane)
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(c) 𝑓 = 5GHz (𝑥𝑧 plane)
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(d) 𝑓 = 2.5GHz (𝑦𝑧 plane)

0
30

60

90

120

150
180

210

240

270

300

330

𝜃 (deg)

G
ai

n 
(d

Bi
)

10

0

−10

−20

−30

−40

−50

−40

−30

−20

−10

0

10

Sim.
Meas.

(e) 𝑓 = 3.75GHz (𝑦𝑧 plane)
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(f) 𝑓 = 5GHz (𝑦𝑧 plane)

Figure 8: Simulated and measured gain patterns for three different frequencies (2.5, 3.75, and 5GHz), on 𝑥𝑧 and 𝑦𝑧 planes of the folded
antenna (𝐷 = 4 cm).
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Table 2: Antipodal planar differential antenna sizing (𝐷 = 3 cm).

𝐷 [cm] 𝛼 [deg] 𝜌 [deg] 𝑑in [cm] 𝑊GND [cm] 𝐿GND [cm] 𝑊 [cm] 𝐿 [cm]
3 45 180 1 0.8 1.4 4 11.2

−10dB (V/m) 40 dB (V/m)

(a) 𝑓 = 2.5GHz

−10dB (V/m) 40 dB (V/m)

(b) 𝑓 = 3.75GHz

−10dB (V/m) 40 dB (V/m)

(c) 𝑓 = 5GHz

Figure 9: Simulated total near electric field distributions in the folded differential antenna (𝐷 = 4 cm) at the interface antenna-air for three
different frequencies.

Likewise, this result leads to the following interesting
observation. Not only is the wideband operation of the folded
antenna in Figure 1 due to the shape of the radiating elements,
which were smoothed in order to provide a wide band
operation, but also a relevant contribution is also provided by

folding the radiating elements. Therefore, in addition to the
research addressed to novel convenient antenna shapes, the
potential offered by folding the radiating elements appears
being of superior advantage with respect to those inherent
in the radiating elements. Hence, this observation suggests



International Journal of Antennas and Propagation 9

1 2 3 4 5
Frequency (GHz)

0

2

4

6

8

10

12

VS
W

R

5

0

−5

−10

−15

−20

−25

S11 sim. S11 meas.
VSWR sim. VSWR meas.

S 1
1

(d
B)

Figure 10: Measured and simulated 𝑆
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and VSWR versus frequency of the planar differential antenna with antipodal radiating elements
(𝐷 = 3 cm).
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Figure 11: Simulated and measured gain patterns at 1.2 GHz of the planar differential antenna with antipodal radiating elements (𝐷 = 3 cm):
(a) 𝑥𝑧 plane; (b) 𝑦𝑧 plane.

new opportunities to achieve wide band operation by also
exploiting the folding of the radiating elements.

3.3. Antipodal Radiating Elements (𝜌 = 180 deg): 𝐷 = 4 cm.
In this design, we have 𝐷 = 4 cm, 𝐿 = 14.6 cm, and 𝑊 =
5 cm.All the other design parameters remain unchangedwith
respect to those summarized for the previous case in Table 2.
The 𝑆

11
parameter and VSWR resulting from simulations

and measurements are shown in Figure 13. |𝑆
11
| is lower than

−10 dB in the frequency band from about 0.8 to 1.06GHz.
Simulated and measured differential antenna gain pat-

terns at 868MHz for 𝑥𝑧 and 𝑦𝑧 planes are shown in
Figure 14. The gain is equal to about 1.4 dBi at 868MHz, for
theta equal to 0 degrees. Similar results were measured at

800 and 900MHz. Figure 15 reports the near electric field
distribution.

It is worth observing how the increase of diameter (𝐷 =
4 cm) with respect to the case of Figure 3 with 𝐷 = 3 cm
allows us to achieve the bandwidth performance required for
the potential coverage of the ISM band at 868MHz [19] and
also ultrahigh frequency (UHF) band at 915MHz for radio-
frequency identification (RFID) [21, 22].

As already noted in the previous subsection, it is worth
observing once again how the folding of the radiating ele-
ments as in Figure 3 (𝜌 = 45 deg) leads to an extension of the
operation bandwidth with respect to this design case. In par-
ticular, by folding the two radiating elements with𝐷 = 4 cm,
we obtain in this casemultiple bands, which provide coverage
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0dB (V/m) 40 dB (V/m)

Figure 12: Simulated total near electric field distribution in the planar antipodal antenna (𝐷 = 3 cm) at the interface antenna-air for 1.2 GHz.
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Figure 13: Measured and simulated differential 𝑆
11

and VSWR versus frequency of the planar differential antenna with antipodal radiating
elements (𝐷 = 4 cm).
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Figure 14: Simulated and measured differential gain patterns at 868MHz of the antipodal planar differential antenna (𝐷 = 4 cm): (a) 𝑥𝑧
plane; (b) 𝑦𝑧 plane.
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Figure 15: Simulated total near electric field distribution in the antipodal planar differential antenna (𝐷 = 4 cm) at the interface antenna-air
for 868MHz.
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Figure 16: Simulated differential 𝑆
11

versus frequency of the planar differential antenna as effect of variations on 𝜌 and 𝐷: (a) 𝐷 = 3 cm; (b)
𝜌 = 180 deg.

of the 2.4GHz ISM band and the lower portion (about 3–
5GHz) of the UWB band.

This last interesting aspect could be exploited for the
implementation of reconfigurable single-antenna single-chip
transmitters, or receivers, characterized by highly reusable
building blocks [23] and capable of operating over multiple
bands, be it narrow and wide bands, both for communication
and sensing applications [24].

4. Conclusions

A new class of planar differential antennas is presented
through the design variations of a recently proposed pla-
nar differential antenna enabling the cointegration with a
microchip radar sensor. All the designs were implemented on
FR4 substrate and validated through experimental measure-
ments.

This study allowed the exploration of the antenna perfor-
mance and its sensitivity to design variations, their impact

on performance, and the opportunities for their potential
future exploitations through ad hoc designs for a number of
communication and sensing applications below 5GHz.

In particular, the results show how folding the radiating
elements allows a significant bandwidth enhancement, even
larger than the opportunities deriving from the intrinsic
properties of the radiating element itself, as exhibited in the
case of antipodal routing.

The new opportunities emerging from this study suggest
also the possibility of further developing and implementing
an agile design strategy, highly readaptable to specific needs
and that, thereby, could be applied to a number of cases and
applications.

Overall, the results show that the design variations
originated from the same shape of the radiating elements,
be it folded or antipodal design variations, exhibit a good
potential for covering wide, narrow, and multiple bands,
ranging from those allocated in the ISM frequency band
868MHz and UHF at 915MHz and 2.4GHz band, as well as
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Figure 17: Simulated gain patterns of the planar differential antenna at the frequency of minimum return loss as effect of variations on 𝜌 and
𝐷: (a)𝐷 = 3 cm, 𝑥𝑧 plane; (b)𝐷 = 3 cm, 𝑦𝑧 plane; (c) 𝜌 = 180 deg, 𝑥𝑧 plane; (d) 𝜌 = 180 deg, 𝑦𝑧 plane.

in the lower L band at 1.2 GHz and the lower portion of the
UWB band. This potential enables their exploitation also for
the implementation of multimode multiband reconfigurable
radiofrequency transceivers expected for emerging and long
term evolution wireless applications.

Appendix

In Figures 16 and 17, we report the results of a parametric
study of the antenna in Figure 6, obtained by varying the
parameters 𝜌 (45, 90, 135, and 180 deg) and 𝐷 (1, 2, 3, 4, and
5 cm), in order to show the effects of the parametric variation
on the return loss and gain.
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There have been many studies regarding antenna polarization; however, there have been few publications on the analysis of the
channel capacity for polarized antenna systems using the beamforming technique. According to Chung et al., the channel capacity
is determined by the density of scatterers and the transmission power, which is obtained based on the assumption that scatterers are
uniformly distributed on a 3D spherical scattering model. However, it contradicts the practical scenario, where scatterers may not
be uniformly distributed under outdoor environment, and lacks the consideration of fading channel gain. In this study, we derive
the channel capacity of polarized uniform linear array (PULA) systems using the beamforming technique in a practical scattering
environment. The results show that, for PULA systems, the channel capacity, which is boosted by beamforming diversity, can be
determined using the channel gain, beam radiation pattern, and beamforming diversity order (BDO), where the BDO is dependent
on the antenna characteristics and array configurations.

1. Introduction

Recently, there has been a gradual increase in the demand
for polarized antenna systems, especially for 5G networks.
This is mainly because antenna polarization is an important
parameter employed for the design of space-limited wireless
devices [1, 2]. Several techniques such as space-time diversity,
multiplexing, and array processing can be exploited in order
to boost the system throughput for polarized antennas.Thus,
many published research articles as well as ongoing projects
have focused on antenna polarization [3–5]. However, there
have been few reports on the analysis of the channel capacity
for polarized antenna systems using the beamforming tech-
nique. In [6], the channel capacity is known to be determined
by the density of scatterers and the transmission power
instead of other system parameters.This is based on the com-
pact uniform linear array (ULA) and assumes that scatterers
are uniformly distributed on a 3D spherical scattering model.
However, in practical scenarios, the scatterers may not be
uniformly distributed, especially in outdoor environments.
In addition, [6] does not consider the fading channel, which

is important when obtaining the channel capacity in [7, 8].
In this study, we obtain the channel capacity of polarized
ULA (PULA) systems using the beamforming technique in
a practical scattering environment. Our results indicate that,
for PULA systems, the channel capacity, which is boosted by
beamforming diversity, is determined mainly by the channel
gain, beam radiation pattern, and beamforming diversity
order (BDO).

In this paper, the beam radiation pattern (including the
beamwidth, the number of lobes, and the radiation gain of
the beam) of conventional ULA systems is described based
on the antenna characteristics and array configurations (i.e.,
dipole antennas with different lengths, the number of array
elements, and the array element spacing). And we charac-
terize the beam radiation pattern for PULA systems in both
2D and 3D forms, where the dipole antenna-based PULA
is shown to have a higher beam radiation gain compared
with isotropic antenna-based systems. The BDO, which is
defined with respect to the number of beam lobes generated
by the transceiver, is obtained under different transmission
scenarios by considering the line-of-sight (LOS) component
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Figure 1: Configuration of the conventional ULA.

and scattering environments. In addition, it is dependent on
the antenna characteristics and array configurations and has
been shown to be linearly proportional to the number of array
elements and array element spacing.

The remainder of this paper is organized as follows. In
Section 2, we analyze the conventional ULA, while the beam
radiation patterns of the PULA in both 2D and 3D forms are
presented in Section 3. In Section 4, we introduce the BDO
concept, and in Section 5 we discuss the channel capacity of
PULA systems. Finally, we conclude the paper in Section 6.

2. Feature Analysis of Conventional ULA

2.1. Array Factor. Figure 1 illustrates a conventional ULA,
where 𝜃

0
denotes the signal incidence angle shifted from the

boresight direction (the antenna boresight is the axis vertical
to the orientation of the array alignment [9]), 𝑑 represents
the array element spacing, and 𝑁 is the number of array
elements.The array factor 𝐹(𝜃), which represents the far-field
radiation of an isotropicULA system [10], can be expressed in
terms of the inner product of the weighting vector and array
propagation vector as follows:

𝐹 (𝜃) = w ⋅ k. (1)

The weighting vector is given as

w = [𝑤
1
𝑤
2
⋅ ⋅ ⋅ 𝑤

𝑁
] , (2a)

and the array propagation vector is given as

k = [1, 𝑒
𝑗(2𝜋𝑑/𝜆) sin 𝜃

, . . . , 𝑒
𝑗(𝑁−1)(2𝜋𝑑/𝜆) sin 𝜃

]
𝑇

, (2b)

where 𝜆 denotes the signal wavelength. If we use the weight-
ing vector to adjust a beamwith a specific angle (shifted from
the boresight direction) of 𝜃

0
and use the array spacing factor

𝜀 to describe the array configuration, that is, 𝑑 = 𝜆/𝜀, the
array factor can be further expressed as

𝐹 (𝜃) =

𝑁

∑

𝑛=1

𝑒
𝑗(𝑛−1)(2𝜋/𝜀)(sin 𝜃−sin 𝜃0). (3)

Based on the derivation in Appendix A, the normalized 𝐹(𝜃)
is obtained as

𝐹 (𝜃) =

{{

{{

{

sin ((𝜋𝑁/𝜀) (sin 𝜃 − sin 𝜃
0
))

𝑁 ⋅ sin ((𝜋/𝜀) (sin 𝜃 − sin 𝜃
0
))
, 𝜃 ̸= 𝜃

0

1, 𝜃 = 𝜃
0
.

(4)

Because −2 ≤ sin 𝜃 − sin 𝜃
0
≤ 2 and 𝜀 ≥ 2 are often used to

avoid the array aliasing problem [11], 𝐹(𝜃) then approximates
to the sinc function as

𝐹 (𝜃) ≈

{

{

{

sinc(𝜋𝑁
𝜀

(sin 𝜃 − sin 𝜃
0
)) , 𝜃 ̸= 𝜃

0

1, 𝜃 = 𝜃
0
.

(5)

2.2. Off-Boresight Angle. As discussed in [9], the beamwidth
is increased significantly when the beam steers to an angle far
off the boresight direction, such as the case when 𝜃

0
reaches

90∘. Note that the beamwidth generally refers to the width
of the main-lobe of a beam. To illustrate this, we obtain the
half power beamwidth (HPBW) by setting 𝐹(𝜃) = √1/2. In
addition, from sinc(1.391) ≈ √1/2, the HPBW can be given
as

HPBW ≈ 2


arcsin(1.391 𝜀

𝜋𝑁
+ sin 𝜃

0
)


. (6)

This illustrates that the beamwidth is inversely proportional
to the number of array elements𝑁 and array element spacing
𝑑 but is directly proportional to the off-boresight angle 𝜃

0
.

Figure 2 shows HPBW examples of isotropic ULA systems
that were obtained by varying 𝜃

0
for three different angles,

that is, 𝜃
0
= 0∘, 45∘, and 90∘. The figure shows that the HPBW

extends about four times when 𝜃
0
changes from 0∘ to 90∘.

Note that, in this illustration, we set 𝑁 = 8 and 𝜀 = 2 and
the boresight direction along the horizontal axis. To focus the
beamwidth when there is a large off-boresight angle effect,
[9] proposes a sensor delay line-based array system, which
can effectively prevent the larger off-boresight angle effect by
increasing the dimensions of the array system.

2.3. Number of Lobes for a Beam. We previously discussed
the beamwidth, which is affected by the number of array
elements, the array element spacing, and the off-boresight
angle. In this section, we analyze the relationship between
these factors and the number of lobes present in a beam. In
the case where relays from different directions are used to
contribute space diversity in an effort to boost the capacity
of a ULA system [12], all of the lobes of a beam need to be
considered as the BDO, which is eventually used to derive the
channel capacity.

According to (4), there are zero values at sin 𝜃 = ±(𝜀 ⋅

𝑛/𝑁)+sin 𝜃
0
, where 𝑛 = 0, . . . , 𝑁−1 and 𝜃 ∈ (0, 𝜋).Therefore,

the lobe-widths of the ULA beam are given by

𝑊
𝑛

= {𝜃 : ±
𝜀𝑛

𝑁
+ sin 𝜃

0
≤ sin 𝜃 < ±

𝜀 (𝑛 + 1)

𝑁
+ sin 𝜃

0
} .

(7)

Because each lobe has two zero points and there are total
2𝑁𝜀
−1 zero points at 𝜃 ∈ (0, 𝜋), we can find (2𝑁𝜀

−1

−1) lobes.
Due to the symmetrical beam pattern of ULAs, the overall
number of lobes is given as (4𝑁𝜀

−1

− 2), which is unrelated
to the off-boresight angle 𝜃

0
. Figure 3 depicts the number of

lobeswhen𝑁 is incrementedwith 𝜀 = 2, where the number of
lobes can be easily observed as 6, 14, 30, and 62when𝑁 equals
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Figure 2: Illustration of the off-boresight angle effect.

4, 8, 16, and 32, respectively. Based on the above analysis, we
can make the following proposition.

Proposition 1. The beamwidth and number of lobes of a beam
are relevant to the array configuration. The beamwidth is
inversely proportional to the number of array elements and the
array element spacing but is directly proportional to the off-
boresight angle. Meanwhile, the number of lobes of a beam is
proportional to the number of array elements and the array
element spacing but has no relationship with the off-boresight
angle.

3. Beam Radiation Pattern of PULA

In this section, we discuss the beam pattern associated
with the antenna characteristics, such as the use of dipole
antennas, where the beamwidth and beam lobe gain are
different from the case that uses the isotropic ULA.

3.1. Cross-Array Beam Generation by PULA Configuration.
The dipole antenna or doublet is the most widely used class
of antenna, and the radiation pattern analysis throughout
this paper is based mainly on the dipole antenna. Figure 4
demonstrates a dipole antenna with a length of 𝐿. 𝑎(𝜃, 𝜙, 𝛾, 𝜅)
denotes the far-field radiation pattern of the dipole, where
𝛾 is the angle of the dipole shifted from the 𝑧-axis and 𝜅

is the factor used to determine the dipole length; that is,
𝐿 = 𝜅𝜆. The half-wavelength dipole is defined when 𝜅 =

1/2. Figure 5 shows our proposed orthogonal triple-polarized
dipole ULA, where an array and branch (𝐴&𝐵) multiple
antenna configuration is depicted. In other words, the PULA
system is composed of several paralleled array elements,
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Figure 4: Configuration of the dipole antenna.

and there are three orthogonal colocated branches/dipoles at
each array element. Three branch sets of 𝐴

𝑛
𝐵
1
, 𝐴
𝑛
𝐵
2
, and

𝐴
𝑛
𝐵
3
are implemented along the 𝑧-axis, 𝑦-axis, and 𝑥-axis,

respectively.
Because three colocated branches at each array ele-

ment are fixed with zero spacing, as shown in Figure 5,
which makes the beamwidth scale up to 360∘ according
to Proposition 1, the beams need to be generated by using
corresponding cross-array branches rather than the colocated
branches at each array element. Therefore, we can obtain
three orthogonal beams generated by a PULA as follows:

(i) The beam varied in the 𝑥-𝑦 plane is generated by the
set of branches of 𝐴

𝑛
𝐵
1
, where 𝑛 = 1, 2, . . . , 𝑁.

(ii) The beam varied in the 𝑥-𝑧 plane is generated by the
set of branches of 𝐴

𝑛
𝐵
2
.

(iii) The beam varied in the 𝑦-𝑧 plane is generated by the
set of branches of 𝐴

𝑛
𝐵
3
.

3.2. PULA Beam Radiation Pattern in 2D Form. First, the
PULA radiation pattern is analyzed in 2D form, where only
two orthogonal colocated branches (vertical and horizontal)
are implemented at each array element. By fixing the vertical
branch along with the vertical axis when 𝛾 = 0, we have the
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following: the vertical dipole radiation pattern 𝑎V(𝜃, 𝜅) in 2D
form (where 𝜙 = 0) is presented as

𝑎V (𝜃, 𝜅) =
cos (𝜋𝜅 sin 𝜃) − cos (𝜋𝜅)

cos 𝜃
. (8)

Figure 6 depicts the dipole radiation pattern of the vertical
branch with 𝜅 different values. We observe that the dipole
does not radiate in the longitudinal direction of the antenna
structure and consequently has a higher gain compared with
that of an isotropic antenna. In addition, the radiation pattern
has a higher gain and narrower width as 𝜅 increased, where
the case of 𝜅 = 1 achieves the lowest angle of radiation and the
highest horizontal range. Note that when 𝜅 > 1, the radiation
pattern of the dipole does not follow the current shape in
Figure 6 [13].

The radiation pattern of the colocated dipole can be easily
obtained based on (8) as

𝑎
ℎ
(𝜃, 𝜅) =

cos (𝜋𝜅 sin (𝜃 − 𝛾)) − cos (𝜋𝜅)
cos (𝜃 − 𝛾)

, (9)

where it is shifted by 𝛾 degrees and the horizontal dipole
pattern is obtained as 𝛾 = 90∘. The PULA 2D beam radiation
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Figure 7: Beam radiation patterns of the PULA in 2D form.

pattern is expressed by multiplying the array factor and
the radiation pattern of a single polarized antenna. Let
𝑃V(𝜃, 𝜅, 𝜃0,V) and 𝑃ℎ(𝜃, 𝜅, 𝜃0,ℎ) denote the beam radiation pat-
terns generated by the sets of vertical dipoles and horizontal
dipoles, respectively. We have

𝑃V (𝜃, 𝜅, 𝜃0,V)

= 𝑎V (𝜃, 𝜅)
sin ((𝜋𝑁/𝜀) (sin 𝜃 − sin 𝜃

0,V))

𝑁 ⋅ sin ((𝜋/𝜀) (sin 𝜃 − sin 𝜃
0,V))

,

𝑃
ℎ
(𝜃, 𝜅, 𝜃

0,ℎ
)

= 𝑎
ℎ
(𝜃, 𝜅)

sin ((𝜋𝑁/𝜀) (cos 𝜃 − sin 𝜃
0,ℎ
))

𝑁 ⋅ sin ((𝜋/𝜀) (cos 𝜃 − sin 𝜃
0,ℎ
))
,

(10)

where 𝜃
0,V and 𝜃0,ℎ are the off-boresight angles corresponding

to the sets of vertical branches and horizontal branches,
respectively.

Figure 7 is drawn when 𝑁 = 4 and 𝜀 = 2. We observe
that the beam radiation patterns generated by the sets of
vertical dipoles and horizontal dipoles have a 90∘ rotation.
The beamforming gain can be extended by increasing the
dipole length. However, the trade-off regarding the antenna
size needs to be considered in the antenna design. The 2D
beam radiation pattern for an isotropic ULA is also given
in Figure 7 for comparison purposes, where it has a larger
sidelobe and smaller main-lobe pattern compared with the
dipole-based array system [14]. This is mainly because the
dipole does not radiate in the longitudinal direction of the
antenna structure and maintains a higher radiation gain
compared with that of the isotropic antenna.
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3.3. PULA Beam Radiation Pattern in 3D Form. In [3], the
3D dipole radiation pattern is found to have a donut shape. In
addition, the 3D radiation pattern of the dual-polarized half-
wavelength dipole was investigated in [4, 15] with different
inclination angles of 𝛾, for example, 0∘, 45∘, and 90∘. In
this paper, we further obtain the 3D radiation pattern for a
triple-polarized system, where three colocated dipoles (𝐵

1
,

𝐵
2
, and 𝐵

3
) are deployed along the 𝑧-axis, 𝑦-axis, and 𝑥-axis,

respectively. The formulae for the radiation pattern derived
based on (31) in [4] for these three colocated dipoles are given
as

𝑎
𝐵1
(𝜃, 𝜙) = cos 𝜃 cos𝜙

cos ((𝜋/2) sin 𝜃 cos𝜙)
1 − sin2𝜃cos2𝜙

,

𝑎
𝐵2
(𝜃, 𝜙) = sin 𝜃 cos𝜙

cos ((𝜋/2) sin 𝜃 cos𝜙)
1 − sin2𝜃cos2𝜙

,

𝑎
𝐵3
(𝜃, 𝜙) = sin𝜙

cos ((𝜋/2) sin 𝜃 cos𝜙)
1 − sin2𝜃cos2𝜙

.

(11)

Based on (11) the radiation patterns of triple-polarized
half-wavelength dipoles are plotted in Figure 8, where the
three patterns affect each other and the donut radiation shape
of the dipole antenna is reshaped due to the presence of
colocated dipoles.

Similar to the 2D case, the PULA 3D beam radiation
pattern was also obtained by multiplying the array factor
and radiation pattern of a single polarized antenna. Let
𝑃
𝐵1
(𝜃, 𝜙, 𝜃

0,1
), 𝑃
𝐵2
(𝜃, 𝜙, 𝜃
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Figure 9: Beam radiation patterns of PULA in 3D form.

beam radiation patterns generated by the three dipole sets
𝐴
𝑛
𝐵
1
, 𝐴
𝑛
𝐵
2
, and 𝐴

𝑛
𝐵
3
, respectively. We have

𝑃
𝐵1
(𝜃, 𝜙, 𝜃

0,1
) =

𝑁

∑

𝑛=1

𝑎
𝐵1
⋅ 𝑒
𝑗(𝑛−1)(2𝜋/𝜀)(sin 𝜃−sin 𝜃0,1)

= 𝑎
𝐵1

sin ((𝜋𝑁/𝜀) (sin 𝜃 − sin 𝜃
0,1
))

𝑁 ⋅ sin ((𝜋/𝜀) (sin 𝜃 − sin 𝜃
0,1
))
,

𝑃
𝐵2
(𝜃, 𝜙, 𝜃

0,2
) =

𝑁

∑

𝑛=1

𝑎
𝐵2
⋅ 𝑒
𝑗(𝑛−1)(2𝜋/𝜀)(sin 𝜙−sin 𝜃0,2)

= 𝑎
𝐵2

sin ((𝜋𝑁/𝜀) (sin𝜙 − sin 𝜃
0,2
))

𝑁 ⋅ sin ((𝜋/𝜀) (sin𝜙 − sin 𝜃
0,2
))
,

𝑃
𝐵3
(𝜃, 𝜙, 𝜃

0,3
) =

𝑁

∑

𝑛=1

𝑎
𝐵3
⋅ 𝑒
𝑗(𝑛−1)(2𝜋/𝜀)(sin(𝜋/2−𝜙)−sin 𝜃0,3)

= 𝑎
𝐵3

sin ((𝜋𝑁/𝜀) (cos𝜙 − sin 𝜃
0,3
))

𝑁 ⋅ sin ((𝜋/𝜀) (cos𝜙 − sin 𝜃
0,3
))
,

(12)

where 𝜃
0,1
, 𝜃
0,2
, and 𝜃

0,3
are the off-boresight angles corre-

sponding to 𝐴
𝑛
𝐵
1
, 𝐴
𝑛
𝐵
2
, and 𝐴

𝑛
𝐵
3
, respectively.

By setting 𝑁 = 4 and 𝜀 = 2, we plot the beam radiation
pattern of a PULA in 3D form, as illustrated by Figure 9.
We can see that the main-lobe petal of each beam has a
shell shape, which is mainly formed by the interaction of the
electromagnetic fields of colocated beams.

4. Beamforming Diversity Order (BDO)

In the relevant studies, for example, [16, 17], the interference
reduction by beamforming is studied, where the sidelobe
radiation of a beam is suppressed via the leaky wave antenna
and particle swarm optimization in order to decrease the
sidelobe interferences caused at neighbor cells. However,
in this paper, we focus on the theoretical analysis under a
perfect scenario without any interference. The radiation of
sidelobes can also contribute to the SNR that enhances the
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capacity, because the BDO is increased with the additional
number of sidelobes. Figure 10 describes a radio transmission
scenario when beamforming technology is applied at both
the transmitter (Tx) and receiver (Rx). In this case, we define
the signal-transmission cutting surface (STCS), which is the
surface that holds the signal from the Tx to the Rx. According
to Figure 10(a), three lobes are simultaneously held by the
STCS at the Tx (STCSTx), and three lobes are simultaneously
held by the STCS at the Rx (STCSRx). And we define the BDO
as the multiplication of the number of lobes cut by STCSTx
and STCSRx. For example, in the case of Figure 10(a), the BDO
is 9. On the other hand, the BDOmay decrease because of the
large off-boresight angle effect, as illustrated in Figure 10(b);
for example, the BDO is one where only one lobe is held by
the STCSTx and STCSRx.

Practically, the scatterers are often distributed into clus-
ters [18, 19]. A group of local scatterers within a cluster have
relatively close coordinates on the sphere representing the
incidence signal scattered by the roofs, walls, trees, windows,
doors, and so on from a correlated direction. Meanwhile,
global scatterers among different clusters have independent
coordinates, which denote the incidence signal scattered from
uncorrelated directions. Given a cluster of local scatterers, for
the 𝑖th scatterer with a polar coordinate of𝐶

𝑖
(𝑟
𝑖
, 𝜃
𝑖
), the signal

response after scattering is given as

ℎ
𝑖
(𝑡) = 𝐴

𝑖
(𝑡 − 𝜏Tx (𝐶𝑖) − 𝜏Rx (𝐶𝑖))

⋅ exp (−𝑗2𝜋𝑓
𝑐
(𝜏Tx (𝐶𝑖) + 𝜏Rx (𝐶𝑖))) ,

(13)

where 𝜏Tx(𝐶𝑖) is the signal propagation delay from the Tx to
𝐶
𝑖
, 𝜏Rx(𝐶𝑖) is the signal propagation delay from 𝐶

𝑖
to the Rx,

and 𝑓
𝑐
denotes the signal carrier frequency.𝐴

𝑖
represents the

channel gain and exp(⋅) gives the signal phase rotation after
scattering. Because the local scatterers in this cluster are very
close to each other, we have

𝜏Tx (𝐶𝑖) + 𝜏Rx (𝐶𝑖) ≈ 𝜏Tx (𝐶0) + 𝜏Rx (𝐶0)

for 𝑖 = 1, . . . , 𝐼,

(14)
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Figure 11: Scattering environment.

where 𝐶
0
represents the coordinates of the center of gravity

for the cluster. Then, ℎ
0
(𝑡) can be used to represent the

scattered signal as follows:

ℎ
0
= ℎ
𝑖

𝐶𝑖=𝐶0
. (15)

When the scatterers in different clusters are not close to each
other, (𝜏Tx(𝐶0,𝑞) + 𝜏Rx(𝐶0,𝑞)) is independent of (𝜏Tx(𝐶0,𝑞+1) +
𝜏Rx(𝐶0,𝑞+1)) for 𝑞 = 1, . . . , 𝑄, where 𝐶

0,𝑞
is the coordinate of

the center of gravity for the 𝑞th cluster. Then, the received
signal power can be denoted as

𝑃 (𝑡) = ∫

∞

0

∫

𝜃max

𝜃min


𝐴
0,𝑞

(𝑡 − 𝜏Tx (𝐶0,𝑞) − 𝜏Rx (𝐶0,𝑞))

⋅ exp (−𝑗2𝜋𝑓
𝑐
(𝜏Tx (𝐶0,𝑞) + 𝜏Rx (𝐶0,𝑞)))



2

𝑑𝜃
0,𝑞

𝑑𝑟
0,𝑞
.

(16)

The fully scattered environment refers to the scattered
signal coming from all directions; that is, 𝜃min = −𝜋 and
𝜃max = 𝜋, and dense urban and indoor scenarios are usually
studied under such an environment.The non-fully–scattered
environment is realized when 𝜃min > −𝜋 and 𝜃max < 𝜋.
Most rural and remote scenarios, where wide open spaces
and flat terrain fulfill the LOS conditions, are studied in this
environment [20].

We assume the scenario where the Tx, which steers its
main-lobe toward Rx, is located far from Rx. Consequently,
the BDO at the Tx side can be assumed to be one, and the
overall BDO of the system is determined only by the Rx.
In addition, suppose several clusters of local scatterers are
located on a sphere that encircles the Rx, as illustrated in
Figure 11; we can summarize the system BDO as given by
Table 1. From Table 1, we note that BDO equals the number
of lobes generated by the Rx in a fully scattered scenario. In
the case where the LOS component exists in a non-fully–
scattered environment, the main-lobe of the Tx covers half
of the surface of the sphere around the Rx. Therefore, the
BDO is varied from 2𝑁𝜀

−1

− 1 to 4𝑁𝜀
−1

− 2. For the case of
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Table 1: BDO values depending on scenarios.

Scenario BDO
LOS + NLOS
(fully scattered) {4𝑁𝜀

−1

− 2}Rx

NLOS
(fully scattered) {4𝑁𝜀

−1

− 2}Rx

LOS + NLOS
(non-fully–scattered) {2𝑁𝜀

−1

− 1 ≤ BDO ≤ 4𝑁𝜀
−1

− 2}Rx

NLOS
(non-fully–scattered) {1 ≤ BDO ≤ 2𝑁𝜀

−1

− 1}Rx

the non-LOS (NLOS) in a non-fully–scattered scenario, the
BDO is varied from one to 2𝑁𝜀

−1

− 1. Compared with the
diversity order found in [3], our findings in Table 1 clearly
describe the diversity order associated with the factor of
the array configuration in practical scattering environments.
Moreover, the fact that each lobe has two zero points was
overlooked in [3].

5. Channel Capacity by PULA with
Beamforming

For a fully scattered environment under the assumption that
there is no interference, [6] derives the channel capacity for
an array system as follows:

𝐶 =
𝜌 ⋅ 𝜂

𝑁
0

log 𝑒 [bit/s] , (17)

where 𝜌 = 𝐼
𝑠
/(8(2𝜋/𝜆)

2

𝑅
2

𝑆

). 𝜌 refers to the density of
the scatterers located on the 3D spherical model, 𝐼

𝑠
is the

number of scatterers, 𝑅
𝑆
is the radius of the scattering

sphere, 𝜂 is the transmission power, and 𝑁
0
indicates the

additive noise power density. From (17), we observe that the
channel capacity is only related to the scatterer density and
transmission power as opposed to other system parameters.
Equation (7) concludes in two ways. At first, it describes that
the capacity is regardless of the system bandwidth, where
a high throughput can be achieved even by a negligibly
small bandwidth. And second, it shows that the capacity
is irrespective of the antenna array configuration. However,
the conclusions in [6] were obtained using a ULA compact
antenna with 𝜀 ≫ 2, and based on Table 1 the diversity order
thus decreases significantly. In [6], we also see that (17) is
employed when the scatterers are uniformly distributed on
the sphere. This is not the case practically, and the scatterers’
distribution may follow the example shown in Figure 11. In
addition, the fading channel gain, which is usually used
to derive the channel capacity, was not considered by (7).
Therefore, we provide a new method to obtain the channel
capacity for PULA systems, and this method is based mainly
on the fading channel gain, beam radiation pattern, andBDO.

In [7, 8], the channel capacity with Rx diversity is given
by

𝐶 = 𝐸{log
2

(1 + |ℎ|
2
SNR
2

)} , (18)

where ℎ denotes a gain of fading channel. Here, we define the
beam lobe signal to noise power ratio (LSNR) based on the
beam radiation pattern as

LSNR
̂
𝜃𝑘
≜


𝑃 (𝜃
𝑘
, 𝜅)



2

𝑛𝑘


2

, (19)

where 𝑘 denotes the lobe index of the beam, 𝜃
𝑘
(can be found

in Appendix B) holds the condition for 𝑃(𝜃, 𝜅) having peak
values, and 𝑛

𝑘
refers to the added noise power at the 𝑘th

lobe. Based on (19), the effect of the off-boresight angle can
be disregarded according to Proposition 2.

Proposition 2. The off-boresight angle does not affect the lobe
power but affects the lobe-width (proved by Appendix B).

The channel capacity for a PULA system under the
Rayleigh fading channel can be given as

𝐶Rayleigh = 𝐸

{

{

{

𝜉

4𝑁𝜀

−1
−2

∑

𝑘=1

log
2

(1 +


ℎ
𝑘
𝑃 (𝜃
𝑘
, 𝜅)



2

𝑛𝑘


2

)

}

}

}

, (20)

where 𝜉 = 6 is the degree-of-freedom of the triple-
polarized antenna in [3]. ℎ

𝑘
denotes a gain of fading channel

corresponding to the 𝑘th lobe. Then, the capacity upper
bound is found by Jensen’s inequality for concave functions
as follows:

𝐶Rayleigh ≤ 2𝜉

2𝑁𝜀

−1
−1

∑

𝑘=1

log
2

(1 +


𝐸 {ℎ
𝑘
} 𝑃 (𝜃

𝑘
, 𝜅)



2

𝑛𝑘


2

) . (21)

By assuming that LOS components exist and the Rx PULA
steers its main-lobes towards the LOS signal, the capacity
upper bound under the Rician fading channel can be given
as

𝐶Rician ≤ 𝜉log
2

(1

+


𝐸 {√𝐾/ (𝐾 + 1)ℎ

0
+ √1/ (𝐾 + 1)ℎ

1
} 𝑃 (𝜃

1
, 𝜅)



2

𝑛1


2

)

+ 𝜉log
2

(1 +


𝐸 {ℎ
1
} 𝑃 (𝜃

1
, 𝜅)



2

𝑛1


2

)

+ 𝜉

4𝑁𝜀

−1
−2

∑

𝑘=2

log
2

(1 +


𝐸 {ℎ
𝑘
} 𝑃 (𝜃

𝑘
, 𝜅)



2

𝑛𝑘


2

) ,

(22)

where the first term contains the capacity contributed by the
main-lobe that steers the LOS component (𝐾 is the Rician
𝐾-factor). The second term represents the capacity obtained
by this main-lobe for the NLOS component, while the third
term indicates the capacity from other lobes of the NLOS
component. Note that (21) and (22) apply to the scenario
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Figure 12: The normalized channel capacity for PULA with beam-
forming.

involving a fully scattered environment. In the case of a non-
fully–scattered environment, the PULA capacity is decreased
due to the decrement of BDO.

Figure 12 gives the normalized channel capacity for PULA
with beamforming. From Figure 12, we observe that, by
extending the dipole length (e.g., 𝐿 = 1𝜆), we can effectively
increase the capacity of the PULA system. This is because
the radiation gain increases as 𝜅 increases, where the case of
𝜅 = 1 achieves the highest gain, as discussed in Section 3.
The channel capacity is also increased when more array
elements are implemented (e.g., 𝑁 = 8), and this is mainly
due to the increment of the BDO. Compared with the
capacity increment obtained by extending the dipole length,
the capacity increment due to the BDO is small because the
array factor is normalized by the number of array elements
in (4). Finally, Figure 12 depicts the channel capacity under
different channel models, where the AWGN has a higher
capacity than in the case of fading channels. In addition, the
Rician fading channel with 𝐾 = 9 dB can achieve a higher
channel capacity compared with the Rayleigh fading channel
due to the presence of the LOS component.

6. Conclusions

In this paper, we derive the channel capacity for PULA sys-
tems using the beamforming technique.Our results show that
the channel capacity is determined mainly by three system
indexes, that is, the fading channel gain, beam radiation
pattern, and BDO, where the BDO is dependent on the
antenna characteristics and array configurations. In contrast
to conventional works, we also consider the fading channel in
a practical scattering environment, and the numerical results

confirm the validity of the channel capacity obtained in this
paper.

Appendices

A. Proof of Equation (4)

Proof. Multiplying 𝑒𝑗(2𝜋/𝜀)(sin 𝜃−sin 𝜃0) on both sides of (3), we
have

𝐹 (𝜃) ⋅ 𝑒
𝑗(2𝜋/𝜀)(sin 𝜃−sin 𝜃0) =

𝑁

∑

𝑛=1

𝑒
𝑗(2𝜋𝑛/𝜀)(sin 𝜃−sin 𝜃0). (A.1)

Then, 𝐹(𝜃) ⋅ 𝑒𝑗(2𝜋/𝜀)(sin 𝜃−sin 𝜃0) = 𝐹(𝜃) + 𝑒
𝑗(2𝜋𝑁/𝜀)(sin 𝜃−sin 𝜃0) − 1,

and when 𝜃 ̸= 𝜃
0
, we have

𝐹 (𝜃) =
𝑒
𝑗(2𝜋𝑁/𝜀)(sin 𝜃−sin 𝜃0) − 1

𝑒𝑗(2𝜋/𝜀)(sin 𝜃−sin 𝜃0) − 1

=

[𝑒
𝑗(2𝜋𝑁/𝜀)(sin 𝜃−sin 𝜃0)/2 − 𝑒

−𝑗(2𝜋𝑁/𝜀)(sin 𝜃−sin 𝜃0)/2]

[𝑒𝑗(2𝜋/𝜀)(sin 𝜃−sin 𝜃0)/2 − 𝑒−𝑗(2𝜋/𝜀)(sin 𝜃−sin 𝜃0)/2]

⋅
𝑒
𝑗(2𝜋𝑁/𝜀)(sin 𝜃−sin 𝜃0)/2

𝑒𝑗(2𝜋/𝜀)(sin 𝜃−sin 𝜃0)/2
=
𝑒
𝑗(𝜋𝑁/𝜀)(sin 𝜃−sin 𝜃0)

𝑒𝑗(𝜋/𝜀)(sin 𝜃−sin 𝜃0)

⋅
sin ((𝜋𝑁/𝜀) (sin 𝜃 − sin 𝜃

0
))

sin ((𝜋/𝜀) (sin 𝜃 − sin 𝜃
0
))

= 𝑒
𝑗(𝜋/𝜀)(𝑁−1)(sin 𝜃−sin 𝜃0)

⋅
sin ((𝜋𝑁/𝜀) (sin 𝜃 − sin 𝜃

0
))

sin ((𝜋/𝜀) (sin 𝜃 − sin 𝜃
0
))

.

(A.2)

Neglecting the phase factor and normalizing the radiation
power, we can obtain the array factor as

𝐹 (𝜃) =
sin ((𝜋𝑁/𝜀) (sin 𝜃 − sin 𝜃

0
))

𝑁 ⋅ sin ((𝜋/𝜀) (sin 𝜃 − sin 𝜃
0
))
,

when 𝜃 ̸= 𝜃
0
.

(A.3)

Let 𝐹(𝜃) = 1 when 𝜃 = 𝜃
0
; then (4) is proved.

B. Obtaining the Lobe Peak Values

Taking the derivative of (5), we have

𝑑𝐹 (𝜃)

𝑑𝜃

=

{{{{

{{{{

{

{{

{{

{

0, 𝜃 = 𝑛𝜋, 𝜃 ̸= 𝜃
0

𝜋𝑁

𝜀
cos 𝜃(cos (sin 𝜃)

sin 𝜃
−
sin (sin 𝜃)
sin2𝜃

) , 𝜃 ̸= 𝑛𝜋, 𝜃 ̸= 𝜃
0

0, 𝜃 = 𝜃
0
,

(B.1)

where 𝑛 = 0, ±1, ±2 . . .. To obtain the lobe peak values, we can
set the above equation to be equal to zero, where the peak
values are easily found at 𝜃

𝑘
= ±𝑛𝜋/2. Moreover, from the

above equation, the off-boresight angle does not involve the
calculation of the peak value.
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A dual-feed small-size penta-band PIFA for LTE/WWANmobile handset applications is presented.Theproposed PIFA is composed
of a simple U-shaped patch with dual-shorting pins connected to the ground plane. The patch, having a low profile of 5mm, has
dimensions of about 10 × 35mm2. The antenna is excited at one arm of the U-shaped radiating patch to cover the higher band of
GSM1800/1900/UMTS2100/LTE2300/2500,while it is excited at the other arm to realize theGSM900. In thisway, the proposedPIFA
achieves enhanced bandwidth coverage with no increased dimensions and additional active switches. In addition, the matching
networks, employed on both feeds, ensure a high electrical insulation between the low and the high frequency bands, covered by
the antenna. The measured antenna efficiency is 45%∼50% and over 60% for the lower band and the higher band, respectively. A
prototype of the proposed PIFA with dual-feed and dual-shorting pins was fabricated. The measured results including reflection
coefficients and radiation characteristics are presented.

1. Introduction

With the rapid growth of the personal communication ser-
vices, the development of compact and small-size antennas,
for multiband operation, has become a fundamental require-
ment in antenna design. As the touch screen becomes larger
and larger in the mobile handsets, the clearance area left for
the antenna is becoming smaller and smaller. Accordingly,
the mutual coupling between the radiating elements and the
ground plane is increased, which leads to a higher quality
factor 𝑄 and brings more complex challenges to obtain
wideband antennas. In this case, PIFA [1–4] is considered
as a promising candidate, since its radiative performances
are quite independent of the size of the clearance area on
the ground plane. However, PIFA usually covers a narrow
bandwidth and occupies a large volume, especially for the
lower band.

To solve these problems, several methods [5–13] which
enhance the bandwidth coverage and reduce the dimensions
of dielectric, printed, or PIFA antennas have been proposed
in literature. In [5], a low-permittivity dielectric resonator has
been used to obtain awideband antenna.Additional radiating

elements, which also increase the complexity of the antenna
structure, have been used in [6] to gain wide operating bands.
Multishorting pins, which are actually effective in practical
applications, have been employed in [7] to expand the
bandwidth coverage. The reconfigurable antenna technology
has been also applied to enlarge the bandwidth of the PIFAs.
In [12–14], the wide bandwidth coverage is obtained by
inserting two PIN diodes. Nevertheless, the adoption of
active switching or tunable circuits, employed to get wide
bandwidth, sometimes degrades the antenna performances
due to the intrinsic nonlinearities exhibited by the active
switches.

As another effective choice, passive switching methods
have been applied in [15, 16] to get similar tunable functions as
the active switches. In [16], a dual-feed structure, composed
of a direct feed and a gap-coupled feed, is employed to
enhance the antenna bandwidth. With a small size volume
of 5 × 10 × 50mm3, the antenna covers a wide bandwidth
coverage for LTE/WWAN operation. Moreover, compared
with the active switchmethods, the complexity of the antenna
structure is much lower and the fabrication is accordingly
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Figure 1: Proposed dual-feed PIFA configuration. (a) Geometry of the PIFA. (b) Detailed dimensions of the PIFA (𝐿
𝐴1

= 2.2 nH; 𝐿
𝐴2

= 6 nH;
𝐿
𝐵1

= 3 nH; 𝐿
𝐵2

= 17 nH; 𝐶
𝐴1

= 0.9 pF; 𝐶
𝐴2

= 2.4 pF; 𝐶
𝐵1

= 4 pF). All dimensions are in millimeters. The reference system used to analyze
the antenna structure is also shown.

easier.Therefore, the passive switching circuit is of great value
to realizewideband antennas formobile handset applications.

In this paper, the passive switching method of two feeds
is employed to a simple PIFA for penta-band LTE/WWAN
mobile handset applications. The proposed PIFA, having a
total size of 35 × 10mm2 and a profile of 5mm, is disposed
on a ground plane of 135 × 70mm2 which simulates a 5-
inch touch screen. It is noted that the proposed PIFA does
not require a clearance area on the ground plane and has
a much smaller volume than those reported in literature.
The low-band feed and the high-band feed which comprise
widebandmatching networks can cover the lower band (880∼
960MHz) and the higher band (1710∼2690MHz), respec-
tively. Moreover, the matching networks help to achieve a
high electrical isolation (more than 20 dB) between the two
feeds. Fabrication of the dual-feed PIFA is simple and of
low cost, and the PIFA has good performances. Detailed
considerations concerning the proposed dual-feed PIFA and
its operating principles are presented in the next sections.

2. Proposed PIFA Design

Figure 1(a) shows the geometry of the proposed PIFA, which
has two feeds for the high-band and low-band operation,
respectively. The dual-feed PIFA has a total volume of 10 ×
35 × 5mm3 and is disposed on the left edge of a 0.8mm thick
FR4 substrate with relative dielectric constant of 4.4 and loss
tangent of 0.023. The size of the ground plane is chosen of
about 135× 70mm2. Such dimensions are similar to those of a
5.0-inch touch screen of amobile handset. It is also noted that
no clearance area on the ground plane is needed. To excite
the PIFA, the high-band and low-band feeding points are
connected through the via-hole to 50Ω minicoaxial cables.
Detailed dimensions of the dual-feed PIFA are depicted in
Figure 1(b), while the dimensions of the two shorting pins are
1 × 5.8mm2.

The proposed PIFA is composed of a simple U-shaped
radiating patch, two separate feeds with matching networks
and two shorting pins. In the proposed PIFA, the radiating
patch with one shorting pin resonates at about 1800MHz.

To widen the bandwidth coverage of the higher band, an
additional shorting pin is added and a lumped inductor of
15 nH is embedded in the radiating patch. Accordingly, one
more resonant mode at about 2750MHz is generated, cover-
ing theGSM1800/1900/UMTS2100/LTE2300/2500 frequency
bands. In order to realize the lower-band coverage, the low-
band feed is employed with a matching network. By tuning
the values of the lumped elements as well as the type of the
matching network, a dual-resonance mode can be obtained,
covering the GSM900 operation.

To get good isolation between the two feeds, a second-
order band-pass filter synthesized by Advanced Design Sys-
tem (ADS) is incorporated in the high-band feed. With
good band-pass characteristics, the incorporation of the filter
has little influence on the performances of the antenna.
What is more, with good band rejection characteristics, the
filter helps to reject the low-band frequency. At the same
time, the matching network applied for the low-band feed
rejects the high-band frequency. In this case, the isolation
between the two feeds is enhanced. Finally, the PIFA succeeds
to cover the GSM900/1800/1900/UMTS2100/LTE2300/2500
frequency bands, with an electrical isolation of more than
20 dB between the two feeds.

To gain physical insight into the radiation mechanisms
of the proposed antenna, the magnitude and direction of the
surface current distributions, simulated at the frequencies of
925MHz, 1800MHz, and 2750MHz, are depicted in Figure 2.
From Figure 2(a), it is seen that the surface current on the
radiating patch is strongly excited. This suggests that the
dual-resonance mode for the lower-band is mainly due to
the coupled radiating strips and the matching network. At
the same time, the current flowing on the surroundings
of the high-band feed is much weaker; this behavior is in
accordancewith the previous analysis that has put in evidence
that there is a high electrical isolation between the two feed
points. As shown in Figures 2(b) and 2(c), strong current
appears on the radiating patch. This indicates that the U-
shaped patch and the connecting pins contribute to a 𝜆/2
resonant mode, at about 1800MHz, and to a 3𝜆/4 resonant
mode at about 2750MHz, respectively. From Figure 2, it
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Figure 2: Simulated current distributions at different frequencies: (a) 925MHz, (b) 1800MHz, and (c) 2750MHz.

(a) (b)

Figure 3: Prototype of the dual-feed PIFA. (a) Top view and (b) bottom view.

is observed that the radiation is substantially concentrated
along the U-shaped patch, where the conversion of surface
waves into volume waves takes place [17]. What is more, it
can also be seen from the current distributions that the two
shorting pins have different effects on the resonant modes
at different frequencies. Typically, as shown in Figure 2(c),
the current on the shorting pin which is close to the low-
band feed ismuch stronger than the other one. Consequently,
the optimization of the antenna can be done by tuning the
location of the shorting pins.

3. Numerical Results and Measurements

The dual-feed PIFA whose prototype is shown in Figure 3
was fabricated and tested. The simulation process is done
by using the HFSS version 12.0, and the measured results

are achieved by employing the network analyzer Agilent
E5071C and the Satimo StarLab far fieldmeasurement system.
Both the simulated and measured results are depicted in
Figure 4, and it is noted that the measured and simulated
results are in good agreement, while the small differences
observed are found to be related to the manufacture toler-
ances and with the perturbation effects introduced by the
feeding cables. Based on the −6 dB return loss which is
widely adopted as the design specification of the internal
mobile handset antenna, the dual-feed PIFA realizes penta-
band operation with a small occupation volume, cover-
ing the GSM900/1800/1900/UMTS2100/LTE2300/2500 fre-
quency bands. In addition, the isolation between the high-
band feed and the low-band feed is more than 20 dB for all
the operating bands. Therefore, the proposed dual-feed PIFA
can be adopted for multiband mobile handsets having large
touch screens.
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Figure 5: Measured total efficiency and peak gain of the proposed PIFA.

The radiation patterns of the proposed PIFA have been
also measured in a Satimo StarLab. The measured antenna
efficiency including the mismatch losses and peak gain are
shown in Figure 5. The antenna efficiency is about 45%∼
50% and over 60% for the lower and upper band, while the
peak gain is about −1.3∼−0.1 dB and 2.4∼3.9 dB, respectively,
confirming that the proposed dual-feed PIFA is applicable to
practical mobile handset designs. The 2D radiation patterns
of the proposed dual-feed PIFA measured at 930, 1950, and
2500MHz, in the x-z, y-z, and x-y planes, are shown in
Figure 6. It is observed that the antenna radiation diagrams
are quite omnidirectional at all the frequencies, and this
behavior is quite beneficial to practical mobile communi-
cations due to the unfixed position of the mobile handset.
Consequently, the proposed antenna has good radiation char-
acteristics and is applicable to real wireless communication
systems.

Figure 7 shows the numerical models adopted to deter-
mine the specific absorption rate (SAR) in different operative
situations of the user [18, 19], while Table 1 reports the
corresponding simulated SAR values for 1 g head tissues.
The referred phantom models are filled with homogeneous
materials in this study. Typically, the relative permittivity and
conductivity of 20 and 1 S/m for human hand model and the
relative permittivity and density of 3.5 and 1000 kg/m3 for
human head model have been used in the simulation. Three
conditions of the head only, the hand only, and the head and
the hand are all studied. In the numerical simulations, the
circuit board including the antenna is placed close to the head
phantom ear and it is tilted by the vertical line of about 60∘.
The numerical results reported in Table 1 have been obtained
assuming an antenna input power of 24 dBm (0.25W) for
the GSM900 frequency band and of 21 dBm (0.125W) for the
GSM1800/1900/UMTS2100/LTE2300/2500 frequency bands.
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Figure 6: Measured normalized 2D radiation patterns: (a) 930MHz, (b) 1950MHz., and (c) 2500MHz of the proposed dual-feed PIFA (- - -
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𝜃

).

For the three conditions mentioned above, the 1 g SAR values
are below the SAR limit of 1.6W/Kg for 1 g tissue, which
further suggests that the proposed PIFA is quite suitable for
practical mobile handset applications.

4. Conclusion

A dual-feed PIFA for penta-band operation for mobile
handsets has been presented. The proposed antenna occu-
pies a small volume of about 10 × 35 × 5mm3 and

does not require a clearance area on the ground plane.
By employing the separate high-band feed and the low-
band feed, the PIFA realizes penta-band coverage of
the GSM900/1800/1900/UMTS2100/LTE2300/2500 commu-
nication standards. In addition, the isolation between the
two feeds is enhanced by the application of the matching
networks, which also improve the impedance matching of
the PIFA. Based on the experimental results, it is observed
that the proposed dual-feed PIFA without using active
switches has tunable characteristics similar to those of the
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Figure 7: SAR simulation model of the proposed dual-feed PIFA.

Table 1: Simulated SAR values for 1 g tissues.

Frequency (MHz) 900 925 1750 1950 2350
1 g SAR (W/Kg)

Head only 1.32 1.21 0.68 0.56 0.45
Hand only 1.35 1.18 0.75 0.64 0.52
Head and hand 1.41 1.25 0.72 0.65 0.57

Return loss (dB)
Head only 8.9 10.5 6.6 10.8 8.7
Hand only 12.1 11.3 6.8 11.5 12.5
Head and hand 12.5 11.1 7.1 17.2 13.6

reconfigurable PIFAs. In addition, the measured radiation
patterns prove that the proposed PIFA is suitable for mobile
handset applications.
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This paper presents a cross-type network design with a novel reconfigurable functionality to realize a tunable multiband antenna.
By attaching a reconfigurable network at the feeding port of a broadband antenna, multi-input impedance adjustment enables
the production of multimatching operating bands. Each band can be independently controlled by a single component with a
considerably wide tuning range and high selectivity. The experiments in this study involved using an ultra-wideband (UWB)
antenna connected to the proposed cross-type network. The tunable antenna operates in a dual band of 𝑓

𝐿

(1.39 to 2.34GHz)
and 𝑓

𝐻

(2.1 to 3.6GHz) with tunable frequency ratios of 168% and 132%, respectively. The average bandwidths at 𝑓
𝐿

and 𝑓
𝐻

are
approximately 50MHz and 148MHz, respectively, implying narrowband operation. The measured radiation pattern revealed that
the tunable antenna exhibits a nearly omnidirectional radiation pattern at both 1.8 and 3.5GHz. The network circuit architecture
can be extended to the multiband function type by adopting this matching approach.The amount of shunt matches determines the
number of operation bands.

1. Introduction

Because of the fast development of wireless communication
technologies, multifunctional platforms and their quality of
service have become a research focus [1]. Wireless front-
end antennas with reconfigurable functions can improve the
flexibility of channel reuse and capacity and also reduce the
noise and the mutual interference between adjacent channels
[2]. Frequency-reconfigurable antennas have been explored
as an alternative to multiband antennas [3].

Numerous studies have analyzed reconfigurable and
multiband structures, such as the microstrip patch antenna
[4–7], PIFA [8, 9], and slot antenna [10–12]. Reconfigurable
antennas canmanipulate the current distribution of the struc-
ture and vary resonance frequencies. Switches and varactors,
such as radio-frequency microelectromechanical systems
and p-i-n diodes, have also been studied and directly incor-
porated into antenna structures to form frequency-recon-
figurable antennas. Frequency tuning can also be achieved
using tunable filters in a filter-based reconfiguration. A

tunable filter embedded in an antenna can be also regarded as
a tunable antenna [13–16].The use of reconfigurable antennas
has always been hindered by the need for a large number of
switches, complex dcwiring, and the limitation of serving one
frequency band at a time [2].

This paper introduces a novel and complete method
for the design and full characterization of a reconfigurable
multiband structure with a cross-type front-end network
circuit to achieve a tunable mechanism [17, 18].The proposed
cross-type network is based on aT-type impedance-matching
network. As indicated in Figure 1, this front-end network
can be embedded in any broadband system or antenna and
expanded from a single tunable band to a dual-band network.
The cross-type network exhibits an additional frequency-
selection ability.The functionality of network to create a tun-
able antenna was verified in this study.The design flow of the
tunable network can be analyzed on an 𝐿𝐶 network, which
provides powerful and quick electronic design automation
(EDA) tools such as SPICE and ADS. This tunable network
features controllable operation band numbers, continuous
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Figure 1: Tunable multiband system using novel tunable cross-type network.

tuningwith a single corresponding control, independent con-
trol with a wide range in each band, high selectivity, and easy
minimization after integration.

2. A Tunable Cross-Type Network for
Multiband Operation Design

According to the matching theorem, one network reactance
corresponds to one matching operating frequency. Dual-
band operation uses the unique characteristics of a cross-
type matching network to simultaneously create two distinct
matching reactance values within one frequency spectrum
interval [18]. The multiband operation then exhibits multi-
band matching. Figure 1 presents the proposed network
circuit topology, which is similar to a cross-architecture. The
term𝑍 represents the self-impedance of each element part in
the network. A cross-network allows a set of𝑍

3
, 𝑍
4
, . . . shunt

branches to extend into a cross-shaped multiband matching
network architecture. Because the various shunts of 𝑍 sepa-
rately control distinct reactance values, the matching multi-
frequencies can be separately and simultaneously controlled:

𝑍
∗

in = ((𝑍Ant + 𝑍2)
−1

+ 𝑍
−1

Parallel)
−1

+ 𝑍
1
, (1)

𝑍Parallel = 𝑍3//𝑍4//𝑍5. (2)

During matching, (1) expresses the corresponding impe-
dance transformation in a cross-type network between the
source and load. The term 𝑍Parallel represents the impedance
of the shunt parallel part, as expressed in (2). The two
impedance values of 𝑍

1
and 𝑍

2
with the same capacitance

value (𝑍
1
= 𝑍
2
), 𝐶
1
= 𝐶
2
in Figure 1, serve as two capacitor-

reactance components in series to simplify the analysis.These
series capacitances can also determine the matching band
quality factor.

In a traditional 𝐶(capacitance)-𝐿(inductance)-𝐶(capa-
citance) T-type network, the load impedance of a wide-band
antenna can be used to approximate the system impedance,
leading to 𝑍ANTENNA ≈ 𝑍0 (=50Ω), and, with the two

same series capacitances 𝐶 and one shunt inductance 𝐿, the
matching single operating frequency is as follows:

𝐿 =
1

2
(𝐶𝑍
2

𝑂

+
1

(𝜔taget
2𝐶)

) . (3)

The theory and numerical analysis of complete impe-
dance matching are firmly established [17]. Cross-type net-
works can be designed using a simple T-type network with
the desired 𝑄 value. A graphical method of tracing the
impedance trajectory has been proposed to achieve the
selectivity [17]. The selectivity in the proposed architecture
can be determined by preselecting the 𝐶

1
and 𝐶

2
values. The

bandwidth can be estimated using circuit 𝑄 values. In dual-
band operation, the C-L-C cross-type network simultane-
ously creates two matching impedance values by introducing
a second branch. A tunable cross-type network uses the
dual shunt of branch stubs which corresponds to the tunable
match of the dual operation bands. The network design also
allows simultaneous band selection and sheltering, both of
which are based on the impedance-matching theorem.

The number of operation bands can be dependent on the
shunt matching parts of the network. To implement a cross-
type network with triple bands, each part of the network
is constructed as indicated in Figure 2. In this study, an
UWB [19] antenna was employed as the matching target.
The antenna input impedance represents the load conditions
for the numerical analysis of the cross-type network. The
original broadband bandwidth of the antenna can serve as
the maximal tunable range. The reflection coefficient of the
original operating band affects the 𝑆

11
results; the tunable

network reshapes the target band.
Based on the proposed network (Figure 2), this section

introduces the element selected for each 𝑍-term topology
in the three operation frequencies, 𝑓

𝐻
, 𝑓
𝑀
, and 𝑓

𝐿
. The

variable inductance value can be implemented by combining
a series varactor diode with a fixed inductor in series. For
a shunt branch in a triple-band network of 𝑍

3
, 𝑍
4
, and

𝑍
5
, 𝑍
3
to the control of the high-frequency operating band

𝑓
𝐻

branch is represented by the shunt branch C6-L7-C8.
The term C8 is the variable capacitance for controlling the
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Figure 2: Proposed multiband network topology for triple-band.

variable inductance of the shunt branch. The placement of
𝐶
6
enables the low-frequency barrier component to isolate

low-frequency signals;𝑍
5
to the control of the low-frequency

operating band 𝑓
𝐿
branch is represented by the shunt branch

L1-L2-C3. The term 𝐶
3
is also a varactor for controlling the

variable inductance of the shunt branch. The placement of
𝐿
1
enables high-frequency barrier components to isolate

high-frequency signals. The terms 𝐿
2
and 𝐿

3
control the

inductance of the matching low- and high-frequency oper-
ating bands. Exerting 𝑉

𝐿,Bias on varactor 𝐶
3
to control 𝑓

𝐿

and exerting 𝑉
𝐻,Bias on varactor 𝐶

8
to control 𝑓

𝐻
enable

independent adjustment of the two operating bands. The
term 𝑍

4
to the control of the middle-frequency operating

band 𝑓
𝑀

branch is represented by the shunt branch C4-L3-
C5. The function of each element is the same as previously
described, except that of middle-frequency operation.

2.1. Tunable Dual-Band Operation. The networks were inte-
grated with a broadband antenna to simulate the frequency
matching and the dual-band tunable performance of anten-
nas. In dual-band operation, the network is connected with
𝑍
3
and 𝑍

5
two shunt branches, as indicated in Figure 2.

The capacitance and inductance devices in the network were
assumed to have ideal and no-loss conditions, such that 𝐶

1
=

𝐶
2
= 0.2 pF, 𝐿

1
= 1 nH, 𝐿

2
= 20 nH, 𝐶

6
= 0.035 pF,

and 𝐿
7
= 15 nH. Two adjustable capacitive components, 𝐶

8

(𝐶
𝐻
) and 𝐶

3
(𝐶
𝐿
), were configured for two distinct control

terminals, where 𝐶
𝐻
and 𝐶

𝐿
correspond to high- and low-

frequency bands, respectively.
By employing the input impedance from the tested

UWB antenna as the target-matching load, the changing
capacitance of the matching network can be used to simulate
a controllable operating dual band that includes a tunable
low-frequency band, 𝑓

𝐿
, and a tunable high-frequency band,

𝑓
𝐻
. Figure 3 presents the control of 𝐶

𝐻
and 𝐶

𝐿
values with

various capacitance values, which enables the 𝑓
𝐿
and 𝑓

𝐻

operation bands to independently adjust the frequency range

from 1.72 to 6.09GHz (354%) and from7.45 to 14GHz (188%),
respectively. This design produces an extremely wide and
independently tunable frequency band.

2.2. Tunable Triple-Band Operation. As indicated in Figure
2, the objective values of the components used can be divided
and fixed as follows: 𝐿

1
= 1 nH, 𝐿

2
= 40 nH, 𝐶

4
= 0.05 pF,

𝐿
3
= 20 nH, 𝐶

6
= 0.05 pF, and 𝐿

7
= 40 nH. However,

𝐶
3
is the low-frequency band with the 𝑓

𝐿
control compo-

nent, 𝐶
5
is the middle-frequency band with the 𝑓

𝑀
control

component, and 𝐶
8
is the high-frequency band with the 𝑓

𝐻

control component. These three components can independ-
ently control the three frequency bands. The performance
results of the tunable triple-band antenna are presented
in Figure 3, which indicates that only the values of the
control capacitive component need to be adjusted to achieve
independent control of the related multibands. The tuning
ranges of 𝑓

𝐿
, 𝑓
𝑀
, and 𝑓

𝐿
are 1.35–5.69GHz (421%) (𝐶

3

tuning from 2 to 0.02 pF), 3.96–8.82GHz (223%) (𝐶
5
tuning

from 0.5 to 0.01 pF), and 5.75–12.54GHz (218%) (𝐶
8
tuning

from 0.3 to 0.01 pF), respectively (Figure 4). An extension
of this architecture generates additional operation bands by
joining additional shunt branches to the network. A back-end
network system is incorporated to create multiple matching
impedances, which turn the antenna into a tunablemultiband
antenna. The network circuit architecture can be extended
to the multiband function type through this approach to
increase the number of shunt matches.

3. Analysis of a Tunable Cross-Type Network

A theoretical equation model is presented to analyze the
effectiveness of a dual-band operation network and the
performance of 𝑆

11
in real operation conditions based on the

two limiting factors: network structural limitations and com-
ponent losses. For simplification, the analysis is conducted
using dual-band (𝑓

𝐻
and 𝑓

𝐿
) matching as an example.



4 International Journal of Antennas and Propagation

0 1 2 3 4 5 6 7 8 9 10 11 12 13 14 15

0
Tu

na
bl

e d
ua

l-b
an

d 

Frequency (GHz)

−5

−10

−15

−20

−25

Re
tu

rn
 lo

ss
 o

f U
W

B 
an

te
nn

a
S 1
1

(d
B)

C3 = 5pF
C3 = 0.3pF

0.1pFC3 =

C3 = 0.0035 pF
C3 = 0.065 pF

Fixed operation fH band
Independent

Tunable operation fL band

C8 fix 5pF

(a)

0 1 2 3 4 5 6 7 8 9 10 11 12 13 14 15

0

Tu
na

bl
e d

ua
l-b

an
d 

Frequency (GHz)

−5

−10

−15

−20

−25

Re
tu

rn
 lo

ss
 o

f U
W

B 
an

te
nn

a
S 1
1

(d
B)

C8 = 5pF
C8 = 0.1pF
C8 = 0.05 pF

C8 = 0.02 pF
C8 = 0.0012 pF

Fixed operation fL band

Tunable operation fH band

Independent

C3 fix 5pF

(b)

Figure 3: Simulation of independently tunable dual-band antennas at (a) 𝑓
𝐿

, (b) 𝑓
𝐻

.

3.1. Matching Operation Band Performance. Equation (2)
expresses the overall shunt impedance of 𝑍parallel. Because
the required matching reactance of dual-frequency matching
is the same as that for single-frequency matching, both can
be expressed by (3) under lossless conditions. The condition
𝐶
1
= 𝐶
2
= 0.56 pF by (3) obtains the required reactance

values for the desired dual-matching frequencies, which
are two distinct inductive values. The required reactance
provided by 𝑍Parallel (𝐿1 = 0.2 nH, 𝐿

2
= 6.8 nH, 𝐶

6
=

0.47 pF, and 𝐿
7
= 3.9 nH) is also considered. The two

curves plotted in accordance with (2) and (3) are presented
in Figure 5. The two curves in (3) and (2) that intersect
at two points represent the tunable low-band 𝑓

𝐿
and the

high-band 𝑓
𝐻
points, respectively.The interconnecting point

of the 𝑍parallel curve with matching reactance indicates that
when 𝑍parallel is between two distinct intervals bands the
matching inductance value appears at the matching point.
This determines whether the matching condition can occur
simultaneously at dual frequencies and also the matching
performance at these dual-band networks.

In Figure 5, where 𝐶
1
= 𝐶
2
, the capacitance value of 𝐶

8
is

fixed at 5 pF to achieve a fixed high-frequency 𝑓
𝐻
. Adjusting

𝐶
3
from 0.5 to 5 pF illustrates the limitations placed on the

dual band by the two parallel matching architectures (Figure
5). To achieve perfect dual-band matching, the reactance
function curvemustmatch the inductance obtained using (3)
to match the frequency function curve at the two intersecting
points. However, within the partial band interval, when the
corresponding values of 𝐶

3
(5 pF) decrease, the inductive

range cannot intersect the matching curve, in which case the
matching conditions deteriorate.When𝐶

3
(0.5 pF) decreases,

full capacitance appears with no matching effect, implying
that the lower frequency-matching band has disappeared.

Dual matching is affected not only by 𝐶
3
, but also by

the relative relationship between 𝐶
3
and 𝐶

8
, as (2) indicates.

When two operating frequency bands are close to each other
and the ratio of 𝐶

3
to 𝐶
8
is small, the inductive reactance

of the low-frequency portion drops and the dual-matching
results deteriorate.

3.2. Optimization Architecture for Lossy Devices. Considering
the practical component loss, an investigation of the relation-
ship between loss 𝑍Parallel and the slightly dissimilar capac-
itance of 𝑍

1
and 𝑍

2
, which affects matching performance,

is required. The design of the cross-type dual-band network
requires SMD components. The shunt branch equivalent
series resistances (ESR), 𝑟

1
and 𝑟

3
, represent the losses

occurring at the junctions in the branch components. Because
of asymmetry, it is assumed that 𝑟

1
= 𝑟
3
= 𝑟 to explain

and compute the effects of associated losses, where 𝑟 is the
total equivalent resistance of shunt branches 𝑍

3
and 𝑍

5
. The

previous derivation must also incorporate these resistance
terms into the overall shunt branch 𝑍Parallel lossy as follows:

𝑍Parallel lossy = 𝑍3//𝑍5

= ((𝑟
1
+ 𝑗𝜔𝐿

1
+ 𝑗𝜔𝐿

2
+
1

𝑗𝜔𝐶
3

)

−1

+(𝑟
3
+
1

𝑗𝜔𝐶
6

+ 𝑗𝜔𝐿
7
+
1

𝑗𝜔𝐶
8

)

−1

) .

(4)

Under loss conditions, the original matching analysis is
no longer applicable. A cross-typematching network for𝐶

1
=

𝐶
2
can only bematched perfectly under an unrealistic lossless

condition, and this must be considered in calculations.
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Figure 4: Independently continuous tunable multiband antennas at (a) 𝑓
𝐿

, (b) 𝑓
𝑀

, and (c) 𝑓
𝐻

.

Consider 𝑍Parallel lossy with loss resistance 𝑟, by (4) and (1), to
determine the relationships among system impedance, loss
resistance, and the series capacitance value for the matching
frequency as follows:

𝑍
𝑂
+
𝑟

𝑍
𝑂

− 𝑟 =
𝐶
1

𝐶
2

. (5)

This calculation indicates that it is necessary to select 𝐶
1

and 𝐶
2
by (5) to ensure appropriate matching conditions.

Therefore, the network has improved insertion loss and
transmission coefficient 𝑆

21
. In this study, the situation with

0402 SMD capacitance and inductance components with an
equivalent loss of 4.3Ω at 𝑉bias = 0V bias in the proposed
dual-band network topology was simulated (Figure 2). As
indicated in Figure 6, 𝑆

11
improved by approximately 10 dB

by setting 𝐶
1
to 0.68 pF and 𝐶

2
to 0.43 pF. This explains

why 𝐶
1
is slightly larger than 𝐶

2
in the practical fabricated

dual-band cross-type network. This design improves 𝑆
21

by approximately 1 dB, indicating that appropriate low-loss
components and a careful fabrication process can reduce
insertion loss.

3.3. Group Delay of Cross-Type Network. Figure 7 shows the
simulated two-port 𝑆

21
group delay of the proposed cross-

type network. The simulation results indicate that the group
delay is near constant over a wide range of bands for two
narrow matching bands, 1.8 and 3.5 GHz. Quasi-linear group
delay except form nonmatching bands, these may originate
from the mixed multiple modes or several lumped element
in shunt branch. Generally, the operation band has a linear
phase response. The simulation group delay implies optimal
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performance of linear phase and low dispersion that ensures
constant values of group delay.

4. Fabrication and Measurement of
a Tunable Cross-Type Network

The right side of Figure 8 presents the fabricated circuit,
which has a total circuit size of 2 cm2. The circuit substrate
is Rogers RO4003C with thickness of 0.8182mm, 𝜀

𝑟
=

3.55, and dielectric loss tangent of 0.0021. The varactor, a
GaAs hyperabrupt varactor diode (model number MGV-
125-25-E28) obtained from the Aeroflex/Metelics Company,
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Figure 7: Group delay of the proposed cross-network working at
1.8 GHz and 3.5 GHz.

continuously changes the capacitance from0.4 pF to 5 pF.The
𝑄 value for the diode component is 3000, and the series loss
resistance is approximately 1Ω [20]. Tables 1 and 2 list the
results of the cross-type network with a 50Ω load connecting
the two ports, as well as the related parameters. To estimate
the energy loss in this two-port network, (6) defines the
transducer power gain 𝐺

𝑇
as follows [21]:

𝐺
𝑇
= 10 log

𝑆21


2

1 −
𝑆11


2

. (6)

Tables 1 and 2 indicate that the bandwidth of 𝑓
𝐿
is rela-

tively narrow. This is deduced from Figure 8 and explained
by (2), which indicates that the reactance change in the
inductance magnitude of 𝑓

𝐿
was considerably steeper than

that in the high-frequency 𝑓
𝐻
and, therefore, has a narrower

bandwidth. The network gained 𝐺
𝑇
, which is related to

the loss in components and the network power transmis-
sion efficiency. The practical SMD components are lossy.
Furthermore, various biases on a varactor have different 𝑄
values [12] and result in varying 𝐺

𝑇
. The bias choke of the

varactor is another factor affecting𝐺
𝑇
and thematching band

selection performance. The circuit size indicated in Figure 2
can be decreased because it requires only a small area for its
components. Additional transmission lines are designed to
facilitate measurements.

5. Results and Discussion of
the Tunable Dual-Band Cross-Type Network
Integrated with a Wideband Antenna

The cross-type network was connected to a 1.2–4GHz UWB
antenna to create a tunable dual-band antenna.The perform-
ance of the proposed dual-band tunable antenna was verified
by measuring the change in various capacitance values when
various biases (0, 5, 11, and 23V) were applied to the first
and second varactors separately. This tunable antenna can be
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Figure 8: Measurement result of continuous tunable dual-band antenna: (a) independent tunable 𝑓
𝐻

; (b) independent tunable 𝑓
𝐿

.

Table 1: Performance of the tunable dual-band antenna with fixed 1.8GHz, variable 𝐶
1

= 0.56 pF, 𝐶
2

= 0.68 pF, 𝐿
1

= 0.2 nH, 𝐿
2

= 6.8 nH,
𝐶
4

= 0.47 pF, and 𝐿
3

= 3.9 nH.

𝑉bias (volts) 0 1 2 5 8 10 15 23
Frequency (GHz) 2.89 2.96 3.02 3.22 3.39 3.48 3.63 3.75
Return loss (dB) −24.1 −24.3 −23.1 −24.7 −28.9 −32.6 −32.8 −31.2
Gain (dB) −1.12 −1.15 −1.09 −1.26 −1.5 −1.64 −1.63 −1.78
BW (MHz) 144 156 156 168 156 156 132 120
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Figure 9: Wireless measurement result 𝑆
21

between a tunable dual-
band antenna and a horn antenna.The trianglemarked line indicates
the tunable 𝑆

11

and the dotted line is 𝑆
11

of the original broadband
antenna. The circular mark line indicates the 𝑆

21

of the proposed
tunable antenna and the dashed line is 𝑆

21

of the original broadband
antenna.

used formultiple communication standards. Using the results
of the measurements presented in Figure 8(a) as an example,
the low-frequency 𝑓

𝐿
band can be fixed in the DCS 1.8GHz

band, whereas the other 𝑓
𝐻

band can be independently
controlled to adjust to the WiMAX band. Conversely, Figure
8(b) indicates that the high-frequency band 𝑓

𝐻
is fixed

for WiMAX, allowing 𝑓
𝐿
to be individually controlled and

applications in other frequency bands to be adjusted. The
ranges for the tunable antenna bands 𝑓

𝐿
and 𝑓

𝐻
are 1.39

to 2.34GHz (168%) and 2.83 to 3.72GHz (132%), and the
average bandwidths of 𝑓

𝐿
and 𝑓

𝐻
are 51MHz and 148MHz,

respectively. Other frequency bands can be controlled by
large variations in capacitance value after analytic calculation,
allowing the antenna to have a wide tuning range. Multiple
frequency bands can be expanded and adjusted similarly.

The cross-type network transferred the frequency depen-
dence of 𝑍ant to result in variation of 𝑆

11
, as indicated in

Figure 9. After the independent adjustment of 𝑆
11

by the
dual-band cross-type network has been verified, the wireless
transmission performance between antennas must also be
verified by measuring 𝑆

21
. A horn antenna was used at a

distance of 60 cm (far field) to compare the effects of 𝑆
21

in changing dual-frequency operations with and without the
proposed matching network. Figure 9 presents the operating
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Figure 10: Measured 2-D radiation patterns of the tunable dual-band antenna with cross-type network and without cross-type network
(eye-shaped antenna case): (a) 1.8 and (b) 3.5 GHz.

Table 2: Performance of the tunable dual-band antenna with fixed 3.5GHz, variable 𝐶
1

= 0.56 pF, 𝐶
2

= 0.68 pF, 𝐿
1

= 0.2 nH, 𝐿
2

= 6.8 nH,
𝐶
4

= 0.47 pF, and 𝐿
3

= 3.9 nH.

𝑉bias (volts) 0 1 2 5 8 10 18 23
Frequency (GHz) 1.32 1.39 1.46 1.76 1.93 2.02 2.26 2.30
Return loss (dB) −25.2 −22.1 −17.3 −14.6 −21.3 −20.0 −12.3 −13.0
Gain (dB) −1.38 −1.23 −0.81 −0.59 −1.96 −2.02 −1.18 −1.68
BW (MHz) 60 60 50 72 56 48 36 36

condition and wireless 𝑆
21
measurement results of the UWB

antenna and this dual-band tunable matching network when
the dual-band 𝑓

𝐻
is tuned to 3.5 GHz (𝑉

𝐻,bias = 10.5V) and
𝑓
𝐿
to 1.8 GHz (𝑉

𝐿,Bias = 5.6V).
At identical source signal strengths, the transmission

signal in the network is highly frequency-selective compared
with the original UWB antenna 𝑆

21
; therefore, the signal-to-

noise ratio (SNR) can be improved because of reduced noise
and interference. Figure 9 presents two operated communi-
cation bands at 3.5 GHz (data-link) and 1.8 GHz (voice-link)
simultaneously. Comparedwith the original broadband char-
acteristics, the experiment indicated that the selectivity of this
dual-band antenna increased substantially and demonstrated
an excellent adjacent signal suppression capability of −14 to
−8 dB for 𝑓

𝐿
and of −17 to −5 dB for 𝑓

𝐻
, thereby enhancing

the selectivity of the main signal and enabling higher-quality
communication transmission. This dual-band antenna can
transmit signals to other antennas effectively at an improved
SNR. Such cross-type dual-band matching in practical

implementation and design has already been optimized for
matching network components, the insertion loss of which is
approximately −2.1 dB and −2.6 dB for individual frequency
bands 𝑓

𝐿
and 𝑓

𝐻
in the network, respectively.

Figure 10 presents the measured radiation patterns of
the cross-type network integrated with the UWB antenna.
Figure 8 indicates that the tunable antenna exhibits a nearly
omnidirectional radiation pattern at both 1.8 and 3.5GHz.
Although the measurement results are comparable to the
radiation patterns of the original UWB antenna (solid lines),
the tunable antenna can still maintain the same electrical
characteristics to the original antenna at these desired oper-
ational frequencies when a cross-type feeding network is
included. The tunable cross-type network can be regarded
as part of the antenna feeding network line to adjust the
incident strength, so that the matching functionality at 1.8
and 3.5GHz can retain the natural electrical characteristics
of the antenna, such as the current distributions in the
radiator. The add-on cross-type network implies a negligible
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impact on the antenna patterns, but the frequency response
network. Therefore, the antenna return loss is modified
because the tunable cross-type frequency selectivity can be
improved and dual-band tuning operation can be achieved.
This omnidirectional pattern is verified to be suitable formost
applications in general wireless environments and provides a
tuning functionality for modifying the operation bands.

6. Conclusion

This paper proposes a cross-type network to fabricate a
tunable multiband antenna. Adding an extra shunt branch
to a network creates an additional independently tunable
operating band. A minimal-control element reduces the
problem of loss from variable components such as varactors
and also simplifies the control units of the system. The
operating frequency bands can be adjusted continuously and
individually with an extremely wide tuning range. The mea-
surements for the tunable range for this dual-band antenna
were 1.39GHz to 2.34GHz (168%) for 𝑓

𝐿
and 2.83GHz to

3.72GHz (132%) for 𝑓
𝐻
. The average bandwidth for 𝑓

𝐿
and

𝑓
𝐻

was 51MHz and 148MHz, respectively. Therefore, the
proposed novel cross-type network can be used successfully
in tunable dual-band functions to decrease the processing
time and analytical complexity of tunable-frequency devices.
The radiation pattern of the tunable antenna exhibits a nearly
omnidirectional characteristic. More than three bands can
be easily extended with independent adjustment in tunable
multiband antennas, based on a modified cross-type match-
ing network with an increased number of shunt branches
corresponding to independently controlled bands.
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An overview of the near-field-far-field (NF-FF) transformation techniques with innovative spiral scannings, useful to derive the
radiation patterns of the antennas commonly employed in the modern wireless communication systems, is provided in this paper.
The theoretical background and the development of a unified theory of the spiral scannings for quasi-spherical and nonspherical
antennas are described, and an optimal sampling interpolation expansion to evaluate the probe response on a quite arbitrary
rotational surface from a nonredundant number of its samples, collected along a proper spiral wrapping it, is presented.This unified
theory can be applied to spirals wrapping the conventional scanning surfaces and makes it possible to accurately reconstruct the
NF data required by the NF-FF transformation employing the corresponding classical scanning. A remarkable reduction of the
measurement time is so achieved, due to the use of continuous and synchronized movements of the positioning systems and to the
reduced number of needed NF measurements. Some numerical and experimental results relevant to the spherical spiral scanning
case when dealing with quasi-planar and electrically long antennas are shown.

1. Introduction

The design of the modern antenna systems, integrated on
portable devices or employed in radio base stations, requires
the experimental verification of the antenna performances in
terms of frequency bands and radiation diagrams. Different
types of antennas are employed in the abovementioned
applications. In particular, printed or conformal antennas
are generally used in portable devices (such as cellular
phones, mobile pc, printers, scanners, DVD players, and
digital projectors) [1–6], collinear or dielectric resonator
antennas are adopted to realize broadcast and cellular base
stations [7–14], while reflector or horn antennas are usually
adopted for radio links [15–17]. Consequently, different types
of measurement techniques are required to measure the
corresponding antenna radiation patterns.

As well known, the accurate measurement of the elec-
tromagnetic (EM) field radiated by an antenna can be

performed only in an anechoic chamber, wherein the free-
space propagation conditions are emulated by suppressing a
large amount of the reflections from the lateral walls, ceiling,
and floor. However, the far-field (FF) distance requirements
cannot be practically satisfied in an anechoic chamber when
dealing with antennas having large or evenmedium electrical
dimensions, so that only near-field (NF) measurements can
be carried out. This occurs specifically when characterizing
antenna systems and arrays for space as well as radar
applications [18, 19]. Therefore, the NF-FF transformation
techniques, which allow an accurate reconstruction of the
antenna far-field pattern from measurements in the NF
region, have been widely investigated [20–28] and employed
in the last forty years as a viable andmore accurate alternative
to the direct FF measurements performed on a conventional
FF range. In addition, NF scanning techniques represent the
better choice when complete pattern and polarization mea-
surements are required.Moreover, they provide the necessary
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information for determining the field at the surface of the
antenna and such information can be properly employed
for the diagnostics of surface errors in a reflector antenna
or of faulty elements in an array (microwave holographic
diagnostics [29]).

Usually, the acquired NF data are transformed into FF
patterns by using a suitable expansion of the field of the
antenna under test (AUT) in terms of modes, that is, a
complete set of solutions of the vector wave equation in the
region outside the antenna. To this end, plane, cylindrical, or
spherical waves are generally employed [20–27]. The modal
expansion adopted to represent the spatial field distribution
determines the type of the NF scanning surface, which
accordingly will be a plane, a cylinder, or a sphere. The
orthogonality properties of the modes on these surfaces are
then properly exploited to determine the modal expansion
coefficients, whose knowledge allows the reconstruction of
the AUT far field. The development and the spreading of
NF-FF transformation techniques with planar, cylindrical,
or spherical scanning are justified from the fact that each
technique has its own particular advantages and limitations.

In this framework, the application of the spatial ban-
dlimitation properties of radiated EM fields [30] and of
their nonredundant sampling representations [31, 32] to the
voltage measured by the scanning probe has allowed the
development of effective nonredundant probe-compensated
NF-FF transformation techniques. The interested reader
can refer to [32, 33] for an extensive bibliography. These
techniques require typically a number of NF data remarkably
smaller than that needed when employing the corresponding
classical ones. As a matter of fact, the NF data needed
by these last ones are accurately reconstructed from the
acquired nonredundant data by means of optimal sampling
interpolation (OSI) expansions. It is so possible to obtain
a remarkable measurement time saving and this is a very
important result, since nowadays such a time is very much
greater than the computational one required to carry out the
NF-FF transformation.

The time needed for the acquisition of the NF data can
be drastically reduced by using the modulated scattering
technique, wherein arrays of scattering probes, which allow
a very fast electronic scanning, are employed [34]. How-
ever, apart from measurement precision issues, antenna NF
measurement systems adopting such a technique are not
very flexible. In any case, the number of needed probes
could be significantly reduced by properly exploiting the
nonredundant sampling representations.

A more convenient way for reducing the measurement
time is, as suggested in [35], the employment of spiral
scanning techniques, which can be accomplished bymeans of
continuous and synchronized movements of the positioning
systems of the AUT and probe. Accurate, stable, and effective,
nonredundant NF-FF transformations with helicoidal scan-
ning [33, 36–42], planar [37, 42–44], and spherical [37, 42,
45–52] spiral scannings (Figures 1, 2, and 3) have been devel-
oped in the last years. They are based on the nonredundant
sampling representations and recover the NF data needed
by the standard NF-FF transformation, which employs the

corresponding classical scanning (cylindrical [53], plane-
rectangular [54], and spherical [55]), by interpolating, via
proper OSI expansions, the nonredundant samples acquired
on the spiral. The nonredundant representations and the
related OSI expansions have been obtained in [36–38, 43,
45, 46] by assuming the AUT as enclosed in the smallest
sphere containing it, whereasmore effectiveAUTmodellings,
allowing a further reduction of needed NF samples when
considering nonspherical antennas (i.e., antennas with one
or two predominant dimensions), have been used in [39–
42, 44, 47–52]. In all the cases, they have been determined:

(1) by choosing the spiral in such a way that its step,
specified by two consecutive intersections with the
considered meridian curve (generatrix, radial line,
andmeridian), be equal to the sample spacing needed
for the interpolation along this curve;

(2) by developing the nonredundant sampling represen-
tation along the spiral.

It must be stressed that the use of effective AUT mode-
llings when dealing with elongated or quasi-planar antennas
offers, besides the reduction of the number of required
NF data, another great advantage in the helicoidal and
planar spiral scanning case, respectively. Specifically, it makes
possible the consideration ofmeasurement cylinders (planes)
with a radius (distance) smaller than one-half of the antenna
maximum size, thus reducing the error related to the trunca-
tion of the scanning surface.

A unified theory of the spiral scannings for spherical and
nonspherical antennas has been also developed in [37] and
[33, 42], respectively.

Moreover, direct NF-FF transformations with helicoidal
scanning, which allow the evaluation of the antenna far field
in any cut plane directly from a minimum set of NF data
without interpolating them, have been recently proposed in
[56–58].

Other NF-FF transformation techniques with spiral scan-
nings have been also proposed [35, 59, 60]. However, since
they do not take advantage of the nonredundant sampling
representations of EM fields, they require a useless large
amount of NFmeasurements and, as a consequence, a greater
acquisition time.

The aim of this paper is just to provide an overview of
the NF-FF transformation techniques with spiral scannings,
useful to characterize the antennas commonly used in the
modern wireless communication systems. The necessary
theoretical background on the nonredundant sampling rep-
resentations of EM fields is summarized in Section 2. In
Section 3, the development of a unified theory of the NF-
FF transformations with spiral scannings for spherical or
nonspherical antennas is described, and a two-dimensional
OSI expansion, which allows reconstructing the probe volt-
age on a quite arbitrary rotational surface from its nonre-
dundant samples collected along a proper spiral wrapping
it, is presented, while some representative numerical and
experimental results relevant to the spherical spiral scanning
case when dealing with quasi-planar and electrically long
antennas, respectively, are reported in Section 4. Finally, the
conclusions are drawn in Section 5.
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Figure 1: Helicoidal scanning.
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Figure 2: Planar spiral scanning.

2. Theoretical Background

Let us consider an antenna enclosed in a convex domainD of
finite size, bounded by a surface Σ with rotational symmetry
and a nondirective probe scanning an arbitrary surface M,
external toD and having the same rotational symmetry. Since
the voltage𝑉measured by such a probe has the same effective
spatial bandwidth of the field radiated by the AUT [61], the
nonredundant sampling representations of EM fields [31] can
be applied to it. Accordingly, it is convenient to introduce the
“reduced voltage”:

�̃� (𝜉) = 𝑉 (𝜉) 𝑒
𝑗𝛾(𝜉)

, (1)

where 𝑉(𝜉) is the voltage measured by the probe, 𝛾(𝜉) is a
proper phase function, and 𝑟 = 𝑟(𝜉) is the optimal param-
eterization adopted to describe the observation curve 𝐶 on
the surface M. The bandlimitation error, occurring when
�̃�(𝜉) is approximated by a bandlimited function, exhibits a

x
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y

Figure 3: Spherical spiral scanning.

step-like behaviour and becomes negligible [31] as the spatial
bandwidth exceeds the critical value:

𝑊
𝜉
= max
𝜉

[𝑤 (𝜉)] = max
𝜉

[max
𝑟




d𝛾 (𝜉)
d𝜉

− 𝛽

𝜕𝑅 (𝜉, 𝑟


)

𝜕𝜉



] ,

(2)

where 𝛽 is the free-space wavenumber, 𝑟 denotes the source
point, and 𝑅 = |𝑟(𝜉) − 𝑟



|. Accordingly, such an error
can be effectively controlled by choosing the bandwidth of
the approximating function equal to 𝜒



𝑊
𝜉
, where 𝜒

 is an
enlargement bandwidth factor (slightly greater than unity for
electrically large antennas).

To obtain a nonredundant representation, that is, a
representation requiring aminimumnumber of samples, first
of all, we must minimize the “local” bandwidth𝑤(𝜉) for each
𝜉. This is obtained by choosing 𝛾 such that its derivative is
the average between the maximum and minimum value of
𝛽𝜕𝑅/𝜕𝜉, when 𝑟

 varies inD; that is,
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d𝜉

=
𝛽

2
[max
𝑟


𝜕𝑅

𝜕𝑠
+min
𝑟


𝜕𝑅

𝜕𝑠
]
d𝑠
d𝜉

=
𝛽

2
[max
𝑟

�̂� ⋅ �̂� +min

𝑟

�̂� ⋅ �̂�]

d𝑠
d𝜉

,

(3)

where 𝑠 is the curvilinear abscissa along𝐶, �̂� is the unit vector
pointing from the source point to the observation point 𝑃,
and �̂� is the unit vector tangent to 𝐶 at 𝑃. Accordingly, the
optimal phase factor to be used is given by

𝛾 (𝜉) =
𝛽

2
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(4)
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It can be easily recognized that, by choosing d𝛾/d𝜉
according to (3), the following is obtained:

𝑤 (𝜉) =
𝛽

2
[max
𝑟
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(5)

As regards the parameter 𝜉, in order to avoid redundancy,
it must be determined by requiring that the local bandwidth
is constant. In fact, if 𝑤(𝜉) is variable with 𝜉, the sample
spacing, which is fixed by the bandwidth 𝑊

𝜉
, becomes

unnecessarily small in the zones wherein𝑤(𝜉) is smaller than
its maximum value, thus giving rise to redundancy in the
sampling representation. Accordingly, by imposing that 𝑤(𝜉)
is constant and equal to𝑊

𝜉
, we obtain

𝜉 =
𝛽
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It can be easily verified that when 𝐶 is a meridian curve
(i.e., a curve lying on a plane at 𝜑 = const, 𝜑 being the usual
azimuthal angle of the spherical coordinate system (𝑟, 𝜗, 𝜑))
and �̂� is external to the cone of vertex 𝑃, tangent to Σ, the
extreme values of the inner product �̂�⋅�̂� occur (Figure 4) at the
two tangency points 𝑃

1,2
on 𝐶
 (intersection curve between

themeridian plane andΣ). By taking into account that in such
a case [31]

𝜕𝑅

𝜕𝑠

𝑠1,2

=
d𝑅
1,2

d𝑠
±
d𝑠
1,2

d𝑠
, (7)

where 𝑠
1,2

are the arclength coordinates of 𝑃
1,2

and 𝑅
1,2

the
distances from 𝑃 to 𝑃

1,2
(Figure 4), and choosing 𝑊

𝜉
=

𝛽ℓ


/2𝜋 (ℓ being the length of 𝐶), the following is obtained:
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Note that the angular-like parameter 𝜉 covers a 2𝜋 range,
when 𝑃 encircles the antenna once, and the number of
samples atNyquist spacing (Δ𝜉 = 𝜋/𝑊

𝜉
) on a closedmeridian

curve 𝐶 (also unbounded) is always finite and equal to𝑁
𝜉
=

2𝜋/Δ𝜉 = 2ℓ


/𝜆, 𝜆 being the free-space wavelength.
It can be shown [31] that, in any meridian plane, the

curves 𝛾 = const and 𝜉 = const are orthogonal.
When Σ is chosen coincident with a sphere of radius 𝑎,

we have

𝑅
1
= 𝑅
2
= √𝑟2 − 𝑎2,

𝑠


1

= (𝜃 − 𝛼) 𝑎; 𝑠


2

= (𝜃 + 𝛼) 𝑎; 𝛼 = cos−1 (𝑎
𝑟
) .

(9)
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Figure 4: Relevant to a meridian observation curve.

Accordingly, since ℓ = 2𝜋𝑎, it results𝑊
𝜉
= 𝛽𝑎 and

𝛾 = 𝛽√𝑟2 − 𝑎2 − 𝛽𝑎cos−1 (𝑎
𝑟
) ; 𝜉 = 𝜃, (10)

wherein the parameter 𝜃 coincides in the range [0, 𝜋] with the
zenithal angle 𝜗.

It must be stressed that, according to [31], the surface Σ
modelling the AUT must fit very well its shape in order to
minimize the overall number of needed samples. As a matter
of fact, the number of samples at Nyquist spacing on any
closed observation surface (also unbounded) surrounding
the antenna is

𝑁 ≅
area of Σ
(𝜆/2)
2

. (11)

As a consequence, an effective source modelling when
dealing with an electrically long antenna is got, f.i., by
choosing Σ coincident with a prolate ellipsoid with major
and minor semiaxes equal to 𝑎 and 𝑏 (Figure 5), whereas
a quasi-planar antenna can be conveniently modelled by an
oblate ellipsoid. In both cases, it can be shown [31] that, in any
meridian plane, the curves 𝛾 = const and 𝜉 = const are ellipses
and hyperbolas confocal to 𝐶

 (see Figure 5). Accordingly, 𝜉
and 𝛾 are functions of the elliptic coordinates 𝑢 = (𝑟

1
−𝑟
2
)/2𝑓

and V = (𝑟
1
+ 𝑟
2
)/2𝑎, respectively, where 𝑟

1,2
are the distances

from the observation point 𝑃 to the foci of 𝐶 and 2𝑓 is the
focal distance. By taking into account that the length of the
ellipse 𝐶 is ℓ = 4𝑎E(𝜋/2 | 𝜀2), the bandwidth𝑊

𝜉
becomes

𝑊
𝜉
= (

4𝑎

𝜆
)E(𝜋

2
| 𝜀
2

) , (12)

wherein E(⋅ | ⋅) denotes the elliptic integral of second kind
and 𝜀 = 𝑓/𝑎 is the eccentricity of 𝐶. By straightforward
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Figure 5: Ellipsoidal source modelling: prolate case.

but lengthy computations, from (8), the following is obtained
[31]:

𝛾 = 𝛽𝑎[

[

V√
V2 − 1

V2 − 𝜀2
− E(cos−1√ 1 − 𝜀

2

V2 − 𝜀2
| 𝜀
2

)]

]

, (13)

𝜉 =
𝜋

2

{{{{{

{{{{{

{

E (sin−1𝑢 | 𝜀
2

)

E (𝜋/2 | 𝜀2)
+ 1 prolate ellipsoid

E (sin−1𝑢 | 𝜀
2

)

E (𝜋/2 | 𝜀2)
oblate ellipsoid.

(14)

Relation (14) is valid when the angle 𝜗 corresponding to
𝑃 belongs to the range [0, 𝜋/2]. The case in which 𝜗 belongs
to [𝜋/2, 𝜋] can be easily handled by determining the value 𝜉
corresponding to the point specified by𝜋−𝜗 and then putting
𝜉 = 𝜋 − 𝜉

.
It can be easily shown [31] that the spherical modelling

can be obtained from the prolate or oblate ellipsoidal one by
considering an ellipsoid with eccentricity 𝜀 = 0. It is worth
noting that in such a case the curves 𝛾 = const and 𝜉 = const
become circumferences and radial lines, respectively.

3. Nonredundant Spiral Scanning Techniques

Let us now consider a nondirective probe scanning a proper
spiral wrapping an arbitrary rotational surface M obtained
by rotating a meridian curve always external to the cone
having the vertex at 𝑃 and tangent to the rotational surface Σ
enclosing the AUT.The parametric equations of such a spiral
are

𝑥 = 𝑟 (𝜃) sin 𝜃 cos𝜙,

𝑦 = 𝑟 (𝜃) sin 𝜃 sin𝜙,

𝑧 = 𝑟 (𝜃) cos 𝜃,

(15)

wherein 𝜙 is the angular parameter describing the spiral, 𝑟(𝜃)
is specified by the meridian curve generating the surfaceM,
and the angle 𝜃 is a monotonic increasing function of 𝜙. It
can be easily recognized that 𝑟(𝜃) = 𝑑/ cos 𝜃 in the case of a
planar spiral lying on a plane at distance 𝑑 and 𝑟(𝜃) = 𝑑/ sin 𝜃
for a helix wrapping a cylinder of radius 𝑑, whereas 𝑟(𝜃) = 𝑑

when a spherical spiral is considered. It must be stressed that
the spiral angle 𝜃, unlike the zenithal one 𝜗, can take negative
values. In fact, when the spiral describes a complete round
on the surface M, moving from the south pole to the north
pole and then returning to the south one, 𝜃 varies in the
range [−𝜋, 𝜋]. Moreover, the angular parameter 𝜙 is always
continuous, whereas, according to (15), the azimuthal angle
𝜑 exhibits a discontinuity jump of 𝜋 when the spiral crosses
the poles.

In order to obtain a nonredundant sampling representa-
tion of the probe voltage on the surface M from its samples
acquired on the spiral, it is necessary [42]

(1) to choose the spiral in such a way that its pitch, speci-
fied by two consecutive intersections with a meridian
curve, be equal to the sample spacing needed for the
interpolation along this curve,

(2) to develop a nonredundant sampling representation
along the spiral.

According to condition (1), the optimal parameter 𝜉

relevant to the meridian curve and the angular one 𝜙

describing the spiral are related by

𝜉 = 𝑘𝜙, (16)

where 𝑘must be such that the intervalΔ𝜉 = 2𝜋𝑘, correspond-
ing to the spiral pitch, is equal to the required [31] sample
spacing 2𝜋/(2𝑁



+ 1), with 𝑁


= Int(𝜒𝑁) + 1 and 𝑁


=

Int(𝜒𝑊
𝜉
) + 1, Int(𝑥) denoting the integer part of 𝑥 and 𝜒 > 1

being an oversampling factor. Accordingly, 𝑘 = 1/(2𝑁


+ 1).
The development of a nonredundant sampling represen-

tation of the voltage along the spiral is a more difficult task,
which has been heuristically tackled in [42] by paralleling the
rigorous procedure [37] valid when adopting a spherical AUT
modelling.

Accordingly, the main results of the unified theory of
spiral scannings for antennas enclosed in a spherical surface
[37] are recalled in the following. In such a case, the optimal
parameter for describing ameridian curve is 𝜃 and the related
bandwidth is 𝛽𝑎. Moreover, the optimal phase factor 𝜓 and
parameter 𝜂 to get a nonredundant representation along the
spiral can be obtained from (4) and (6) by taking into account
that the extreme values of �̂� ⋅ �̂� occur [37] at the two tangency
points 𝑃

1,2
(Figure 6) between the sphere modelling the AUT

and the straight lines passing through the point 𝑄 on the
spiral and belonging to the plane specified by the unit vectors
�̂� (tangent to the spiral at𝑄) and 𝑟 (pointing from the origin
to the point𝑄). Denoting by �̂�

1,2
the related unit vectors and
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by 𝛿 the angle between 𝑟 and �̂� (Figure 6), it can be easily
verified that [37]

(�̂�
1
+ �̂�
2
)

2
= 𝑟 sin𝛼 = 𝑟√1 −

𝑎
2

𝑟2
, (17)

(�̂�
1
− �̂�
2
)

2
= 𝑛 cos𝛼, (18)

where 𝑛 is a unit vector orthogonal to 𝑟. Therefore

(�̂�
1
− �̂�
2
) ⋅ �̂�

2
= (𝑛 ⋅ �̂�) (

𝑎

𝑟
) = (

𝑎

𝑟
) sin 𝛿. (19)

By substituting (17) in (4) and taking into account that
d𝑟 = 𝑟 ⋅ �̂�d𝑠, the following is obtained:

𝜓 = 𝛽∫

𝑟

0

√1 −
𝑎
2

𝑟2
d𝑟 = 𝛽√𝑟2 − 𝑎2 − 𝛽𝑎 cos−1 (𝑎

𝑟
) (20)

that is, when adopting a spherical modelling, the phase
function 𝜓 relevant to the sampling representation along the
spiral coincides with that 𝛾 relevant to the representation on
a meridian curve.

On the other hand [37],

d𝑠 = √𝑟2sin2𝜃 + 𝑘2𝑟2 + 𝑘2 ̇𝑟2 d𝜙, (21)

wherein ̇𝑟 = d𝑟/d𝜃. Moreover,

𝑟 ⋅ �̂� =
d𝑟
d𝑠

=
d𝑟
d𝜙

d𝜙
d𝑠

= [
d𝑟
d𝜃

d𝜃
d𝜙

]
d𝜙
d𝑠

= 𝑘 ̇𝑟
d𝜙
d𝑠

=
𝑘 ̇𝑟

√𝑟2sin2𝜃 + 𝑘2𝑟2 + 𝑘2 ̇𝑟2

(22)

and, therefore,

sin 𝛿 = √1 − (𝑟 ⋅ �̂�)
2

= √
𝑟
2sin2𝜃 + 𝑘

2

𝑟
2

𝑟2sin2𝜃 + 𝑘2𝑟2 + 𝑘2 ̇𝑟2
. (23)

By taking into account such a relation and substituting
(19) and (21) in (6), we get

𝜂 =
𝛽𝑎

𝑊
𝜂

∫

𝜙

0

√𝑘2 + sin2𝑘𝜙 d𝜙. (24)

According to such a relation, when adopting a spherical
modelling, the optimal parameter 𝜂 for describing the spiral
is 𝛽/𝑊

𝜂
times the arclength of the projecting point that lies

on the spiral wrapping the sphere Σ.
It is worth noting that the scanning spiral can be viewed

as obtained by radially projecting the corresponding one
wrapping, with the same pitch, the modelling sphere. Since
such a spiral is a closed curve, it is convenient to choose the
bandwidth𝑊

𝜂
in such a way that the angular-like parameter

𝜂 covers a 2𝜋 range when the whole projecting curve is
described. Accordingly,

𝑊
𝜂
=
𝛽𝑎

𝜋
∫

(2𝑁


+1)𝜋

0

√𝑘2 + sin2𝑘𝜙d𝜙; (25)
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Figure 6: Geometry of the problem in the plane �̂�, 𝑟.

that is, the bandwidth𝑊
𝜂
is 𝛽/𝜋 times the length of the spiral

which wraps from pole to pole the modelling sphere.
Let us now turn to the more general case wherein the

AUT is no longer modelled as enclosed in a sphere. The
parameterization 𝜂 to describe the scanning spiral, the related
phase factor 𝜓, and bandwidth 𝑊

𝜂
can be heuristically

determined [42] by generalizing the corresponding relations
for the case of the spherical modelling (see (24), (20), and
(25)). In particular, 𝜂 is 𝛽/𝑊

𝜂
times the arclength of the

projecting point that lies on the spiral wrapping the surface
Σ (the projection is obtained by the curves at 𝜉 = const that,
in such a case, take the role of the radial lines of the spherical
modelling), 𝜓 coincides with the phase function 𝛾 relevant
to a meridian curve, and the bandwidth𝑊

𝜂
is 𝛽/𝜋 times the

length of the spiral wrapping Σ from pole to pole. In other
words, the spiral, 𝜓, and 𝜂 are such that they coincide with
those relevant to the spherical modelling when the surface Σ
approaches a sphere.

According to these results, the reduced voltage at any
point 𝑄 of the spiral can be reconstructed by the following
OSI expansion [37, 42]:

�̃� (𝜂) =

𝑚0+𝑝

∑

𝑚=𝑚0−𝑝+1

�̃� (𝜂
𝑚
)Ω
𝑀
(𝜂 − 𝜂

𝑚
)𝐷
𝑀
 (𝜂 − 𝜂

𝑚
) , (26)

where 2𝑝 is the number of retained samples �̃�(𝜂
𝑚
), 𝑚
0
=

Int(𝜂/Δ𝜂) is the index of the sample nearest (on the left) to
the point 𝑄, and

𝜂
𝑚
= 𝑚Δ𝜂 =

2𝜋𝑚

(2𝑀 + 1)
(27)

with𝑀 = Int(𝜒𝑀) + 1 and𝑀 = Int(𝜒𝑊
𝜂
) + 1. Moreover,

𝐷
𝑀
 (𝜂) =

sin ((2𝑀 + 1) 𝜂/2)

(2𝑀 + 1) sin (𝜂/2)
,

Ω
𝑀
(𝜂) =

𝑇
𝑀
[−1 + 2(cos(𝜂/2)/ cos(𝜂/2))2]
𝑇
𝑀
[−1 + 2/cos2 (𝜂/2)]

(28)



International Journal of Antennas and Propagation 7

are the Dirichlet and Tschebyscheff sampling functions [62],
wherein 𝑇

𝑀
(𝜂) is the Tschebyscheff polynomial of degree

𝑀 = 𝑀


−𝑀
 and 𝜂 = 𝑝Δ𝜂.

It is worth noting that small variations of 𝜂 correspond
to very large changes of 𝜙 in the neighbourhood of the poles
(𝜗 = 0 and 𝜗 = 𝜋), so that, when interpolating the voltage
in these zones, the enlargement bandwidth factor 𝜒 must be
properly increased in order to avoid a significant growth of
the bandlimitation error.

TheOSI expansion (26) can be employed to determine the
“intermediate samples,” that is, the reduced voltage values at
the intersection points between the spiral and the meridian
curve passing through the observation point 𝑃. Once these
samples have been evaluated, the voltage at the point 𝑃 can
be reconstructed by means of the following OSI expansion:

𝑉 (𝜉 (𝜗) , 𝜑)

= 𝑒
−𝑗𝛾(𝜉)

𝑛0+𝑞

∑

𝑛=𝑛0−𝑞+1

�̃� (𝜉
𝑛
)Ω
𝑁
(𝜉 − 𝜉

𝑛
)𝐷
𝑁
 (𝜉 − 𝜉

𝑛
) ,

(29)

where 2𝑞 is the number of retained intermediate samples
�̃�(𝜉
𝑛
), 𝑛
0
= Int[(𝜉−𝜉

0
)/Δ𝜉] is the index of the sample nearest

(on the left) to the point 𝑃,𝑁 = 𝑁


− 𝑁
,

𝜉
𝑛
= 𝜉
𝑛
(𝜑) = 𝑘𝜑 + 𝑛Δ𝜉 = 𝜉

0
+ 𝑛Δ𝜉, (30)

and the other symbols have the same or analogous meanings
as in (26).

The effectiveness of the OSI algorithms depends on the
choice of 𝜒, 𝜒, and 𝑝, 𝑞. Values of 𝜒 slightly greater than
unity are enough to ensure small aliasing errors in the case
of electrically large antennas [30]. A rigorous procedure to
properly select it is described in [62]. As regards the choice
of the parameters controlling the truncation error, that is, the
oversampling factor 𝜒 and the numbers 𝑝, 𝑞 of the retained
samples, it can be numerically made as in [31]. Note that
such an error can be decreased on increasing the parameters
𝑝, 𝑞 and/or 𝜒. An increase of 𝑝, 𝑞 implies a growth of the
interpolation time, whereas an increase of 𝜒 reflects in a
growth of neededNF data and the relatedmeasurement time.
In practice, the choice of these parameters is done in such
a way that the error due to the interpolation (aliasing plus
truncation) must be smaller than the measurement one.

4. Numerical and Experimental Results

Some representative numerical and experimental results rel-
evant to the spherical spiral scanning case when considering
quasi-planar and electrically long antennas, respectively, are
reported in the following for reader’s convenience. The
interested reader can find other numerical and experimental
results relevant to the spherical spiral scanning case as well
as to the helicoidal and the planar spiral one in the quoted
references. The reason for the choice of spherical spiral
scanning case, notwithstanding its less effectiveness from
the data reduction and measurement time saving viewpoints
with respect to the helicoidal and planar spiral scan, is
due to the fact that such a scanning, as the spherical one,

z
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Figure 7: Spherical spiral scanning for a quasi-planar antenna.

allows the reconstruction of thewholeAUT radiation pattern.
Moreover, since it allows the characterization of planar,
quasi-planar and elongated antennas, commonly adopted
in modern wireless communication systems, the flexible
AUT modellings adopted in the following examples have
been employed also in the planar spiral scanning and in
the helicoidal one, respectively. On the other hand, these
two AUT modellings together with the already described
ellipsoidal ones provide a whole survey on how to effectively
model nonspherical antennas.

The following numerical simulations are relevant to the
spherical spiral scanning and to a quasi-planar antenna
modelled as enclosed in a double bowl, that is, a surface Σ
formed by two circular “bowls” [48] with the same aperture
diameter 2𝑎, but with bending radii 𝑐 and 𝑐 of the upper and
lower arcs eventually different to fit better the actual AUT
geometry (see Figure 7). It can be easily recognized that the
surface Σ coincides with a sphere if 𝑐 = 𝑐



= 𝑎, it becomes a
half-sphere if 𝑐 = 0 and 𝑐



= 𝑎, and it reduces to a circular
dish for 𝑐 = 𝑐



= 0. The expressions of the bandwidth 𝑊
𝜉
=

𝛽ℓ


/2𝜋 and of the parameterization 𝜉 relevant to a meridian
and the related phase function 𝛾 (see (8)) can be obtained
by properly taking into account the geometry of Σ. It can
be easily verified that the expressions of 𝑅

1,2
and 𝑠


1,2

change
depending on the location of the tangent points 𝑃

1,2
and that

five cases must be considered for 𝜗 ranging in [0, 𝜋]. Their
explicit expressions can be found in [48]. The reported tests
refer to a spiral lying on sphere of radius 𝑑 = 30𝜆 and to three
uniform planar circular arrays placed at 𝑧 = −5𝜆, 0𝜆, 5𝜆,
having radius equal to 15𝜆, 20𝜆, and 15𝜆, respectively. Their
elements are elementary Huygens sources linearly polarized
along 𝑦 and are radially and azimuthally spaced by 0.5𝜆. Such
an antenna has been fitted by a double bowlwith 𝑐 = 𝑐



= 5.3𝜆

and 𝑎 = 20𝜆, and an open-ended circular waveguide, having
radius 𝜌 = 0.338𝜆, has been considered as probe.

The reconstructions of the amplitude and phase of the
probe voltage 𝑉 on the meridian at 𝜑 = 0

∘ are reported
in Figures 8 and 9, respectively. In both cases, a very good
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agreement between the exact and the reconstructed plot
results. Note that an enlargement bandwidth factor such that
the sample spacing is reduced by a factor 11 has been adopted
in the zones of the spiral determined by the 46 samples
around the poles. The accuracy in the NF interpolation is
also confirmed by the values of the maximum and mean-
square errors (normalized to the voltage maximum value on
the sphere) relevant to the probe voltage 𝑉 shown in Figures
10 and 11 for 𝑝 = 𝑞 ranging from 2 to 10, 𝜒 = 1.20

(save for the polar zones), and 𝜒 = 1.10, 1.15, 1.20, 1.25. As
expected, they decrease to very low values on increasing the
oversampling factor and/or the number of retained samples.
Note that, according to these plots, the maximum and mean-
square reconstruction errors corresponding to the chosen
values of the OSI parameters are about −45 dB and −60 dB,
respectively. At last, the developed interpolation algorithm
has been applied to retrieve the NF data needed to carry
out the spherical NF-FF transformation [55], as modified
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Figure 10: Normalized maximum errors in the reconstruction of𝑉.

1 2 3 4 5 6 7 8 9 10 11

𝜒 = 1.10

𝜒 = 1.15

𝜒 = 1.20

𝜒 = 1.25

p = q

N
or

m
al

iz
ed

 m
ea

n-
sq

ua
re

 er
ro

r (
dB

)
−30

−40

−50

−60

−70

−80

−90

𝜒 = 1.20

Figure 11: Normalized mean-square errors in the reconstruction of
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in [63, 64]. The reconstructed FF pattern in the H-plane is
shown in Figure 12. As can be seen, the reconstruction is
very accurate, thus assessing the overall effectiveness of the
technique.

It is worthy to note that the number of samples on the
spiral is 28483, significantly less than the one (43664) needed
by the approach in [37]. In particular, the number of “regular
samples” at spacing Δ𝜂 is 27563, whereas the number of
“extra samples” at reduced spacing is 920. Moreover, the
number of samples collected along the spiral is much less
than that (130562) required by the NF-FF transformation
with spherical scanning [55].

For reader’s convenience, we report in the following
some experimental results already published in [51] and
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Figure 12: H-plane pattern. Solid line: exact. Crosses: reconstructed
from NF measurements.

relevant to the spherical spiral scanningwhen dealingwith an
electrically long antenna modelled as enclosed in a rounded
cylinder, namely, a cylinder of height ℎ ended in two half-
spheres of radius 𝑎 (see Figure 13). Also such a modelling is
quite general, containing the spherical one as particular case
(ℎ = 0), and allows fitting very well many real antennas
[1–19] by properly choosing the values of the parameters ℎ
and 𝑎

. The expressions of the bandwidth 𝑊
𝜉
= 𝛽ℓ


/2𝜋 and
of 𝜉 and 𝛾 (see (8)) can be again easily obtained by taking
into account the geometry of Σ. As before, the expressions
of 𝑅
1,2

and 𝑠


1,2

change depending on the location of the
tangency points 𝑃

1,2
, but now three cases must be considered

when 𝜗 varies in the range [0, 𝜋]. Their explicit expressions
can be found in [51]. The reported experimental results have
been carried out in the anechoic chamber of the Antenna
Characterization Lab of University of Salerno, which is pro-
vided with a roll (𝜑 axis) over azimuth (𝜗 axis) spherical NF
facility supplied byMI Technologies.The chamber is covered
with pyramidal absorbers ensuring a wall reflectivity less
than –40 dB. An open-ended WR90 rectangular waveguide
is used as probe and its response has been collected on a
spiral wrapping a sphere having radius 𝑑 = 45.2 cm. The
amplitude and phase measurements are accomplished by
means of a vector network analyzer.The considered AUT is a
X-band resonant slotted waveguide arraymade by PROCOM
A/S and working at 10.4GHz, realized by cutting 12 round-
ended slots on both the broad walls of a WR90 rectangular
waveguide and soldering two cylinders on its narrow walls
(see Figure 14). According to the adopted representation, such
an antenna has been modelled by a rounded cylinder with
ℎ


= 28.28 cm and 𝑎


= 2.60 cm and mounted in such a way
that the broad walls are parallel to the plane 𝑦 = 0 and its axis
is coincident with the 𝑧 one.

The effectiveness of the two-dimensional OSI expansion
is assessed by comparing the amplitude and phase of the
recovered voltage 𝑉 relevant to the meridian 𝜑 = 0

∘ with
those directly acquired on the same meridian (see Figures
15 and 16). As it can be seen, there is a very good agreement

z

x y

h

O
Σ

2a

P(d, 𝜗, 𝜑)

Figure 13: Spherical spiral scanning for an elongated antenna.

between the reconstructed voltage and the directly measured
one, save for the zones characterized by a very low level,
wherein the error is due to the noise and the residual
reflections from the anechoic chamber walls. It is useful to
note that an enlargement bandwidth factor 𝜒 such that the
spacing among the samples is reduced exactly by a factor 5
has been adopted in the zones of the spiral determined by the
20 samples around each pole.

At last, the E-plane and H-plane FF patterns recon-
structed from theNF set ofmeasurements acquired bymeans
of the spherical spiral scan are compared in Figures 17 and 18
with those (references) obtained from the NF data directly
measured on the classical spherical grid. In both cases, the
software package MI-3000, which implements the classical
spherical NF-FF transformation [55], has been used to get
the FF patterns. In particular, the reconstruction error, useful
to appreciate the error levels, is also reported in Figure 18.
As can be seen, the reconstructions are very accurate, thus
fully confirming also from the experimental viewpoint the
effectiveness of the described technique.

Note that the number of used samples is 1024, signif-
icantly less than those (3622 and 5100) required by the
NF-FF transformation with spiral scanning [37] based on
the spherical AUT modelling and by the MI Technologies
software package implementing the classical NF-FF trans-
formation [55], respectively. In particular, the number of
regular samples is 864, whereas the number of extra samples
at reduced spacing is 160.

It is worth noting that, in this example, the reduction rates
of the needed NF data with respect to those required in the
spherical spiral scan [37] using the spherical modelling and
in the classical one are much greater than the corresponding
ones obtained in the former example.This is a general validity
result: for long antennas, usually adopted in urban radio
base station [7–9], the time saving achievable by using the
appropriate spiral scanning technique is usually remarkably
greater than that for the quasi-planar ones, since the number
of spiral turns is related to the length of 𝐶, whereas the
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Figure 14: Photo of the X-band resonant slotted waveguide array.
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Figure 15: Amplitude of 𝑉 on the meridian at 𝜑 = 0
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line: measured. Crosses: recovered from NF data acquired via the
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line: measured. Crosses: recovered from NF data acquired via the
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average number of samples on each turn depends on the
maximum transverse radius of Σ.

5. Conclusions

This paper provides a comprehensive overview of the nonre-
dundant NF-FF transformations using fast spiral scanning
techniques, which allow a drastic time saving, since they are
realized through continuous and synchronized movements
of the positioning systems and require a reduced number of
NF measurements. The authors have first recalled the results
on the nonredundant representations of EM fields, which
constitute the theoretical background of the spiral scanning
techniques.Then, they have described the reasoning involved
in the heuristic approach that allowed the development
of the unified theory concerning the spiral scannings for
nonspherical antennas from that for the quasi-spherical ones.
The OSI algorithm, used to determine the voltage measured
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by a nondirective probe on a quite arbitrary rotational surface
from a nonredundant number of its samples collected along
a proper spiral, has been also presented. Although this
theory is valid for spirals lying on quite arbitrary rotational
surfaces, its application to spirals wrapping the conventional
scanning surfaces has made possible the development of
accurate NF-FF transformations which use a nonredundant
number of NF spiral data and allow remarkably reducing
the measurement time, since the NF data needed by the
corresponding classical NF-FF transformation are accurately
reconstructed from those collected on the spiral path. NF-
FF transformation techniques allowing a remarkable time
saving without losing the efficiency of the classical ones
are so made available to the antenna designers and to the
measurement community involved in the development of the
modern wireless communication systems.
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A multiband printed Log-periodic dipole array (LPDA) antenna for wireless communications is presented. The antenna has been
designed starting from Carrel’s theory, optimized using CST Microwave Studio 2012, and then realized. The comparison between
simulated and measured results shows that the proposed antenna can be used for wireless communications both in the S (2.4–
3GHz) and in the C (5.2–5.8GHz) frequency bands, with very good input matching and a satisfactory end-fire radiation pattern.
Moreover, it has a compact size, is very easy to realize, and presents an excellent out-of-band rejection, without the use of stop-band
filters, thus avoiding interference out of its operating frequency band.

1. Introduction

The increasing demands of wireless, and short range, high
data rate transmissions, pushed to propose new wireless
protocols using different bands of the frequency spectrum,
in order to support high data rate wireless communications.
This rapid development of short-range radio links in the
mobile communications and wireless industry (especially
Wi-Fi and wireless local area network (WLAN)) calls for
antennas able to operate in different frequency bands simulta-
neously (multiband antennas), offering wideband operations
covering the whole WLAN services. The most common
desirable requirement consists of providing multiband oper-
ations, and the frequency bands required to a single antenna
are 2.4–2.484GHz for Bluetooth applications, 2.4GHz and
5GHz for Wi-Fi applications (following HiperLan proto-
col), and 2.4GHz, 5.2 GHz, 5.4 and 5.8GHz for WLAN
applications (following WLAN IEEE 802.11 standards). The
demand for antennas offering high performance, compact
size, and low cost, besides an easy integration into front-
end circuits, suggests the use of printed technologies [1–
3]. As a matter of fact, planar antennas are widely used
because of their low profiles, easy design, and fabrication.
In the design of the planar antennas, the microstrip-fed [4–
6] and coplanar waveguide (CPW-) fed [7–10] are the most

popular feeding structures adopted in the recent literature.
Multifrequency antennas are becoming very important since
their use allows the reduction of the numbers of antennas
and themeeting of the applications of many different wireless
communication systems simultaneously, such as Wireless
Local Area Network (WLAN) and IEEE 802.16 Worldwide
Interoperability for Microwave Access (WiMAX). A variety
of structures for designing multiband WLAN planar anten-
nas have been proposed in recent years [4–12], based on
known antenna concepts, but showing either a multiband
or a tunable behaviour. Among the available current wire-
less communication standards, Wi-Fi is nowadays rapidly
gaining more and more supporters. The Wi-Fi standard is
based on the well-established protocols IEEE 802.11a, 802.11b,
and 802.11 g and the emerging 802.11n [13]. The considered
operating frequencies are within the industrial, scientific, and
medical (ISM) free window: 2.412 and 2.484GHz (2.45-GHz
center frequency and 72-MHz bandwidth) for the 802.11b
and 802.11g protocols, 5.170, and 5.805GHz (5.5-GHz center
frequency and 635-MHz bandwidth) for the 802.11a protocol,
while the 802.11n protocol employs both frequency bands
simultaneously [13, 14].

In this work, a multiband printed log-periodic dipole
array, working both in the S and in the C frequency bands
(from 2.4 to 3GHz and from 5.2 to 5.8GHz), which can be
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used as a multiband antenna for wireless communications,
is presented, satisfying the requirements of several wireless
communication standards, such as HiperLan, IEEE 802.11
and Bluetooth [13]. The proposed antenna is very easy to
realize, is very compact, and presents an excellent out-of-
band rejection, without the use of stop-band filters. The
designed antennameets also the requirements ofmeteorolog-
ical radars, whose operating frequency bands are 2.7–3.0GHz
for the S-band and 5.4–5.8GHz for the C-band [1].Therefore,
it can be effectively used also as a feed for reflector antennas
in weather radar applications.

2. Antenna Design

In this section the design of a high gain feed for wireless
communications is presented. As pointed out in Section 1, the
S- and C-band are the most widely used in wireless commu-
nications, and therefore the design of a high gain printed log
periodic feed able to work both in S- and C-band is discussed
here. The concept of log-periodic printed antennas is applied
separately to two different groups of dipoles designed to
operate each one in a specific frequency band.The two groups
of dipoles have been then connected together, obtaining the
configuration shown in Figure 1. The distance 𝑑 between
the two groups of dipoles has subsequently been optimized,
aiming for the best input matching of the whole antenna.
The final distance 𝑑 is relatively small, and comparable to the
spacing between two adjacent dipoles of the LPDA, resulting
in a very compact multiband antenna.

This solution allows the obtaining of a log periodic
antenna with a reduced size, operating only in the ranges
2.4–3.0GHz and 5.2–5.8GHz, instead of a complete printed
LPDA array working between 2.4 and 5.8GHz.

2.1. S-Band and C-Band LPDA Design. The two LPDAs
operating, respectively, only in the S-band and only in the
C-band have been designed separately, and their geometrical
parameters are shown in Table 1. For each group of dipoles,
the number of dipoles and the scaling factor 𝜏must be defined
[15–17]. Even though both parameters can be different for
each group of dipoles, as a design rule we choose to use the
same values for both groups.

The number of dipoles of each group is determined by the
design specifications (i.e., the requirements on the frequency
bandwidth and the directivity). In our case, for the proposed
printed LPDA feed, we require an average directivity of 9 dBi,
and therefore, following Carrel [15], we set the log period, 𝜏 =
𝐿
𝑛+1
/𝐿
𝑛
, and the spacing factor, 𝜎 = 𝑆

𝑛
/4𝐿
𝑛
, of both groups

of dipoles to the values 𝜏 = 0.94 and 𝜎 = 0.17.
The chosen dielectric substrate is the ARLON AD 450,

a material developed for high power applications [18], with
low losses (dielectric loss tangent 𝛿 = 0.0035) and a
dielectric permittivity 𝜀

𝑟
= 4.5. The substrate thickness

and metallization are, respectively, ℎ = 1.524mm and 𝑡 =
0.070mm. The metal thickness has been chosen to be twice
the typical metal thickness of LPDAs (0.035mm), so as to
increase the power level capability of the antenna.
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Table 1: Geometrical parameters of S-C band printed LPDA.

Dipole 𝐿
𝑛

[mm] 𝑊
𝑛

[mm] 𝑆
𝑛

[mm]
8S-band 18.44 2.87 12.54
7S-band 17.34 2.70 11.79
6S-band 16.30 2.54 11.08
5S-band 15.32 2.39 10.42
4S-band 14.40 2.24 9.79
3S-band 13.54 2.11 9.20
2S-band 12.72 1.98 8.65
1S-band 11.96 1.86
8C-band 7.99 1.50 5.43
7C-band 7.51 1.41 5.10
6C-band 7.06 1.32 4.80
5C-band 6.64 1.25 4.51
4C-band 6.24 1.17 4.24
3C-band 5.86 1.10 3.99
2C-band 5.51 1.03 3.74
1C-band 5.18 0.97

The characteristic impedance 𝑍
0
of the printed feeding

lines (paired strips) of the two groups of dipoles has been
selected in order to obtain easy matching with the employed
UT-056 coaxial cables [19]: by choosing𝑍

0
= 50Ω, we obtain

𝑊 = 2.8864mm.
The number 𝑁 of elements of each group of dipoles is

computed by using the expressions given by Carrel [15–17];
starting from the required bandwidths, we get number of
dipoles𝑁 = 8 and aperture angle 2𝛼 = 5.042∘.

The lengths 𝐿
𝑁,S-Band and 𝐿

𝑁,C-Band and the widths
𝑊
𝑁,S-Band and 𝑊

𝑁,C-Band of the longest dipole of each group
(S-band and C-band) have been evaluated using the cut-and-
try procedure described in [16, 17], obtaining 𝐿

𝑁,S-Band =
18.444mm, 𝑊

𝑁,S-Band = 2.875mm, 𝐿
𝑁,C-Band = 7.990mm,

and𝑊
𝑁,C-Band = 1.50mm.

The lengths and widths of the other dipoles of each group
are computed by using the well-known expressions for
LPDAs [16, 17, 20]:

𝐿
𝑛+1

𝐿
𝑛

=
1

𝜏
𝑛 = 1, . . . , 8. (1)

In Figure 2 the simulated reflection coefficient for the group
of dipoles designed to work in the S-band is reported, and the
input matching is less than −10 dB in the required frequency
band 2.4–3GHz. Figure 3 shows the simulated reflection
coefficient for the group of dipoles designed to work in the
C-band, and, also in this case, the input matching is less than
−10 dB in the required frequency band (5.2–5.8GHz).

Figures 2 and 3 show also the simulated realized gain
𝐺
𝑅
for the group of dipoles working in the S- and C-band,

respectively. In both cases, the realized gain rapidly decreases
out of the working bandwidth, while the radiation pattern
deteriorates in the same way, showing a higher SLL and a bad
front-to-back ratio with respect to the values assumed within
the antenna working bandwidth.
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Figure 2: S-band dipoles group reflection coefficient and realized
gain versus frequency.
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Figure 3: C-band dipoles group reflection coefficient and realized
gain.

2.2. Complete Antenna Design. The two groups of dipoles
designed in Section 2.1 have been connected together, obtain-
ing the configuration shown in Figure 1. The geometrical
parameters of the dipoles are reported in Table 1.

The value of the distance 𝑑 between the two groups
of dipoles has been chosen so to obtain the best input
matching of the whole antenna. The distance 𝑑 has been
optimized using CST Microwave Studio, and the optimal
value is equal to only 8.3mm.This distance is relatively small,
and comparable to the spacing between two adjacent dipoles
of the LPDA, resulting in a very compact multiband antenna.

The starting length of the final termination 𝐿
𝐻

of the
paired strips has been chosen to be equal to one half of the
free-space wavelength at the highest operating frequency and
then optimized aiming at the best antenna input matching,
obtaining the value of 𝐿

𝐻
= 7.374mm.

The feeding network selected for the designed antenna
consists of a coaxial cable. The outer conductor of the coaxial
cable is soldered to the bottom layer of the LPDA, and
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(a) (b)

Figure 4: Photo of the designed LPDA antenna shown in Figure 1: (a) front; (b) back.

the inner conductor is connected to the top layer of the
antenna using a via-hole inside the substrate. An additional
floating mirror coaxial cable, soldered in the top layer of
the array, able to improve the antenna performances, has
been used (as indicated in Figure 1). In fact, the insertion
of an additional mirror coaxial cable gives to the antenna
significantly better radiation performances, and allows the
stabilizing of the phase center, without affecting the antenna
input matching [16]. On the other hand, the LPDA could
also be fed using a fully planar network, namely a copla-
nar waveguide [17], solution which allows a more simple
realization, and with a low cost, a compact size, and an
easier connectionwith the SMA connector, but handling only
low power levels, due to the dielectric breakdown of the air
between the metallic strips.

3. Results

The LPDA, designed in Section 2, has been manufactured
(see Figure 4) and fully characterized. All the numerical
results take into account also the additional floating mirror
coaxial cable, positioned in the top layer of the array.

In Figure 5 the comparison between the simulated and
experimental reflection coefficient for the complete antenna
is shown, and the input matching is very satisfactory, being
less than −10 dB both in the S- and in the C-band (2.4–3GHz,
5.2–5.8GHz). The simulated and measured data are in very
good agreement, and the out-of-band rejection is very good,
especially considering that no stop-band filters have been
used in the antenna design.

Figure 6 reports the frequency behaviour of the realized
gain G

𝑅
for the antenna shown in Figure 1 (both evaluated by

CST and measured). The antenna gain has an average value
equal to 8.75 dB in the S-band and equal to 9.35 dB in the C-
band. On the other hand, it rapidly drops to less than 3 dB
out of the working frequency band, confirming the very good
out-of-band rejection of the proposed antenna.

In Figure 7 the simulated 𝐸- and𝐻-Plane antenna radia-
tion patterns are shown. The cross-polar component is not
shown, since it is always below −35 dB with respect to the
copolar component of the radiated field. The radiation pat-
tern shows an end-fire behavior within the design frequency
band (2.4–3GHz and 5.2–5.8GHz), with a SLL below −27 dB
and anF/B ratio above 28 dB,while it deteriorates very rapidly
out-of-band, with both a bad SLL and front-to-back ratio.
The symmetry of the in-band radiated field is very good
both in the 𝐸- and in the 𝐻-planes, thanks to the additional
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Figure 5: Magnitude of the reflection coefficient versus frequency
for the designed LPDA antenna shown in Figure 1.
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Figure 7: 𝐸-Plane and𝐻-Plane radiation pattern of the designed LPDA antenna shown in Figure 1: (a) in-band; (b) out-of-band.
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mirror coaxial cable, soldered in the top layer of the LPDA.
Therefore, the proposed LPDA can be successfully used as a
multiband antenna for wireless communications.

4. Conclusion

A multiband printed Log-periodic dipole array (LPDA)
antenna for wireless communications, covering both the S
(2.4–3GHz) and the C (5.2–5.8GHz) frequency bands has
been presented. The antenna is fed using two coaxial cables,
which provide the required broadband input matching,
and improve the radiation pattern when compared with an
antenna fed with a single coaxial cable. The simulated and
measured results are in very good agreement, showing a
very good input matching, an end-fire radiation pattern,
and an excellent rejection out of its operating frequency
band, without the use of stop-band filters, avoiding undesired
interference. The antenna realized gain is above 8.75 dB
within the working band, decreasing to less than 3 dB in the
out-of-band range.
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A coplanar waveguide- (CPW-) fed dual-band-notched antenna with sharp skirt selectivity for ultrawideband (UWB) applications
is presented. The proposed antenna is composed of a radiant patch with a C-shaped slot and a C-shaped stub on the back surface
of the substrate. By using the C-shaped slot and the C-shaped stub, dual-band-notched characteristics can be generated. In this
way, a more practical and effective approach to design an UWB antenna with sharp notched-band-edge selectivity is developed.
Themeasurement results show dual notched bands of 4.96–5.42GHz and 5.71–5.91 GHz, which can reject the interference between
IEEE 802.11a bands (5.15–5.35GHz and 5.725–5.825GHz) and UWB systems. The fabricated antenna shows good omnidirectional
radiation patterns with acceptable gain and group delay.

1. Introduction

Ultrawideband (UWB) technology has recently become one
of the most promising candidates for short-range high-
bandwidth indoor and outdoor wireless communications
systems. Since the UWB systems occupy an extremely wide
band from 3.1 to 10.6GHz, it is necessary to reject the
interference with the existing wireless local area network
(WLAN) for IEEE 802.11a operating at 5.15–5.35GHz and
5.725–5.825GHz. As a critical component of anUWB system,
band-notched UWB antennas have been widely investigated
[1–12]. Numerous techniques have been proposed to realize
band-notched function such as utilizing parasitic elements
[1], defected ground structure [2], T-shaped stub embedded
in the slot [3], modified split-ring resonator (SRR), andmany
kinds of slots, such as circle-like slot [4], F-shaped slot [5], T-
shaped slot [6], E-shaped slot [7], C-shaped slot [8], inverted
V-shaped slot [9], inverted S-shaped slot [10], inverted T-
shaped slot [11], and Π-shaped slot [12].

However, most band-notched antennas cannot provide
sharp notched-band-edge selectivity and dual-band-notched
characteristics for IEEE 802.11a, which results in the fact
that the entire 5-6 GHz frequency band has been completely
rejected [13]. The signal contained in the frequency band
of 5.35–5.725GHz is also rejected, which results in severe

system performance degradation. Several approaches have
been proposed to achieve sharp band-notched character-
istics, for instance, inserting a half-wavelength C-shaped
slot in the patch and adding two half-wavelength stepped
impedance resonators around the feed line [14], slitting an
open-ended quarter-wavelength split slot on the back of the
feed and a short-ended half-wavelength split-ring slot near
the stepped slot [15], using double open-circuited stubs [16],
and employing a pair of Y-shaped strips to the annular ring
and an inverted V-shaped slot on the patch [17]. However,
few of the reported notch-band UWB antennas with sharp
skirt selectivity could just cover 5.15–5.35GHz and 5.725–
5.875GHz [14].

To realize compact UWB system, planar dipole antennas
can be a good candidate because of their attractive merits
such as compact size, low cost, ease of fabrication, and
easy integration with feed network. Several novel planar
dipole antenna structures have been proposed to widen the
impedance matching bandwidth [18–22]. Cappelletti et al.
present a drop-shaped dipole antenna which can be used
to realize compact array antennas or to reduce the spurious
radiation level in the direction of feeding line [18]. A planar
dipole UWB antenna with two semielliptical-ended arms
connected by a shorting bridge is proposed to achieve
enhanced impedance and gain performance [19]. Printed
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Figure 1: Geometry of the proposed antenna. (a) Structure and (b) photographs.
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Figure 2: Simulated return loss of the proposed antenna with three configurations of slot and stub.
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.

dipole antenna with integrated balun provides wideband
impedancematching withminiature size [20]. In [21], a novel
wideband balanced loop-dipole composite antenna with
end-fire radiation is presented. The measured impedance
bandwidth is 129% (from 3.26 to 15GHz). In [22], a differ-
entially fed magnetoelectric dipole (ME dipole) is designed
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Figure 5: Simulated return loss of the proposed antenna with
different values of 𝑅.

by introducing two slots in the dipole arms so providing an
ultrawideband impedance matching. However, these anten-
nas often suffer from high profiles or the structures are too
complicated to be fabricated and assembled.

In this study, a novel band-notched UWB antenna with
sharp selectivity is presented. The proposed antenna consists
of a radiant patch with an embedded C-shaped slot and a C-
shaped stub on the back surface of the substrate. The desired
notched band can be easily achieved by properly designing
a C-shaped slot and a C-shaped stub. In this way, two stop
bands with sharp skirt selectivity can be obtained.
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This paper is organized as follows. The antenna structure
and details of the parameter optimizations are introduced in
Section 2. In addition, the surface current distributions are
also provided and analyzed. Section 3 shows the measure-
ment results of the proposed antenna, namely, its reflection
coefficient, radiation patterns, and gain. Finally, Section 4
presents the conclusion for this research.

2. Antenna Configuration

The geometry of the proposed dual-band-notched UWB
antenna is depicted in Figure 1. The antenna is fabricated
on a 38mm × 44mm × 0.8mm F4B substrate with relative
permittivity 2.55, loss tan 0.003, and thickness of 0.8mm.
The antenna consists of a radiator with a C-shaped slot, a
taped CPW line on the front of the substrate, and a C-
shaped stub on the back surface of the substrate. The key
innovation in the proposed design is to use both the C-
shaped slot and the C-shaped stub to achieve dual-notched-
band characteristics with sharp skirt selectivity.The proposed
antenna is fed by the coplanar waveguide (CPW) due to its
significant advantages compared to microstrip-fed lines, for
instance, unipolar configuration, easy integration, compact
size, and ease ofmanufacture. Furthermore, the taperedCPW
could improve the impedance matching in a wide frequency
band.

3. Results and Discussions

3.1. Return Loss. Figure 2 shows the return loss of the pro-
posed antenna under three structures: (1) Structure 1: without
the slot and the stub, (2) Structure 2: with the slot but without
the stub, and (3) Structure 3: with both the slot and the
stub. As can be observed from Figure 2, the slot introduces a
single-band-notched function, while the dual-band-notched
function is achieved by employing both the slot and the stub.

To further investigate the effect of the stub on the return
loss of the proposed antenna, various lengths of the stub have
been studied and optimized. Figure 3 shows the return loss of
the proposed antenna with different lengths of the parameter
𝑆𝐿
1
. From this figure, it appears that, by adjusting the length

of the parameter 𝑆𝐿
1
, the resonance frequency of the rejected

band can be properly tuned.
As illustrated in Figure 4, the length of the C-shaped slot

has a great effect on the lower notched frequency band, while
it does not affect the higher notched frequency band.

As shown in Figure 5, it is observed that, when the
parameter 𝑅 increases from 10.8mm to 11.2mm, the center
frequencies of the dual-notched-band increase.Therefore, the
center frequencies of the dual-notched-band are controllable
by varying the parameter 𝑅.

Figure 6 shows the simulated and measured return
loss characteristics of the proposed antenna. Slight dis-
crepancy between the measurement and the simulation
results could be due to the effects of the SMA connector,
which has not been included in the numerical model.
The −10 dB bandwidth is from 3.1 to 10.6GHz with sharp
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Figure 6: Simulated and measured return loss of the proposed
antenna.

notched-band-edge selectivity (4.96–5.42GHz and 5.71–
5.91 GHz).

The optimized parameters of the proposed antenna are
the following: 𝐿

1
= 44mm, 𝐿

2
= 19mm, 𝐿

3
= 18mm, 𝐿

4
=

4mm, 𝐿
5
= 2.5mm,𝑊

1
= 38mm,𝑊

2
= 18mm,𝑊

3
= 8.5mm,

𝑆𝐿
1
= 19mm, 𝑅 = 11mm, 𝑆𝐿

2
= 3.7mm, 𝑆𝐿

3
= 9mm, 𝑆𝐿

4
=

4.7mm, 𝑆𝐿
5
= 3.7mm, 𝑆𝑊

1
= 4.8mm, 𝑆𝑊

2
= 0.5mm, 𝑆𝑊

3
=

4.2mm, and 𝑆𝑊
4
= 2.6mm.

3.2. Current Distribution. Figure 7 illustrates the surface
current density computed at the center frequencies of the two
notched-bands. As can be observed in Figure 7(a), for the
lower-frequency notch (4.96–5.42GHz), the current density
is concentrated close to the C-shaped slot, while Figure 7(b)
shows that the current is primarily concentrated around the
C-shaped stub for the upper-frequency band (5.71–5.91 GHz).

In order to investigate the radiation mechanisms of the
notched-band elements, simulated vector current distribu-
tions at both notched frequencies (5.2 GHz and 5.8GHz) are
illustrated in Figure 8. As shown in Figure 8(a) for 5.2GHz,
the currents flow in the opposite direction along the inner
and outer sides of the C-shaped slot. Therefore, the resultant
fields cancel each other and consequently the antenna does
not radiate electromagnetic energy in the space. Thus, the
C-shaped slot can be used to filter out the narrower band
emissions. As it can be seen from Figure 8(b), due to the
symmetry of the C-shaped stub, the directions of the surface
currents along the 𝑦-direction on the C-shaped stub are
opposite to each other. Therefore, the resultant fields are
canceled out and high field attenuation is obtained at the
notched frequency. Thus, the proposed antenna does not
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Figure 7: Simulated surface current distributions of the proposed antenna at different frequencies. (a) 5.2 GHz and (b) 5.8GHz.
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Figure 8: Simulated vector current distributions at different notch frequencies. (a) 5.2 GHz and (b) 5.8GHz.

radiate efficiently around the filter structure at the higher
notched frequency.

3.3. Radiation Patterns and Gain. Figure 9 shows the mea-
sured normalized far field radiation patterns in E-plane (𝑥𝑧-
plane, spherical angle phi = 0∘) and H-plane (𝑥𝑦-plane,
spherical angle theta = 90∘) at 5.5 GHz, 7GHz, and 10GHz,
respectively. As can be seen from Figure 9(a), two nulls
are observed in the antenna broadside direction at the
frequencies of 7GHz and 10GHz. The main reason for these
two nulls is that, as the frequency increases, the levels of the
higher order modes and of the cross-polarization increase
too. However, it can be observed that theH-plane patterns are
almost omnidirectional for the three considered frequencies.

The measured antenna peak gain, reported in Figure 10,
shows two significant gain decrements at about 5.3 GHz and
5.8GHz, which confirm the filtering effects. For the other
frequencies outside the notched bands, a relatively flat gain
is observed over the entire UWB band.

3.4. Group Delay Characteristics. As shown in the previous
sections, the proposed antenna exhibits ultrawideband char-
acteristics in the frequency domain. For UWB systems, the
time-domain response is also a critical feature [18]. Group
delay is a very important parameter of time-domain analysis.
It is desirable to keep a constant group delay over the
entire frequency band to avoid undesirable distortion of the
radiated and received pulses. To evaluate the group delay
of the UWB systems, a pair of identical proposed antennas
is placed face to face at a distance of 30 cm. As shown in
Figure 11, the variation of the group delay, computed by
means of the scattering parameter 𝑆

21
, is less than 560 ps with

the average of 1.1 ns across the whole UWB frequency band
except at both notched bands. In both notched bands, the
presence of the band-notch filters deteriorates the radiation
performance and the impedance matching, which results
in inaccurate and negative group delay. Since the proposed
antenna shows an acceptable group delay in the transmission
of UWB signals, it is suitable for the UWB communication
applications.
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Figure 9: Normalized radiation patterns of the proposed antenna for the three different frequencies taken into consideration: (a) E-plane
and (b) H-plane.
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Figure 10: Measured peak gain of the proposed antenna.

4. Conclusion

In this paper, a dual-notched-band antenna with sharp
notched-band-edge selectivity has been proposed. By using
the slot in the radiator and the stub on the back surface of the
substrate, dual-notched-band functions are realized. Specifi-
cally, measured results show that the intermediate frequency
range between 5.43 and 5.7GHz can be utilized with our
proposed antenna, while it is rejected by other WLAN band-
notched UWB antennas. Furthermore, the proposed antenna
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Figure 11: Group delay of the proposed antenna systems.

has demonstrated good omnidirectional radiation pattern,
acceptable gain, and group delay. Consequently, the proposed
antenna could be a good candidate for the UWB applications.
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The concept of substrate integrated waveguide (SIW) technology along with dielectric resonators (DR) is used to design
antenna/array for 60GHz communication systems. SIW is created in the substrate of RT/duroid 5880 having relative permittivity
𝜀
𝑟

= 2.23 and loss tangent tan 𝛿 = 0.003. H-shaped longitudinal slot is engraved at the top metal layer of the substrate. Two pieces
of the DR are placed on the slot without any air gap. The antenna structures are modeled using CST Microwave Studio and then
the results are verified using another simulation software HFSS. Simulation results of the two designs are presented; first a single
antenna element and then to enhance the gain of the system a broadside array of 1 × 4 is presented in the second design. For the
single antenna element, the impedance bandwidth is 10.33% having a gain up to 5.5 dBi. Whereas in an array of 1 × 4 elements, the
impedance bandwidth is found to be 10.70% with a gain up to 11.20 dBi. For the single antenna element and 1× 4 antenna array, the
simulated radiation efficiency is found to be 81% and 78%, respectively.

1. Introduction

The demand for wireless gadgets has been increasing rapidly
in the society and most of their applications are related to
streaming of high definition multimedia contents. Therefore,
the need for utilization of a frequency band that can provide
large bandwidth that will be sufficient for all the current and
future bandwidth hungry services is evident. For the past
few years, the researchers have been showing deep interest
in 60GHz (V-band) of millimeter wave frequency band. The
reason is its unique spectral characteristics. An interesting
and significant phenomenon at this frequency band is the
oxygen absorption that results in atmospheric attenuation of
10–15 dB/km. Because of this phenomenon, the worldwide
7GHz continuous unlicensed frequency band (59–66GHz)
is the most suitable option for wireless local area networks
(WLAN), wireless personal area networks (WPAN), and
body area networks (BAN) communications [1]. High level of
atmospheric attenuation results in the reduction of cochannel
interference and the risk of signal interception that makes
60GHz frequency spectrum a natural candidate for short
range communication purpose [2, 3]. The national and
international regulatory bodies have been working to set the

standards for this frequency band and most of the standards
have been finalized and drafted [4].

Antenna is the most fundamental element in wireless
communication systems. Research communities are trying
to produce efficient antenna systems for 60GHz frequency
band. The conventional technology approaches of antenna
designing, for example, microstrip, striplines, or coplanar
waveguides may result in spurious radiation and high level of
ohmic losses in circuit designs at this frequency band.There-
fore, waveguides are one of the best alternatives formillimeter
wave circuit designs as they have the capability of high power
handling and low losses. Fabricating such waveguides within
the substrate with solid walls cannot be realized. Therefore, a
new generation of high frequency integrated circuits named
substrate integrated waveguides (SIW) was introduced [5, 6].
SIW is a transition betweenmicrostrip and waveguide design
structures. The upper and lower metal layers of a substrate
are made short circuit through metalized via holes. The
structure is excited through a matched microstrip feeding
lines and connected with SIW through a transition [7]. The
authors have presented different antenna configurations for
large bandwidth and high gain at 60GHz communications
[8–11]. Many antenna designs are proposed for this frequency
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band in which the wide bandwidth is achieved by using either
the multilayer techniques or with the substrate having large
thickness. However, large thickness results in the increase of
dielectric losses. Therefore the concept of SIW technology
within a thin substrate is proposed to avoid this problem.
Loading the antenna design structure with DR has been
proposed by many researchers to achieve wide bandwidth,
low losses, and ease of fabrication. Along with the material
properties of theDR, the shape and aspect ratio of theDR also
play an important role in antenna bandwidth enhancement
and radiation characteristics. Recently, a novel design of
supershaped dielectric resonator antennas (S-DRAs) for wide
band applications is proposed in [12], where different S-
DRAs configurations have been proposed and experimentally
verified.The antenna design is proposed by combining super-
shaped based cylindrical geometry and plasticmanufacturing
material. The polarization analysis is also performed and
linear as well as circular polarization designs are proposed.

In this paper, the authors are presenting SIW based
single antenna element and then a 1 × 4 broadside array
to achieve desired high gain. The fundamental structure
consists of a thin RT/duroid 5880 substrate in which the H-
shape longitudinal slot is engraved at the ground metal layer
and two pieces of dielectric resonators (DR) of the same
material with larger thickness of 0.79mm are placed over

the fundamental structure. This fundamental structure acts
as a source to resonate the DR at matching frequency band
to achieve large bandwidth. More than 6GHz bandwidth is
achieved in the proposed antenna/array designs. The total
bandwidth is a cumulative effect of two types of resonances,
one from the long section of longitudinal slot and the other
is from the modes of rectangular DR that are excited by the
small apertures designed at both ends of the slot.

2. Antenna Design

2.1. SIW Single Antenna Element. The 3D model view of
SIW single antenna element is shown in Figure 1. The design
consists of a single substrate with two pieces of DR. A low-
cost/loss substrate material RT/duroid 5880 having permit-
tivity 𝜀

𝑟
= 2.23 and loss tangent tan 𝛿 = 0.003 with thickness

0.127mm and copper cladding thickness 0.0175mm is used.
Themetalized via holes are designed to create SIW.Themetal
used for cladding and via holes is copper with a conductivity
of 𝜎 = 5.8 × 10

7 s/m.
The SIW design parameters are calculated by following

the rules provided in the literature [13]. In Figure 2, the SIW
parameters are defined. SIW width (𝑊SIW) is the center to
center distance of via holes creating sidewalls of the SIW,
𝐷via is the diameter, and 𝑆via is the center-to-center distance
between two consecutive via holes. The length and wall-to-
wall width of SIW antenna element is 10mm and 1.9mm,
respectively. A 50Ω microstrip line is used for feeding the
structure, which is connected to SIW through a microstrip
to waveguide transition having width𝑊trans and length 𝐿 trans
[7]. The width of 50Ω microstrip line is 0.38mm. A longi-
tudinal H-shape slot is engraved at the ground plane, having
width𝑊

𝑠
length 𝐿

𝑠
and displacement from the symmetry axis

is 𝑋
𝑠
. One end of the SIW is made short circuit to produce

standingwaves inside SIW.Thedistance from the short circuit
end to the middle of the slot is 𝑌

𝑠
. The standing waves

will be radiated through the H-shape aperture engraved at
the ground plane. The optimized results were obtained with
𝐿
𝑠
≈ 𝜆
0
/2 and 𝑌

𝑠
= 3𝜆
0
/4 as slot parameters, where 𝜆

0
is
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the guided free space wavelength at 60GHz. The optimized
width and length of side arms of theH-shape slot are 0.60mm
each, that is, approximately 𝜆

0
/8.

The SIW parameters are designed according to the guide-
lines provided by Yan et al. in [13] and the procedure to
find equivalent rectangular waveguide is shown in (1)–(5).
Therefore, the analytical design confirmation is performed
for proposed SIW equivalent rectangular waveguide with
dielectric permittivity 𝜀

𝑟
= 2.23 and 60GHz frequency of

operation. For the dominant mode (TE
10
) propagation, SIW

with its width 𝑊SIW = 2.4mm is needed to design that
is equivalent to the dielectric filled rectangular waveguide
having width 𝑏 = 2mm. This design will have only
the dominant mode propagation with cutoff frequency of
50.2GHz. Consider

𝑋 = 𝑥
1
+

𝑥
2

𝑆via/𝐷via + (𝑥1 + 𝑥2 − 𝑥3) / (𝑥3 − 𝑥1)
,

𝑋 = 0.827,

(1)

where the constants 𝑥
1
, 𝑥
2
, and 𝑥

3
are defined in (2)–(4) and

their numerical values are calculated. Consider

𝑥
1
= 1.0198 +

0.3465

𝑊SIW/𝑆via − 1.0684
, 𝑥
1
= 1.138, (2)

𝑥
2
= − 0.1183 −

1.2729

𝑊SIW/𝑆via − 1.2010
, 𝑥
2
= −0.573, (3)

𝑥
3
= 1.0082 −

0.9163

𝑊SIW/𝑆via + 0.2152
, 𝑥
3
= 0.79. (4)

The width “𝑏” of equivalent rectangular waveguide and the
width of SIW “𝑊SIW” are related to each other as given in
(5). The SIW equivalent rectangular waveguide is illustrated
below in Figure 3. The constant “𝑋” is calculated using (1)
and it is used in (5) to calculate SIW equivalent rectangular
waveguide width. Consider

𝑏 = 𝑋 ⋅ 𝑊SIW,

𝑏 ≈ 2mm.

(5)

Wide bandwidth can be achieved by using the conventional
techniques of adding parasitic patches above the aperture
coupled SIW or multilayer designs. However, these tech-
niques increase the conductor losses and surface wave losses
due to additional metallic layers involved in the design
structures. These losses are even more prominent at 60GHz.
Therefore, in this research work, authors tried as much as
possible to avoid the addition of metallic structures over
the fundamental SIW design and load the design with
DR that consist of only dielectric material. By using the
concept of DR, wide bandwidth, high efficiency, and small
size antenna/array designs can be achieved. Similarly, the
conduction and surface wave losses can be minimized. Wide
bandwidth antennas can be designed without compromising
antenna efficiency and other good characteristics.

In Figure 4, the DR coupling through aperture is shown.
These apertures are the arms of H-shape slot engraved within
SIW design. The DR length (𝐿DR), width (𝑊DR), and height
(ℎ) are along 𝑥-axis, 𝑦-axis, and 𝑧-axis, respectively. Both of
the DR have TE𝑥

111

modes of operation [14, 15]. The 𝐿DR and
𝑊DR are optimized as shown in Figure 5(b). The optimized
numerical values are shown in Table 1. At 60GHz it is
recommended that the substrate used in the designs may not
have thickness more than quarter-guided wavelength (𝜆

𝑔
/4).

Where 𝜆
𝑔
is the guided wavelength in the substrate having

permittivity 2.23 and calculated in (6). Consider

𝜆
𝑔
=

𝜆
0

√𝜀
𝑟

= 3.35mm. (6)

The size of the antenna and bandwidths are inversely pro-
portional to the dielectric constant (𝜖

𝑟
) of the substrate. To

keep the moderate size of the DR so that at 60GHz it should
not be that much minute that it creates problems while
fabricating, low permittivity material is chosen. Otherwise,
from the literature it is well known that the DR are always
used with very high permittivity materials. Furthermore, to
achieve wider bandwidth the material is chosen with low
permittivity for SIW substrate and DR as well. The material
used for DR is RT/duroid 5880 having permittivity 𝜀

𝑟
= 2.23

and loss tangent tan 𝛿 = 0.003.
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Via holes buried in substrate

H-shape slot

Substrate

Svia Dvia

X

Y

Z

LDR WDR

h

WSIW

Figure 4: DR coupling through aperture.

Table 1: Antenna design parameters.

Symbol Numerical value (mm)
𝑊SIW 2.4
𝐷via 0.50
𝑆via 0.60
𝑊trans 1.9
𝐿 trans 2.0
𝑊
𝑆

0.24
𝐿
𝑆

2.6
𝑋
𝑆

0.14
𝑌
𝑆

3.75
𝐿DR 2
𝑊DR 1.50

As𝑊DR ≫ ℎ and 𝐿DR ≫ ℎ, therefore “ℎ” is approximated
from (7) [15]. Consider

ℎ ≈
𝑐

4𝑓
0
√𝜀
𝑟

=

𝜆
𝑔

𝜀
𝑟

= 0.83mm. (7)

The available substrate thickness very close to the approxi-
mated value is 0.79mm.Therefore, it is selected in designs of
DR.Theoptimized numerical values of the design parameters
of SIW and DR are given in Table 1.

The reflection coefficient (dB) and the gain (dBi) char-
acteristics using CST Microwave Studio for a SIW single
antenna element without DR are shown in Figure 5(a). To
achieve wide bandwidth, the fundamental design is loaded
with two pieces of DR. Extensive simulation work has
been done using CST Microwave Studio software to find
the optimum DR position and dimensions along with the
slot parameters to combine their resonance frequencies for
wide bandwidth operation. The reflection coefficient (𝑆

11
)

optimization results for finding the optimum width with
the best value of optimized length of the DR using CST
Microwave Studio is shown in Figure 5(b). The optimum
results are obtainedwithDR length (𝐿DR) andwidth (𝑊DR) of
2mm and 1.50mm, respectively. The effect of DR in terms of
bandwidth improvement is prominent that can be observed
from the results shown in Figure 5(b).
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tion, and (c) SIW single antenna element with dielectric resonator
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Figure 6: 𝐸-plane and𝐻-plane radiation patterns for SIW single antenna element at three frequencies.

In Figure 5(c), the impedance bandwidth is shown for
SIW single H-shape slot antenna with optimized DR dimen-
sions. The cumulative bandwidth is achieved by having the
resonance from three elements: the long longitudinal section
of the slot and the two DR at the top of the small horizontal
slot sections. The impedance bandwidth of 10.33% from
58.80 to 65GHz (6.20GHz) is achieved by CST Microwave
Studio simulation. The gain is found to be flat over the
frequency band after 61GHzwith amaximumvalue of 5.5 dBi
at 63GHz. The estimated efficiency of the antenna is 81%.
The results are verified by using HFSS simulation software
as shown in the same figure and are found to be in good
agreement.

𝐸-plane (horizontal plane, phi = 0) and 𝐻-plane (eleva-
tion plane, phi = 90) radiation patterns for three frequencies,
61 GHz, 62GHz, and 63GHz, are shown in Figure 6. At these
frequencies, the 3 dB beam widths for 𝐸-plane and 𝐻-plane
radiation patterns are found to be 155, 156, and 159 degrees

and 59, 63, and 62 degrees, respectively.The cross polar ratio is
found to be less than−22 dB for all the frequencies in the band
for both 𝐸-plane and𝐻-plane.The CST and HFSS results are
in good agreement with each other.

The wide bandwidth achieved with the SIW single
antenna element is sufficient for intendedWLAN andWPAN
communication applications at 60GHz. However, at this
frequency, the channel losses are very high which can be
avoided by deploying high gain antennas. Therefore, the gain
of single antenna element is insufficient. To achieve high gain,
the design of a linear broadside 1 × 4 array is proposed.

2.2. SIW 1 × 4 Antenna Array. Here the broadside linear
1 × 4 element antenna array is presented. All of the design
parameters are same as those of SIW single antenna element
explained in Section 2.1. In this case, the antenna array is
aligned in horizontal plane (𝐸-plane). The distance between
the two consecutive elements of the array is taken as 2.4mm,
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Figure 7: 2-D top view: SIW 1 × 4 antenna array with feeding network.

that is, 0.48𝜆
0
to keep the metalized via hole walls common

between the adjacent elements. The linear array is uniformly
excited through a feeding network to achieve high gain.
The feeding network consists of three identical 3-dB power
splitters. Each power splitter consists of a𝑇-junction inwhich
a 50Ω microstrip line is connected to two identical branch
lines of quarter-wave (𝜆

𝑔
/4) transformer [16]. The physical

length and width of 70.7Ω quarter-wave microstrip line is
0.93mmand 0.206mm, respectively.The antenna array along
with feeding network is shown in Figure 7.The total size of the
antenna array is taken for the simulations as 10 × 20mm2.

The impedance bandwidth is found to be 10.70% from
59.50 to 65.90GHz (6.40GHz) using CSTMicrowave Studio.
The gain is found to be flat after 61 GHz over the frequency
band with a maximum value of 11.20 dBi at 65GHz. The
estimated antenna efficiency is 78%.The results are shown in
Figure 8. These results are verified using HFSS and are found
to be consistent, as shown in the figure.

The 𝐸-plane and 𝐻-plane radiation patterns are shown
in Figure 9. For three frequencies, 61 GHz, 62GHz, and
63GHz, the𝐸-plane side lobe levels are−11 dB,−11.50 dB, and
−11.15 dB, and 3-dB beam widths are 26 degree, 25 degree,
and 25 degree, respectively. The 𝐻-plane side lobe levels are
−24 dB, −22 dB, and −22 dB, and 3-dB beam widths are 64
degree, 61 degree, and 62 degrees, respectively. The 𝐸-plane
and 𝐻-plane cross polar ratio is less than −25 dB for all the
frequencies in the band.

In Table 2, a comparison is performed between the
researchwork presented in this paper and the recent literature
produced for antenna design at 60GHz using SIW tech-
nology. The comparison is performed for design structure,
bandwidth, gain, and dimensions of the antenna/array. The
comparison shows that the proposed antenna/array designs
have the advantages over the compared one in terms of design
structure, dimensions, and the performance as well.

In [9, 17], the multilayer antenna design approach is
adopted. It is well known among the research communities

that without very sound and state of the art technical facilities
and resources, the multilayer millimeter wave designs are not
easy to fabricate. Whereas, in [18], a very thick substrate is
used as compared to the one that is used in our designs. By
using thick substrates, the conduction losses can be avoided;
however, dielectric losses come into play and antenna effi-
ciency can be affected due to surface waves. Therefore, here
a moderate approach is adopted while selecting the substrate
thickness and design technology. Almost comparable results
to the one provided in the referred literature are achieved
even with a DR loaded single layer design by using a thin
substrate of RT/duroid 5880 with thickness of 0.127mm,
whereas, the compared designs are either multilayered or
have the substrates with large thickness.

3. Conclusion

SIW based antenna/array system is investigated at 60GHz
frequency band. A single layer of thin substrate is used
in all the designs to avoid dielectric losses and multilayer
design complexities. It is shown that wider bandwidth can
be achieved by using the concept of DR loaded SIW design
structure. The results obtained from CST Microwave Studio
are verified using HFSS and they are found to be in good
agreement which confirms the accuracy of the proposed
antenna/array designs. The proposed design structure is
easy to integrate as a front-end component in the RF
circuits/components. The use of DR is very effective at
60GHz RF circuit designs to minimize the conduction losses
and surface wave losses that appear in multilayer substrate
designs due to metallic layers. This antenna/array will find
applications inWLAN,WPAN, andWBANenvironments for
next generation broadband wireless communication systems.
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Figure 9: 𝐸-plane and𝐻-plane radiation patterns for SIW 1 × 4 antenna array.
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Table 2: 60GHz antenna/array designs and performance comparisons from literature.

Antennas for
60GHz Design description Bandwidth

(GHz)
Gain
(dBi)

Dimension
(𝑙 × 𝑤 × ℎmm3)

Our work

Single layer design with thin substrate of RT/duroid
5880 having permittivity 𝜖

𝑟

= 2.23, loss tangent tan
𝛿 = 0.003 with thickness 0.127mm.The DR thickness is
0.79mm.

Single antenna
element

6.20
(58.80–65) 6.6 10 × 3 × 0.952

(with DR)

2.70
(58.40–61.10) 6 10 × 3 × 0.162

(without DR)

1 × 4 antenna
array

6.40
(59.5–65.90) 11.2 20 × 10 × 0.952

(with DR)
2.70

(58.70–61.40) 11.2 20 × 10 × 0.162

(without DR)

[17]

Multilayer SIW based slot couple patch antenna design
that consists of two layers of substrate of RT/duroid
5870 having permittivity 𝜖

𝑟

= 2.33, loss tangent tan
𝛿 = 0.002, each substrate with thickness 0.79mm

Single antenna
element

14
(56.30–70.30) 5 >15 ×4.8 × 1.63

[9]
Multilayer layer design that consists of two layers of
pyralux substrate, each having thickness 0.75 𝜇m with
permittivity 𝜖

𝑟

= 2.4, loss tangent tan 𝛿 = 0.002 and one
layer of FR4 having substrate thickness of 200𝜇m.

Single antenna
element

5.8
(58.7–64.5) 7.6 30 × 30 × 0.484

1 × 4 antenna
array

6.3
(58.7–65) 12.4 30 × 30 × 0.484

[18]
Single layer design with thick substrate of RO3006
having permittivity 𝜖

𝑟

= 6.15, loss tangent tan 𝛿 = 0.003

with thickness 0.635mm

Single antenna
element

7
(57–64) 7.4 10 × 6 × 0.67

2 × 4 antenna
array

7
(57–64) 12 Not given
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This paper presents a novel compact printedmonopole ultra-wideband (UWB) antenna featuredwith the band notch.Theproposed
antenna consists of a two-step beveled radiant patch and a truncated ground plane, which can provide a good impedance matching
from3.1 GHz to 10.6GHz. In order to generate the band-notched characteristics, two symmetrical slots are embedded alongwith the
microstrip feeding line, resulting in a band notch from 5.05GHz to 5.85GHz. Accordingly, themutual electromagnetic interference
between the UWB and wireless local area network (WLAN) radio communication systems can be eliminated. In addition, it is
shown how the slots integrated on the ground plane improve the radiation patterns. The experimental measurements are found to
be in good agreement with the numerical simulations.

1. Introduction

In 2002, the Federal Communications Commission (FCC)
approved the use of the unlicensed band with the frequencies
ranging from 3.1 GHz to 10.6GHz in the commercial ultra-
wideband (UWB) wireless communication systems [1]. This
invoked a surge in research on the UWB communication
technology. Impulse radio UWB (IR-UWB) is a promising
UWB communication technique having a simple architec-
ture. In the IR-UWB systems, short duration pulses are
usually adopted as exciting signals. However, as a well-known
fact, the presence of frequency distortions in the surface
current distribution excited on the antenna will give rise to
strongly distorted radiated signals. Therefore, to enable the
antenna to radiate undistorted pulses, the design of antennas
in the UWB systems is subject to the following requirements.
Firstly, the impedance band must cover the frequency range
from 3.1 GHz to 10.6GHz. Secondly, the radiation patterns
must be uniform over the entire operational band. Recently,
the UWB antenna design has received more and more
attention.

Thanks to their inherent advantages (e.g., the low cost,
the easy integrability with the passive and active components,

etc.), various types of printed antennas, such as the printed
dipoles [2–4] and the printed monopoles, and the slot anten-
nas [5, 6] have been widely used in the UWB communication
systems.

Cappelletti et al. developed an antipodal drop-shaped
dipole antenna [2]. This antenna not only can exhibit the
good radiation performance in the frequency domain but
also demonstrate the excellent signal fidelity in the time
domain. It is fabricated on a thin flexible substrate, which can
be made conformal easily. Moreover, the authors described
a method useful to realize a compact array of antennas.
Quintero and Skrivervik produced a dipole antenna that is
symmetrical and elliptical [3].This antenna is differential and
can be directly connected to a differential circuit. Teni et al.
fabricated an antipodal Vivaldi antenna [4] that operates over
a broad frequency range from 5GHz to 30GHz.This antenna
has the peak gain over 5 dBi and presents stable radiation
patterns. As an important class of planar radiators, such
dipole antennas have several unique advantages. Firstly, they
can reduce the level of the field radiated in the direction of
the feeding line where the sensitive electronic circuitry, used
to process the radio frequency signal transmitted or received
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by the antenna, is located. Secondly, their symmetrical or
antipodal radiating structures allow the generation of the
symmetrical and stable radiation patterns. Thirdly, they can
be fed in both unbalanced and balanced manners. Finally,
they can be adopted to realize the antenna arrays, which
ensure the gain enhancement.The UWB antenna arrays have
beenwidely used in variousmicrowave through-wall imaging
applications. Despite their advantages, the dipole antennas
are almost twice the size of the monopole ones. Therefore,
it is more reasonable to use the monopole antennas in the
compact devices, such as tags.

However, the printed monopoles, such as those hav-
ing the rectangular, circular, elliptical, or triangular shape,
can hardly guarantee a frequency band from 3.1 GHz up

to 10.6GHz. In recent years, various impedance matching
methods, such as the asymmetric feed technology [7, 8], the
external 𝜋-shaped matching network [9], and the notched
ground [10–12], have been proposed to broaden the band-
width of conventional monopoles. Furthermore, the band
overlapping between the UWB and WLAN may induce the
mutual electromagnetic interference.Therefore, the antennas
for UWB applicationsmust be designed in such a way to limit
or even eliminate the electromagnetic interference with the
WLAN communication systems. The C-shaped, T-shaped,
and dual U-shaped stubs and slots loaded on the radiation
patch [9, 10, 13–16], the defected ground structure (DGS)
[17], and the electromagnetic band gap (EBG) [18] have been
employed to form a band rejection in an expectant frequency
band. Although these antennas have a number of practical
advantages, they suffer from some limitations such as the
large antenna size and the variation of the radiation patterns
at higher frequencies. To overcome these limitations, the
antennas with the band notch and stable radiation patterns
have attracted more and more attention.

This paper presents a novel compact planar two-step
beveled UWB antenna. The symmetrical slots integrated on
the microstrip line rather than on the radiant patch generate
the frequency band notch, while the slots integrated on the
ground plane are adopted to improve the radiation patterns.
The analysis and design of the proposed antenna have
been carried out using 3D full-wave numerical simulation
software. The experimental measurements have been shown
to be in good agreement with the numerical simulations.

2. Antenna Design

2.1. Design of the Two-Step Beveled Structure. The geometry
of the two-step beveled UWB antenna is shown in Figure 1.
The dimensions of this antenna, including the low-cost FR4
substrate with the relative dielectric constant of 4.4 and the
thickness of 1mm, are 24mm × 28mm. The radiator is
printed on the top layer of the substrate, which consists of
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Figure 3: The proposed antenna with the band notch: (a) geometry of the proposed antenna, (b) structure of the SIR, and (c) current
distribution at 5.5 GHz.

two differently sized rectangular patches with the chamfered
corner of 45∘. A microstrip line printed on the top layer is
used to feed the radiator centrally. To obtain the characteristic
impendence of 50Ω, the width of the microstrip line, as
denoted by 𝑊

𝑓
, in Figure 1(a), is fixed at 2.2mm. The

truncated ground is printed on the backside of the substrate.
This kind of structure can reduce the influence of the

discontinuity present in the antenna feeding point, which is
achieved by gradually changing the distribution of the current
that flows from the feeding line to the radiant patch. In fact, to
a certain extent, the smoothness of the current distribution
improves the impedance matching. Table 1 reports the
parameters of the antenna illustrated in Figure 1. The high
frequency structure simulator (HFSS) has been employed
to perform the antenna design. The simulation results, as

Table 1: Parameters of the two-step beveled monopole antenna.

Parameters Value (mm) Parameters Value (mm)
W1 20 d1 3
W2 14 d2 2.5
L1 11 G 0.7
L2 5 Lg 9

illustrated in Figure 2, indicate that the band with the return
loss above 10 dB covers the range from 3GHz to 13GHz, and
thus the ultra-wideband impedance matching is achieved.

2.2. Design of the Band-Notched UWB Antenna. According
to the standard 802.11a, the frequency band that ranges from
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5.15 GHz to 5.825GHz is licensed to the WLAN, which
partially overlapswith the operational band of theUWBcom-
munication systems. To reduce the mutual electromagnetic
interference, the antennas with the band notches are usually
employed in the UWB systems. Two symmetrical slots along
with the microstrip line substitute the traditional C-shaped
slot embedded in the patch to generate the desired notched

band. Figure 3(a) depicts the geometry of the proposed
antenna.

The shape of the slots embedded along with the feeding
line looks like a flag, and these flag slots play a role as
the stepped impedance resonator (SIR) [19–21]. The SIR is
a resonator that is formed by joining two microstrip lines
with the characteristic impedances 𝑍

1
and 𝑍

2
as well as the
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electric lengths 𝜃
1
and 𝜃
2
, respectively. Figure 3(b) shows that

when𝑍
1
and𝑍

2
are equal the characteristic impedance of the

resonator is uniform and accordingly a uniform impedance
resonator (UIR) is obtained. In particular, the resonance
condition of the SIR can be expressed as follows:

𝑍
2
− 𝑍
1
tan 𝜃
1
tan 𝜃
2
= 0. (1)

Thus,

tan 𝜃
1
tan 𝜃
2
=
𝑍
2

𝑍
1

= 𝐾, (2)

where 𝐾 denotes the impedance ratio. Compared to the
UIR, the SIR can shorten the length of the resonator more

effectively at the same resonant frequency by controlling the
impedance ratio.

In this paper, two symmetrical slot SIRs, with the effective
length of approximately half of the wavelength at the fre-
quency of about 5.5 GHz, are adopted to construct the band-
notched structure.

Near the antenna frequency notch, the dominant current
around the notch structure flows in opposite directions as
shown in Figure 3(c). Consequently, the radiated electric field
in the far-field region becomes negligible.This behavior of the
surface current explains the formation of the band notch in
the frequency range from 5GHz to 6GHz.
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3. Antenna Analysis and Design

3.1. Effects of the Geometrical Parameters on the Antenna Per-
formance. The parameters of the two-step beveled antenna
play a key role on the UWB impedance matching. These
parameters are unconstrained variables except for d1, which
is equal to half of the difference between W1 and W2.
In the following, we analyze the effects of the geometrical
parameters on the antenna performance. In order to identify
the role played by the geometrical parameters on the antenna
performance, in the following the trends of the return loss
versus the frequency, obtained by varying one parameter at a
time while keeping all the others constant, are reported.

Figure 4 shows the effects of the geometrical parameters
L1 and L2 on the antenna frequency band. From the numeri-
cal results reported in Figure 4, it is found that the lower and
upper frequencies vary weakly as the parameter L1 increases.
When L2 decreases, the lower and upper frequencies shift
toward the higher frequencies simultaneously, and the band-
width is broadened remarkably. This happens because the
parameter L1 is located in the region II that is far away from
the edge of the truncated ground plane (see Figure 1) where
the electric field is so weak that the parameter L1 has a very
small influence on the antenna impedance, while the region
I is close to the ground plane and consequently the current
distribution is stronger with respect to that excited in the
region II. As the parameter L2 decreases, the current path
shortens, meaning that the reactive magnetic energy stored
near the monopole reduces. Accordingly, the impedance
matching at the upper frequency improves.

Since the region II weakly contributes to the antenna
impedance matching, the analysis with respect to the param-
eter W1 is not reported. As shown in Figure 5(a), with the
decreasing of W2, the two-step structure is formed. The
reactive electric energy excited close to the truncated ground

plane neutralizes the reactive magnetic energy excited close
to the monopole in the frequency range from 6GHz to
12GHz, thus maintaining the antenna reactance at values
close to zero. The simulation results illustrated in Figure 6(a)
reveal a suitable impedance matching.

The gap between the radiator and the ground, as denot-
edby G, is a crucial parameter that determines the elec-
tromagnetic coupling. A smaller gap means the tighter
capacitive coupling, which further neutralizes the inductive
reactance. Figure 5(b) illustrates a better impedance match-
ing.

The length Lg of the truncated ground plane influences
the lower frequency of the antenna. In particular, larger values
of this parameter reduce this frequency even if this may
lead to antennas of higher dimensions. In such a case, a
compromisemust bemade. Considering the antenna size and
performance, Lg is fixed at 9mm. Eventually, the chamfered
distance d2 is optimized. All of the optimized parameters
are listed in Table 1. The simulated return loss is shown in
Figure 2 from which it can be found that the frequency
band covers the range from 3GHz to 13GHz and meets the
requirements of the UWB communication systems.

3.2. Effects of the Geometrical Parameters on the Band Notch.
Figure 7 shows the effects of the parameters Lv1 and Ln
on the notch frequency which decreases as Lv1 and Ln
increase, even though the bandwidth of the stop band is
almost constant at approximately 550MHz, covering the
frequency band from 5.18GHz to 5.73GHz when Lv1 and
Ln are equal to 15mm and 4mm, respectively. The sum of
Lv1 and Ln is approximately half of the wavelength of the
notch frequency, which determines the resonant frequency of
the slot resonator. When two symmetric slots are embedded
along with the feed line, the radiation resistance is about
zero Ohm in the vicinity of the notch frequency as shown
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Figure 9: Normalized radiation patterns for the antenna without L-shaped slots loaded (solid line: copolar polarization and dash line: cross-
polarization).

in Figure 6(b). Consequently, the radiation resistance is too
small to enable an effective radiation process.

By changing the slot width, as denoted by S, the quality
factor of the slot resonator can be adjusted. Figure 8(a) shows
that the bandwidth of the stop band broadens significantly.
When 𝑆 is equal to 0.4mm, the stop band covers the range
from 5.7GHz to 7GHz. However, a spurious stop band is
also formed. The integer multiples of the parasitic band are
an inherent characteristic of UIR. Therefore, the location of
the parasitic band can be changed against various impedance
ratios of the SIR.

Figure 8(b) illustrates the effects of Lv2 on the band notch.
The impedance ratio of the SIR and the ratio of the second
parasitic band to the main resonant frequency increase with

Table 2: Optimized parameters of the notch structure.

Parameters Value (mm) Parameters Value (mm)
Lv1 13 S 0.4
Lv2 2.5 Ln 3.6

the increasing of Lv2. The parasitic band is pushed outside
13GHz when Lv2 reaches 3mm.

The effects of Ws on the band notch are negligible,
and thus an exhaustive analysis is not indispensable. Table 2
reports the optimized parameters of the notch structurewhen
Ws is fixed at 1mm, and accordingly the notched band covers
the range from 5.05GHz to 6GHz.
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Figure 10: Normalized radiation patterns for the proposed antenna (red solid line: measured copolar polarization, black solid line: simulated
copolar polarization, red dash line: measured cross-polarization, and black dash line: simulated cross-polarization).

3.3. Optimized Radiation Patterns. The radiation pattern is
an important indicator of the antenna performance. Figure 9
illustrates the radiation patterns of the antenna depicted in
Figure 1. The antenna radiation pattern significantly changes
its shape at the upper frequency. In particular, it manifests an
increasing cross-polarization effect. The radiation lobe tends
to split in the E-plane (XOZ plane), while it loses its circular
symmetry in the H-plane (XOY plane). This is due to the
unequal surface current phase at a discrete frequency. At
the lower frequency of 3.1 GHz, the length of the monopole
equals approximately a half wavelength. Furthermore, the
longitudinal current is in phase. But at 10GHz, the physical
length of the monopole exceeds a half wavelength, and

also the out-phase longitudinal current contribution appears,
which results in the null point in the far-field region.

The current distribution on the finite ground contributes
to the radiation too. In order to improve the radiation
patterns, two symmetrical L-shaped slots are embedded on
the edge of the ground plane. Figure 3(a) shows the geometry
of the proposed antenna with the band notch and optimized
slot parameters.

Figure 10 shows the improved antenna radiation patterns.
At the upper frequency of 10GHz, the lobe of the radiation
pattern in the E-plane splits barely, while the direction of
the maximum radiation remains almost the same. The cross-
polarization level is greater than 20 dB.The radiation pattern
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Figure 11: Prototype of the proposed antenna: (a) top view and (b) bottom view.
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in the H-plane is nearly omnidirectional. Moreover, the
cross-polarization level of the H-plane is also improved.

4. Fabrication and Measurement

The fabricated antenna, designed according to the method-
ology described above, is shown in Figure 11. The measure-
ment results have been performed by using the Agilent
N5232A vector network analyzer. The comparison between
the experimental and simulation results in terms of the
return loss is illustrated in Figure 12. From the experimental
measurements, it is found that the band-notched filter covers
the frequency range from 5.05GHz up to 5.95GHz. The
measured notched band is less than the simulated one
covering the range from 5.05GHz to 6.05GHz.Themeasured
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Figure 13: Peak gain of the proposed antenna (red solid line:
measured gain and black solid line: simulated gain).

lower frequency with the return loss of 10 dB is 3.24GHz,
while that obtained via the numerical simulations is about
3.02GHz. Such a deviation between the measurement and
simulation results comes from the machining and permit-
tivity tolerances, as well as from the irregular soldering
whose perturbative effects are more evident at the higher
frequencies. Finally, the measurement of the antenna peak
gain is reported in Figure 13. This figure shows that the
peak gain is about 2.5 dBi∼3.6 dBi at the lower frequency,
3 dBi∼4.5 dBi at the upper frequency, and below 0 dBi in
the frequency band 5GHz∼6GHz. The group delay properly
quantifies the propagation properties of the so-called wave
packet [2]. The signal integrity is confirmed by analyzing the
relative group delay 𝜏grel(𝜔), which is defined as

𝜏grel (𝜔) = 𝜏𝑔 (𝜔) − 𝜏𝑔, (3)
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where

𝜏
𝑔
(𝜔) = −
𝑑𝜙 (𝜔)

𝑑𝜔
, (4)

denotes the group delay and 𝜙(𝜔) represents the phase of the
radiated electromagnetic field. In (3), 𝜏

𝑔
denotes the mean

value of the relative group delay that has been evaluated
at a distance of 50 cm from the center of the proposed
antenna along the𝑋-axis. Figure 14 shows that the variations
of the measured group delay are less than one nanosecond
throughout the operational band expect in the band notch.
These results indicate that the antenna has the good linear
transmission performance and can be used in the multiband
or impulse UWB radio applications.

5. Conclusion

A compact two-step beveled printed monopole antenna with
the WLAN band-notch characteristic has been proposed
in this paper. The effects of the geometrical parameters on
the antenna performance have been investigated. A two-
step structure has been utilized to broaden the bandwidth
of the antenna impedance, while the slots embedded in
the metal patch have been adopted to realize the notch
band. By changing the parameters of the notch structure,
the notch frequency and its bandwidth are controllable
without perturbing the remaining part of the UWB band. In
order to improve the shape of the radiation patterns at the
upper frequency, two L-shaped slots have been integrated on
the edge of the ground plane. Since the proposed antenna
presents a compact structure (the overall size of the antenna
is 24mm × 28mm) and a stable radiation pattern, it is able
to be effectively utilized in the UWB radio communication
systems.
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