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The concepts of Internet-of-Things (IoT) and Internet-ofEverything (IoE) (e.g., smart city) have been driving the
evolution of wireless communications. With ever-increasing
demand for higher data rates, service carriers have improved
the existing 4th-generation (4G) networks with carrier aggregation and multi-input multi-output (MIMO) antenna techniques, the key features of LTE-Advanced (LTE-A). To evolve
beyond 4G, the 5th-generation (5G) networks need to be
scalable, versatile, and energy-smart for the hyperconnected
IoE world. By employing advanced modulation schemes,
massive MIMO, beamforming, and mmWave carriers, the
5G connectivity is expected to achieve significantly enhanced
data rate (10 Gbps peak data rate), universal coverage, spectral/spatial diversity/efficiency, and/or minimized latency
(sub-1ms).
The emerging connectivity applications have imposed
new yet stringent specs to the design of RF front-ends.
Furthermore, due to various market factors, designers are
facing additional complexities such as multiband, multimode
(2G/3G/4G/LTE-A/5G, WiFi, Bluetooth, GPS, etc.), small
form factor while balancing cost competitiveness, ever-better
performance, and longer battery life. Overcoming these
challenges requires high performance innovative solutions.
The motivation of this special issue is to publish the
state-of-the-art RF circuit and architecture solutions to
help address the design challenges of the IoT/LTE-A/5G
connectivity. After a rigorous two-round review process, 6
outstanding papers have been accepted for inclusion in this

special issue. The accepted papers cover a wide range of
research subjects in RF/mmWave circuits and architectures
to meet the increasing demands of 5G and beyond.
The paper entitled “A Review of 5G Power Amplifier
Design at cm-Wave and mm-Wave Frequencies” by Dr. D. Y.
C. Lie et al. surveyed some advanced 5G power amplifier (PA)
designs in various device technologies including wideband
Doherty PA in GaAs and in SiGe; stacked PA on SOI
CMOS; differential bulk CMOS PA with neutralization cap
and transformers; CMOS DPA (digital PA); fully monolithic
GaN PA; highly integrated RFFE with LNA, PA, phase shifter,
switches for phased-array MIMO, and so forth. These PA
designs present potential solutions for successful cmWave
and mmWave 5G front-end IC designs.
The paper entitled “A Low Power Impedance Transparent
Receiver with Linearity Enhancement Technique for IoT
Applications” by S. Chen et al. presented a reconfigurable
receiver (Rx) with tunable channel filtering and narrowband input matching at the Rx input. The passive mixer
and active feedback LNA are used in the receiver to further
transfer the baseband impedance to Rx input. A 3rd-order
active-RC filter is designed with current-efficient feedforward
compensated OTA. The digital-to-time converter (DTC)
assisted fractional-N all-digital phase-locked loop (ADPLL)
is codesigned with the receiver to meet the IoT requirements. By utilizing blocker filtering and derivative superposition techniques, the proposed receiver architecture achieves
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outstanding performances for low power IoT applications,
such as IEEE 802.11ah and NB-IoT.
The paper entitled “A 0.45 W 18% PAE E-Band Power
Amplifier in 100 nm InGaAs pHEMT Technology” by Dr.
D. Zhao and Y. Yi presented a fully integrated PA using
a 4-way zero-degree combiner (in each unit PA) and a 2way 𝜆/2 combiner to improve the output power. The 5 mm2
GaAs PA outperforms the CMOS PAs for output power
while achieving low cost, high yield, and easy foundry access
comparing to InP and GaN PAs. Therefore, the proposed
design provides attractive solutions for future long-haul
point-to-point communications at E-band.
The paper entitled “Digital Predistortion of UltraBroadband mmWave Power Amplifiers with Limited
Tx/Feedback Loop/Baseband Bandwidth” by C. Yu et al.
proposed a novel DPD technique to significantly reduce the
bandwidth requirements for the transmitter (Tx), feedback
loop, and baseband in the context of ultra-broadband
mmWave scenarios. This proposed technique will provide
the capability of linearizing mmWave PAs with affordable
resources for ultra-broadband signals, which can largely
extend the DPD regime into 5G mmWave era.
The paper entitled “A 3.22–5.45 GHz and 199 dBc/Hz
FoMT CMOS Complementary Class-C DCO” by L Ma et
al. presented a complementary Class-C digitally controlled
oscillator (DCO) with differential transistor pairs. The transistors are dynamically biased by feedback loops separately
to ensure the robust oscillation start-up with low power
consumption. By employing three switched capacitor arrays
and a fractional capacitor array dithered by sigma-delta
modulator, 51.5% frequency tuning range, and less than
0.1 ppm frequency resolution are achieved.
In the paper entitled “A Novel Quadrature-Tracking
Demodulator for LTE-A Applications” by K.-C. Peng and
C.-H. Lee, the demodulator uses a novel quadrature phaselocked loop (QPLL) to simultaneously track the I/Q phases
of the received signal, thus reducing its sensitivity to the
quadrature imbalance in a system. The 2.1∼2.5 GHz QPLLbased demodulator can effectively demodulate an 18 Mbps
LTE-A signal with a quadrature imbalance of up to 15 degrees.
Such a quadrature-tracking ability makes the proposed architecture well suited to LTE-A systems or even more advanced
communication systems.
Yan Li
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Christian Fager
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The 5G wireless revolution presents some dramatic challenges to the design of handsets and communication infrastructures, as
5G targets higher than 10 Gbps download speed using millimeter-wave (mm-Wave) spectrum with multiple-input multiple-output
(MIMO) antennas, connecting densely deployed wireless devices for Internet-of-Everything (IoE), and very small latency time
for ultrareliable machine type communication, etc. The broadband modulation bandwidth for 5G RF transmitters (i.e., maximum
possibly even above 1 GHz) demands high-power efficiency and stringent linearity from its power amplifier (PA). Additionally, the
phased-array MIMO antennas with numerous RF front-ends (RFFEs) will require unprecedented high integration level with low
cost, making the design of 5G PA one of the most challenging tasks. As the centimeter-wave (cm-Wave) 5G systems will probably
be deployed on the market earlier than their mm-Wave counterparts, we will review in this paper the latest development on 15 GHz
and 28 GHz 5G cm-Wave PAs extensively, while also covering some key mm-Wave PAs in the literature. Our review will focus on the
available options of device technologies, novel circuit and system architectures, and efficiency enhancement techniques at power
back-off for 5G PA design.

1. Introduction
The Fifth-Generation (5G) mobile networks is bringing in the
latest wireless revolution, enabling wireless download speed
exceeding 10 Gbps for eMBB (enhanced Mobile Broadband)
applications, with 100x more wireless connected devices than
4G for mMTC (massive machine type communication) to
enable IoE (Internet-of-Everything), and sub-1 ms latency for
instant actions with UR/LL, mMTC (ultrareliable machine
type communication) [1]. It will be extremely challenging
to achieve those aggressive 5G performance metrics all at
once, and thus the 5G revolution is expected to be happening
in stages. In the prestandard 5G era at 2014, a benchmark
5 Gbps speed was already achieved in a live over-the-air
test network from Ericsson using an innovative new radio
interface concept in combination with advanced MIMO
technology with wider bandwidths and shorter transmission
time intervals at 15 GHz. For the higher frequency cmWave/mm-Wave 5G to take place, it will probably start from

fixed wireless deployment, as Verizon has proposed its own
5G specification as “Verizon 5G wireless technology” or
“V5G”. On the other hand, in March 2017, 3GPP published its
first study item reports on the 5G New Radio (NR), the next
generation 5G cellular network standard, and the likely global
5G standard for a new OFDM-based air interface designed
to support the wide variation of 5G device-types, services,
deployments, and spectrum. The biggest difference in V5G
and 5G NR is the application focus: V5G is limited to fixed
wireless access at 28 GHz, but the 5G NR is targeting all
wireless communications applications (fixed and mobile) for
all frequencies. V5G intended to deploy a high density of
cm-Wave/mm-Wave small cells (i.e., base stations) that will
communicate with commercial box set UEs, such as a wireless
MODEM or a cable box. With the billions of wirelessly
connected devices available for 5G, it becomes particularly
critical that one must minimize the power consumption
of individual wireless devices and back station/base station
(BST) as well as the overall 5G system power consumption
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Figure 1: An example of a highly integrated 2D RF FEM array with phased-array 5G MIMO antennas and the steered radiation beam.

to achieve the critical reduction in energy usage spec by
almost 90% over existing 4G networks [2]. Instead of only
using the sub-6 GHz spectra like the 2G/3G/4G cellular
networks have done in the past, at least some of the 5G
devices and networks will also operate at the higher cm-Wave
and mm-Wave frequencies to benefit from larger available
spectrum bandwidth, smaller-sized massive MIMO phasedarray antennas for 3-Dimensional Beamforming (3DBF).
It is well-known the performance of a radio-frequency
power amplifier (RF PA) can often dominate the overall
transmitter (TX) performance, as its power-added efficiency
(PAE) dictates the power and heat dissipation for the entire
TX. For enhanced user experience and massive MIMO
antennas at cm-Wave/mm-Wave frequencies, the 5G system
will require more PAs to be integrated in the RF front-end
modules (FEMs), making the design of a 5G PA more critical
than that of a 4G PA. To any successful commercial 5G
application, the output power (𝑃OUT ), linearity, reliability,
cost, and form factors of a PA are all very important.
Figure 1 illustrates an example of attractive 5G FEM
IC array design in cm-Wave/mm-Wave for phased-array
MIMO antennas. The 5G PA, low-noise amplifier (LNA), T/R
switches, phase shifter, and various passives are all integrated
into the FEM IC as shown in Figure 1, whose architecture
is rather different from their 3G/4G counterparts and also
with a much higher level of IC integration. In some cases
the antennas may be directly packaged on top of the FEM
IC on the wafer-scale to achieve even higher integration with
reasonable performance [3, 4]. The high integration requirement of FEM ICs and massive antenna systems may favor
silicon-based technologies for 5G mobile products, even
though GaAs or GaN FEMs usually have better performances
than their silicon counterparts [3–7]. In addition to the
high integration requirement, as the TX operation frequency
moves to cm-Wave/mm-Wave frequencies, it has been wellrecognized as a very difficult task to design a high-efficiency
linear PA to overcome the overheating issue for successful
massive MIMO realization. Note that we consider the 15 GHz
and 28 GHz devices as operating at cm-Wave but not mmWave frequencies in this review, even though the industry
often “mis-labels” those devices as “mm-Wave devices” for
marketing purpose. For example, Qualcomm’s 5G New Radio
(NR) demonstrated an impressive “5G mm-Wave” prototype
phone in A.D. 2017 operating at 28 GHz, but it should really
be called as cm-Wave prototype as it never operates above

30 GHz. In this paper, we will focus on surveying the latest
key development and design examples on the cm-Wave 5G PA
design (i.e., at 15 and 28 GHz), since the cm-Wave 5G devices
and networks will most likely be deployed earlier than their
mm-Wave counterparts. In a particular case, Qualcomm is
accelerating mobile deployments for smartphones based on
5G NR Release-15 specification, where the cm-Wave RF frontend design is optimized in a smartphone form factor, with
multi-MIMO, adaptive beamforming, and beam tracking,
supporting 5G NR interoperability testing and over-theair trials [8]. Many other companies are devoting lots of
resources in realizing the 5G revolution as well, where we
believe the sub-6 GHz bands and the cm-Wave frequencies
will be utilized first. Note the 15-GHz band was expected to
be allocated for 5G, but in WRC15 it was not assigned as a
candidate band.
The outline of this paper is as follows. Section 2 discusses
the device technology choices for 5G PAs. Sections 3 and
4 present some latest design examples of 5G PAs at 15 GHz
and 28 GHz, respectively. Section 5 presents several efficiency
enhancement techniques at power back-off for both cm-Wave
and mm-Wave PAs, including dynamic supply modulations,
all-digital architecture, and broadband Doherty PA with
digital tuning.

2. The Choice of Device Technologies 5G PA
Today, the majority of handset PAs are still designed in
III–V semiconductor devices technologies because of their
superior frequency responses, breakdown robustness, and
faster time-to-market than silicon-based counterparts [9, 10].
Since today’s base station PAs require rather high 𝑃OUT , they
are largely designed in low-cost silicon LDMOS (Laterally
Diffused MOSFETs) for sub-3.5 GHz bands, and in GaAs or
GaN at higher frequencies, depending on the exact 𝑃OUT
requirements [11, 12]. For example, GaN devices are capable
of operating at a RF power density of 6–8 W/mm of gate
periphery at 4G cellular bands and can deliver an impressive
power density of 3.6 W/mm at 86 GHz in continuous-wave
(CW) operation [11]. In a separate work, 𝑃OUT of 3.6 Watt
at 83 GHz was achieved in pulse mode [11] that siliconbased PA technologies (LDMOS, SiGe, and CMOS) simply
cannot match. However, silicon-based RF PAs do have the
advantages in offering higher monolithic integration with
added functionalities (e.g., on-chip digital control/selection
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Table 1: Projected 5G small cells RF 𝑃OUT requirements for cm-Wave/mm-Wave frequencies (estimated).
Cell Type

RF
𝑃OUT (dBm)

Number of
Users

RF 𝑃OUT Per
PA (dBm)

Potential PA
Technologies

Femtocell
Picocell
Microcell
Macrocell

0–24
24–30
30–40
40–47

1 to 20
20 to 100
100 to 1000
1000+

<20
<20
<27
>27

CMOS/SOI, SiGe, GaAs
CMOS/SOI, SiGe, GaAs
GaAs, GaN, CMOS/SOI, SiGe
GaN, GaAs

3. 5G PA Designed at 15 GHz
in Several Device Technologies
As mentioned above, the estimated 𝑃OUT requirements for
5G small cells (femtocells and picocells) are fairly low per
PA (i.e., <20 dBm), meaning that they could be realizable by
silicon-based PAs according to Figure 2. A 5G macrocell, on
the other hand, may need to be GaN or GaAs PAs due to their

3

Output Power (W)

on power detection, adaptive matching, and digital predistortion (DPD)), which can translate to lower cost and
smaller sizes attractive for broadband multimode multiband
5G handsets with massive MIMO, as suggested in Figure 1.
Actually, SiGe PAs are already in billions of RF FEMs for
WLAN and 3G/4G handsets today, even though III–V based
PAs still dominate the handset PA market. For the next few
years, the sub-6 GHz “5G-like” LTE-Advanced systems with
MIMO will be tested first to pave the way for the above6 GHz mobile networks to come. Because of the higher cmWave/mm-Wave carrier frequency and the massive MIMO
technologies to be deployed, an individual “true-5G” handset
or small-cell PA is expected to have lower 𝑃OUT requirements
than those currently used in 4G LTE applications. As an
example, Table 1 shows our estimated 𝑃OUT requirements for
5G small cells and large cells applications. One can see the
5G PAs used in femtocells and picocells both have fairly low
𝑃OUT requirements per PA (i.e., <20 dBm), which means they
could be realizable by silicon-based PAs. A 5G macrocell, on
the other hand, will probably need to utilize GaN or GaAs
PAs due to their larger 𝑃OUT requirements. Power efficiency,
robustness, and cost will eventually determine the preferred
device technology for a given 5G PA application.
To see which PA device technologies can be the optimal
one for a given 5G applications, we have plotted quite a
few data points corresponding to the literature’s latest cmWave/mm-Wave PAs in Figure 2 for various PA technologies.
We have shown several best silicon-based PAs, where CMOS
SOI stacked PAs with power combining and stacked SiGe PA
demonstrated the best 𝑃OUT for mm-Wave silicon PAs [5–22].
For applications where 𝑃OUT needs to be above ∼3 to 10 Watts
at 15 GHz and above, Figure 2 indicates that state-of-the-art
silicon PAs still have difficulties competing with their III–V
counterparts, being not able to exceed a few Watts RF output
at cm-Wave/mm-Wave frequencies while the GaAs/GaN PAs
can. Note most reported GaN X/Ku-bands PAs were for highpower defense or aerospace applications, but here we expect
GaN PA can be also be very attractive for the 5G PA market
at 𝑃OUT ∼ 3–10 Watts level.

GaN (high power)

2

GaAs
PHEMT
MMIC

GaN (low power)

10
CMOS SOI 4-stack [IMS’09]

1

CMOS



−1

−2

CMOS SOI 4-stack
8-way [TMTT’15]
CMOS SOI 4-stack [TMTT’14]

InP/MHEMT
MMIC
CMOS 4-way
Differential
[ISSCC’14]

Silicon PAs
1

SiGe 16-way
[ISSCC’13]

10

100
Frequency (GHz)

1000

Figure 2: Recently published RF PA performances in silicon and
III–V technologies in the literature with 𝑃OUT versus frequency
[6]. Note even the state-of-the-art silicon PAs (in the “dashed
rectangular box”) have difficulties reaching Watt level RF output at
mm-Wave frequencies.

higher 𝑃OUT and PAE requirements. Cost and integration
level will also be critical factors in deciding the preferred
technology for a given 5G PA implementation. Nakatani
et al. recently reported an impressive 15 GHz 5 × 5 mm2
FEM IC that integrates a three-stage PA, a two-stage LNA,
and a T/R switch in a 0.15 𝜇m GaAs technology for 5G
wideband massive MIMO [23]. The final stage of the PA is
designed with a novel Doherty configuration using an output
parasitic capacitance (𝐶𝑑𝑠 ) compensation method as shown
in Figure 3. Doherty topology was chosen to mitigate the
PA’s efficiency degradation at large power back-off; however,
it is difficult to design a Doherty PA with high PAE over
broadband due to the frequency-dependent 𝜆/4 inverter
required for output load modulation. For a conventional
Doherty PA, it is well-known that the main amplifier (main)
and auxiliary amplifier (Aux) matching circuits are directly
connected at the extrinsic reference plane of the transistors
(containing output parasitic cap 𝐶𝑑𝑠 ). The matching networks
transform the transistor’s output impedance to 50 Ω, and a
𝜆/4 inverted transmission line (TL) is connected after main,
which can vary the load at intrinsic nodes depending on
𝑃OUT levels. A conventional Doherty PA thus can realize
high PAE at large 𝑃OUT back-off for narrow-band signals.
However, for the proposed wideband 15 GHz Doherty PA in
Figure 3, the frequency-dependent matching is removed with
𝐶𝑑𝑠 neutralization using the shunt inductors (𝐿 res ) through
resonance. After the resonator tank of the main amplifier

4

Figure 3: A simplified equivalent circuit of the output portion of the
wideband 15 GHz Doherty PA in a 0.15 𝜇m GaAs technology [23], ©
2017 IEEE.

Figure 4: A prototype 64-element array panel (80 × 80 mm2 ) with
its RF FEM (5 × 5 mm2 ) for 5G cm-Wave applications in a 0.15 𝜇m
GaAs technology [23, 24], © 2017 IEEE.

in Figure 3, a 𝜆/4 inverted TL is connected for the load
modulation at the intrinsic node depending on its 𝑃OUT . The
characteristic impedance 𝑅opt in Figure 3 is the optimum
impedance for high 𝑃OUT performance. Simulations suggest
the bandwidth for effective load modulation for high PAE
at the intrinsic node can be +/−10% at 15 GHz. Measured
data shows the final stage Doherty PA and the three-stage PA
achieved a drain efficiency (DE) at 8 dB back-off of 22% and
12%, respectively, at 𝑉DD = 4 V at 14.5–15.0 GHz.
A picture of the 15 GHz RF FEM packaged in a 32-lead
QFN using the above 3-stage GaAs PA is shown in Figure 4,
together with the prototyped 64 elements array panel for
5G massive MIMO BST/small-cell applications [23, 24]. The
FEM includes all RF active components (LNA, PA, phase
shifter, switch, etc.), RF passive components (antenna, filters,
combiner/divider, etc.), power management, and control ICs.
The RF substrate is a multilayer PCB with RF passives in its
internal layer. Each IC and external interface are mounted
on its surface, while on the back the corresponding antenna
elements are separated by a distance of 𝜆/2.
For silicon-based cm-Wave 5G PAs, as indicated in
Figure 2, recent literature shows CMOS SOI stacked PAs
with/without power combining and stacked SiGe PA have
demonstrated the best 𝑃OUT [15–22]. An example is given in
Figure 5, where a three-stage, 4-stack FET CMOS 15 GHz 5G
PA is reported [25]. The design of the PA uses 512 multigatecells to form a 4-stack output device with 614 𝜇m effective
gate width. The high-power output stage, together with the
two-stage cascode pre-drivers achieve more than 30 dB linear
gain centered around 13.5 GHz. The PA achieves 𝑃OUT >
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25.1 dBm and a peak PAE of 32.4% at 13.5 GHz. The smallsignal −3 dB bandwidth is 2.6 GHz (∼20%). The PA provides
the best combination of saturated 𝑃OUT and PAE reported to
date for 15 GHz CMOS PAs.
Note most reported GaN X/Ku-bands PAs were for highpower defense or aerospace applications, but we expect GaN
PA can be very attractive for the 5G PA market at 𝑃OUT ∼ 3–10
Watts level per PA. A high-efficiency two-stage fully integrated 15 GHz PA designed in a low-cost 0.25 𝜇m GaN/SiC
process was reported recently and shown in Figure 6 [26].
Postlayout simulation shows that the PA has a high smallsignal gain 𝑆21 of 24 dB, 𝑆12 = −41.2 dB, 𝑆22 = −10.0 dB, and
𝑆11 = −12.3 dB at 15 GHz. Its peak PAE reaches 36.6% at 𝑃OUT
= 34 dBm for CW input. Postlayout simulations also suggest
that dynamic supply modulation from 28 V to 10 V may
modestly improve the PA’s efficiency at power back-off. When
the PA is driven with 5/10/20 MHz LTE 16 QAM modulated
signals, the simulated output spectra and adjacent channel
leakage ratio (ACLR) at 𝑃OUT,Linear = 29.6 dBm passed the LTE
spectrum emission mask (SEM) without any predistortion,
and the wider modulated signal bandwidth from 5 MHz to
20 MHz does not noticeably worsen the PA linearity in the
RF + digital cosimulations. State-of-the-art literature survey
suggests this highly efficient and linear 15 GHz GaN PA
may be quite attractive for 5G PA applications at 𝑃OUT ∼
1 Watt level, as the GaN PA has the smallest die size (1.78
× 0.78 mm2 ), the 2nd highest peak PAE (i.e., 36.6%), and is
the only one reported passing the output SEM specs with
LTE 16 QAM input (𝑃𝐴𝐸𝐿𝑖𝑛𝑒𝑎𝑟 = 15.0%), even though it is
designed with the lowest device 𝑓𝑇 of ∼27 GHz. However,
measurement data is required to corroborate the postlayout
simulation results.

4. 5G PA Designed at 28 GHz
in Several Technologies
The work in [27] is one of the earliest examples from the
industry that reports the design and its measured results
of a fully integrated 28 GHz FEM IC, which is designed
in a 0.15 𝜇m GaAs pHEMT process (nominal 𝑓𝑇 /𝑓max =
65/95 GHz, drain-to-gate breakdown voltage = 12 V). The die
picture of the FEM IC is shown in Figure 7, which includes a
three-stage PA, a three-stage LNA, and a single-pole, doublethrow T/R switch. The PA consists of three common-source
stages with gate peripheries of 160 𝜇m, 300 𝜇m, and 750 𝜇m.
Measured device data suggested a maximum power density
of 630 mW/mm, and thus the output stage gate periphery
was calculated to achieve 26 dBm 𝑃𝑂𝑈𝑇,1 𝑑𝐵 on die, which can
achieve 30 dBm linear EIRP (equivalent isotropically radiated
power) in uplink, assuming these FEM ICs are used in a four
elements array. The gate peripheries of the driver stages were
selected to maintain high PAE with sufficient gain to drive the
last stage into compression. All stages were biased in Class
AB mode to optimize gain/efficiency trade-off; however, no
measured linearity data was reported in this study. The output
matching network was designed from nonlinear load-pull
simulation for optimum power and PAE, while the interstage
matching networks were designed to conjugately match two
devices for maximum gain, using a combination of shunt
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Figure 5: The circuit schematic of the three-stage multigate-cell stacked 15 GHz PA in 45 nm CMOS-SOI [25], © 2016 IEEE.

(a)

(b)

(c)

Figure 6: (a) Schematic for the two-stage 15 GHz fully integrated GaN PA MMIC design ([26]); (b) Postlayout simulations on the PA’s 𝑆parameters; and (c) postlayout RF/digital cosimulated PA spectrum output with LTE 16 QAM 20 MHz input at 15 GHz. 𝑉𝐷𝐷,1 = 𝑉𝐷𝐷,2 = 28 V.

MIM (metal-insulator-metal) capacitors, shunt microstrip
transmission lines (TLs), and series microstrip TLs to create
bandpass filters and enhance frequency stability. The DC bias
network also included a resistive, multiband reject filter to
help stabilize the PA.

A first linear bulk CMOS PA targeting the low-power
28 GHz 5G mobile user equipment (UE) integrated phasedarray transceivers application is reported in [28–30]. The
output stage of the PA is first optimized for PAE at a desired
error vector magnitude (EVM) and range. Next, inductive
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Figure 7: Die photo of a 28 GHz RFFE IC on 0.15 𝜇m GaAs with a PA (boxed in red), a LNA (in blue), and a SPDT switch (in green) [27], ©
2016 IEEE.

(a)

(b)

Figure 8: Schematic of the 28 GHz PA in 28 nm bulk CMOS: (a) two-stage transformer-coupled design; (b) push-pull stage with capacitive
neutralization capacitor 𝐶𝑛 (cross-coupled) and single-ended source degeneration inductor 𝐿 deg [28], © 2017 IEEE.

source degeneration in the optimized output stage is used
in a two-stage transformer-coupled PA shown in Figure 8.
The design purposely broadens the interstage impedance
matching bandwidth to help reducing distortion. A small
14 pH inductive degeneration is selected in this PA design,
which lowered device power gain at 𝑃OUT = 12 dBm from 10
to 8 dB and reduced its PAE at the same 𝑃OUT from 48% to
44% in measured test devices. It is possible that unwanted loss
resistance in series with the 14 pH 𝐿 deg also contributed to the
PAE degradation. The chosen 𝐿 deg , however, did not degrade
PA’s 𝑃OUT significantly. The authors had also minimized the
ground path impedance for the test device of by using a
wide and stacked metal mesh surrounding the device for
grounding. The die picture of this 28 GHz PA is shown in
Figure 9. The 28 nm bulk CMOS PA achieves +4.2 dBm linear
𝑃OUT with 9% PAE (at EVM = −25 dBc) using a 250 MHz 64
QAM OFDM input (PAPR ∼ 9.6 dB). The PA also achieves
35.5%/10% PAE for CW input at 𝑃OUT,sat /9.6 dB back-off.
These are among the highest measured PAE values reported
for K- and Ka-band CMOS PAs.

Next, a state-of-the-art 28 GHz 32-element phased-array
transceiver IC designed in a 0.13 𝜇m SiGe BiCMOS process
(𝑓𝑇/𝑓max = 200/280 GHz) with concurrent dual-polarized
beams and 1.4∘ beam steering resolution for 5G communication was reported recently by Sadhu et al. [31] (Figure 9).
The reported RFIC supports concurrent and independent
dual-polarized 16-element beams (H and V) operation in
either TX or RX mode and can be integrated in a volumeefficient antenna-in-package array. A new T/R switch at the
shared antenna interface enables high 𝑃OUT without much
PAE degradation of the PA, and a TL-based phase shifter
achieves <1∘ RMS error and <5∘ phase steps for precise
beam control and also minimizes the number of circuit
components. As shown in Figure 10, each TX/RX signal path
shares an antenna, a passive phase shifter, and a passive
combiner/splitter between the TX and RX in TDD (time
division duplex) operation using 3 TX/RX switches. Without
getting into the design details of the entire phased-array SoC,
we will only focus on the discussion on the RF front-end
T/R IC portion of the SoC design, which contains the PA,
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Figure 9: Die micrograph of fabricated two-stage 28 GHz PA in 28 nnm bulk CMOS with schematic in Figure 8 [28], © 2017 IEEE.

(a)

(b)

Figure 10: A 28 GHz 32-element phased-array transceiver IC architecture and block-level schematic (a) with the block-level schematic of
each of the RF front-end T/R IC (b) [31], © 2017 IEEE.

VGAs (variable gain amplifiers), LNA, phase shifter, and T/R
switches.
Each RFFE IC as shown in Figure 10 includes a T/R
switch that minimizes the insertion loss of the TX mode. In a
traditional T/R switch, each 𝜆/4 TL-based switch is in series
with the PA or the LNA, resulting in similar insertion losses
in TX versus RX modes. In this proposed design, the 𝜆/4
switch at the output of the cascode PA is eliminated to avoid

the TX-mode insertion loss to improve its PAE (Figure 11).
Additionally, in the RX mode, the output admittance of the
off-state PA presents a low conductance real part in parallel
with a high susceptance inductive part. This proposed design,
however, utilizes two switched capacitors to resonate out the
inductive part, achieving a high real TX input impedance to
maximize the RX signal flow to the LNA. The simulated TX
impedances for different states of the 2-bit switched capacitor
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Figure 11: Conceptual schematic of a traditional T/R switch (TOP LFET) versus the proposed T/R switch (TOP RIGHT) with more detailed
schematic of the proposed T/R switch with mode selection (BOTTOM) [31], © 2017 IEEE.

are compared to a traditional switch impedance on the Smith
Chart shown in Figure 11. The removal of the 𝜆/4 switch in this
TX design improves 𝑃OUT,1 dB and 𝑃OUT,Sat by 1.2 dB, while
it only degrades the RX NF (noise figure) by 0.6 dB. This
measured data indicates 𝑃OUT,Sat > 16 dBm per signal path
and PA + switch peak efficiency > 20%, while still maintaining
a 6 dB NF for the LNA + switch block. The authors calculated
that an additional 1.2 dB TX loss per path of the traditional
T/R switch approach would have consumed 2.35 W (or 23%)
more power in the FE IC than the proposed design to achieve
the same 𝑃OUT,Sat .
So far we have discussed various circuit architectures
for 5G cm-Wave PAs at different integration levels, where
GaN, GaAs, CMOS, and SiGe BiCMOS technologies have
all been used. It is expected that the 𝑃OUT requirement, as
well as the cost and robustness of the 5G FEM, will all be
important in deciding the optimal device technology and
RFFE IC architecture for a given 5G cm-Wave/mm-Wave PA
design. Since it is the average PAE but not the peak PAE of the
PA that determines the power and heat dissipation, efficiency
enhancement techniques at power back-off shall be discussed
next.

5. 5G PA Efficiency Enhancement
Techniques at Power Back-Off
5.1. With Dynamic Supply Modulation. The 5G waveforms are
with high PAPR and similar to 4G/WLAN, these waveforms
will inevitably degrade PA’s efficiency at power back-off and
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Figure 12: A simplified block diagram of an entire ET-PA system
[32].

considerably worsen the average PAE of a PA. Therefore,
both Doherty PA and supply-modulated PA are regarded
very attractive for efficiency enhancement for 5G PA design.
We will focus on the supply modulation techniques in this
section, while discussing some more broadband Doherty 5G
PA techniques in the next section to conclude.
Figure 12 shows a simplified transmitter block diagram
using the envelope-tracking (ET) technique for supply modulation to improve PAE at power back-off [32]. The design
uses a linear-assisted envelope modulator (EM, also known
as envelope amplifier), where the RF input signal into the PA
contains both AM (amplitude modulation) and PM (phase
modulation) components. Li et al. presented a detailed design
example by applying the ET techniques to have realized the
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Figure 13: (a) Simplified circuitry schematic of the differential cascode SiGe PA used in [33]; (b) simplified block diagram of our CMOS
envelope modulator with its connection to the differential cascode SiGe PA on the same die; (c) chip micrograph of the world-first singlechip ET-PA (1.1 × 1.5 mm2 ); (d) measured overall PAE and EVM (at 𝑃1 dB ) of the single-chip ET-PA for the LTE 16 QAM 5 MHz signal at
0.8/1.75/2.4 GHz.

world-first fully monolithic single-chip silicon ET-PA with
high-efficiency and broadband performance, covering several cellular frequency bands [33]. An envelope-tracked SiGe
cascode PA with an integrated CMOS envelope modulator for
3 GPP LTE transmitters is shown in Figure 13 for this work.
The entire single-chip ET-PA delivers the linear output power
of 24.3 dBm with the overall system PAE of 42% at 2.4 GHz for
the 3 GPP LTE 16 QAM modulation. Additionally, it exhibits
a highly efficient broadband characteristic for multiband
applications. Compared to the fixed-supply cascode PA, this
single-chip ET-cascode PA meets the LTE spectral mask
and error vector magnitude (EVM) spec at close to its 𝑃1 dB
compression without predistortion. The SiGe PA and the
CMOS envelope modulator are both designed and fabricated
in the TSMC 0.35 𝜇m SiGe BiCMOS process on the same
die. This work represents an essential integration step towards
achieving a fully monolithic ET-PA for wideband wireless
applications, paving the way for a potential single-chip 5G
cm-Wave ET-PAs in the future. Note, besides DPD, one
can apply envelope-shaping such as DC shifting and/or AC

filtering to achieve optimal high-efficiency ET-PA design for
broadband wireless applications [38].
Another example to illustrate supply-modulated PA can
improve its efficiency of cm-Wave 5G PA applications is
shown in Figure 14, where a highly efficient and linear twostage fully integrated GaN PA operating at 15 GHz (the same
design shown in Figure 6) is used to illustrate the point;
however for brevity we will not include here the on-going
work on optimizing the entire ET-PA system design, which
requires the codesign of the EM with the cm-Wave GaN
PA. SPICE simulations show that this 2-stage PA achieves
an output 1 dB compression 𝑃OUT,1 dB = 32.2 dBm with a
28.2 dB gain and 30.0% PAE for CW operation at 15 GHz.
Its PAE reaches 38.7% at 𝑃OUT = 34.0 dBm with a gain
of 22.0 dB. Postlayout SPICE simulations also suggest that
dynamic supply modulation from 28 V to 10 V as shown
in Figure 14 can significantly improve the PA’s efficiency at
power back-off, where the PAE improvement at 6 dB backoff is around 10%. When the PA is driven with 5/10/20 MHz
LTE 16 QAM modulated signals, the wider modulated signal
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Figure 14: Postlayout simulation of a 15 GHz 2-stage GaN PA as
the DC power supply voltage of the 2nd stage changes from 28 V to
10 V to illustrate the potential efficiency improvement using supply
modulation [26].

Figure 15: An integrated 10 GHz PA, buck 100 MHz switching
power supply, and UHF cascode PA packaged in a complete 5 ×
6 cm circuit, designed to efficiently track a signal with >300 MHz
envelope bandwidth [34], © 2017 IEEE.

bandwidth from 5 MHz to 20 MHz does not worsen the
PA linearity considerably according to the RF/analog/digital
cosimulations (data not shown) [26]. Note as the EM in an
ET-PA will consume significant power especially for high
bandwidth input signal to satisfy PA’s linearity requirements,
the actual PAE enhancement for this GaN ET-PA needs to
be measured against the exact linearity specs for a given 5G
waveform in the future as the enhancement is dependent on
PAPR and signal bandwidth.
Not only can GaN devices offer the highest 𝑃OUT for
cm-Wave PA design as suggested in Figure 2, they can
also often deliver the highest peak PAE compared to GaAs
and silicon devices. In order to improve on the envelopetracking bandwidth of an ET-PA above 100–500 MHz (note
the envelope bandwidth is at least twice greater than the RF
signal bandwidth due to the nonlinear 𝐼-𝑄 to polar transformation [32, 33, 38]), we can also take advantage of the faster
GaN devices for the broadband supply modulator design.
For example, a recent study reports that a buck converter
(i.e., a “switcher”) can be integrated with gate drivers in a
Qorvo 0.15 𝜇m RF GaN-on silicon carbide (SiC) technology,
which have demonstrated over 90% peak efficiency at up
to 200 MHz switching frequency and supply up to 15 Watt
peak power [39]. Furthermore, to show the potential ETPA integration required for some 5G PA applications, a GaN
MMIC that integrated a fast dynamic supply and RF PA is
shown in Figure 15, where a 10 W PA operating at 10 GHz is
combined on the same die with a 100 MHz buck converter
with drive circuitry and also with a UHF cascode PA. This
ET-PA is packaged with connectors for all the input and
control signals, and the only off-chip component is a filter
that determines the bandwidth division between the buck and
cascode circuits [34].
Another supply modulation technique simpler than ET
is average power tracking (APT), in which the supply modulator only responds to the peak of the envelope at each
average 𝑃OUT level. As reported in [40] for a multiband
LTE handset SiGe PA, the APT-PA with optimal waveform

engineering could still achieve similar efficiency as some of
the ET-PAs without DPD. As a matter of fact, in today’s
commercial market most of the low-/mid-tier handsets use
APT while the high-tier handsets use the full-blown ET to
track the instantaneous power supply voltage dynamically
[39]. As signal PARs and bandwidths continue to raise in
5G, challenges remain on how to achieve a high-efficiency
ET-PA, as the efficiency of its supply modulator degrades
significantly with wider bandwidth. On the other hand, the
APT-PA may become more realistic to provide power saving
for 5G applications.
An interesting approach for improving the envelopetracking speed of supply modulator is to use multiple
converters in parallel, with time offsets between them. By
coordinating the inputs of 𝑁 switchers, the output bandwidth
can ideally be increased by a factor of 𝑁. For example, Florian
et al. have reported an ET transmitter architecture based on
the combination of a novel 3-bit supply modulator and digital
predistortion (DPD) [35]. The proposed power converter
is shown in Figure 16, which is based on a direct digitalto-analog conversion (DAC) architecture that implements
the binary-coded sum of isolated DC voltages, allowing the
synthesis of an output envelope waveform with voltage levels
in a binary distribution. This design provides a better voltage
resolution with respect to typical multilevel switched-sources
topologies as there are 8 levels, which enables the correction
of the residual discretization error in the ET transmitter by
using DPD of the RF signal. This design has demonstrated
that one can successfully remove the low-efficiency linear
Op-Amp shown in Figure 13(b), potentially improving the
overall efficiency of the ET-PA significantly. The proposed
ET-PA has been tested with an L-band 30-W lateral-diffused
MOS RF high-power amplifier (RF HPA) with 1.4 and 10 MHz
LTE signals, where the EM achieved 92% and 83% efficiency,
respectively, and the overall efficiencies of the transmitter
system are 38.3% and 23.9% at 5.5 and 1.9 W of average RF
output power, respectively. Figure 16(b) shows the measured
normalized amplitude of the time-domain signal envelope
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Figure 16: (a) Architecture of the proposed ET transmitter in [35]; (b) measured normalized amplitude of the time-domain signal envelope
at the HPA input and output under ET operation with and without DPD and corresponding time-domain dynamic bias provided by the
power-DAC at the HPA drain bias port, © 2015 IEEE.

at the HPA input and output under ET operation with
and without DPD; one can see that, in order to keep the
fidelity of the tracked envelope waveform, DPD is highly
desired and this will consume more power at the baseband,
adding more overhead for developing the power-DAC based
ET-PA. Note the proposed power converter is designed
using very fast discrete GaN-based power switches with an
aggressively compact circuit layout to minimize losses at high
operating frequencies, and the proposed direct power-DAC
uses a binary asymmetric cascaded multilevel structure to
perform ET on the PA with a fairly high supply voltage
of 48 V (plus a DC offset voltage around 6V). Therefore,
the proposed technique in Figure 16 can be rather useful
to defense/aerospace and 5G base station applications, but
it is not clear whether it will be attractive for 5G handset
applications yet.
5.2. With Digital-Intensive Design Methods
5.2.1. Digitally Controlled Power-DAC Architecture: Digital
PA (DPA) with Power Combining. Digitally assisted and
digital-intensive RF TX can benefit from the fast nmCMOS/BiCMOS devices to provide functional flexibility
with high integration and power combining and tuning
done digitally, making them very attractive for multimode
broadband applications with on-chip digital predistortion
(DPD) [41, 42]. For sub-6 GHz band applications, recent
all-digital RF transmitters using CMOS digital PA (DPA)
and a direct quadrature architecture that can meet both

cellular and WLAN specs have been reported [36]. The 𝐼/𝑄
digital bit streams directly feed to the input of DPA with no
CORDIC transformation; a 2D DPD look-up table (LUT) is
developed in the digital front-end (DFE) to improve linearity.
The predistorted baseband signal is upsampled to about
800 MHz before it reaches the DPA to suppress far-out noise.
The sampling clock of the DFE is derived directly from RF
carrier frequency 𝑓𝑐 through a configurable frequency divider
instead of using a PLL (phase-locked loop), and a DIV-2
circuit is used to generate the 𝐼/𝑄 LO signals. The critical
building block, DPA, is shown in Figure 17. Its RF output is
taken by combining the currents from 𝐼-PA and 𝑄-PA, and
each 𝐼/𝑄-PA is split into multiple power cells, controlled by
13-bit baseband signals BB to select the proper number of
power cells. Since the RF output contains quantized baseband
info, the DPA is not just a PA, as its output combines
modulation and digital-to-analog conversion (DAC) as well.
Current-mode Class-D topology is used in this design of
switching pairs, where a transformer-compatible matching
network is used to approximate zero-voltage switching (ZVS).
For the DPD, a training sequence is applied as DPA input
to characterize its quasistatic profile, and a 2D-LUT can be
iteratively built-up through the loop-back path using gradient
search. In normal transmission mode, the 32 × 32-point
2D-LUT is used to map the baseband 𝐼/𝑄 input into DPA
𝐼/𝑄 control bits. The 2D-DPD can correct nonlinearity, 𝐼/𝑄
mismatch, and carrier leakage. The entire TX IC is only
0.7 mm2 in a QFN package, with 𝑃OUT,Sat of 24.7 dBm and
peak DPA drain efficiency of 37%. For an 802.11 g 54 Mb/s
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Figure 17: A simplified schematics for a digital PA (DPA) in 40 nm CMOS [36], © 2013 IEEE.

signal, the maximum 𝑃OUT,Linear is 18.8 dBm for the TX
IC with −25 dB EVM and 17% DPA drain efficiency. The
measured spurious emission is −133 dBc/Hz at WCDMA
band 1 at 2.17 GHz with no external filtering. When tested
with 80 MHz 256-QAM OFDM input, the all-digital TX IC
achieves 𝑃OUT,Linear of 15.7 dBm with −33 dB EVM, showing
great promise for broadband wireless standards, such as LTE
and IEEE 802.11ac, and possibly for the cm-Wave/mm-Wave
5G applications.
To validate this kind of digital-intensive DPA/powerDAC design methodology can also work at mm-Wave frequencies, a novel highly linear direct digital-to-mm-Wave
DACs PA architecture that can simultaneously achieve high
𝑃OUT,Sat (through large-scale on-chip power combining),
good linearization (through dynamic load modulation), and
improved back-off efficiency (through supply-switching and
load modulation) has been recently reported [19]. This
digitally controlled, supply-switched, and load modulated
switching PA architecture shown in Figure 18 uses several
switching mm-Wave PA unit-cells that can be individually
turned ON or OFF with a digital control bit. These PAs are
power-combined using a nonisolating power combiner to
make an overall linear mm-Wave DAC with high back-off
efficiency, through the load modulation of the combiner and
turning OFF some of the PAs. A lumped 𝜆/4 combiner that
enables eight-way power combining with a high 75% measured efficiency at 45 GHz is designed using lumped spiral
inductor with higher characteristic impedance to enable onestep, low-loss, eight-way power combining. Using the power
combiner codesigned with stacked 45 nm SOI CMOS PAs
results in an eight-way combined PA array with 𝑃𝑂𝑈𝑇,𝑆𝑎𝑡 =
27 dBm and a broadband 1 dB bandwidth from 33 to 46 GHz.
Another 45 nm SOI CMOS PA prototype, a 42.5 GHz 3bit digital to mm-Wave PA array using the above-described

linearization architecture achieves 𝑃𝑂𝑈𝑇,𝑆𝑎𝑡 = 23,3 dBm at
42.5 GHz, a highly linear digital control word (DCW) to
output amplitude profile (Differential Nonlinearity (DNL)
= 0.5 LSB; INL 1 LSB using end-point fit) and low AM-PM
distortion [19]. It was also able to improve the PA’s PAE at
6 dB back-off considerably by reaching an excellent ratio of
𝑃𝐴𝐸−6 dB /𝑃𝐴𝐸Peak = 67.7%.
5.2.2. Broadband Doherty 5G PA Using Digital Tuning. As
mentioned in Section 3 earlier, Doherty PA is a highly
promising design topology for enhancing the 5G PA’s PAE
at power back-off, even though it has been used mainly
as a narrow-band PA efficiency enhancement technique in
the past. However, due to its relative design simplicity and
good performance, most cellular base stations today use the
Doherty PA architecture instead of the slightly superior ETPA architecture, except for the cases where the PA output
power must change over a large dynamic range (say, >10 dB),
which Doherty PA typically cannot handle as well as ETPA [39]. The existing silicon mm-wave Doherty PAs in
the literature mostly have very limited PAE enhancement
at power back-off, mainly due to lossy Doherty power
combiners, and/or nonoptimized main/auxiliary PA design
operation [37, 43]. As described in Section 3, [19] reported an
efficient 15 GHz PA operation over wideband frequency with
a Doherty configuration using a parasitic output capacitance
neutralization technique for the final stage PA. In addition,
Hu et al. [37] have recently reported a fully integrated
28/37/39 GHz multiband Doherty PA for 5G massive MIMO
applications. The PAE for the 5G Doherty PA at the power
back-off levels are improved, and its bandwidth is also broadened by the low-loss transformer-based Doherty parallel
power combiner. This new transformer-based combiner is
based on the concept reported by [34] where three 𝜆/4
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Figure 18: (a) Digitally controlled, load modulated power-DAC architecture for linear and highly efficiency mm-Wave PA design [19]; (b)
schematic of the 33–46 GHz watt-class PA array prototype; (c) schematic of the two-stage 45 nm SOI CMOS stacked PA unit-cell used in the
watt-class PA array prototype; (d) chip microphotograph of the 33–46 GHz watt-class PA array prototype. Chip dimensions are 3.2 mm ×
1.3 mm without pads © 2013 IEEE.

lines are used to provide optimum impedance seen by the
device output at the fundamental frequency across the wide
frequency range of +/−23% at 2.2 GHz. In the design of Hu
et al., however, they took it to the next level of integration
by using two transformers absorbing these three 𝜆/4 lines
to achieve compact and true Doherty load modulation.
What is particularly interesting in that design is the adoption of a digital-intensive tuning scheme, where a powerdependent uneven-feeding scheme is used to adaptively
provide optimum main/auxiliary PA operation as shown
in Figure 19. At the input, an on-chip transformer-based
differential quadrature hybrid was used, while nine-section
varactor-loaded transmission lines are deployed both for the
main and for the auxiliary paths. Unlike the conventional
Doherty PA where one relies on an adaptive biasing circuit
on the auxiliary peaking amplifier to turn it on for higher 𝑃in
levels, the input conductance of this Class-C auxiliary PA can
be tuned to increase significantly at higher 𝑃in , while that of
the Class AB main PA remains almost identical. In addition,
one also performs dynamically modulation of the auxiliary
driver load to achieve larger power gain when 𝑃in increases.
Therefore, these tunings enable the rapid increase of auxiliary
PA output current to obtain an optimum Doherty operation

with little limitation on the modulation rate. A prototype
is implemented in 0.13 𝜇m SiGe BiCMOS and it achieved
+16.8/+17.1/+17 dBm peak 𝑃OUT , with 20.3/22.6/21.4% peak
PAE at 28/37/39 GHz. It also amplifies 3 Gb/s 64-QAM input
with high-efficiency and reasonable linearity in all these three
5G bands (Figure 19).
For 5G systems, the use of wide bandwidth (>100 MHz)
and massive MIMO are key technologies. Therefore, we
expect that the efficiency enhancement technique of Doherty
PA design may have good adaptability of digital-intensive PA
to wide bandwidth and massive MIMO.
In the end, we would like to mention that it is not
entirely clear if 5G PAs in the handsets would be required
to go to 28 GHz cm-Wave range in the next couple of years
as the standard is still evolving. As an example, one 5G
startup PHAZR has developed a solution known as Quadplex,
whose technology uses mm-Wave frequencies (24–40 GHz)
for the downlink and the sub-6 GHz frequencies (3.5 GHz
or 5 GHz) for the uplink, which the company and their
collaborators believe this technology can “uniquely enable
high-performance, cost-effective, and power-efficient 5G systems” [44]. Additionally, some latest 5G modulation methods, such as the advanced nonorthogonal multiple access
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(a)

(b)

(c)

Figure 19: (a) A simplified schematic showing the proposed digitally intensive broadband Doherty transmitter in 0.13 𝜇m SiGe BiCMOS [37];
(b) CW measured small-signal 𝑆-parameters and large-signal 𝑃𝑆𝐴𝑇 /𝑃1 𝑑𝐵 data, indicating dual-mode PA operation covering three 5G bands;
(c) chip micrograph.

(NOMA) scheme that serve multiple users at the same
time/frequency/code but with different power levels, will
complicate the MIMO 5G PA design optimization to achieve
the overall highest TX power efficiency under various output
power levels and users clustering scenarios [45].

6. Conclusions
In this paper, we have briefly surveyed some recent advanced
and promising design trends on cm-Wave and mm-Wave 5G

PAs. These PAs are designed in various device technologies:
GaAs, GaN, SiGe, bulk CMOS, and CMOS SOI. We covered
wideband Doherty PA in GaAs and in SiGe; stacked PA on
SOI CMOS; differential bulk CMOS PA with neutralization
cap and transformers; CMOS DPA; fully monolithic GaN
PA; highly integrated RFFE with LNA, PA, phase shifter,
switches for phased-array MIMO, and so forth. These PA
designs presented potential solutions for successful 5G cmWave front-end IC designs, where unprecedented high PAE
at both peak 𝑃OUT and power back-off with good linearity

Wireless Communications and Mobile Computing
are required, while broadband operation and dense low-cost
integration suitable for massive MIMO are also critical for the
market adoption. For handsets and small cells/BST where the
maximum 𝑃OUT,Linear requirement is low, typically varying
∼4 dBm to ∼36 dBm, silicon-based PAs can be attractive
for highly integrated solutions with digital-intensive operations. For applications requiring higher 𝑃OUT , on the other
hand, GaAs and GaN technologies may still be largely used
to achieve higher PA efficiency. We also discussed some
techniques specifically for back-off efficiency enhancement,
namely, using the dynamic supply modulations, all-digital PA
architecture, and Doherty PA with digital tuning. We believe
these techniques will continue to be explored extensively to
pave the road to the 5G deployment.
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A low power receiver with impedance transparent RF front end is presented. By using the 4-path passive mixer and the
active feedback of LNA, the baseband impedance profile is further transferred to receiver input. While a LO-defined input
matching is formed by RF front end, the linearity of entire receiver chain is improved. Furthermore, derivative superposition
technique is employed to cancel the distortion of the CMOS LNA. A 3rd-order active-RC filter is designed with current-efficient
feedforward compensated OTA. And a digital-to-time converter (DTC) assisted fractional-N all-digital phase-locked loop (ADPLL)
is codesigned with receiver to meet the IoT requirements. The presented receiver is fabricated in 55 nm CMOS technology with an
active area of 2.3 mm2 and power consumption of 20 mW. Measurement results show that the receiver achieves 5.3 dB NF with 78 dB
gain from 0.6 to 1 GHz, the RX out-of-band IIP3 is +8 dBm, and in-band IIP3 is −10 dBm, and the ADPLL achieves −94 dBc/Hz
in-band PN and −120.5 dBc/Hz at 1 MHz offset.

1. Introduction
The need for low power and low cost transceivers has been
growing with the expansion of portable wireless devices and
wireless sensor networks. Because of big market potential and
design challenges, narrow-band (NB) receivers have become
the focus of industry and academic researches recently. Modern wireless protocols are released, such as the emerging NBIoT [1] and the IEEE 802.11ah [2], to support IoT applications.
Additionally, NB-IoT has been included as an important part
of future fifth-generation (5G) mobile communication [3].
Different techniques are proposed in recent researches
to realize the low power and low cost receiver for IoT
protocols. Because of the superior performance (better noise
and linearity) of NB LNAs, multiple narrow-band receivers
are employed to cover the entire band of the operation. To
provide high-Q frequency selectivity, each NB RX uses offchip components, which increases the entire area and cost [4].
Reconfigurable receiver is able to select signals over a wide
operation band. And one of the common challenges of these
receivers is out-of-band interference. Academic researches
have focused on using passive mixer to suppress the outband blockers. A mixer-first receiver has an excellent linearity

at the cost of large power dissipation and poor LO-to-RF
isolation [5]. Others proposed a noise-cancelling receiver to
achieve very low noise figure by employing two paths of
downconversion which increases the hardware complexity
[6], but extra calibration is needed to provide precise gain and
phase matching.
In this work, an impedance transparent receiver architecture is proposed which only uses one downconversion path.
The proposed reconfigurable RF front end employs an active
feedback LNA to transfer the baseband filter character to the
input of receiver, which can attenuate out-of-band interferers.
By using the impedance mapping of passive mixer and the
feedback of LNA, a LO-defined input matching is formed. To
further improve the linearity of RX, a linearity enhancement
technique called “derivative superposition [7]” is employed in
the CMOS LNA.
This paper proposes a low power impedance transparent
receiver with linearity enhancement technique. The description of the system architecture is given in Section 2; the
design of the building blocks is shown in Section 3; the
measured results are described in Section 4 and conclusions
are provided in Section 5.
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Table 1: Main specifications of receiver for IoT protocols.

Parameters
RF frequency
Channel bandwidth
Max. receive level
Sensitivity
Noise figure
P-1dB
OB-IIP3
In-band IIP3
∗

NB-IoT
699∼915 MHz
180 kHz
−25 dBm
<−109 dBm
<7 dB
>−25 dBm
>+7.75 dBm∗
>−15.4 dB

Range 2 of NB-IoT protocol.

2. System Description
2.1. System Specifications for the Receiver. Based on the
IoT protocols [8], main specifications of the receiver are
summarized in Table 1. Low power and low cost are the key
features of IoT application. And the system specifications are
briefly reviewed as follows.
2.1.1. Noise Figure. Sensitivity level of a receiver is very key
requirement in a communication system because most of
the other specifications are defined based on it. For the NBIoT application with 180 kHz transmission bandwidth, the
sensitivity level is around −109 dBm. The SNRmin is 2.5 dB
to cover all possible TBS (Transport Block Set) with QPSK
modulation and code rate 1/3. Based on the requirements
above, the noise figure of the receiver can be expressed as
NF = Sensitivity
− (−174 dBm + 10 log BW + SNRmin ) − 𝐼𝑀.

(1)

𝐼𝑀 is implementation and production margin. BW is the
transmission bandwidth in Hz. Assuming I𝑀 is 3 dB, it can be
calculated that NF = 6.94 dB.
2.1.2. Nonlinearity. For RX nonlinearity, there are in-band
and out-of-band IIP3 requirements. The in-band IIP3 of the
RX is corresponding to the 1-dB compression point (P1dB).
Since the maximum input level of the NB-IoT receiver is
−25 dBm, the P1dB is −25 dBm. So the in-band IIP3 is
−15.4 dB, which is 9.6 dB higher than P1dB. The out-ofband IIP3 is determined by out-of-band blocking parameters.
According to [8], the interferer power is −30 dBm in range 2
(60∼85 MHz frequency offset from desire signal), while the
signal power is 6 dB above the reference sensitivity (about
−109 dBm). The IIP3 estimated with 2.5 dB SNR is as follows
(where 𝑃signal is the power of signal):

2.2. Receiver Architecture. The proposed receiver architecture
is a suitable solution for IoT applications as shown in Figure 1, consisting of an impedance transparent receiver front
end, a 3rd-order active-RC filter, a fractional-N frequency
synthesizer, and SPI interface to configure the system. The
local frequency generator consists of a divide-by-two circuit
to generate a 25% duty-cycle LO from an on-chip all-digital
phase-locked loop. A DTC-assisted fractional-N ADPLL with
a TDC is employed in this work. Self-biased CMOS inverters
are used to provide rail-to-rail swing to the gate of passive
mixer. Compared with the traditional 50% duty-cycle LO,
the 25% duty-cycle LO scheme [9] provides isolation timely
between I- and Q-current-path. Therefore, conversion gain
reduction and subsequent NF increase are prevented.
2.3. Noise Analysis of Receiver RF Front End. The receiver
RF front end comprises an LNA, two separate passive mixers
for in-phase (𝐼) and quadrature-phase (𝑄), and a single-pole
filter as a TIA which changes the current signal to voltage
signal. The passive mixer is implemented with 4 nMOS
transistors, which are connected with the output of LNA.
According to [10], the output of 4-path passive mixer can be
written as
+∞

𝑆MIXER,current = ∑ 𝑎𝑛 𝑒𝑗𝑛𝜔LO (𝑡−(𝑇/4)𝑖)
𝑛=−∞

1
𝑛𝜋
𝑎𝑛 = 𝑒−𝑗𝑛(𝜋/4) sin 𝑐 ( ) .
4
4

3𝑃in − (𝑃signal − SNR)

(2)
= 7.75 dBm.
2
For the sensitivity requirement of the protocol, LNA-first
architecture should be employed. Compared with mixer-first
receiver, the LNA is added for two reasons.
(1) LO-to-RF isolation can be improved by adding the
LNA, which is one of the most challenging things in mixerfirst receiver. The allowable emission level within receiver
OB-IIP3 =

band is in range of −60 to −80 dBm. For example, according
to [9], the LO leakage of mixer-first RX is about −48 dBm
without calibration in 28 nm CMOS technology.
(2) Providing a gain in first stage is a power efficiency
method to realize high sensitivity receiver. Due to lack of
LNA, lots of current is burned in baseband transimpedance
amplifier (TIA) to make the NF less than 8 dB in mixer-first
receiver [5].
Because of the narrow-band profile, the 1/f noise and
DC offset could degrade the sensitivity. A passive mixer is
employed for its superiority on 1/f noise. And a DC offset
cancellation circuit is designed.
Besides, it is difficult to achieve both high linearity and
low power for RF front end, especially without the help of
off-chip device (e.g., SAW, BAW). Compared with traditional
method of using passive mixer at LNA output only, the
proposed receiver is further mapping the impedance of mixer
to the RX input with active feedback LNA to realize the input
LO-defined impedance matching. The in-band of RX could
be a problem due to the incremental gain of LNA. So the
derivative superposition technique is utilized to cancel this
distortion in LNA.

(3)

𝑆MIXER,current is the current gain of 4-path passive mixer
and 𝑎𝑛 is the coefficients of the Fourier series. The receiver
conversion gain and NF can be calculated as follows:
𝐴 RX RF =

𝑍𝑂,LNA (𝜔LO )
1
⋅𝑎 ⋅𝑅
⋅ 𝑔𝑚,LNA ⋅
2
𝑍𝑂,LNA (𝜔LO ) + 𝑅sw −1 𝐹

(4)
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Figure 1: Proposed receiver architecture.

NF = 1 +

2
𝐼𝑛,LNA

𝑘𝑇𝑅𝑆 ⋅

2
𝑔𝑚,LNA
2

+
+

+∞
𝑎−𝑛
𝑅𝑠𝑤 ⋅ 𝑅𝐹
(∑
)
𝑅𝑆 ⋅ 𝐴 RX RF 𝑛=0 𝑍𝑂,LNA (𝑛𝜔LO ) + 𝑅sw
2
𝑉𝑛,TIA

2

(5)

(1 + 𝑅𝐹 /𝐶𝑂,LNA )

4𝑘𝑇𝑅𝑆 ⋅ 𝐴2RX RF
𝑅𝐹
+
.
𝑅𝑆 ⋅ 𝐴2RX RF
is the transconductance of the LNA. 𝑍𝑂,LNA and
respectively, the output impedance and output
current noise of the LNA. 𝑅sw is the mixer switch onresistance. And 𝑅𝐹 is the feedback resistance of TIA. The OTA
2
noise is modeled by 𝑉𝑛,TIA
as shown in Figure 2. Since the
thermal noise of passive mixer switches is white noise, all
parts of harmonics of the LO will be folded into baseband
which is shown in third part of (5). From this equation, we
can see that the LNA stage decreases the noise contribution
from mixer and TIA.
𝑔𝑚,LNA
2
𝐼𝑛,LNA are,

2.4. Impedance Transparent Profile. Compared with conventional architecture of just employing passive mixer at LNA
output, the high-Q filtering profile of passive mixer is further
transferred to the input of the receiver in our proposed RF
front end. So it can relax the requirement on LNA linearity
while achieving a relatively low NF. To figure out how the

impedance transparent affects the linearity of the RX, the
benefit of a filter is added before or after LNA is analyzed as
shown in Figure 3.
To simplify analysis, only the nonlinearity of LNA and
mixer are considered. The filter has two rejections as shown
in Figure 4, 𝐻blocker1 and 𝐻blocker2 for different blockers at
𝐹blocker1 and 𝐹blocker2 . A1 and A2 represent the amplitudes of
the two blockers. For a memoryless nonlinear system, the
input/output characteristic can be modeled as a polynomial [11].
Then output IM3 of this cascaded receiver stages (LNA
and mixer) is as follows:
𝐴2 𝐴
𝐴 IM3,baseband = 𝐺LNA 𝐺MIXER 2 1 2
𝐴 IIP3,LNA
⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟
Output IM3 of LNA

+

3
𝐺LNA
𝐺MIXER

𝐴21 𝐴 2

(6)

.
𝐴2IIP3,MIXER
⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟
Output IM3 of MIXER

𝐺LNA and 𝐺MIXER are the gain of the LNA and the mixer
stage, respectively. In case one, the filter is added after the
LNA. The resulting IM3 is as follows:
𝐴2 𝐴
𝐴 IM3,baseband = 𝐺LNA 𝐺MIXER 2 1 2
𝐴 IIP3,LNA
⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟
Output IM3 of LNA

𝐺3 𝐺
𝐴21 𝐴 2
+ 2 LNA MIXER
.
𝐻blocker1 𝐻blocker2 𝐴2IIP3,MIXER
⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟⏟
Output IM3 of MIXER

(7)
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Figure 2: Noise sources inside the RF front end.
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Figure 3: Two cases to analyze the effect of impedance transparent.

𝐴 IM3,baseband =
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2
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𝐻blocker2 𝐴2IIP3,LNA
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+
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.
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From (7), we can see that blockers are not attenuated at
the input of LNA. But the IM3 levels from the mixer stage are
significantly reduced, which helps to improve the IM3 level
by a few dB. Therefore, the RX IIP3 is limited by LNA stage in
this case. By adding the filter in case two, the IM3 at baseband
is calculated as

f

Figure 4: The rejection of the filter for two different blockers.

(8)

Output IM3 of MIXER

In this case, it can be shown that IM3 level from both the
LNA stage and mixer stage is attenuated. So the IIP3 of the
entire receiver is significantly improved. If the blocker IM3

improvement due to the smaller voltage swing is ΔIM3 , the
entail IIP3 improvement is
1
ΔIIP3 (dB) = 𝐻blocker1 (dB) + 𝐻blocker2 (dB)
2
1
+ ΔIM3 (dB) .
2

(9)

If the blocker 1 is attenuated by 10 dB and blocker 2 is
attenuated by 6 dB, while ΔIM3 is 3 dB, the IIP3 improvement
is about 14.5 dB.

In our proposed receiver front end, an active feedback
LNA is used to further map the bandpass filtering characteristic of 4-path passive mixer to the input of RX, which has the
same effects as case 2. So it has a suitable tradeoff between
noise and out-of-band attenuation early in the receiver chain.
According to N-path filtering theory, the frequency
response of the filter is centered at the LO frequency. Because
of the reciprocal character of passive mixer, the RF signal is
down converted to baseband. After being shaped by baseband
load, it is up converted back to RF, which transfers the load
response to LO frequency. The input impedance of the mixer
can be calculated as follows (where 𝑅sw is the switch onresistance, 𝑍baseband is the baseband impedance, and 𝑅sh is
equivalent resistance of harmonic mixing) [5]:
2

(𝜔 − 𝜔LO ) 𝑅sh .
𝑍
𝜋2 baseband

180

−4

160
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140
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120

−10
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−12
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−14
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7

8

9
Frequency (Hz)

−16
11
8
×10

10

Figure 5: Simulated Z11 and S11 of receiver RF front end.

(10)
V＂）！３０

V＄＄

So the LNA load impedance can be shown to be consisting
of the output impedance of LNA and the baseband impedance
upconverted by the passive mixer. The input stage of receiver
is a CMOS LNA with a shunt-shunt feedback [12]. With the
negative feedback, the impedance properties at the baseband
can be mapped to the LNA input as
1/𝑔𝑚2 + 𝑅𝐹,LNA
𝑅in =
.

1 + 𝑔𝑚1 ⋅ 𝑅𝐿,LNA 𝑍mixer (𝜔)

−2

V＄＄ V＂）！３０＃V＄＄
－1０

V＄＄

－1０＃
M2

I＂）！３
CF

RF

２＆ＣＨ

Aux
transistor

𝑍mixer (𝜔) = 𝑅sw +

200

S11 (dB)

5

Z11 (Ohm)
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－1．

M3

(11)

𝑅𝐹,LNA and 𝑅𝐿,LNA are feedback resistance and load
resistance of LNA, respectively. 𝑔𝑚1 and 𝑔𝑚2 are the transconductance of main amplifier transistor and feedback transistor, respectively. 𝑍mixer (𝜔) is the input impedance of
passive mixer, which has a bandpass impedance characteristic. Since the input resistance of active feedback LNA is
inversely proportional to the LNA gain, making the baseband
impedance further transferred to the LNA input. The inband impedance is matched to 50 Ohms, making the input
impedance matched at LO frequency only; thus the power of
out-of-band blockers are reflected at RX input. The reduction
in the voltage gain out of band causes the impedance to
increase instead which means that the shape of the impedance
is inverse to the shape of the impedance at the output of the
LNA. Simulated s-parameters and input impedance of the
front end using steady-state analysis are shown in Figure 5.

V＂）！３．

２＆ＩＯＮ
－1．＃

V＂）！３．＃

Feedback Path
IIP3 Comp.

Figure 6: Schematic of the presented CMOS LNA.

𝐹 = 𝐹𝑅𝑆 + 𝐹𝑀1 + 𝐹𝑅𝐹 + 𝐹𝑀2 + 𝐹𝑅𝐿 + 𝐹𝑀𝐵
=1+
+
+

𝛾1 𝑅𝑆 2 + 𝐴 𝑉 2
𝑅𝐹
(
) +
2
𝑔𝑚1 1 + 𝐴 𝑉
𝑅𝑆 (1 + 𝐴 𝑉)

𝛾2
𝑅𝐹
[1 −
]
1 + 𝐴𝑉
𝑅𝑆 (1 + 𝐴 𝑉)

(12)

2

2 + 𝐴𝑉
1
(
)
𝑔𝑚1 𝑅𝑆 𝐴 𝑉 1 + 𝐴 𝑉

2

3. Building Block Designs
3.1. LNA. Comparing with mixer-first receiver, LNA-first
architecture has better noise and LO-to-RF isolation performance. And impedance transparent character is discussed
in Section 2.2. A feedback buffer is added between the LNA
output and input, which is used to further map the bandpass
filtering characteristic of 4-path passive mixer to the input of
LNA. Since the receiver noise figure is dominated by the LNA,
it should be carefully designed. According to [12], the noise
figure of LNA can be calculated as

𝑅𝐹
+ 𝛾𝐵 𝑔𝑚𝐵 𝑅𝑆 [1 −
] .
𝑅𝑆 (1 + 𝐴 𝑉)
There is a negative item in the equation above, so the
noise factor can be optimized with the degree of freedom
brought by the active feedback. The layout parasitic is also
significantly affecting the NF. The noise of gate resistances is
directly amplified to the output; low resistance metal layers
should be used for gate connections.
As shown in Figure 6, main amplifier with CMOS
structure is used in LNA, which increases 2x current
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Figure 7: The proposed architecture of 3rd-order Butterworth low-pass active-RC filter.

efficiency. CMOS LNA can also cancel out the second order
nonlinearity by properly sizing. A linearization technique
called “derivative superposition” [7, 15] is used to improve
the linearity of LNA because it determines the linearity
of whole RX. The third derivatives (g3) of drain current
from the main and auxiliary transistors are added to cancel
distortion. Because g3’s sign is different at the moderate and
strong inversion region, zero g3 can be created by proper
biasing the transistors. The auxiliary inverter only contains
weak-inversion transistors, resulting in much smaller power
consumption than the common feedforward technique.
3.2. Filter. Figure 7 is the proposed 3rd-order Butterworth
low-pass filter. The filter consists of two main stages. For
higher linearity, the Tow-Thomas biquad filter is arranged
after a first-order filter. Programmable resistor and capacitor
arrays are designed to adjust gain and compensate for process
variations.
Feedforward compensated amplifier has less power dissipation than miller-compensated opamps when reaching
the same design index [16]. A typical two-stage feedforward
compensated amplifier is used in this work, as shown in
Figure 8. To further lower power and area, local commonmode feedback circuit is applied. To meet the demand of
ripple (<0.2 dB), the GBW of op1, op2, and op3 in Figure 6
are 400 MHz, 200 MHz, and 200 MHz, respectively.
For high gain filter, it is necessary to eliminate input DC
offset. The DC offset cancellation (DCOC) circuit is shown

Feedforward stage

I＜Ｃ；Ｍ

Input stage

VＣＨＨ

VＣＪＪ

Output stage

VＩＨ

VＩＪ

Figure 8: Schematic of two-stage feedforward compensated opamp.

in Figure 9. The low-pass feedback circuit will make the filter
indicate high-pass feature at relatively low frequency.
3.3. ADPLL. Based on the blocking requirement, the codesign between the RF front end and ADPLL is necessary.
The LO phase noise at 1 MHz offset should be less than
−116 dBc/Hz with 6 dB margin. Both of the effects of reciprocal mixing of the blocker and the white noise introduced
to signal band are considered. A DTC-assisted fractionalN ADPLL is employed with a time-amplified TDC, as
shown in Figure 10. The TDC employs time amplifier (TA)
realizing fine resolution. DTC is used with phase prediction
algorithm to reduce the detection range of TDC. Δ ∑-DTC
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can be cascaded with DTC to suppress the spur induced
by DTC quantization. Autocontroller algorithm and gearshift technique helps to reduce the locking time to less than
20 us.
TDC and DCO are the most power-consuming blocks
in the traditional ADPLL, so some techniques are used to
lower power dissipation of these parts. Firstly, TDC snapshot
is utilized to reduce the sampling rate from CKV to CKVS
(=FREF), and the DTC can reduce the TDC detection
range, which contributes to a prominent power reduction.
Secondly, a low-supply structure DCO is designed in this
work, which consumes just 900 uW at 1.5–2.05 GHz. A TATDC is designed to achieve high quantization to improve inband phase noise. The DCO is followed by an inductor-less 2x
divider to provide a reasonable input frequency for the phase
digitization circuits. The divider generates four 90∘ -spaced
phases.

5 dBm. And the received signal is swept from FLO −100 MHz
to FLO +100 MHz. It shows that S11 < −10 dB over a
0.6–0.9 GHz RF range. The matching point is tunable with
LO frequency and forms a narrow-band matching character
which can improve the linearity of the receiver.
Figure 14 shows the measured baseband noise figure
of the receiver. We measured a minimum noise figure of
5.3 dB at 1 MHz with the LO frequency of 900 MHz. Both
the simulated and measured NF are in good agreement. The
simulated result is about 1 dB lower than the measured one.
The NF discrepancy is mainly due to layout parasitic which
can lower the transconductance of LNA and the inaccuracies
of the noise model in simulation.
The OB-IIP3 is measured at LO frequency of 900 MHz.
Two blockers with −25 dBm input power are injected. IIP3
is measured at different frequency offsets. Figure 15 shows
the test result of the OB-IIP3. It shows that due to the
effect of impedance mapping, with the increase of the offset
frequency, IIP3 increases. The highest point of linearity is
mainly limited by the on-resistance of mixer and the linearity
of LNA. The slope of the change in linearity is mainly limited
by the capacitance size before the TIA. The in-band IIP3 is
about −10 dBm, and the out-band IIP3 is +8 dBm at 60 MHz
offset.
The OB-IIP2 is measured at LO frequency of 900 MHz
as the IIP3 test method. Two blockers with −25 dBm input
power are injected. And two blockers are separated by 1 MHz,
with an offset from LO frequency. Figure 16 shows the
test result of the IIP2. It shows that, due to the effect of
impedance mapping, with the increase of the offset frequency,
IIP2 increases. The out-band IIP2 is greater than +39 dBm
without any calibration. This IIP2 is limited by the mixer
mismatch and second nonlinearity of the gain stages. Since
a CMOS LNA architecture is used in this work, IIP2 is
improved in the proposed receiver. The measured result of
this impedance transparent receiver is summarized in Table 2
with comparisons of prior arts. The proposed low power
RX architecture has a suitable noise figure and linearity
for IoT application and shows a good out-of-band blocker
tolerance.

4. Measured Results

5. Conclusion

This chip is fabricated in SMIC 55 nm 1P7M CMOS technology. Figure 11 shows the die photograph of the receiver.
The core area of the chip is 2.3 mm × 1 mm, and the ADPLL
occupied 1 mm × 1.2 mm due to the inductor of DCO.
As shown in Figure 12, the in-band phase noise is
about −95 dBc/Hz and the out-band phase noise is about
−120 dBc/Hz at 1 MHz frequency offset, which can satisfy the
requirement of NB-IoT protocol [8]. The rms jitter is about
1.1 ps which is integrated from 1 kHz to 10 MHz. The whole
power consumption of ADPLL is about 4 mW.
The measured S11 of the receiver with different LO
frequency is shown in Figure 13. Using the SPI the ADPLL
was set up to LO frequency, respectively (1.2 GHz/1.4 GHz/
1.6 GHz/1.8 GHz/2 GHz). Then the LO power was expected as

A low power impedance transparent receiver for IoT application is proposed in this paper. A reconfigurable receiver
with tunable channel filtering and narrow-band input matching at RX input is presented. Passive mixer and active
feedback LNA are used in the receiver to further map
the baseband impedance to RF input. A 3rd-order activeRC filter is employed in the receiver for meeting the IoT
requirements. The filter achieves a relatively low power with
the use of current-efficient feedforward compensated OTA.
Digital controlled resistor and capacitor arrays are flexible
for gain and bandwidth tuning. A DTC-assisted fractional-N
ADPLL is employed with a time-amplified TDC. By utilizing
blocker filtering and derivative superposition techniques, the
proposed RX achieves NF of 5.3 dB with +8 dBm OB-IIP3
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Figure 9: DCOC circuit of two-stage low-pass filters.
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Table 2: Comparison with prior arts.

Parameter
Selective input matching
Architecture
Operation frequency
Gain
Noise figure
IB-IIP3
OB-IIP3
IIP2
Technology
Core power

This work

[13]

[14]

[5]

[6]

Yes
LNA with
active feedback
0.6∼1 GHz
78 dB
5.3 dB
−10 dBm
+8 dBm
39 dBm
55 nm CMOS
16 mW RX
+4 mW ADPLL

No

No

Balun LNA

Current mode LNA

0.75∼0.96 GHz
20∼104 dB
5.1/4 dB
−6.2 dBm @ Min Gain
45 dBm @ Min Gain
180 nm CMOS

1.0–5.2 GHz
23 dB
6.5 dB
−1.5 dBm
130 nm CMOS
13 mW RX
+22 mW LO

Yes
Mixer
first
0.1–2.4 GHz
40–70 dB
7 dB @ 2 GHz
−67 dBm
+25 dBm
+56 dBm
65 nm CMOS

Yes
Noise
cancelling
0.08–2.7 GHz
72 dB
1.9 dB
−18 dBm
+13.5 dB
+85 dBm
40 nm CMOS

37–70 mW

35.1–78 mW
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Figure 10: ADPLL architecture.
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Figure 11: Die photograph of the chip in 55 nm CMOS.
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Figure 13: Measured S11 of the receiver with different LO frequency.

Figure 12: Measured phase noise of the frequency synthesizer.

while consuming 16 mW. The ADPLL in-band phase noise
is about −95 dBc/Hz and the out-band phase noise is about
−120 dBc/Hz at 1 MHz frequency offset, while consuming
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4 mW. The proposed receiver architecture can be used for low
power IoT application, such as IEEE 802.11ah and NB-IoT.
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This paper describes a fully integrated power amplifier (PA) in 100 nm InGaAs pHEMT process for E-band point-to-point
communications. The device size and biasing conditions are optimized to enhance the overall performance at millimeter-wave
frequencies. The complete PA consists of two unit PAs and each unit PA has four stages to improve the gain while ensuring stability
from dc to the operating frequencies. A 4-way zero-degree combiner (in the unit PA) and a 2-way 𝜆/2 combiner are used to boost
the output power. Occupying 5 mm2 , the proposed PA achieves an output power of 0.45 W with 17.9% PAE at 74 GHz.

1. Introduction
There is an increasing need of E-band technology for future
5G network infrastructure, such as wireless backhaul. In
wireless backhaul systems, highly directional antennas are
employed at both transmitter and receiver sides to compensate for the path loss [1, 2]. For example, FCC Part 101 Rules
[3] require a minimum antenna gain of 43 dBi to ensure the
E-band radio equipment transmitting “pencil beams” to ease
interference analysis and spatial coordination of links. Nevertheless, for a multi-Gbps link exceeding multikilometer
distance, a watt-level power amplifier (PA) is required to
ensure 99.99% weather availability worldwide [1, 2]. Such
output power (𝑃OUT ) requirement assigns new task for the
fully integrated power amplifiers (PAs) at millimeter-wave
(mm-Wave) frequencies.
Although the ever-increasing speed of MOS transistors
provides new opportunities to mm-Wave designers, the low
breakdown voltage limits the output power of E-band CMOS
PAs to about 0.1 W [2, 4, 5]. The work in [6] demonstrated
an E-band SiGe PA with 27.3 dBm 𝑃OUT , but it may suffer
additional loss in the packaging due to the placement of
the output pads at the center of the die. Therefore, wattlevel E-band PAs still remain in the domain of compound
semiconductors. At E-band, GaN PAs [7] deliver more than

1 W 𝑃OUT due to the high breakdown voltage while InP PAs
[6] achieve PAE as high as 40% thanks to the high 𝑓𝑇/𝑓MAX .
Nevertheless, GaAs technology [8–10] has the advantages
of relatively low cost, high yield, and easy foundry access,
offering an attractive alternative for E-band applications.
In this paper, we report a fully integrated E-band PA in
100 nm InGaAs pHEMT technology. Circuit optimizations
have been applied to active device, unit PA, layout floorplan,
and power combining structures to enhance the gain, output
power, efficiency, and stability. The proposed 5 mm2 PA demonstrates a measured power gain of 20.6 dB and an output
power of 26.5 dBm with 17.9% PAE. Section 2 details the circuit optimizations regarding the transistor biasing, amplifier
stage, and power combining structure. Section 3 shows the
measurement results with the conclusion given in Section 4.

2. Design Considerations and
Circuit Implementation
The power amplifier prototype was designed in a commercial
100 nm InGaAs pHEMT process (𝑓𝑇/𝑓MAX = 130/200 GHz)
with a breakdown voltage of 8 V and saturated output power
density of about 600 mW/mm at a normal supply voltage
of 4 V. The wafer thickness is 50 𝜇m. In this work, the PA
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Figure 1: Single-stage PA metrics versus transistor biasing at 75 GHz: (a) gain, (b) 𝑃3 dB , (c) PAE3 dB , and (d) FOM = Gain (dB) + 𝑃3 dB (dBm) +
10 log[PAE3 dB (%)].

simulations were performed in ADS based on the PDK
models while all the passive devices were characterized with
ADS momentum.
2.1. Transistor Design: Optimum Biasing. In this work, the
transistor’s biasing voltages are optimized based on the
following PA figure-of-merit (FOM), given by
FOM = Gain (dB) + 𝑃3 dB (dBm)
+ 10 log [PAE3 dB (%)] ,

(1)

where gain, 𝑃3 dB , and PAE3 dB represent the power gain under
power match, the 3 dB compressed output power (𝑃3 dB ), and
the PAE at 𝑃3 dB (PAE3 dB ), respectively. Figure 1 shows the
simulated power gain, 𝑃3 dB , PAE3 dB , and the calculated FOM
versus different gate voltage (𝑉G ) and drain voltage (𝑉DD ) at
75 GHz. In the design, the device size of 50 𝜇m × 4 (i.e., 50 𝜇m
finger width, four fingers) is selected to balance the power
gain and output power. The ideal lossless input and output
matching circuits are retuned for each biasing condition for
fair comparison. From Figure 1, it is obvious that the PA
has increased gain at a supply voltage of 2 V and it shows

enhanced output power at 4 V. As the PA operates at a large
fraction of 𝑓𝑇/𝑓MAX , the limited power gain has a direct
impact on the PAE. As a result, PAE3 dB peaks at 𝑉DD of 2 V
and 𝑉G of −0.45 V despite the fact that the PA achieves 2 dB
more 𝑃3 dB at 𝑉DD of 4 V. Such issue becomes even severe
after including the loss of matching circuits. In this design, we
chose the biasing points based on the FOM which equals the
sum of the power gain, 𝑃3 dB , and PAE3 dB . Figure 1(d) shows
that the FOM peaks at 𝑉DD of 3 V and 𝑉G of −0.35 V, giving the
power gain, 𝑃3 dB , and PAE3 dB of 7.8 dB, 19.5 dBm, and 31.6%,
respectively, at 75 GHz.
Besides, an important feature for the 50 × 4 𝜇m transistor
under such biasing configuration is that the gain match and
power match can be nearly achieved simultaneously, which
significantly reduces the design efforts. Note that though 25 ×
4 𝜇m transistor shows relatively high maximum small-signal
gain, it is potentially unstable at E-band and shows 3 dB
lower 𝑃OUT than 50 𝜇m one which will complicate the power
combining network for the same 𝑃OUT requirement.
2.2. Unit PA Design: Gain, Power, and Stability. Using the
optimum device size and bias configurations, a fully integrated unit PA is designed, as shown in Figure 2, where the
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Figure 2: Simplified schematic of the E-band unit power amplifier.

details of the device parameters are also summarized. The
unit PA consists of four stages to achieve more than 20 dB
power gain and thus relax the input power requirement. To
provide sufficient driving power and in order not to saturate
prior to the output stage, the total transistor width of three
driver stages is scaled down by a factor of two progressively.
A 4-way zero-degree transmission-line (T-line) combiner
[11] is employed to sum up 𝑃OUT of the four 50 𝜇m × 4
devices in the PA output stage. Compared to Wilkinson
combiner, the zero-degree combiner significantly reduces the
chip area and insertion loss while transforming the 100 Ω
load to the optimum load impedance of each 50 𝜇m × 4
device. The port isolation is not a major constraint here as
all the combiner inputs have no phase difference. The 350 𝜇m
𝜆/4 T-lines are used as RF choke to feed the supply and
the T-lines in grey (TL𝑔 ) are used to distribute the supply
networks for the amplifier stages at lower side. Both TL𝑔 and
𝑅odd (see Figure 2) can help to reduce the gain of internal
loops and thus eliminate potential oscillations. The capacitor
𝐶𝑑 provides a short to ground in the range of operating
frequencies. Extensive EM simulations have been performed
on the complete passive circuits to take into account the
mutual couplings between all the passive components. The
simulated 𝑃5 dB and PAE5 dB for the unit PA equal 24.9 dBm
and 22%, respectively. Note that, at 𝑃5 dB , the PA output
stage is compressed by roughly 3 dB while the three driver
stages are compressed by 2 dB. As the power gains of both

driver stages and output stage are very limited, such design
methodology ensures that the PA output stage can be driven
into saturation while three driver stages consume relatively
low dc power [12].
As the transistor has much higher power gain at low
frequencies, the stability there becomes a big concern. Simulation predicts that the unit PA is potentially unstable in the
range of 25 GHz. To tackle this, 𝐶𝑐 is introduced at each stage
to close the loop and thereby significantly reduce the power
gain at low frequencies where the 𝜆/4 dc-feeding T-lines show
relatively low impedance and 𝐶𝑑 shows high impedance.
Consequently, the unit PA is unconditionally stable from dc
to the operating frequencies and the in-band performance is
not degraded at all.
2.3. Power Enhancement: Half-Wavelength T-Line Combiner.
To further enhance the output power, the complete PA combines 𝑃OUT of two unit PAs using 𝜆/2 T-line power combiner,
shown in Figure 3. A characteristic impedance (𝑍𝑜 ) of 70 Ω
is chosen to balance the insertion loss and bandwidth. In
this case, compared to Wilkinson and zero-degree combiners
[11], the 𝜆/2 T-line combiner is compact and straightforward
to implement and has relatively broad bandwidth. More
importantly, it is not sensitive to the process variations while
covering a distance as long as 700 𝜇m between the outputs of
the two unit PAs. Including output GSG pads, the insertion
loss of the 𝜆/2 T-line combiner is 0.68–0.71 dB at 75 GHz for
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3. Measurement Results
The PA prototype is fabricated in a 100 nm InGaAs pHEMT
process. The chip micrograph is shown in Figure 4. Including
RF and dc pads, the chip occupies an area of 5 mm2 .
Measurements are performed on a high-frequency probe
station. The input and output RF pads are accessed by GSG
probes while dc pads are wire-bonded to a PCB. The supply
voltage for the PA is 3 V.
Figure 5 shows the measured S-parameters. The PA
achieves a peak 𝑆21 of 20.8 dB at 74 GHz with the 3 dB
bandwidth of 7.5 GHz. Thanks to the optimum transistor
sizing and biasing, ensuring simultaneous gain match and
power match, 𝑆22 is better than −10 dB from 71.5 to 78.5 GHz.
𝑆11 is better than −10 dB from 71 to 77 GHz while 𝑆12 is smaller
than −48 dB from 60 to 90 GHz. The PA is unconditionally
stable in the measured frequencies. In addition, the output
spectrum is carefully checked from dc to 90 GHz and no
oscillation appears at the PA output. The large-signal behavior
of the PA at 74 GHz is shown in Figure 6. The PA achieves a
measured 𝑃1 dB , 𝑃3 dB , and 𝑃5 dB of 23.8, 25.5, and 26.5 dBm,
respectively. PAE5 dB is 17.9%. From 71 to 79 GHz, the measured output power is more than 25 dBm (see Figure 5).
The measured and simulated results are in good agreement.

S12

70
80
Frequency (GHz)

90

(b)

Figure 5: (a) Measured 𝑆21 , 𝑃5 dB , and simulated 𝑆21 ; (b) measured
𝑆11 , 𝑆12 , and 𝑆22 .

The 2 dB difference in gain can be attributed to the process
variation and mutual couplings between multiple stages. The
inaccurate modelling of back vias could be another issue as
ADS momentum is a 2.5D electromagnetic (EM) simulator.
Table 1 compares the PA prototype to the state-of-the-art
E-band PAs in GaAs, InP, SiGe, and CMOS. Albeit different
technologies used, it can be seen that high output power
will lead to relatively low efficiency owing to the loss in the
power combining network. The work [6] in 250 nm InP with
𝑓𝑇 /𝑓MAX of 400/700 GHz shows an impressive PAE. Thanks
to the proposed design techniques, this PA achieves both high
output power and high efficiency in 100 nm InGaAs pHEMT,
competing well with prior-arts at E-band.

4. Conclusion
An E-band PA has been implemented in 100 nm InGaAs
pHEMT process. To enhance the single-stage amplifier
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Table 1: Performance summary and comparison.

This work
[8]
[9]
[10]
[7]
[13]
[14]
[6]
[15]
[2]
[4]
[5]
1

Technology
100 nm GaAs
100 nm GaAs
100 nm GaAs
100 nm GaAs
140 nm GaN
250 nm InP
250 nm InP
90 nm SiGe
130 nm SiGe
40 nm CMOS
40 nm CMOS
65 nm CMOS

𝑉DD (V)
3.0
4.0
3.5
4.0
14.0
2.5
2.5
1.8
2.5
0.9
1.8
1.0

Frequency (GHz)
74
83
81
76
93.5
76
81
76
84
78
73
79

Gain (dB)
20.8
15.0/18.71
25.0
15.0
16.3
15.5
22.0
19.3
27.0
18.1
25.3
24.2

𝑃5 dB (dBm)
26.5
28.5/26.51
20.02
23.02
33.3
26.4
21.1
25.03
18.02
20.3
21.5
19.0

PAE5 dB (%)
17.9
N/A/15.01
N/A
8.02
19.0
26.9
40.0
9.03
9.02
22.3
16.5
18.5

𝑃4 dB and PAE4 dB . 2 𝑃SAT and PAESAT . 3 Graphically estimated.
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performance, device size and biasing conditions are fine
tuned. A 4-way zero-degree combiner and a 2-way 𝜆/2
combiner are used to improve the output power. Attention
has been paid to the PA stability in order to ensure no
oscillations appearing from dc to the operating frequencies.
The 5 mm2 PA achieves an output power of 0.45 W with
17.9% PAE at 74 GHz. For future work, improvement can be
done to reduce the insertion loss of the output combiner
and thus further enhance the output power and efficiency.
A highly efficient 16-way power combiner can also be investigated to double the output power. At E-band, the GaAs
PA outperforms the CMOS PA regarding the output power
while it achieves low cost, high yield, and easy foundry access
when compared to InP and GaN PAs. Therefore, GaAs PA
provides attractive solutions for future long-haul point-topoint communications at E-band.
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A novel digital predistortion (DPD) technique is proposed to linearize ultra-broadband millimeter wave (mmWave) power
amplifiers (PAs) by only employing very limited bandwidth resources for the Tx, feedback loop (FB), and baseband (BB). Compared
to the conventional methods, the proposed method will comprehensively reduce the bandwidth requirements for the whole system,
which will make the linearization affordable for mmWave PAs. To validate the proposed idea, a 4-carrier 320 MHz modulated signal
was employed to excite a mmWave PA with the center frequency of 41 GHz. Experimental results have proven that the proposed
method can effectively realize the PA linearization with very narrow Tx/FB/BB bandwidth, which largely extends the capability of
DPD to the forthcoming 5G era.

1. Introduction
The fifth-generation (5G) communication systems have gradually attracted more and more attentions from both academia
and industry. Since wideband spectrum resource is required
to support the ultimate goal of 10 Gbps [1], millimeter wave
(mmWave) frequency band is one of the most promising candidates in 5G frequency plan, as shown in Figure 1(a). Many
countries have gradually released their drafts for the mmWave
frequency band allocations around 28 GHz and 40 GHz [2].
To fully exploit the advantage of mmWave technique, ultrabroadband modulated signal, for example, 500 MHz, will
be employed to enable high-speed transmission. However,
this change will place a huge burden on RF circuit design,
especially for the linearization of ultra-broadband mmWave
power amplifiers (PAs).
Usually, the PAs need to operate at nonlinear region to
achieve high efficiency, which will incur not only the inband distortion, but also the out-of-band (OOB) spectrum
regrowth [3]. To overcome this problem, the digital predistorter (DPD) has widely become a crucial block in modern
wireless transmitters [4], as shown in Figure 1(b). This
module can effectively remove the nonlinear distortion with
very high accuracy but low cost. With the development of

DPD technique, many effective models have been proposed
in recent years [5], such as dynamic deviation reductionbased Volterra series model (DDR) [6], decomposed vector rotation-based model (DVR) [7, 8], memory polynomial model (MP) [9], and generalized memory polynomial
model (GMP) [10]. Usually, in baseband (BB) processing,
the DPD characteristics will be modeled by the nonlinear
operators, which normally occupy multiple times the input
bandwidth. For example, the 5th-order nonlinear operator
will occupy 5x the input bandwidth. Thus, the bandwidth
for the transmitter chain (Tx) should be wide enough to
support such 5x the input bandwidth. Furthermore, in
order to realize accurate model extraction, the bandwidth
of the PA output will also keep 5x the input bandwidth
to capture all major nonlinear distortion in the feedback
loop (FB) [11]. Therefore, in narrow-band scenarios, these
bandwidth requirements for Tx/FB/BB are affordable and
thus the DPD systems work well and have been widely
deployed.
However, with the mmWave era coming, the modulated
bandwidth has been quickly increased in 5G wireless systems
as shown in Figure 1(a). Suddenly, the DPD systems are
facing huge bandwidth limitation as shown in Figure 1(b).
Not only will the system require the Tx and feedback loop
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with wider bandwidth, but also the baseband processing
units, such as FPGA, will also need high bandwidth to deal
with high-speed data. Apparently, it is not cost-effective
for mmWave scenarios to directly employ the conventional
methods.
In this paper, a comprehensive solution for these three
bandwidth limitations will be proposed to further extend
the DPD’s capability into the linearization of mmWave PAs.
The proposed technique only employs the limited Tx/FB/BB
bandwidth, that is, 1x∼2x the original input bandwidth, but
can achieve similar linearization performance. Furthermore,
this technique will be validated by an mmWave PA centered
at 41 GHz and excited with a modulated signal with 320 MHz
bandwidth.
The rest of the paper is organized as follows. In Section 2,
the DPD system with reduced Tx/FB/BB bandwidth will
be discussed. Then, a novel solution will be proposed and
explained in detail in Section 3. The experimental results
for the ultra-broadband scenarios are provided in Section 4,
followed by a conclusion in Section 5.

2. The Bandwidth Requirements on
DPD System
In a DPD system, the bandwidth requirements usually
include three parts: the FB, the Tx, and the BB [12]. In
this section, we will provide a detailed analysis for these requirements.
2.1. Conventional DPD System. Generally, in a conventional
DPD system, the baseband bandwidth for the DPD modules
will require at least five times the input signal bandwidth to
fully generate sufficient nonlinear components for satisfactory linearization performance [11], as shown in Figure 2(a).
This is because the major part of the predistorted signal will
include the components from the fundamental one to the
5th-order one. Here, 500 MHz modulated signal is taken for
example. Therefore, at least 2500 MHz bandwidth will be
required for the predistorted input signal generation. This
will place a huge burden on the baseband bandwidth, since
the baseband is usually realized by digital circuits, such as
FPGA.
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Table 1: The bandwidth requirement for a 500 MHz modulated signal.

Tx
Feedback loop
Baseband
Tx
Feedback loop
Baseband
Tx
Feedback loop
Baseband

Sampling rate (MSPS)
(i) Conventional DPD system
5x = 3200
5x = 3200
5x = 3200
(ii) DPD system with reduced feedback loop bandwidth
5x = 3200
<1x = 640
5x = 3200
(iii) DPD system with reduced Tx/FB bandwidth
1x-2x = 640–1280
1x-2x = 640–1280
5x = 3200

Later, a wideband Tx will be involved, in which the
digital-to-analog converters (DACs) should be able to support such wide bandwidth. Normally, due to the factor of
the filter roll-off, the sampling rate (Fs) for DACs will be
slightly higher than the bandwidth value. Here, we set the
roll-off factor to 0.28, and the sampling rate for I/Q baseband
signal should be 3200 MSPS, accordingly. The rest of RF
components should also support such bandwidth to keep the
signal transmitted properly.
Similarly, in the FB, due to the spectrum regrowth
generated by the PA, enough nonlinear distortion should
be captured to correctly describe the output signal. Like the
predistorted signal, the output with 5x the input bandwidth
will be considered to be enough for model extraction. Also,
the analog-to-digital converters (ADCs) should be able to
capture the output with such bandwidth. The details have
been listed in Table 1(i). From this table, it can be seen that
the Tx/FB/BB will face the huge challenge for 5G scenarios;
that is, the bandwidth requirement is too high.
2.2. DPD System with Reduced Feedback Loop Bandwidth.
To alleviate the bandwidth pressure, many researchers have
started to focus on the bandwidth reduction on the feedback
loop [13–21], as shown in Figure 2(b). Guan et al. [13] proposed a bandwidth-constrained least squares-based model
extraction method to reduce the feedback loop bandwidth.
Ma et al. [14] proposed a wideband DPD technique using
spectral extrapolation of band-limited feedback signal. Liu
et al. [15, 16] proposed a general DPD architecture using
constrained feedback bandwidth for wideband PAs. Tao et
al. in [17] proposed a random demodulation based reduced
sampling rate method. Wang et al. in [18, 19] proposed a novel
method using low feedback sampling rate to obtain the DPD
coefficients, which is the same as the ones calculated with
high sampling rates. Huang et al. in [20] proposed a DPD
function synthesis method by using undersampled feedback
signal. Wang et al. [21] proposed a low feedback sampling rate
digital predistortion technique to linearize a PA excited by a
40 MHz signal with only 2.5 MSPS feedback sampling rate.
With the help of these methods, the bandwidth requirement
for feedback loop has been significantly reduced.

BW (MHz)
5x = 2500
5x = 2500
5x = 2500
5x = 2500
<1x = 500
5x = 2500
1x-2x = 500–1000
1x-2x = 500–1000
5x = 2500

The successful reduction on FB bandwidth has its own
reason. It is because the goal of the feedback loop is only
to extract the right DPD coefficients, which provides the
possibility of utilizing the undersampled feedback signals.
From Figure 2(b), it can be seen that the FB bandwidth can
be reduced by different schemes, while the remaining parts
of DPD operation will remain unchanged. In this scenario, if
the 500 MHz modulated signal is taken again as an example,
the FB bandwidth can be decreased to less than the original
input signal, but the bandwidth for other parts will still be
very wide. The details can be found in Table 1(ii).
2.3. DPD System with Reduced Tx/FB Bandwidth. As mentioned above, even if different methods have been conducted
to reduce the bandwidth requirements in the feedback loop,
the Tx bandwidth will still be very wide. The reason is that
the bandwidth of the predistorted input signal decides the
linearization bandwidth. In other words, if the compensation
of the distortion within a specified range is required, the
predistorted input signal with such range of bandwidth is
expected to be provided. From this point of view, the predistorted signal should occupy at least 5x the input bandwidth
to realize the full-band linearization. Therefore, it might be
impossible to lower the Tx bandwidth requirement without
changing the DPD structure.
Recently, the band-limited DPD solution [22, 23] has
been proposed to resolve the issue of the bandwidth of
Tx/FB, and consequently only 1x-2x input bandwidth will
be sufficient for the linearization. It is because this method
employs a different DPD architecture by introducing a bandpass filter after PA as shown in Figure 2(c). It is worth
mentioning that this filter can be integrated together with
the PA design. Based on this structure, the distortion can be
divided into two parts: (1) the one within the filter bandwidth
and (2) the one out of the filter bandwidth. The former
can be removed by the predistorted input signal, while the
latter can be eliminated by the filter. Since the distortion
bandwidth to be compensated is reduced, the predistorted
input signal bandwidth can also be reduced. Therefore, the
Tx bandwidth can be narrowed to only support the filter
bandwidth. Besides, due to the filter operation, the feedback
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Figure 3: The issue of DPD model bandwidth requirements for
baseband.

loop bandwidth can also be reduced to the same level.
Therefore, this method can realize the bandwidth reduction
both on Tx and FB. Here, we take the same example. If the
input signal is a 500 MHz signal, the bandwidth requirement
for both Tx and FB will be only 1x∼2x the input bandwidth,
that is, 500–1000 MHz. The detailed information has been
listed in Table 1(iii). From this table, this method still requires
high baseband bandwidth for DPD generation and model
extraction.
2.4. DPD System with Reduced Baseband Bandwidth. As
discussed above, the baseband also needs high bandwidth to
correctly generate the predistorted signal without aliasing. It
might be affordable for conventional systems but will become
a huge burden in ultra-broadband mmWave scenarios.
For better understanding, let us have a look at the
structure for DPD model. As shown in Figure 3, to correctly
generate the high-order nonlinear components, the baseband
bandwidth should be upsampled to multiple times the input
bandwidth firstly to avoid aliasing for further operations [6–
10]. Here, we take the Volterra series based model [24] as
an example. For 5th-order Volterra kernel, it will occupy
2500 MHz bandwidth, that is, 3200 MSPS, if the roll-off factor
is taken into consideration. Therefore, proper techniques
should be developed to resolve this issue in the baseband as
shown in Figure 2(d).
In summary, based on the analysis in this section, the
bandwidth requirement can be summarized in Table 1. From
this table, with the increase of the bandwidth, the cost for the
DPD system gradually becomes unaffordable. In particular,
in the promising 5G mmWave frequency allocation, the
wideband modulated signal, for example, 500 MHz, will be
a basic demand. Therefore, novel DPD architectures should
be developed.

3. Proposed DPD
In this section, a novel DPD system will be proposed to deal
with the Tx/FB/BB bandwidth limitations together.
3.1. Proposed DPD Model Derivation. As described in previous section, the nonlinear model should be employed to
correctly describe the PA’s behavior and also to form the
DPD function. Inside the nonlinear model, there are lots of
nonlinear operators, such as 5th-order operator, which will

consume huge baseband bandwidth. In particular, for the
ultra-broadband mmWave scenario, the situation becomes
severer.
To resolve this dilemma, let us rethink it. The decomposed
piecewise technique in [25] substitutes high-order operators
by several low-order operators. Therefore, if we employ a set
of linear piecewise segments to describe the PA nonlinear
characteristics and build the DPD functions, the required
nonlinearity can be introduced by the piecewise segments
and the operations on each segment will be linear. Thus it will
not require high baseband bandwidth.
This operation can be expressed as
𝑁

𝑦 (𝑛) = ∑𝐺𝑖 ⋅ 𝑥𝑖 (𝑛) ,

(1)

𝑖=1

where 𝑦(𝑛) is the predistorted signal, 𝑥𝑖 (𝑛) is the decomposed
input signal, and each segment is weighted by the linear
operator 𝐺𝑖 .
To further reduce the bandwidth requirements of Tx and
FB, in the proposed method, we are only focusing on the
linearization of the in-band distortion and the nearby OOB
distortion. Then, we should embed the filtering operation into
the piecewise operation at a low baseband bandwidth.
Therefore, we propose a novel method as shown in
Figure 4. Firstly, the original input signal will be processed
in parallel:
𝑥(1) (𝑛) = 𝑥 (𝑛) , 𝑛 = 1, 2, . . . , 𝑁𝑠,
1
𝑥(2) (𝑛) = 𝑥 (𝑛) ∗ sinc (𝑛 + ) ,
2

𝑛 = 1, 2, . . . , 𝑁𝑠,

(2)

where 𝑥(1) (𝑛) and 𝑥(2) (𝑛) represent two parallel signals and
the “sinc” function will be used later in memory effect
operation. This is because the description of memory effect
in PA will usually require high data rate to achieve better
performance. The “sinc” function is one of the best functions
to obtain the interpolated point without increasing the data
rate, which is only employed in the interim procedures for
these two parallel signals.
Then, both of the signals will be decomposed into 𝑁
segments, and the threshold can be set as [𝑡1 , 𝑡2 , 𝑡3 , . . . , 𝑡𝑁−1 ],
depending on the PA’s nonlinearity,
𝑁

𝑥(1) (𝑛) = ∑𝑥𝑖(1) (𝑛) ,

𝑛 = 1, 2, . . . , 𝑁𝑠,

𝑖=1
𝑁

𝑥(2) (𝑛) = ∑𝑥𝑖(2) (𝑛) ,

(3)
𝑛 = 1, 2, . . . , 𝑁𝑠,

𝑖=1

where 𝑥𝑖(1) (𝑛) and 𝑥𝑖(2) (𝑛) represent the 𝑖th segments of the
parallel signals, 𝑁 is the number of piecewise segments, and
𝑁𝑠 is the number of samples.
Next, the filter operation can be included by separating
the finite impulse response (FIR) into two independent
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Figure 4: The proposed DPD model.

𝑢𝑖 (𝑛 − 𝑚) = 𝑢𝑖(1) (𝑛 − 𝑚) + 𝑢𝑖(2) (𝑛 − 𝑚) ,

responses to reduce the influence of the nonlinearity caused
by the piecewise operation, as expressed as
ℎ1 (𝑛) = 0.4sinc [0.4 ⋅ (2𝑘 − 1)] ,
𝑘 ∈ [−
ℎ2 (𝑛) = 0.4sinc [0.4 ⋅ (2𝑘)] , 𝑘 ∈ [−

𝐾−1 𝐾−1
,
] , (4)
2
2

where 𝑢𝑖 (𝑛 − 𝑚) represents the 𝑖th segments of the 𝑚th
memory depth combined signal, which is generated in the
“Mem” block as shown in Figure 4.
Finally, (1) can be reformulated as

𝐾−1 𝐾−1
,
],
2
2

𝑁 𝑀

where ℎ1 (𝑛) and ℎ2 (𝑛) represent two FIR filter responses and
𝐾 represents the truncated FIR response of the sinc function,
and 0.4 is selected due to the roll-off factor. In this way, the
filter operations can be embedded:
𝑢𝑖(1) (𝑛) = 𝑥𝑖(1) (𝑛) ∗ ℎ1 (𝑛) ,
𝑢𝑖(2) (𝑛) = 𝑥𝑖(2) (𝑛) ∗ ℎ2 (𝑛) ,

(6)

(5)

where 𝑢𝑖(1) (𝑛) and 𝑢𝑖(2) (𝑛) represent the convolution output
of the 𝑖th segments of the parallel signals and the designed
filters.
Later, since the PA will exhibit the memory effect that is
required to be included, we can also process it based on the
low bandwidth requirement; that is,

𝑢1 (1) , . . . , 𝑢1 (1 − 𝑀)
[ 𝑢 (2) , . . . , 𝑢 (2 − 𝑀)
[ 1
1
[
U=[
.
[
..
[

𝑦 (𝑛) = ∑ ∑ 𝑔𝑖 (𝑚) 𝑢𝑖 (𝑛 − 𝑚) ,

(7)

𝑖=1 𝑚=0

where 𝑦(𝑛) is the predistorted signal, 𝑔𝑖 (𝑚) represents the
DPD coefficients for the 𝑖th segments of the 𝑚th memory
depth combined signal, 𝑀 represents the memory depth, and
𝑁 represents the number of piecewise segments.
The whole DPD model can be illustrated as Figure 4.
Since the model structure is still linear-in-parameter, the
linear identification methods, for example, least-square, are
still valid for the model extraction, as expressed below:
Y = UC,

(8)

where

⋅⋅⋅
⋅⋅⋅
d

𝑢𝑁 (1) , . . . , 𝑢𝑁 (1 − 𝑀)

𝑢𝑁 (2) , . . . , 𝑢𝑁 (2 − 𝑀) ]
]
]
],
..
]
.
]

(9)

[𝑢1 (𝑁𝑠) , . . . , 𝑢1 (𝑁𝑠 − 𝑀) ⋅ ⋅ ⋅ 𝑢𝑁 (𝑁𝑠) , . . . , 𝑢𝑁 (𝑁𝑠 − 𝑀)]
𝑇

C = [𝑔1 (0) ⋅ ⋅ ⋅ 𝑔1 (𝑀) ⋅ ⋅ ⋅ 𝑔𝑁 (0) ⋅ ⋅ ⋅ 𝑔𝑁 (𝑀)] ,
𝑇

Y = [𝑦 (1) 𝑦 (2) ⋅ ⋅ ⋅ 𝑦 (𝑁𝑠)] ,

(10)
(11)
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Figure 5: Proposed DPD architecture with reduced FB/Tx/BB bandwidth.
−1

C = (UH U) UH Y,

where C represents the coefficient matrix, Y represents the
output vector, and U represents the input matrix. (⋅)−1
denotes the matrix inverse operation and (⋅)H is the conjugate
transpose.
To correctly obtain the DPD model coefficients, the
input and the output of PA will be swapped for the model
extraction. In the first iteration, the input matrix U will be
calculated using the PA output signal 𝑦(𝑛). For example, in
(5), 𝑥(𝑛) can be replaced by 𝑦(𝑛) to build (9), while the
original input 𝑥(𝑛) is utilized to construct the output vector
𝑌, instead of 𝑦(𝑛) in (11). From the second iteration, the input
matrix U will still be calculated by PA output signal 𝑦(𝑛), but
the output vector Y will be filled with the predistorted input
signal, instead of the original input 𝑥(𝑛). Normally, for the
DPD operation, it will require several iterations to achieve
optimal performance.
From Figure 4, only linear operations are involved in this
model and thus baseband bandwidth requirements can be
largely reduced, which makes the baseband affordable for
ultra-broadband mmWave scenario.
3.2. Complete DPD Architecture. Based on the proposed
model, the complete DPD architecture can be constructed
as shown in Figure 5. The original input signal (Point A)
will be fed into the proposed DPD generation module and
then the predistorted input signal (Point B) will be generated
within limited BB bandwidth, that is, normally, 1x-2x input
bandwidth as described above. Since the predistorted signal
is limited to a specified bandwidth, the DAC sampling rate
can be effectively reduced. And then this signal will be
upconverted and fed into the mmWave PA. Since the predistorted input signal only occupies limited bandwidth, the
Tx bandwidth can also be largely reduced. Due to this merit,
only part of the distortion in PA output will be compensated
(Point C). Therefore, a band-pass filter will be employed
to suppress the remained out-of-band distortion, which is
already at relatively low level. The pass band will occupy
1x-2x input bandwidth and 10–15 dB distortion suppression
should be enough for the stop band. It is worth mentioning

(12)

that the filter can be codesigned with the PA and integrated
into the output matching network of PA. Since the PA output
will only occupy limited bandwidth (Point D), only this part
will be required to be fed into the feedback loop, which
will lead to a significant reduction on the bandwidth of
the feedback loop. Both the input and output signal will
be sent into the model extraction block. In this module,
all the processing bandwidth is also limited into a specified
range.
In summary, in the proposed DPD architecture, all the
bandwidth requirements including the Tx, feedback loop,
and the baseband will be significantly reduced. The detailed
performance can be found in Table 2.
3.3. Complexity Analysis and Discussion. Since there are only
linear operations in the model, the computational cost will
be pretty low. Usually, the model complexity can be evaluated
in terms of the number of the coefficients. Therefore, for
the proposed model, the coefficient number mainly depends
on the number of the piecewise segments and the memory
depth; that is,
Coeff. Num = 𝑁 ∗ (𝑀 + 1) ,

(13)

where 𝑁 represents the number of piecewise segments and
𝑀 represents the memory depth. Take 𝑁 = 10 and 𝑀 = 5, for
example; there are only 60 coefficients in total.
In summary, compared to the conventional model, the
proposed DPD architecture can provide the following advantages:
(1) Low bandwidth requirements are required for the
whole DPD system, including Tx, FB, and BB, which
make the ultra-broadband mmWave DPD affordable.
(2) Low complexity is required for model construction
with linear operations only, which makes the implementation in FPGA simple.
(3) Linear operation property will keep the computation
for model extraction stable.
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Table 2: The bandwidth requirement in proposed DPD system for
a 500 MHz modulated signal.

Tx
Feedback loop
Baseband

Sampling rate (MSPS)
1x-2x = 640–1280
1x-2x = 640–1280
1x-2x = 640–1280

BW (MHz)
1x-2x = 500–1000
1x-2x = 500–1000
1x-2x = 500–1000

DC sources
Arbitrary waveform
generator

Figure 7: The upconverter module.
PC

Signal analyzer
Vector signal generator
Upconverter

mmWave
PA

Figure 6: The test bench.

4. Experimental Results
In this section, the test bench will be set up to validate the
proposed idea in ultra-broadband mmWave scenarios.
4.1. Test Bench Setup. The test bench was set up as shown
in Figure 6. A wideband modulated signal was generated by
the software Matlab in PC, downloaded into the arbitrary
waveform generator (Keysight M8190). Then, it will be
upconverted by an in-house designed upconverter module
and finally fed into an in-housed designed mmWave PA
module @ 41 GHz. The upconverter module in Figure 7
covers a frequency range from 40.5 to 43.5 GHz and supports
bandwidth up to 800 MHz. And the PA module as shown
in Figure 8 is fabricated by GaAs PHEMT MMIC (Hittite
HMC 1016) with P1dB of 24 dBm. Then, the output signal is
captured by the spectrum analyzer (Keysight N9040B) with
the specified observation bandwidth.
4.2. Test Case 1: 80 MHz 4-Carrier LTE Signal. In this scenario, a 4-carrier 80 MHz LTE signal with the peak-toaverage power ratio (PAPR) of 7.5 dB is employed as the
test signal. The proposed model is set with the threshold
[0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9], memory length 𝑀 = 5,
with only 60 coefficients. The average output power is set at
15 dBm and the observation bandwidth is set as 144 MHz for
proposed method and 576 MHz for conventional method for
comparison.
Figures 9(a) and 9(b) show the measured AM/AM and
AM/PM characteristics. It can be seen that the nonlinear distortion can be effectively removed by the proposed method.
Figure 9(c) shows the performance comparison for
80 MHz modulated signal between the proposed and conventional techniques. The proposed method with only 144 MHz
bandwidth can achieve the similar performance within the

Figure 8: The mmWave power amplifier.

interested bandwidth, compared to the conventional method
with 576 MHz bandwidth.
The performance in detail has been listed in Table 3.
The adjacent channel power ratio (ACPR) for the proposed
method can be improved by 15 dB/16 dB, compared to the one
without DPD. The normalized mean square error (NMSE)
can be also optimized by 16 dB, which gives a good indication
for the performance in time domain.
4.3. Test Case 2: 320 MHz 4-Carrier CA Signal. In this scenario, a 320 MHz 4-carrier LTE signal with the 7.5 dB PAPR
is used as the test signal to evaluate the performance for
forthcoming ultra-broadband mmWave scenario in 5G applications. The proposed model is also set with the threshold
[0.1 0.2 0.3 0.4 0.5 0.6 0.7 0.8 0.9], memory length 𝑀 = 16,
with 170 coefficients. The average output power is set at
15 dBm and the observation bandwidth is set as 576 MHz for
proposed method. However, due to the bandwidth limitation
of the test bench, the conventional method will require very
large Tx/FB/BB bandwidth and thus was not carried out in
320 MHz signal test.
Figures 10(a) and 10(b) give an illustration for measured
AM/AM and AM/PM characteristics. It can be seen that the
nonlinear distortion can be successfully compensated, but
there is still some memory effect left. This is because the noise
floor for ultra-broadband mmWave test bench is pretty high,
which will inevitably affect the DPD performance. Further
investigations will be carried out in future work to optimize
the noise floor performance.
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Figure 9: Measured performance for 80 MHz modulated signal. (a) AM/AM. (b) AM/PM. (c) Power spectral density.
Table 3: Measured performance for 80 MHz signal.

No DPD
Conv. DPD
Proposed DPD

ACPR (dBc)
−32.25/−31.63
−46.96/−47.90
−47.64/−47.47

NMSE (dB)
−18.47
−33.15
−34.63

NRMSE (%)
6.8
1.88
1.66

Figure 10(c) shows the measured power spectrum density
with/without DPD. The details can be found in Table 4. The
proposed method can achieve around 10/12 dB improvements
for ACPR value and 12 dB improvements for NMSE performance. It is noticeable that, by employing the proposed
DPD system, the 320 MHz signal @ 41 GHz can be effectively
linearized by only using 576 MHz bandwidth. This merit can
reduce not only the requirement for Tx/FB, but also the
BB requirement, which will effectively overcome the main
bottleneck in the mmWave DPD system.
4.4. Model Comparison. In this part, the proposed method
will be compared with the band-limited DPD technique (BLDPD) [22] for both 80-MHz and 320-MHz scenarios.
Figure 11 shows the measured performance for both
scenarios. From Figure 11, it can be seen that both BL-DPD

Sampling rate (MSPS)
NA
737.28
184.32

Analysis BW (MHz)
NA
576
144

and proposed DPD can achieve similar performance, which
provides a validation for the proposed method. However,
the bandwidth requirements are different. Table 5 illustrates
the bandwidth comparisons for both methods in detail. The
requirements for ADC/DAC sampling rates and Tx/FB bandwidth are all the same. However, compared to the BL-DPD,
the proposed method can further reduce the baseband rate
to keep it at the same level as other bandwidth requirements,
which proves that the proposed method can provide the
comprehensive bandwidth reduction for the Tx, feedback
loop, and baseband.

5. Conclusion
In this paper, a novel DPD technique was proposed to
significantly reduce the bandwidth requirements for the
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Figure 10: Measured performance for 320 MHz modulated signal. (a) AM/AM. (b) AM/PM. (c) Power spectral density.
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Figure 11: Measured performance comparison for (a) 80 MHz modulated signal and (b) 320 MHz modulated signal.
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Table 4: Measured performance for 320 MHz signal.

No DPD
Proposed DPD

ACPR (dBc)
−33.37/−33.88
−42.92/−45.04

NMSE (dB)
−18.37
−30.13

NRMSE (%)
10.22
3.1

Sampling rate (MSPS)
NA
737.28

Analysis BW (MHz)
NA
576

Table 5: Bandwidth comparison for BL-DPD and proposed DPD.
Baseband rate (MSPS)
BL-DPD
Proposed DPD

737.28
184.32

BL-DPD
Proposed DPD

2949.12
737.28

ADC sampling rate (MSPS) Tx BW (MHz)
80 MHz scenario
184.32
144
184.32
144
320 MHz scenario
737.28
576
737.28
576

Tx, feedback loop, and baseband in the context of ultrabroadband mmWave scenarios. This proposed technique
will provide the capability of linearizing an ultra-broadband
mmWave PA with affordable resources, which can largely
extend the DPD regime into 5G mmWave era.
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This paper implements a complementary Class-C digitally controlled oscillator (DCO) with differential transistor pairs. The
transistors are dynamically biased by feedback loops separately benefiting the robust oscillation start-up with low power
consumption. By optimizing three switched capacitor arrays and employing fractional capacitor array with sigma-delta modulator
(SDM), the presented DCO operates from 3.22 GHz to 5.45 GHz with a 51.5% frequency tuning range and 0.1 ppm frequency
resolution. The design was implemented in a 65 nm CMOS process with power consumption of 2.8 mA at 1.2 V voltage supply.
Measurement results show that the phase noise is about −126 dBc/Hz at 3 MHz offset from a 5.054 GHz carrier frequency with the
1/𝑓3 corner frequency of 260 KHz. The resulting FoMT achieves 199.4 dBc/Hz and varies less than 2 dB across the frequency tuning
range.

1. Introduction
Combining the high spectral purity, wide FTR, and low power
consumption is still one of the most challenging targets in the
design of frequency synthesizers, especially for the cellular
GSM/WCDMA/LTE applications. In recent years, ADPLLs
are deeply researched and widely used in cellular applications
because of their downscaled area, low power consumption,
and improved phase noise performance in advanced CMOS
technology [1, 2]. DCO is one of the most challenging design
blocks because good phase noise performance should be
ensured with low power consumption and it needs to satisfy
the wide FTR and high-frequency resolution simultaneously
in ADPLL.
Compared with traditional LC-tank oscillators, the differential transistor pairs based Class-C oscillator delivers
briefer and taller pulses and maximizes the output oscillation
amplitude, which leads to a minimization of the phase
noise [3]. It means that the phase noise can be improved
theoretically with the same current consumption.
This paper implements a wide FTR and high FoMT
Class-C DCO based on 65 nm 1P9M CMOS process. Two
feedback loops ensure the robust oscillation start-up of DCO
[4, 5], which is achieved by adjusting the DC biasing voltage

of the differential transistor pairs synchronously reducing
power consumption. The FTR and frequency resolution of the
presented DCO are improved and optimized by employing
the three capacitor arrays and the fractional array with SDM.
The remaining paper is divided into three parts. Description of the presented complementary Class-C DCO is given
in Section 2 and measurement results are shown in Section 3.
Conclusion is described in Section 4.

2. Complementary Class-C DCO
2.1. Architecture Description. Figure 1 shows the complementary Class-C DCO architecture. Two cross-coupled pairs
𝑀1 /𝑀2 and 𝑀3 /𝑀4 provide negative resistance to recover
the energy losses in the resonant load. The current mirror
is made up of 𝑀1 /𝑀2 and 𝑀1bias /𝑀2bias to provide the dc
current bias, and it also has a high enough transconductance
initially by using the negative feedback to ensure a robust
start-up oscillation. Moreover, in steady state, the bias voltage
𝑉BN falls from its start-up value which maximizes the output
swing [4]. 𝑀5 works as a level shifter to provide dc bias
voltages 𝑉BP and 𝑉𝑇 through the common-mode negative
feedback. LC-tank is composed of a tapped inductor and
three capacitor arrays.
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Figure 1: Schematic view of Class-C DCO.

2.2. Design of Capacitor Arrays. DCO’s resonant frequency
𝑓CKV can be tuned by switching the varactors between onstate and off-state as (1), in which 𝐶0,𝑘 , 𝑑𝑘 , and Δ𝐶𝑘 are the
𝑘th varactor’s off-state capacitance value, digitally controlled
signal, and Δ𝐶, separately. Δ𝐶 is the capacitance differential
value between the on-state and off-state and 𝐶𝑝 is the whole
parasitic capacitance. Capacitor arrays include coarse array,
medium array, and fine array and their corresponding FTS
are 𝐾DCO C , 𝐾DCO M , and 𝐾DCO F , respectively. The capacitor
arrays are constructed by PMOS varactor because of its high
density capacitance.
𝑓CKV =

1
2𝜋√𝐿 {∑𝑁−1
𝑘=0 (𝐶0,𝑘 + 𝑑𝑘 Δ𝐶𝑘−1 ) + 𝐶𝑝 }

.

Δ𝑓
𝜕𝑓 Δ𝐶
Δ𝐶
3
=≈
⋅
= 2𝜋2 𝐿𝑓CKV
LSB
𝜕𝐶 LSB
LSB
𝑓
𝑓 𝐾
𝐻ol (𝑠) = (𝛼 + 𝜌 ⋅ 𝑅 ) ⋅ 𝑅 ⋅ DCO C .
̂DCO
𝑠
𝑠
𝐾

𝐾DCO C,𝑖 =

(1)

For coarse array, 𝐾DCO C is proportional to the inductor
value 𝐿, Δ𝐶, and the cube of 𝑓CKV as shown in (2):
𝐾DCO C =

Equation (3) gives the 𝑠-domain open loop transfer
function of ADPLL [2], 𝛼 and 𝜌 are loop parameters, 𝑓𝑅 is
̂ DCO is the normalized gain of DCO.
reference clock, and K
In coarse array, 𝐾DCO C changes 4.85 times (≈(5.45/3.22)3 )
across the entire FTR, and ADPLL’s 𝐻ol (𝑠) also changes with
𝐾DCO C as (3), which will result in instability of ADPLL loop.
Therefore, varactors with different Δ𝐶 value are adopted at
different frequency points realizing a constant 𝐾DCO C to
ensure the loop stability.

(2)
(3)

𝐾DCO C,𝑖+1 =

1
1
−
2𝜋√𝐿𝐶 2𝜋√𝐿 (𝐶 + Δ𝐶 )
𝑖−1
1
2𝜋√𝐿 (𝐶 − Δ𝐶𝑖 )

−

1
.
2𝜋√𝐿𝐶

(4)

For LC-DCO, the 𝑖th 𝐾DCO C and the (𝑖 + 1)th 𝐾DCO C can
be calculated by (4), where Δ𝐶𝑖−1 , Δ𝐶𝑖 , and 𝐶 are the 𝑖th Δ𝐶,
the (𝑖 + 1)th Δ𝐶, and all the capacitors of the coarse array,
respectively. In order to get constant 𝐾DCO C , 𝐾DCO,𝑖 should
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3
source and drain 𝑅𝑎 , so the 𝑄 value of PMOS varactor in
depletion region is

C1
C3

C4
C2

P+

𝑄dep =

P+

Depletion region

𝑄inv =

Figure 2: Parasitic capacitance model in PMOS varactor.

be equal to 𝐾DCO,𝑖+1 , which means
1−

1
1
=
− 1.
√1 + Δ𝐶𝑖−1 /𝐶 √1 − Δ𝐶𝑖 /𝐶

(5)

From (5), it can be concluded that the linearity of 𝐾DCO C
only depends on Δ𝐶𝑖 /𝐶. Finally, the coarse array is designed
according to (2)∼(5) with constant 24 MHz/LSB’s 𝐾DCO C
which is equal to the reference clock 24 MHz. 89 varactors
make up the coarse array to cover the wide FTR and they are
decoded from 7 bits coarse oscillator tuning word (OTW),
as shown in Figure 1; the postfixes C, M, FI, and FF are,
respectively, the OTW of coarse array, medium array, integral
fine array, and fractional fine array.
For the wide FTR application, the coarse array has the
varactors with the biggest Δ𝐶 in the resonant tank. For PMOS
varactor shown in Figure 2, the relevant parasitic capacitance
can be classified into three parts as shown in Figure 2: (1)
the oxide layer capacitance between gate and channel: 𝐶1 =
𝑊𝐿𝐶OX , where 𝐶OX is the capacitance of gate oxide layer per
unit area and 𝑊 and 𝐿 are the gate width and gate length,
respectively; (2) the depletion layer capacitance between
substrate and channel: 𝐶2 = 𝑊𝐿√𝑞𝜀si 𝑁nwell /(4𝜑𝐹 ), where 𝑞
is a charge constant, 𝜀si is the dielectric constant of silicon,
𝑁nwell is the doping concentration of N-well, and 𝜑𝐹 is the
built-in potential; (3) the overlapping capacitance among
gate, source, and drain: 𝐶3 and 𝐶4 equal to 𝑊𝐶OV , where 𝐶OV
is the overlapping capacitance per unit width.
Therefore, when the PMOS varactor operates in inversion
region, capacitance is maximized to 𝐶max . When the PMOS
varactor operates in depletion region, capacitance is minimized to 𝐶min .
So the capacitance ratio is
𝐶𝑅 =

𝜔 (𝑅𝑔 + 𝑅𝑎 ) 𝐶min

.

(7)

However, when the PMOS varactor lies in inversion
region, the 𝑄 value can be inferred from [9] as the following
equation shows:

N-well
Inversion region

1

𝐶max
𝐿𝐶OX + 2𝐶OV
=
.
𝐶min 𝐿√𝑞𝜀 𝑁
si nwell / (4𝜑𝐹 ) + 2𝐶OV

(6)

Because 𝐶OV > √𝑞𝜀si 𝑁nwell /(4𝜑𝐹 ), 𝐶𝑅 increases when 𝐿
is increased, and higher 𝐶𝑅 means the wider FTR.
When PMOS varactor operates in depletion region,
channel is not formed; the parasitic resistance only includes
gate resistance 𝑅𝑔 and metal contact parasitic resistance of

12𝑘𝑝 (𝑉GS − 𝑉Tp)
𝜔𝐶OX 𝐿2

.

(8)

In (8), 𝑘𝑝 is the gain factor of PMOS transistor, 𝑉GS is the
voltage difference between gate and source, and 𝑉Tp is the
threshold voltage for PMOS transistor. It can be concluded
that 𝑄inv is inversely proportional to the square of 𝐿.
Therefore, the 𝑄 value, symmetry, and 𝐶𝑝 are mainly
determined by the coarse array. For the coarse array, it is
difficult to trade off the 𝑄 value and the region of FTR. Finally,
the channel length of the coarse array is set to 600 nm. As
shown in the postsimulation in a 65 nm CMOS process, the
𝑄 value is higher than 25 and the 𝐶𝑅 is about 7. Both of them
satisfy the phase noise and the FTR requirements.
However, for the medium and fine array, frequency resolution is the most important design factor. 200 nm and 60 nm
channel length are chosen, respectively, for high-frequency
resolution and high 𝑄 value. Both of them are composed
of unit cap array because their FTS varies a little with the
change of frequency and these two arrays’ FTS have little
effect on the loop stability of ADPLL. The FTR of medium and
fine arrays should respectively cover several LSBs of coarse
and medium arrays so that the OTW of current array will
not overflow due to the process, voltage, and temperature
(PVT) variations. In the process of ADPLL locking, OTW
overflow means that medium tuning or fine-tuning period
cannot be finished and loss-of-lock may occur. According to
the possible largest frequency error due to PVT variations
and the required frequency resolution of the current locking
period, 6-bit medium arrays and 7-bit fine arrays are designed
to cover 4 LSBs of 𝐾DCO C and 8 LSBs of 𝐾DCO M , respectively.
Finally, the locking process of ADPLL can be divided into
three frequency locking periods step by step without the
possibility of loss-of-lock due to OTW overflow.
In order to improve the phase noise performance of the
DCO, MOS varactor is controlled digitally. As shown in
Figure 3, OTW (Oscillator Tuning Word) is decoded into the
thermal code to control the on/off states of MOS varactor
with an inverting driver. The voltage level of digital control
signal 𝑑𝑘 can be adjusted by 𝑉High and 𝑉Low . Figure 3 also
shows the curve of a PMOS varactor capacitance versus
𝑉GS (C-V curve). MOS varactors change linearly from 𝑉1
to 𝑉2 and 𝐴 0 is the output amplitude of DCO. During the
whole oscillation period, the original C-V curve has to be
transferred into the average C-V curve with red dashed
dotted line as shown in Figure 3. Therefore, in order to stop
the PMOS varactor from inducing the noise on the 𝑑𝑘 , the
varactor must be working in the on/off states region of the
average C-V curve.
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compares the phase noise contribution among MASH 1,
MASH 1-1, and MASH 1-1-1 SDM; it can be seen that MASH 11-1 SDM has the lowest in-band phase noise contribution and
the best noise shaping character. Moreover, their out-band
phase noise contributions are almost the same. Therefore, 10bit OTW FF is dithered with MASH 1-1-1 SDM to control
6-bit fractional capacitor arrays to improve the frequency
resolution and decrease the noise contribution. The phase
noise contribution of SDM to ADPLL is simulated with
MATLAB as shown and it is below −150 dBc/Hz, which
means it affects in a small way the whole phase noise
performance. In Figure 5, Eq1 (𝑧), Eq2 (𝑧), and Eq3 (𝑧) are the
quantization noise of each accumulator. Therefore, the output
frequency of SDM can be deduced from
𝐶1 = OTWF F + (1 − 𝑧−1 ) ∗ Eq1 (𝑧)
𝐶2 = −Eq1 (𝑧) ∗ 𝑧−1 + (1 − 𝑧−1 ) ∗ Eq2 (𝑧)
𝐶3 = −Eq2 (𝑧) ∗ 𝑧−1 + (1 − 𝑧−1 ) ∗ Eq3 (𝑧)
𝑓out
= [𝐶1 𝑧−3 + 𝐶2 (𝑧−2 − 𝑧−3 ) + 𝐶3 (𝑧−1 − 2𝑧−2 + 𝑧−3 )]

The finite frequency tuning resolution introduces the
quantization noise and contributes the output phase noise
of the ADPLL and hence a small tuning step is desired. The
frequency resolution requirement is 0.1 ppm, but the smallest
FTS is limited by the smallest Δ𝐶 in 65 nm process. Figure 4

∗ 𝐾DCO F
3

= [OTWF F ∗ 𝑧−3 + 𝑧−1 (1 − 𝑧−1 ) ∗ Eq1 (𝑧)]
∗ 𝐾DCO F .

(9)
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Figure 6: Transient voltage waveform of Class-C DCO (a) and 𝑀1 current transient simulation result (b).
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Figure 7: Die photo of Class-C DCO.

2.3. Class-C DCO’s Negative Feedback Loops. In Figure 1,
current 𝐼BP is chosen to bias 𝑀5 providing a level shift voltage.
A RC network is used to provide a dc bias voltage, and 𝑉BP is
higher than the tank common-mode voltage, which permits
a larger resonator swing before the 𝑀3 /𝑀4 is pushed into
the triode region. This is the same technique employed to
bias the 𝑀1 /𝑀2 . Moreover, a high RC constant of the RC
biasing network is used to low-pass filter the noise introduced
to 𝑉BN and 𝑉BP , optimizing the phase noise [5]. 𝐶tail not
only integrates the difference between 𝐼BN and the current
exhausted by the DCO but also filters the high-frequency
noise contribution from 𝑀1bias /𝑀2bias , improving the phase
noise [4].
The simulated transient voltage of DCO is given in
Figure 6(a); 𝑉out is the oscillation output of DCO. Initially,
the 𝑀1bias /𝑀2bias are diode-connected (at DC) and 𝐼BN is
mirrored (multiplied by N) to the DCO core, which makes
both PMOS and NMOS cross-coupled MOSFET work in
saturation region and provide a high transconductance to
guarantee a robust start-up. As the oscillator amplitude is
increased, the average current 𝐼DC depleted by 𝑀1bias /𝑀2bias
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amplitude (red line), which minimizes the phase noise of
DCO.
Referring to the noise analysis in [10], the proposed
DCO’s noise from feedback loop can be inferred in (10),
2 , V2
2
where V𝑛𝑅
𝑛𝑟0 ,𝑀5 , and V𝑛𝐼𝐵 are, respectively, the white noise
𝐵
voltage power spectral density by bias resistor 𝑅𝐵 , bias
MOSFET 𝑀5 , and bias MOSFET 𝑀1bias /𝑀2bias . 𝜔𝑝 is the
2
2
single pole in the feedback loop. The 𝑔nl
(𝜃𝑐 )Γosc
(𝜃𝑐 ) is the
amplification and frequency translation that the feedback
loop noise must undergo first.

90

Figure 9: Measurement results of frequency range and frequency
step of coarse array.

increases and then the superfluous current will be integrated
into 𝐶tail reducing 𝑉BN and guiding the switching pair 𝑀1 /𝑀2
to work in Class-C mode. At the same time, 𝑉BP increases and
pushes PMOS working in Class-C mode. 𝑉𝑇 is finally changed
to the half value of the VDD to offer the common-mode
voltage of DCO and the same overdrive of PMOS and NMOS
pairs. Figure 6(b) shows the transient simulation result of
𝑀1 ’s current (blue line) when 𝑀1 operates at Class-C mode;
the tall and short pulses maximize the output oscillation

𝑁FL
=

=

2
2
2
1 𝜃𝐶 /2 2V𝑛𝑅𝐵 + V𝑛𝑟0,𝑀5 + V𝑛𝐼𝐵 2
2
𝑔nl (𝜃𝑐 ) Γosc
(𝜃𝑐 ) 𝑑𝜃𝑐
∫
𝑇 −𝜃𝐶 /2
1 + 𝜔𝑝2
(10)
2
2
2
2V𝑛𝑅
+ V𝑛𝑟
+ V𝑛𝐼
𝐵
0,𝑀5
𝐵

1 + 𝜔𝑝2

𝑔02 𝑓fl (𝑉OSC ) .

Therefore, the total amount of phase noise can be deduced
in (11) where 𝐾 is Boltzmann constant, 𝑇𝑘 is the absolute
temperature in Kelvin, 𝐶 is the capacitor in LC resonant bank,
𝑉OSC is the oscillation amplitude of DCO, 2R is the parasitics
losses, and 𝛾 is the technology coefficient. 𝑓cp (𝑉OSC ) and
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Figure 10: Measurement results of frequency range and frequency step of medium array (a) and fine array (b).

𝑓fl (𝑉OSC ) are, respectively, weighing factors of cross-coupled
MOSFETs and feedback loops.
PN (Δ𝜔) =

𝐾𝑇𝑘
2
2
Δ𝜔 𝐶2 𝑉osc
+

(

1 𝛾
+ 𝑔 𝑓 (𝑉 ))
𝑅 𝛼 0 cp osc

2
2
2
2V𝑛𝑅
+ V𝑛𝑟
+ V𝑛𝐼
𝐵
0,𝑀5
𝐵
2 (1 + 𝜔2 )
Δ𝜔2 𝐶2 𝑉osc
𝑝

(11)
𝑔02 𝑓fl (𝑉OSC ) .

3. Measurement Results
The Class-C DCO was fabricated in a standard 65 nm CMOS
process. Figure 7 offers the die photo of Class-C DCO; it
occupies the area of 0.21 mm2 without PADs. Figure 8(a)
shows that the different phase noise measurement results in
1 MHz frequency offset at the different resonant frequency,
which changes with coarse array code from −118.3 dBc/Hz
to −114.8 dBc/Hz. The phase noise measurement results of
Class-C DCO with SDM and without SDM at 5.054 GHz are
shown in Figure 8(b); the 1/𝑓3 corner frequency is about
260 KHz. Although SDM brings spurs, it can be seen that
the phase noise performance with SDM is still better than
the phase noise performance without SDM. With SDM, it
is −116 dBc/Hz and −126 dBc/Hz at 1 MHz and 3 MHz frequency offset, respectively. Figure 8(c) shows the frequency
spectrum of DCO at 3.34 GHz; it can be seen that SDM brings
spurs about 10 dBc at point 3 and point 4 on the frequency
spectrum of DCO, but it can be suppressed by the loop
character of ADPLL. Figure 9 shows that the frequency and
𝐾DCO C change versus the coarse array code. The measured
𝐾DCO C is around 24 MHz/LSB with a maximum deviation of
1.64 MHz/LSB. Figure 10(a) displays the 𝐾DCO M at different
frequency points, the red line and the blue line show the
𝐾DCO M at 3.32 GHz and 5.45 GHz, respectively, and 𝐾DCO M
changes from 1.5 MHz/LSB to 7.4 MHz/LSB across the whole
FTR because 𝐾DCO M is proportional to the cube of 𝑓CKV as
(2) shows. Figure 10(b) gives the 𝐾DCO F at different frequency
points, and it changes from 120 KHz/LSB to 455 KHz/LSB
through the whole FTR, with the same reason of 𝐾DCO M .
After 10-bit SDM, fractional array’s frequency resolution

𝐾DCO F will be divided by 210 , so the final frequency resolution varies from 117 Hz to 444 Hz, which is less than 0.1 ppm.
When all the varactors change from on-state to off-state, the
DCO will work from 3.22 GHz to 5.45 GHz, with the FTR of
51.5%.
Table 1 shows the comparison table of state-of-the-art LCtank oscillators [2, 6–8]. Without the SDM, this DCO has
achieved the frequency resolution of 120 KHz, which is close
to other references, but it can be 117 Hz after SDM. Reference
[8] is also a complementary Class-C DCO, but this work has
better performance than it. Reference [6] is traditional LCDCO; this work shows higher FoM than it due to its Class-C
mode. This design works at close frequency with [6–8] while
displaying wider FTR and better FoMT due to the design and
optimization of capacitor arrays.

4. Conclusion
This paper presented a complementary Class-C digitally
controlled oscillator (DCO) with differential transistor pairs.
With three optimized capacitor arrays and a fractional array
dithered by SDM, the DCO works from 3.22 GHz to 5.45 GHz
with 51.5% FTR and less than 0.1 ppm frequency resolution.
Through two feedback loops, the start-up oscillation is
ensured and low power consumption is realized. The achieved
phase noise is −126 dBc/Hz at 3 MHz offset from 5.054 GHz
with the 1/𝑓3 corner frequency of 260 KHz while consuming
only 2.8 mA at 1.2 V voltage supply. The final FoM and FoMT
are 185.2 dBc/Hz and 199.4 dBc/Hz, respectively.
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Table 1: Comparison with the state of the art.
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Freq. (GHz)
FTR (%)
Power (mW)
𝑓𝑚 (MHz)
PN@ 𝑓𝑚 (dBc/Hz)
Frequency resolution (Hz)
FoM1 (dBc/Hz)
FoMT2 (dBc/Hz)
1

[2]
40 nm
5.11
64.6
8
1
−130
29 K
187
203

[6]
65 nm
6.8
20
1
3
−116
116 K
183
189

[7]
16 nm
3.6
22
0.6
10
−134
1.3 K
188
195

[8]
65 nm
2.2
9.1
1.5
3
−117
173
172

This work
65 nm
5.054
51.5
3.4
3
−126
120 K (wo SDM)/117 (wi SDM)
185.2
199.4

FoM = 10 log10 ((𝑓osc /𝑓𝑚 )2 (1/𝑃DC (mW))) − PN; 2 FoMT = FoM1 + 20 log10 (FTR/10).

Science and Technology Major Project (no. 2016ZX03001012003), and the National High Technology Research and Development Program (no. 2015AA016601-005).
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This work develops an advanced quadrature-tracking demodulation technique for coherently demodulating the orthogonal
frequency-division multiplexing (OFDM) signal of LTE-A systems. To overcome the fact that traditional coherent demodulators
are extremely sensitive to the quadrature imbalance of a system, especially an OFDM system, the proposed architecture uses a novel
quadrature phase-locked loop (QPLL) to track simultaneously the in phase (I-phase) and the quadrature phase (Q-phase) of the
received signal. This advanced quadrature-tracking demodulator is realized using TSMC 0.18 𝜇m CMOS technology and hybrid
circuits. Experimental results indicate that the developed quadrature-tracking demodulator, which operates at 2.1∼2.5 GHz, can
effectively demodulate an 18 Mbps LTE-A signal, even with a 15 degree quadrature imbalance.

1. Introduction
Most wireless communication systems use coherent demodulation, mainly because the quality of coherent demodulation
is much better than that of non-coherent demodulation
[1]. Traditional coherent demodulators are based on an RF
quadrature demodulator. But the RF coherent circuits are
usually complex and power-hungry [2]. To simplify the
receiver’s circuitry, various phase-locked loop (PLL)-based
coherent demodulators are adopted in wireless communication systems. The most well-known PLL-based coherent
demodulator has the Costas architecture [1, 3–5]. As depicted
in Figure 1, this architecture uses a single PLL with two
feedback loops. These two feedback loops demodulate the
in-phase (I-phase) signal and quadrature-phase (Q-phase)
signals, respectively. The demodulated signals are combined,
and then tune the voltage-controlled oscillator (VCO) to
track the frequency of the carrier signal. However, both the
traditional quadrature demodulator and the Costas-coherent
demodulator face the problem of quadrature imbalance of
RF signal. Quadrature imbalance of RF signal arises from
both the quadrature transmitter and the quadrature receiver.
Previous investigations have showed that a slight 2.5 degree

quadrature imbalance significantly degrades the demodulation quality of an OFDM signal, which is extensively
used in LTE-A systems [6, 7]. Although the conventional
Costas-coherent demodulator has two feedback loops for
demodulation, the single-VCO design prevents tracking of
more than one phase of a received signal.
We [8] previously presented an alternative coherent polar
demodulator without the quadrature imbalance problem of
receiver. As presented in Figure 2, the received signal is
divided into two paths. One of these paths uses injectionlocked oscillators (ILO) to extract the phase-modulated
carrier signal and the phase information. The extracted
phase-modulated carrier is then mixed with the received
signal along another path. The mixing cancels out the phase
information of these two input signals, and then the envelope
information of the received signal is exported. The baseband
processor then recovers the baseband signal from both the
demodulated phase and the envelope information. However,
the quadrature imbalance that is caused by the RF transmitter
remains in the received signal.
To overcome the quadrature imbalance problem, some
works directly trimming or adjusting their RF circuits [9].
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demodulation, the two tuning ports of the QVCO are shorted
to make the QPLL act as a single PLL to lock the carrier
frequency of the received signal. Since the effective detection
range of a mixer-based phase detector is limited by ±90
degree [13], as depicted in Figure 4, an additional channelpreset frequency synthesizer is required. The additional
frequency synthesizer uses an all-digital phase-frequency
detector (PFD) to detect a large phase variance of up to ±360
degree. Therefore, the QPLL can track both the frequency and
the phase of the received signal. After the frequency of the
received signal has been locked, the channel-preset frequency
synthesizer is turned off to save power and the two VCO
tuning ports are disconnected, as presented in Figure 5. The
QPLL can then track in real time and demodulate both the
I-phase and the Q-phase of the received signal. According
to PLL theory, a PLL-based demodulator attenuates the
demodulated signal within the loop bandwidth of the PLL
[13]. Therefore, the proposed architecture is especially suited
to OFDM systems because the DC-subcarrier of the OFDM
signal, as depicted in Figure 6, is not used in the LTE-A
system, to mitigate the DC-offset problem [14]. Therefore, the
proposed advanced QPLL-based demodulation technique
can coherently demodulate the OFDM signal without attenuation if the loop bandwidth of the PLL is designed to be less
than the sub-carrier space.

Mixer LPF

Figure 2: Polar demodulator.

However, these are impractical. Another solution is basedon digital-signal process (DSP) technique. [10] and [11]
respectively uses the pilot signal and a special tone to train the
DSP in receiver to find out and then correct the quadrature
imbalance. [9, 12] utilize adaptive algorithms to estimate the
quadrature error and then compensate demodulated signal.
Although these adaptive algorithms theoretically can reduce
the quadrature imbalance to less than 1 degree, they take
a very long computation time with about 105 iterations. To
speed up the tracking process, this work proposes a novel
quadrature-tracking demodulator which can real-time track
the quadrature error.

3. System Analysis
To analyze the proposed quadrature-tracking demodulator in
the time domain, the received signal is assumed to be
𝑟 (𝑡) = 𝐼 (𝑡) cos [(𝜔0 + Δ𝜔) 𝑡 + 𝜃𝐼 ]
+ 𝑄 (𝑡) sin [(𝜔0 + Δ𝜔) 𝑡 + 𝜃𝑄] ,

where 𝐼(𝑡) and 𝑄(𝑡) denote baseband signals, and Δ𝜔 is the
frequency error; 𝜃𝐼 and 𝜃𝑄 are the phase errors of the Iphase signal and the Q-phase signal, respectively. After downmixing, the signal at nodes A and B in the circuit that is
displayed in Figure 5 is derived as
𝐴 (𝑡) =

2. Quadrature-Tracking Demodulator
To eliminate the extreme sensitivity of traditional coherent
demodulation to the quadrature phase imbalance, this work
proposes a novel quadrature phase-locked loop (QPLL)based coherent demodulator. As depicted in Figure 3(a), the
proposed QPLL is based mainly on two identical PLLs with a
channel-preset frequency synthesizer. Unlike the traditional
Costas-coherent demodulator which uses a single-ended
VCO, the QPLL-based demodulator utilizes a novel quadrature voltage-controlled oscillator (QVCO). As presented in
Figure 3(b), the QVCO is formed by cross-coupling two
identical differential VCOs. The tuning ports of these two
VCOs are independent of each other, rather than connected.
One performs I-phase tracking in the QPLL while the other
performs Q-phase tracking. Under the initial condition of

(1)

𝐼 (𝑡)
sin [(2𝜔0 + Δ𝜔) 𝑡 + 𝜃𝐼 + 𝜃𝐼 ]
2
𝐼 (𝑡)
+
sin (Δ𝜔𝑡 + Δ𝜃𝐼 )
2
𝑄 (𝑡)
+
cos (Δ𝜔𝑡 + 𝜃𝑄 − 𝜃𝐼 )
2
−

𝐵 (𝑡) =

𝑄 (𝑡)
cos [(2𝜔0 + Δ𝜔) t + 𝜃𝐼 + 𝜃𝑄]
2

𝐼 (𝑡)
cos [(2𝜔0 + Δ𝜔) 𝑡 + 𝜃𝐼 + 𝜃𝐼 ]
2
+

𝐼 (𝑡)

)
cos (Δ𝜔𝑡 + 𝜃𝐼 − 𝜃𝑄
2

+

𝑄 (𝑡)
sin (Δ𝜔𝑡 + Δ𝜃𝑄)
2

+

𝑄 (𝑡)

+ 𝜃𝑄] ,
sin [(2𝜔0 + Δ𝜔) 𝑡 + 𝜃𝑄
2

(2)
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where
Δ𝜃𝐼 = 𝜃𝐼 − 𝜃𝐼 ,

Δ𝜃𝑄 = 𝜃𝑄 − 𝜃𝑄

𝐼 (𝑡) (Δ𝜔𝑡 + Δ𝜃𝐼 )
 𝜋

, for Δ𝜔𝑡 + Δ𝜃𝐼  <
2
4
(4)
𝑄 (𝑡) (Δ𝜔𝑡 + Δ𝜃𝑄)
 𝜋

𝐷 (𝑡) ≅
, for Δ𝜔𝑡 + Δ𝜃𝐼  <
2
4
According to PLL theory, the negative-feedback mechanism
makes Δ𝜔, Δ𝜃𝐼 , and Δ𝜃𝑄 equal zero. Under these conditions,
the QPLL-based demodulator locks both the frequency and
the phase of the received RF signal.
To extract the demodulated baseband signals from the
QPLL-based demodulator, two additional low-pass filters are
used at the output of phase detectors. The cut-off frequency
of the filter must exceed the top of the frequency band of
the baseband signal. The signals at nodes E and F, shown in
Figure 5 are derived as
𝐶 (𝑡) ≅

QVCO

×

are the I-phase and 𝑄-phase phase errors between the
transmitter and the receiver. Since the loop bandwidth of
the PLL must be narrower than the sub-carrier space of the
OFDM signal, the signal at nodes C and D of the circuit in
Figure 5 are derived as

𝐸 (𝑡) =
(3)

𝑄 (𝑡)
cos (Δ𝜔𝑡 + Δ𝜃𝑄)
2
𝐼 (𝑡)
−
sin (Δ𝜔𝑡 + Δ𝜃𝐼 ) ,
2

4
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𝐹 (𝑡) =

𝐼 (𝑡)
cos (Δ𝜔𝑡 + Δ𝜃𝐼 )
2

Since Δ𝜔, Δ𝜃𝐼 , and Δ𝜃𝑄 are zero when the PLL locks the
frequency and phase of the received signal, the demodulated
𝑄-phase signal and 𝐼-phase signal are found as

𝐹 (𝑡) ≅

𝐼 (𝑡)
.
2

(6)

Equations (6) indicate that the novel demodulator can
effectively demodulate the received signal without distortions, which would otherwise be caused by the quadratureimbalance.
To further analyze the frequency response of the proposed demodulator, a frequency domain linear model is
developed, as presented in Figure 7. 𝐹1 (𝑠) and 𝐹2 (𝑠) represent
the frequency responses of the loop filters. 𝐾V and 𝐾𝑑
represent the sensitivities of the QVCO and mixer-based
phase detector, respectively. 𝜙𝑛,VCO represents the phase noise
of the QVCO.
𝜙𝐼 𝑅𝑥 (𝑠) = 𝜙𝐼 (𝑠) + 𝜙𝐼 𝑒 ,
𝜙𝑄 𝑅𝑥 (𝑠) = 𝜙𝑄 (𝑠) + 𝜙𝑄 𝑒

(7)

represent the I-phase and Q-phase of the received signal,
respectively, where 𝜙𝐼 𝑒 and 𝜙𝑄 𝑒 are the quadrature phase
errors. 𝜙𝐼 out and 𝜙𝑄 out denote the phases of the demodulated
signals, respectively, and are given by
𝜙𝐼 out (𝑠) = [𝜙𝐼 (𝑠) + 𝜙𝐼 𝑒 − 𝜙𝑛,VCO (𝑠)] 𝐹2 (𝑠) 𝐻𝑒 (𝑠)
= [𝜙𝐼 (𝑠) − 𝜙𝑛,VCO (𝑠)] 𝐹2 (𝑠) 𝐻𝑒 (𝑠) + 𝜙𝐼 𝑒 (𝑠)
𝜙𝑄out (𝑠) = [𝜙𝑄 (𝑠) + 𝜙𝑄𝑒 − 𝜙𝑛,VCO (𝑠)] 𝐹2 (𝑠) 𝐻𝑒 (𝑠)
= [𝜙𝐼 (𝑠) − 𝜙𝑛,VCO (𝑠)] 𝐹2 (𝑠) 𝐻𝑒 (𝑠) + 𝜙𝐼𝑒 (𝑠) ,

fc
Frequency

Figure 8: Frequency response of proposed quadrature tracking
demodulator.

𝐻𝑒 (𝑠) =
(5)

𝑄 (𝑡)
,
2

−fn DC fn

where

𝑄 (𝑡)
+
sin (Δ𝜔𝑡 + Δ𝜃𝑄) .
2

𝐸 (𝑡) ≅

Subcarriers

(8)

𝑠
𝑠 + 𝐾V 𝐾𝑑 𝐹1 (𝑠)

(9)

is the error transfer function of the QPLL, and
𝜙𝐼 𝑒 (𝑠) = 𝜙𝐼 𝑒 𝐹2 (𝑠) 𝐻𝑒 (𝑠) ,
𝜙𝑄 𝑒 (𝑠) = 𝜙𝑄 𝑒 𝐹2 (𝑠) 𝐻𝑒 (𝑠) .

(10)

According to final value theory, the output quadrature errors
𝜙𝐼 𝑒 (𝑠) and 𝜙𝑄 𝑒 (𝑠) are zero when the quadrature phase errors
𝜙𝐼 𝑒 and 𝜙𝑄 𝑒 are constant [15]. Under these conditions, Eqs.
(8), can be simplified as
𝜙𝐼 out (𝑠) = [𝜙𝐼 (𝑠) + 𝜙𝐼 𝑒 − 𝜙𝑛,VCO (𝑠)] 𝐹2 (𝑠) 𝐻𝑒 (𝑠)
= [𝜙𝐼 (𝑠) − 𝜙𝑛,VCO (𝑠)] 𝐹2 (𝑠) 𝐻𝑒 (𝑠) ,
𝜙𝑄 out (𝑠) = [𝜙𝑄 (𝑠) + 𝜙𝑄 𝑒 − 𝜙𝑛,VCO (𝑠)] 𝐹2 (𝑠) 𝐻𝑒 (𝑠)

(11)

= [𝜙𝐼 (𝑠) − 𝜙𝑛,VCO (𝑠)] 𝐹2 (𝑠) 𝐻𝑒 (𝑠) .
Figure 8 plots the frequency response of 𝐹2 (𝑠)𝐻𝑒 (𝑠), where
𝑓𝑛 represents the loop bandwidth of the QPLL and 𝑓𝑐 is the
cut-off frequency of the LPF. The 𝑓𝑛 should be designed to
be narrower than the frequency gap between subcarriers to
prevent distortion. 𝑓𝑐 should equal the channel bandwidth of
the system to enable channel selection. From the spectrum
of the OFDM sub-carriers and the frequency response of
the demodulator in Figure 8, the proposed architecture can
coherently demodulate the received OFDM signal without
any distortion. Moreover, the phase noise 𝜙𝑛,VCO from the
QVCO can be effectively suppressed by the demodulator in
the loop bandwidth 𝑓𝑛 , too.
Figures 9(a) and 9(b) presents the system-level simulation
result of demodulated spectrum of traditional quadrature
demodulator and the proposed quadrature tracking demodulator, respectively. In the simulation, the modulation type
is set to be OFDM with 64 sub-carriers. These results show
that the demodulated spectrum of traditional quadrature
demodulator is significantly degraded as the quadrature
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Figure 9: Demodulated spectrum of (a) traditional quadrature demodulator and (b) proposed quadrature tracking demodulator.
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Figure 10: (a) Circuit and (b) CMOS chip of the QVCO.

imbalance increasing from 0 degree to 15 degree. Under the
same condition, the demodulated spectrum of the proposed
quadrature tracking demodulator shows a very slight decline.

4. Experimental Results
The QVCO of the proposed demodulator was implemented
using TSMC 0.18 𝜇m CMOS technology. Figure 10(a) shows
the circuit design of the CMOS QVCO. Generally, a VCO
with internal NMOS cross-coupled pairs has a wider operating range but a poorer phase noise performance than the
one with internal PMOS cross-coupled pairs [18]. Based
on consideration of both the phase noise performance
and operating range, the internal complementary crosscoupled pair is used. To realize quadrature outputs, external
cross-coupling between two identical differential VCOs are
required so four additional NMOS are designed to be parallel

to the original NMOS cross-coupled pair. The outputs of
two identical differential VCOs then cross-couple to each
other via the gates of the additional NMOSs. These internal
and external couplings of the VCOs force the four outputs
signal quadrature each other. Since the QPLL must separately
track the I-phase and the Q-phase of the received signal, the
QVCO is designed to have two tuning ports, as presented
in Figure 10(a). This architecture enables the quadrature of
the QVCO to be slightly adjusted using the two independent
tuning ports.
Figure 10(b) displays the implemented CMOS QVCO
chip. The measured power consumption is less than 8.9 mW.
The operating range and output power of the CMOS QVCO
are measured and presented in Figure 11(a). The CMOS
QVCO can operate from 2.1 to 2.5 GHz with a mean output power of around 2 dBm, which is sufficiently high to
drive passive double-balance mixers for phase detection. The
measured output power of the QVCO also exhibits very
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Figure 11: Measured (a) operating range and output power, and (b) phase noise of CMOS QVCO of demodulator.
Table 1: Performance Comparison of 2.4 GHz QVCOs.

Process
Supply voltage (V)
Power dissipation (mW)
Frequency (GHz)
Fractional bandwidth (%)
Output power (dBm)
Phase noise @1 MHz (dBc/Hz)
Quadrature error (Degree)
FoM @1 MHz

This work
0.18 𝜇m CMOS
1.4
5.5
2.4
17.5
2
−113
6.9
173.2

[16]
0.18 𝜇m CMOS
0.6
14.4
2.4
9.5
−10
−110∼−104
2.64
166.4

[17]
0.18 𝜇m CMOS
1.8
14.8
2.4
26.3
0
−112
5
168.3

good flatness of better than 2 dB over the wide operating
range. Figure 11(b) plots the measured phase noise of the
CMOS QVCO. The phase noise is lower than −113 dBc/Hz
and −137 dBc/Hz at 1 MHz and 10 MHz offset frequency,
respectively. Table 1 shows the performance comparison
between 2.4 GHz CMOS QVCOs, where the figure of merit
(FoM) is given by [19]
FoM = −L (Δ𝜔) + 20 log (

𝑃
𝜔0
) − 10 log ( diss ) .
Δ𝜔
1𝑚𝑊

Baseband
output (Q)

(12)

The comparison shows that the implemented QVCO achieves
a lowest phase noise and power consumption, and consequently results in a better FoM over the other QVCOs.
The proposed quadrature-tracking demodulator is implemented with the designed CMOS QVCO, as presented in
Figure 12. The channel-preset frequency synthesizer of the
demodulator is implemented using a consumer IC PE3336,
produced by Peregrine. The phase detectors are the ZX05C42 S+ model from Mini-Circuits. The LPFs are the SLP10.7+ model, also from Mini-Circuits, and have a 3 dB
bandwidth of 14 MHz. The loop bandwidth of the QPLL is
designed to be 10 kHz. The received LTE-A signal of the
receiver is generated using a Keysight MXA vector signal

LPF

Testing board of
CMOS QVCO
Splitter

Phase
detector

RF
input

Loop
filters
Splitter
Baseband
output (I)

LPF

Phase
detector

Channel-preset
frequency
synthesizer

Figure 12: Implemented quadrature-tracking de-modulator.
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Figure 13: Demodulated (a) I-phase and (b) Q-phase baseband waveforms when received LTE-A signal has a quadrature imbalance of 15∘ .
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Figure 14: Measured SINAD of the implemented quadraturetracking demodulator.
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𝑃𝑁 + 𝑃𝐷
𝑃DS
(dB) ,
𝑃𝑁 + 𝑃𝐷

(13)

where 𝑃𝑆 , 𝑃DS , 𝑃𝑁, and 𝑃𝐷 represents the power of the ideal
signal, distorted signal, noise, and distortion, respectively.
The measured results show that the SINAD slightly degrade as
the quadrature imbalance increase from 0 degree to 15 degree.
As the quadrature imbalance is 15 degree, the SINAD of
the implemented quadrature-tracking demodulator is about
18.761 dB which is acceptable for most wireless communication applications.

5. Conclusion
generator (VSG) with Keysight Signal Studio. The data rate of
the LTE-A signal is set to be 18 Mbps. The sub-carrier space
is set to 156.25 kHz, which greatly exceeds the 10 kHz loop
bandwidth of the QPLL.
Figures 13(a) and 13(b) presents the demodulated Iphase and Q-phase waveforms, respectively. To confirm
the quadrature-tracking performance of the implemented
demodulator, the quadrature-imbalance of the LTE-A signal
is manually adjusted in the signal studio. As the quadratureimbalance is increased from 0 degree to 15 degree, both the
I-phase and the Q-phase waveforms are degraded slightly
revealing that the implemented quadrature-tracking demodulator can effectively demodulate the LTE-A signal even if the
signal has a 15∘ quadrature-imbalance.
Figure 14 shows the measured signal to noise and distortion ratio (SINAD) degradation of the implemented demodulator as a function of quadrature imbalance. Comparing with
the well-known signal to noise ratio (SNR), SINAD further
considers the combining effect of both noise and distortion.

In this work, a novel quadrature tracking demodulator
for LTE-A applications was implemented. The 2.1∼2.5 GHz
QPLL-based demodulator can effectively demodulate an
18 Mbps LTE-A signal with a quadrature-imbalance of up
to 15 degrees. This remarkable quadrature-tracking ability
makes the novel demodulator well suited to LTE-A systems
or even more advanced communication systems.
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